Irit
11

I

■

r
’=h!i‘‘:'

g
fl

;■

-

.. -

. . '-< • -•■

■•-,? •■-.

II

.

•

I:'■• ■•
I ■

■

b

i
I

•- : .

■

■

sMBBiiMisiM®
aaiBBiB

■ii

SBIBH

This book is in the
ADDISON-WESLEY SERIES IN THE
ENGINEERING SCIENCES

Electrical and Control Systems

TRANSISTOR
CIRCUIT ANALYSIS
by

The Late MAURICE V. JOYCE

and

KENNETH K. CLARKE
Electrical Engineering Department
Polytechnic Institute of Brooklyn

%

v/

in

▼▼

__ j m
1 LU

<0

ADDISON-WESLEY

PUBLISHING

READING, MASSACHUSETTS

COMPANY,

PALO ALTO

•

INC.

LONDON

JAPAN PUBLICATIONS TRADING COMPANY, LTD.
TOKYO,

JAPAN

THIS BOOK IS AN ADDISON-WESLEY
WORLD STUDENT SERIES EDITION
First printed in 1963

This edition is a complete and unabridged photo-offset reprint of the
original American edition. It is the only authorized edition printed
in Japan and is made available in the public interest at a greatly
reduced price. Copies of this edition may not be sold outside of Japan,
Korea, Hong Kong, Okinawa, Taiwan, The Philippines, Indonesia,
Vietnam, Laos, Cambodia, Thailand, Malaya, Singapore, Pakistan,
India, Burma, and Ceylon. They may not be re-exported and may not
be introduced into the United States of America or its possessions.
Inquiries or suggestions concerning World Student Series editions
will be welcomed by
ADDISON-WESLEY PUBLISHING COMPANY, INC.
READING, MASSACHUSETTS, U.S.A.

JAPAN PUBLICATIONS TRADING COMPANY, LTD.
CENTRAL P.O. BOX -722, TOKYO, JAPAN

Copyright © 1961

ADDISON-WESLEY PUBLISHING COMPANY, INC.
ALL RIGHTS RESERVED. THIS BOOK, OR PARTS
THEREOF, MAY NOT BE REPRODUCED IN ANY FORM
WITHOUT WRITTEN PERMISSION OF THE PUBLISHER.

Library of Congress Catalog Card No. 61-5307

TOSHO INSATSU

PRINTING CO., LTD.
TOKYO, JAPAN

..

To
Adeline and Nona

PREFACE

When a device is very new, a book about it often becomes involved in
all sorts of details concerning its physics and its physical construction.
In addition, since there has not yet been time to decide which methods of
analysis will turn out to be most profitable, the author must present a good
bit of material that later turns out to be unnecessary. Now that the junc
tion transistor has been in large-scale use for over five years, the time seems
ripe to attempt a book in which some of these pitfalls are avoided.
This book is concerned with presenting the basic methods of analysis
involved in the design and understanding of junction transistor circuitry.
It is not a text in solid-state physics or transistor construction, nor is it
just a compilation of a large number of transistor circuits. The transistor
models employed in this analysis are restricted to a small number that are
all easily interrelated. Initially, the simple low-frequency models are
presented and are related to the underlying physical processes that occur
in the device. Only after the reader is completely familiar with these simple
models are the complications, such as high-frequency effects, noise, or
saturation effects, introduced.
The physics outlined in Chapter 1 serves to provide the circuit designer
with a background for understanding the dependence of the various
model parameters on temperature, operating conditions, and transistor
construction material. With this understanding, the designer will be able
to make rational estimates of the changes that will occur in his circuits
with changes in any of the quantities.
If one is completely new to the transistor field, he will perhaps find it
most reasonable first to start with the simple small-signal models of
Chapter 2, and then to return to Chapter 1 to see the physical basis for the
models and to obtain an introductory acquaintance with some of the physi
cal phenomena involved in junction transistor operation. Then as he pro
ceeds through the rest of the material, he can return to Chapter 1 as the
need for more physical information arises.
Chapter 3 contains a unified approach to transistor biasing problems.
After a presentation of the ideas common to all biasing circuits, the special
problems introduced by temperature effects are analyzed in some detail.
Chapter 4 combines the small-signal models with the biasing information
to produce practical small-signal amplifiers. Chapter 5 treats power
amplifiers, while Chapter 6 considers regulated-power-supply circuits.
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Chapter 7 introduces the high-frequency models—the hybrid-pi and
the modified Tee—while Chapters 8 and 9 show the uses of these models
in calculating high-frequency performance in untuned and tuned amplifiers.
Chapter 10 returns to physics to derive an excess minority charge den
sity model for use in saturation, charge storage, and switching calculations.
The results from this model are then used in Chapters 10 through 14 in
examining various pulse and switching circuits.
Chapter 15 considers models and switching circuits for various other
semiconductor devices, such as the tunnel (Esaki) diode, the unijunction
transistor, the four-layer diode, and the controlled rectifier. Since all
these devices are amenable to a negative-resistance approach, this ap
proach to ordinary transistor switching circuits is also presented at the
same time.
Chapter 16 considers sinusoidal oscillators and presents an introduction
to the use of transistor circuits as a tool in network synthesis.
Homework problems are included for all chapters so that the reader may
test his techniques. These problems also provide a sampling of practical
circuitry for various purposes.
We have presumed that the reader has seen actual transistors and has
available actual manufacturer’s data sheets for transistors; hence we have
included neither illustrations of transistors nor reproductions of data
sheets. We have, however, indicated typical values for many parameters
either in the problems or in various illustrative examples.
We have also assumed that the reader has a reasonable background in
transient analysis techniques, in the use of pole-zero patterns in network
analysis, and in the use of logarithmic gain and phase plots. We have not
used any matrix manipulations since they are unnecessary for the analysis
of any of our circuits. On the same basis we have not used any signal flow
graph techniques. If the reader has already mastered the use of these tools
he is welcome to employ them; however, it is not reasonable to demand
that the uninitiated learn them before handling transistor circuits.
This book was originally envisioned by Professor Maurice Joyce in 1957,
by which time both a graduate and a senior undergraduate transistor
circuit analysis course had been taught at the Polytechnic Institute of
Brooklyn for several years and various supplemental notes had been pre
pared to go with these courses. By the time of Professor Joyce’s untimely
death in December, 1958, a chapter outline had been prepared and notes
had been written in some form for about two-thirds of the proposed chap
ters. For the three years preceding Professor Joyce’s death I shared an
office with him and during part of this time taught the transistor courses.
During this time we had numerous discussions concerning circuitry and
ways of presenting material. After Professor Joyce’s death I undertook
to combine his prepared material with the necessary additional material
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to produce this book. The chapter outline remains essentially as he
initially conceived it; however, the long time delay between the initial con
ception and the final publication has resulted in the revision of much of
the text material. In this revision I have had the assistance of several of
the instructors who have used portions of the material in their courses, as
well as the useful comments of many of the students who have taken these
various courses both at the Polytechnic Institute and elsewhere. Professor
Albert Macovski was particularly helpful in pointing out areas in need of
revision or clarification.
Thanks are also due to Dr. Isaac Horowitz for making available his
notes on active network synthesis, to the reviewers for their forthright
suggestions, and to the various people who assisted in the editorial, secre
tarial, and drafting operations that were necessary during the production
of the manuscript and of the book.
October, 1960

K. K. C.
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CHAPTER 1
A BRIEF SURVEY OF TRANSISTOR PHYSICS

This book is primarily concerned with the use of transistors in circuits.
As background for understanding the models which will be employed in
our circuit analysis, we present in this chapter a brief survey of some of
the physical phenomena involved in transistor operation. Here we restrict
our approach to low-frequency problems. The modifications to this
simple theory which are necessary to allow discussion of special topics
such as high-frequency effects or charge storage are postponed until later
chapters.
For this chapter we make no claim of completeness or rigor. Its purpose
is to provide the reader with an adequate basis for understanding both the
formulation of models and the why and how of their variations with
temperature and with quiescent point.
1-1 Charge carriers in crystalline solids with covalent bonds. The
basic semiconductor materials employed in present transistors are tetra
valent elements with covalent bonds. So far, large-scale commercial pro
duction has been restricted to units made of germanium or of silicon.
However, one can expect that compound materials such as germanium
silicon alloys, gallium arsenide, indium phosphide, or silicon carbide may
become important in time.
When a pure, mechanically perfect, crystalline sample of germanium
or silicon is kept at zero degrees Kelvin (0°K), it acts as an insulator. The
material is not able to conduct current in this condition, since each atom
in the lattice structure has formed two electron-sharing bonds with each
of its four neighbors. This means that since all of the eight outer-shell
electrons have formed stable bonds, there are no unbound electrons avail
able to transport charge through the material.
If the temperature is raised from absolute zero, then heat energy be
comes available, and an occasional covalent bond is ruptured (normally
a very small percentage of the total bonds). When a bond is broken one
obtains a free electron which may now serve as a charge carrier. In addi
tion, it is now relatively easy for the broken bond to circulate through the
atom; hence the broken bond, or hole as it is commonly called, also serves
as a charge carrier.
Thus as the temperature is raised, an intrinsic (pure) semiconductor
material changes from an insulator to a semiconductor. Since many of the
temperature dependent properties of transistors rest on this thermal
generation of hole-electron pairs, we shall examine it in some detail.
1
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Equation (1-1) shows the dependence of the free-electron density, n»-,
or the free-hole density,
in the intrinsic material on the semiconductor
material and on the temperature:

ni = Pi = ntpi = A0T3exp (—Egq/kT).

(1-1)

In this equation q is the charge of an electron, 1.6 X 10“19 coulomb; k is
Boltzman’s constant, 1.38 X 10“23 joule/°K, T is the absolute tem
perature in °K; Ao is a constant; and Eg is a material constant known as
the band or energy-gap voltage.
In the usual temperature range the exponential term in Eq. (1-1) is
much more important than the temperature-cubed term. To indicate
some idea of the magnitudes involved, values of the intrinsic charge
densities for the case where T = 300°K are presented in the following
tabulation.
n, = pi
E,
Germanium 0.67 volt
2.4 X 1013/cm3
2 X 1010/cm3
Silicon
1.106 volts
While the number of broken bonds per cubic centimeter appears to be
large, one should remember that there are roughly 5 X 1022 atoms/cm3;
hence only a very small fraction of the atoms have a broken bond. For
instance, if one could make absolutely pure silicon, then at room temper
ature it would have only one broken bond for every 1012 atoms.

1-2 Methods of current flow. There are two mechanisms by which the
charge carriers in a crystalline solid may carry a current. These two
mechanisms are: (1) the drift of the charge carriers when they are in
fluenced by an electric field; and (2) the diffusion of the charge carriers
when they are influenced by a density gradient. The two resulting cur
rents can be called a drift current and a diffusion current.
Drift current. The drift current is the current normally associated with
Ohm’s law for resistive materials. Physically, the action that takes place
when a field is applied across a lattice-structured solid containing free
charge carriers is as follows: Initially, the charge carriers are accelerated
by the field (as they would be in a vacuum); however, after a short average
distance (the mean free path) they collide with the lattice structure and
start off in a new direction. Since the time between collisions is only on
the order of a micromicrosecond, the useful parameter of the movement is
the average drift velocity, Vd, of the charge carriers rather than their
instantaneous accelerations or velocities. One would expect the drift
velocity to be proportional to the field strength, E, and to vary with differ
ent materials and perhaps with different types of charge carriers. For the

1-2]
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Table 1-1*

Drift Mobilities

at

300°K

Material

Electron mobility,
cm2/volt-sec

Hole mobility,
cm2/volt-sec

Ge
Si
GaAs
InP
InAs
SiC

3900
1350
5000
4000
20,000
100

1900
480
400
100
200
20

Table 1-2f

Temperature Dependence

Material
Silicon
Germanium

of

Drift Mobility

Electron mobility,
cm2/volt-sec

Hole mobility,
cm2/volt-sec

2.1 X 10°T-2-5
(160-400°K)
4.9 X IO7?"1-66
(100-300° K)

2.3 X 109T-2-7
(150-400°K)
1.05 X 109T-2-33
(125-300°K)

one-dimensional case, the resulting expression is given by
Vdz = P-Ez-

(1-2)

In Eq. (1-2) /x is the mobility for the type of charge carrier being considered.
Table 1-1 lists values of hole and electron mobilities at 300°K for several
important semiconductor materials. Table 1-2 lists the temperature
dependence of the drift mobility for silicon and germanium.
The drift current passing through a square centimeter perpendicular
to the direction of flow is

Jz = q(nvdn + P»dp} amp/cm2,

(1-3A)

where Vdn is the drift velocity of electrons, vdp is the drift velocity of holes,
and n and p are the respective densities in units/cm3. The hole and elec-

* D. A. Jenny, “Status of Transistor Research Compound Semiconductors,”
Proc. IRE, 46, 959-968 (June 1958).
f E.M. Conwell, “Properties of Silicon and Germanium: 11,” Proc. IRE, 46,
1281-1300 (June 1958).
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tron currents add, because although the two carriers move in opposite
directions, positive current is defined as the direction opposite to the
flow of electrons.
When Eq. (1-2) is substituted into Eq. (1-3A), one obtains
Jz =

+ PP-p^Ex.

(1-3B)

One version of Ohm’s law is

J = aE,
where <r is the conductivity in (ohm — cm) \ or mho/cm. Comparing
Ohm’s law and Eq. (1-3B) one sees that
a = q(npn + pjUp)-

(1-4)

Again, to gain some insight into the numbers involved we might cal
culate the conductivity of pure silicon and pure germanium at room
temperature (300°K). For pure germanium at 300°K
a = (2.4 X 1013)(1.6 X 10 -19)(3900 + 1900) = 0.0223 mho/cm.
For pure silicon at 300°K
a = (2 X 1010)(1.6 X 10 -19)(1350 + 480) = 5.87 X 10“c mho/cm.

By way of comparison, the conductivity of copper is approximately
60 X 104 mho/cm, which is 3 X 107 times larger than the conductivity of
intrinsic germanium.
Diffusion current. With no applied field, the charge carriers in a crystal
line solid move in random directions as they experience collisions with the
thermally excited lattice. Since they move randomly, at equilibrium the
number per second moving from right to left through any vertical bound
ary (imagined within the material) must equal the number moving from
left to right through the same boundary. If we artificially create a high
density of charge carriers on one side of the boundary, say the left side,
then we would expect the net flow of carriers to be from left to right as the
density attempts to reach the equilibrium condition. Even though we
increase the charge carrier density, there are still relatively few charge
carriers (with respect to the number of atoms); hence’the postulated flow
is due not to the repulsion of like charges but to a diffusion like that of a
gas throughout a closed container. While the flow of the carriers does not
depend on their charge, the fact that they do have a charge makes their
flow carry a current. The flow depends on the material, on the type of
charge carrier, and on the density gradient. Thus the hole-current density

1-3]
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resulting from a one-dimensional hole density gradient is
Jp = — <1DP |f amp/cm2,

(1-5A)

where Dp is the diffusion constant for holes in the material being consid
ered. For electrons the current direction is opposite to the direction of
flow; hence
r
dn
(1-5B)

The diffusion constants at 300°K for holes and electrons in silicon and
germanium are given in the following tabulation.
Germanium
Silicon

Dn
100 cm2/sec
35 cm2/sec

Dp
49 cm2/sec
12 cm2/sec

The temperature dependence of D is not normally stated separately,
since the mobility, p, and the diffusion constant, D, are related by the
Einstein relationship
E. = X.
(1-6)
D
kT
The total current across any boundary at any time will be the superposi
tion of the two drift currents and the two diffusion currents.
1-3 Useful semiconductors. The intrinsic materials discussed thus far
are useful for making temperature dependent resistors. In order to obtain
a material useful for diodes or transistors, we must artificially cause one
type of charge carrier to predominate. If we increase n over p, then we
say that we have produced an N-type material. If p is made greater than
n, then the material is called a P-type.
A small portion of the periodic table is shown below. Those elements
such as boron, B, in column III have three
electrons in their outer shells, while those
IV
V
Ill
such as phosphorus, P, in column V have five
B
electrons in their outer shells. If we add
Al
P
Si
phosphorus to pure silicon, then since the
elements have approximately equal-sized
Ga
Ge
As
atoms, the phosphorus atoms may replace
Sb
In
certain silicon atoms without introducing
serious mechanical distortions in the crystal
lattice. Now, four of the electrons in the outer shell of a phosphorus atom
take the place of the four electrons of the displaced silicon atom in forming

6
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covalent bonds with the four surrounding silicon atoms. The fifth electron
is not needed to complete an outer shell; hence it is rather loosely bound to
its parent atom. Normally, at temperatures above about 100°K these fifth
electrons may be considered to be free. In this situation we say that we
have formed an N-type semiconductor by adding phosphorus as a donor
element. When the temperature is high enough so that the fifth electron
may be considered to be free, we say that the donors are ionized.
If a small amount of boron had been added to the silicon, instead of
phosphorus, then again the boron atoms would replace certain silicon
atoms. Tn this case only three electrons are available from the boron to
complete the covalent bonds of the four surrounding silicon atoms. There
fore the introduction of boron atoms introduces one hole per boron atom
in the material. As the temperature is raised so that neighboring bonds
may be ionized, the hole may move through the material as a charge
carrier. In this case we say that we have formed a P-type material by
adding an acceptor material, boron, to the intrinsic semiconductor.
The actual impurity element used in doping a basic material depends
on a number of factors. With silicon, the element hardest to remove when
purifying the material is boron; hence boron is normally used as an ac
ceptor additive. To avoid serious distortions in the crystal lattice, one
should use elements that are neighbors in the periodic table so that their
atomic sizes will be comparable. In practice, boron and phosphorus are
commonly used with silicon, while the remaining elements shown in the
previous tabulation are used with germanium.
Several important comments need to be made concerning extrinsic, or
doped, semiconductors. The first is that both N-type and P-type materials
are electrically neutral. This is true because when the whole crystal is
considered, each “free” electron in an N-type material is counterbalanced
by its positive donor nucleus which remains bound in the crystal structure.
The second comment is that as one adds free electrons to make an
N-type material some of these electrons fill some of the thermally gen
erated holes within the material. The net result is that as n increases one
finds that p decreases. This decrease occurs in such a manner that the np
product remains constant at the n? value given by Eq. (1-1) for the
particular material and temperature involved. In a P-type material, n is
suppressed in the same manner so that the np product remains constant.
A third comment is that even when a great number of donor or acceptor
atoms have been added, the ratio of the number of impurity atoms to the
number of silicon or germanium atoms is still very small. For example,
with sufficient additive material added to germanium to raise the con
ductivity to 100 mho/cm, one still has only one impurity atom per 150,000
germanium atoms. Thus each ionized impurity atom may be viewed as a
fixed charge imbedded in a large amount of high dielectric material.

1-5]
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1-4 P-N junctions. Manufacture. Only a very brief survey of several
of the different types of junctions available is given here. For more detail,
one may consult the three-volume series on transistor technology listed
at the end of this chapter or articles in the periodic literature such as the
RCA Review, the IBM Journal, The Bell System Technical Journal, or the
Transactions of the Professional Group on Electron Devices of the IRE.
A large number of manufacturing methods for practical semiconductors
exist. The basic problem is stated simply. To make a useful semiconductor
device, other than a resistor, one needs a junction between a P-type and
an N-type semiconductor. This junction should be mechanically perfect,
that is, the crystal lattice should be continuous and undistorted across the
junction. The latter requirement rules out any mechanical joining process.
Alloy junctions. A crystal of one type of material is grown by melting
the material, adding the desired impurity, and allowing the melt to crys
tallize on a previously prepared crystal as it is dipped into the melt and
then slowly withdrawn. The grown crystal is then cut into slabs of the
desired width. A button of an opposite type of impurity is placed on a
slab and the material is heated in an oven. The impurity melts and forms
an alloy with the edge of the crystal slab. As the device is cooled, the alloy
crystallizes as an extension of the original slab and forms a mechanically
uniform junction.
Grown junctions. In this type of junction one starts to grow a crystal
as for the alloy junction. Then, if the crystal being grown is an N-type,
one adds an amount of P-type impurity greater than the amount of N-type
material originally present in the melt. The net effect is to make the
P-type impurity dominant, and the resultant crystal becomes a P-type.
In this case, the junction transition is usually much more gradual than is
true for the alloy junction.
Diffused junctions. In this case one starts with a crystal slab of one
type (or with a slab as nearly intrinsic as can be obtained) and.diffuses the
impurity into the crystalline solid. Junctions may be formed by diffusing
a P-type impurity into an N-type material, by diffusing a P-type impurity
into one side of an intrinsic material and an N-type material into the other
side, or by diffusing both N-type and P-type materials into the same side
of the slab and depending on the different diffusion rates to produce a
junction within the material.
Which method should be used in making a junction for a particular
device is beyond the scope of our discussion. Devices made by each of the
methods discussed above, as well as by numerous variants and combina
tions of them, are commercially available.

1-5 The P-N junction at equilibrium. When a P-N junction is pro
duced in any manner (the fusion, additive diffusion, differential crystal
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doping, melt-back, variable rate
crystal grown, or other method) a
useful device may result. The exact
P-type (Highi
} N-type (Low
characteristics of the junction will
conductivity)!
[ conductivity)
depend to some extent on its geom
Pi
etry, which will in turn depend on
its method of manufacture. How
w2
ever, certain general results can be
obtained for most junctions.
P2
*1
Consider an abrupt junction as
shown in Fig. 1-1. Let us assume
I
that it is possible to bring the two
semiconductors together to form a
Transition region
junction that has no physical dis
Fig. 1-1. P-N junction. Horizon
tai lines re;present relative charge continuities. (This is not a practical
construction process, but it is a con
carrier densities.
venient step in understanding the
action of the junction.) As soon as the materials are brought together wc
expect, as a result of the density gradients that exist across the junction,
to find holes diffusing from the P-type into the N-type material and elec
trons diffusing from the N-type into the P-type material.
As holes leave the P-type material (and as electrons enter it), those
acceptor atoms that lie close to the junction will have their empty bonds
filled, and therefore they will have a net negative charge. At the same
time, those donor atoms in the N-type material that are close to the junc
tion will lose an electron and will have a net positive charge. Thus the
effect of the diffusion is to set up a transition region between the two
materials. Within this region there will be very few free charge carriers.
There will be an electric field across the junction, directed from the N-type
material, which now has a net positive charge, to the P-type material,
which now has a net negative charge.
To find the magnitude of this barrier voltage we must consider the
minority carriers within each material. In the P-type material a certain
number of the electrons will exist close to the junction. Some of these
electrons will diffuse into the region where they are influenced by the elec
tric field. When this happens, the direction of the field is such that they
will be carried across the transition region and into the N-type material.
In like manner there will be a flow of holes from the N-type into the
P-type material.
When equilibrium is reached the electron drift current (P —> N) must
equal the electron diffusion current (N —» P), and the hole drift current
(N —♦ P) must equal the hole diffusion current (P —> N). (The arrows in
these symbolic expressions indicate the direction of charge carrier flow.)
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When these equalities are expressed in terms of the appropriate equations
we obtain
TA dn
dp
pPpEx — Dp
—
Dn
f
(1-7)
dx

These expressions may be integrated across the transition region, and then
the equality of Eq. (1-6) may be introduced to obtain an expression for
the barrier voltage, Vd'.
kT n(^Y=^
kT ln (21).
Vd = ^l

q

w

q

\P2/

d-8)

According to Eq. (1-8) the N-type material is Vd volts positive with
respect to the P-type material.
Now we see that the initial diffusion process proceeds to the point where
the electric field is sufficient to prevent the passage of all but the small
number of high-energy majority carriers that are necessary to balance
out the flow of thermally generated minority carriers. If we assume that
we have reached equilibrium, we may consider the majority-carrier and
the minority-carrier currents separately.
For the moment, let us consider the two sources of variation in the hole
density near the N material side of the transition region to be independent.
Let us first examine the diffusion of holes from P to N material. This
diffusion of majority carriers from the P material will cause an increase
in the hole density just within the N material. As these excess holes pro
ceed into the N material, they have an increased likelihood of combining
with an electron. This is logical, since if one proceeds far enough into the
N material the hole density must reach the equilibrium value of P2Because of this recombination, the excess density decays exponentially
with distance so that if an excess density 5p occurs at the boundary, then
frpe~vlLp will be the excess density at a distance y to the right of the
transition region. Lp is a constant known as the diffusion length for holes.
(For electrons the phenomenon is similar but the constant is slightly
different.)
Now consider the flow of holes from right to left in Fig. 1-2. Near the
N side of the junction some holes will be formed that have energies and
direction such that they will diffuse into or near the transition region.
Once in this region, the electric field will carry them over to the P side.
Because this diffusion followed by drift takes place continuously, a density
gradient for holes will be set up within the N material. The diffusion
length will be identical with that in the previous case, since again the
process is one of diffusion of holes within the N region. (These holes are
diffusing in the opposite direction; however, this will not affect the con
stant.). In this case the density at the boundary will be zero, for any hole
existing right at the edge of our assumed sharp transition region will im-
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equilibrium.

Minority-carrier densities in the neighborhood of a junction at

mediately be carried across the region by the induced field. As one
proceeds into the N material, the hole density builds up so that at any
distance y one has p2(l — e~vlLp) for the hole density.
Figure 1-2 shows the total minority-carrier densities on both sides of
the junction, together with the two components of this density discussed
above. (The two components of the electron density are developed by
arguments identical to those employed for holes.) Now all of the currents
involved are diffusion currents, at least within the N or P regions; hence
from Eq. (1-5) all currents may be calculated in terms of the slope of the
appropriate density function at the edge of the boundary. Since the two
components of the hole current must be equal at equilibrium, it follows
that the 6p postulated above must be equal to p2. It also follows that if
the N —♦ P hole current and P —♦ N electron current are summed and
called, for reasons that will become apparent, the back-biased junction
current, then this current will be given by
J (back-biased) = q (

r

4-

amps/cm2.

(1-9)

Since Dn/Ln and Dp/Lp are of the same order of magnitude, the distribu
tion of charge carriers in this current will be governed essentially by the
relative values of nx and p2.

1-6 The P-N junction with bias. We assume initially that both the
P and N materials have sufficiently high conductivities that any externally
applied voltage may be considered as appearing completely across the
transition region.
The semiconductor is connected to the external circuit by an ohmic
contact. An ohmic contact has equal or almost equal bidirectional prop
erties. Its failure to act like a P-N junction is believed to be due to the
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introduction into the lattice structure of sufficient chemical impurities
and mechanical deformations so that the resultant carrier lifetimes, in
the neighborhood of the junction, become too short to sustain a potential
barrier.
When an external voltage is applied to the junction, it may add to Vd
(make the N material more positive) or subtract from Vd (make the N
material less positive with respect to the P material). Under these cir
cumstances the most reasonable mechanism of junction behavior that has
been suggested is to assume that a modified version of Eq. (1-8) applies.
That is, that pi and p2 are replaced by the actual hole densities at the
boundaries of the transition region, while Vd is replaced by (Vd — V).
(For this sign on V one assumes that a positive external voltage makes
the P material positive with respect to the N material.) Thus one writes
that at the boundary

(p2 -f- Ap2) = (pi + ApJ exp [—(Vd — V)q/kT\,

(i-io)

while within the N material,

P2N = P2 + Ap2 exp (—y/Lp)>

(1-H)

so that within four diffusion lengths into the N material, the total excess
density Ap2 has essentially vanished. Under normal conditions where
Pi » n2, then Apn which must be equal to Anx to maintain local charge
neutrality, will be negligible with respect to pi, and px + Apx may be
replaced by pi without introducing a sizable error.
If this is done and Eq. (1-10) is solved for Ap2, and
P2 = Pi exp (— Vdq/kT)

is substituted in the result, we find
Ap2 = P2 [exp (Vq/kT} — 1].

(1-12A)

Now kT/q = 26 mv at 302°K (84°F); hence if the external voltage is
positive and larger than, say, 125 mv, then the minus-one term will cer
tainly be negligible and Ap2 will increase exponentially with V. If V is
negative and larger than 125 mv, then the exponential term will approach
zero and Ap2 = — p2. This simply states that with a back bias the
forward diffusion current is stopped completely, and only the back-biased
current of Eq. 1-9 remains.
In germanium the back-biased current across the junction is essentially
that calculated by assuming that the transition region is charge-free. In
silicon the minority-carrier densities are much lower; since n» is much
lower, np = n? and a = nqpn + pqpp.
(In N-type silicon with a =
1 mho/cm at 300°K: nt = 2.0 X 10lo/cm3; n = 4.6 X 1015/cm3; and
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p = 4.3 X 104/cm3. For germanium with the same conductivity: n, =
2.4 X 1013/cm3; n = 1.6 X 1015/cm3; and p = 3.6 X lO^/cm3.) This
means that in silicon (and other materials in which the minority density
is much smaller than nt) the effect of the generation and recombination
of carriers within the transition region may completely outweigh the effects
of minority carriers from the rest of the material. A detailed discussion
of these effects is contained in an article by Sah et al*
The external current flowing as the result of the generation of charge
carriers within the transition region is obtained by considering the region
as intrinsic material having a definite width, w. The current density is
then proportional to n, and w and inversely proportional to the carrier
lifetimes within the intrinsic region. The result is that the ratio of the
transition region current to the diffusing minority-carrier current is pro
portional to wni/p2 (for the previous case where p2 » nJ; thus when
n,{ » p2, as it is in N-type silicon, the transition-region current may exceed
the diffusing minority current by a factor of 103 or more.
For the case where transition-region operation is important, that is, in
materials such as silicon, then the transition region width, w, will increase
as the reverse bias increases; thus the reverse current will not reach a
steady value but will increase with voltage.
If we assume that Ap! and An2 are negligible, and that .the semiconductor
materials are thick enough that the equilibrium density conditions are
reached before x or y equal the semiconductor thickness, then the net
external current density is
J = q

ApzDp
Lp

AniDn
Ln

amps/cm2.

(1-13)

Therefore with a large forward bias across a junction in which the
P-type material has a conductivity of 100 times that of the N-type ma
terial, the forward current in germanium will consist of 99.3% hole current
flowing from P —> N, since

D..n _ 3 (DA
Ln~ 2 \LP)
and Ap2 is proportional to p2, which is equal to [100/in/jUp]fti if the con
ductivity of both materials is high enough that it depends essentially only
upon the majority carriers.
For low forward biases in silicon, the transition region is again impor
tant. The recombination rate, within the transition region, increases as
the carrier density increases. As forward bias is increased, Eq. (1-12A)
* C. T. Sah, R. N. Noyce, and W. Shockley “Carrier Generation and Re
combination in P-N Junctions and P-N Junction Characteristics,” Proc. IRE,
45, 1228-1243 (Sept. 1957).
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shows that Ap2 will increase; however, these holes come from the emitter
(P-type region) via the transition region. Therefore the charge density
within the transition region increases. The net effect of the increased
recombination is to reduce the value of Ap2 resulting from a given forward
bias. This may be taken into account by rewriting Eq. (1-12A) as

Ap2 = P2 [exp (Vq/XkT) — 1],

(1-12B)

where X is a coefficient, normally between one and two. When the transi
tion region is unimportant, as it is in small current density germanium
units at normal temperatures, X is essentially unity. When the transition
region dominates, as it does in small current density silicon units and small
current density germanium units at very low temperatures, then X ap
proaches two.
1-7 Practical P-N junctions. A general diode equation may be written
on the basis of the previous sections. It is
J = J8 [exp (Pg/XfcT) - 1].

(1-14)

where Ja and X are governed by whether the transition region is or is not
important. An ideal case might be postulated, where X = 1 and

DpP2
Dnni\
Ja = q , pp -r Ln )
This would be valid when the transition region had negligible effect.
Practical germanium junctions at normal room temperatures approach
the ideal case for small forward and reverse biases. With large reverse
biases, ohmic surface-leakage current may become important. For silicon,
with small biases, X approaches two. With large reverse biases, Ja in
creases since the width of the transition region increases. For reasonably
large forward biases, silicon may approach the ideal case as the diffusion
currents swamp the effects of the transition region.
For very large forward biases the injected minority carriers (holes),
for example into the N-type region, may increase so that p2 approaches
n2. To maintain charge neutrality the electron density near the junction
in the N-type region must increase. As one travels into the N-type region
(away from the junction) p2 decays toward p2, and the excess electron
density must also decay. This decaying electron density sets up an in
duced field in a direction to aid hole flow into the N-type material. One
might expect that this additional drift field would increase the current
flow. However, a number of other effects also take place. (At high current
densities the lifetime of charge carriers falls to a lower value and the
mobility decreases.) The net effect is that while this induced field may be
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important at medium current densities, one finds that at high current
densities the rate of increase of J with V decreases. A final limitation also
exists in the finite resistance of the semiconductor bulk resistance and in
the resistance of its contacts. Thus as current density increases, X goes
from one to two or more for germanium, and may go from two to one and
back to two or more for silicon. References 3, 4, and 9 in the Suggested
Reading at the end of the chapter provide a starting point for a more
detailed study of practical junction characteristics.

1-8 Transistor action. If instead of allowing the injected holes from
the P-type region merely to diffuse into the N-type region until they
recombined, we place another P-N junction at a distance W from the first;
we would then have a transistor, as shown in Fig. 1-3. For normal opera
tion we would reverse bias the second junction so that it would collect
the minority carriers that diffused near it.
At the collector-base junction the hole density must be zero because of
the applied reverse bias, Ecc — IcRl- Just within the base side of the
emitter-base junction the hole density must be high because of the applied
forward bias, Eee — IeRe- If IF is small compared to the diffusion length,
then most of the holes emitted from the emitter into the base should
travel through the base without recombining with an electron and should
be collected by the collector-base junction; thus Ic should be nearly equal
to Ze. However, Ie flows in a low-impedance, forward biased diode circuit,
while Ic flows in a high-impedance, reverse biased diode circuit. As a
result both voltage gain and power gain occur.
It will turn out to be desirable to know the coefficient relating Ie and ICi
which is given by

- d_L

_ /c

“AC - dle veb'

constant

(1-15)

«DC - Ie

The static value of the short-circuit forward current transfer ratio,
adc, has three components. The first of these, known as the emitter
efficiency, is the proportion of the total emitter current carried by holes
emitted from a P-type material (or electrons emitted from an N-type

P
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+1
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Fig. 1—3.
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biased —'
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P-N-P Transistor. Normal biasing conditions.
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material). From Eq. (1-13) we see that as p2 becomes much larger than
ni (or Pi » n2), that is, as the emitter conductivity becomes much
larger than the base conductivity, the emitter efficiency should approach
unity.
The second component in anc is known as the transport factor. It states
the percent of the injected minority carriers (holes from a P-N junction
into an N-type material) that cross the base to the collector junction. The
transport factor is increased by reducing the base conductivity and making
the base as narrow as possible. The induced field previously mentioned
also increases the transport factor, at least for medium current densities
over very low current densities.
The third component in anc is the collector efficiency, or collector
multiplication term. It is analogous to the emitter efficiency except that
here the total collector current is greater than the incoming hole current.
The net effect of these three components is to produce in junction tran
sistors under normal operating conditions
values between 0.9 and
0.9999.
An example will provide some idea of practical magnitudes. Assume an
alloy-junction germanium transistor with <rc = <rc = 100 mho/cm and
= 1 mho/cm. These values would lead to the following equilibrium
densities (at a temperature of 300°K):
P>
units/cm3

n,
units/cm3

X 109

Emitter and Collector

3.68 X 1017

1.7

Base

3.57 X 1011

1.75 X 1015

Suppose a forward bias of 155 mv is applied. Then the hole density just
inside the base will increase by a factor of e155/25 8 = 400. To maintain
charge neutrality the electron density at the same point must increase by
the same absolute amount; however, this amounts to an increase by a
factor of only 1.09, since originally
With
= 205n2, the emitter
efficiency, according to Eq. (1-13) and our preceding discussion, will be
approximately 0.993.
If W = 3 mils = 7.5 X 10-3 cm (a possible value for a low-frequency
transistor) and if the density gradient across the base is assumed to be
linear (the transport factor is assumed to be unity), then J = 135 ma/cm2.
With an emitter area of 4 X 10-3 cm2, the resulting emitter current is
0.54 ma. If the forward bias were increased by another 26 mv, then Ie
would become 1.48 ma. If the actual diffusion length in the base material
were 12 mils, then one would estimate an approximate transport factor of
0.98, since e-3/12 = 0.9815.
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Up to this point the movement of charge carriers through the base has
been considered as due almost entirely to diffusion. It should be pointed
out that by varying the conductivity of the base material with distance
(the conductivity should fall as one travels from the emitter through the
base toward the collector), one can set up a built-in drift field in the direc
tion that aids the flow of charge carriers. An examination of the equilib
rium expression for electrons shows that if n = NQe~xA then

= +ADnNoe-A,
from which

E, =

Un

That is, an exponential decay of electron density produces a uniform
field. Such a variation of donors may be produced physically by diffusion
of donor material into a P-type material. Actually, many of the charac
teristics of the “drift” type transistor arise from other effects of this
variable conductivity, rather than as a direct result of the drift field. These
other effects will be discussed in more detail in Chapter 7.
1-9 Simple transistor models. What we should like to do now is to set
up several simple models for the transistor. Initially these models will
stem from theoretically predictable and practically observable facts. In
Chapter 2 we will manipulate the small-signal model into several other
forms that are more convenient for circuit work. In various later chapters
we will add additional elements (reactances, noise generators, etc.) as
they become necessary for the solution of circuit problems.
It is often convenient to consider biasing problems apart from small
signal amplifier calculations. For this reason we shall generally consider
d-c models and small-signal a-c models separately.
A—C model. For small-signal a-c work one wishes a model valid in the
vicinity of a particular operating point (Q-point). Let us first consider the
simplest possible case in which the collector-base circuit is an a-c short
circuit. (It is assumed that the transistor has been properly biased. Chap
ter 3 considers biasing problems in detail.)

ie

aAC

Fig. 1-4.

qjc

| ycb, constant

Small-signal model for P-N-P or N-P-N transistor with eey = 0.
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If ecb’ is zero then a very simple model results, which is shown in Fig. 1-4.
Here B' is the base terminal of the active portion of the transistor. This
differentiation between the external base connection, B, and B', is neces
sitated by the fact that although the ohmic resistances of the collector and
emitter materials may normally be neglected, the base lead is separated
from the active base region by a thin, low-conductivity slab of base ma
terial. This means that the active base region, Bf, of the transistor needs
to be connected to the external base lead, B, by an ohmic resistance,
rbb', which is a function of the transistor manufacture and essentially
independent of the Q-point.
The parameter rt is the small-signal impedance of a forward biased
emitter-base junction. To the extent that ohmic resistances may be
neglected and that Eq. (1-14) holds (the ideal diode equation), this im
pedance is obtained by differentiating Ie with respect to Veb':
Ze

26 mv

at 300°K.

(1-16)

Thus for germanium transistors with the usual small-signal biases we find
that
26Q
rt =
Ie (in ma)
The current generator in the collector lead is controlled by the product
of the short-circuit current transfer ratio, a/, and the a-c emitter current, ie.
For silicon units the ideal equation does not hold, and ohmic resistances
may tend to be higher. The net result is that while r« is still roughly in
versely proportional to Ie, the one-milliampere value may be either above
or below 26 ohms depending on the structure of the unit. Examination of
a number of commercial data sheets leads one to expect values in the
range between 25 and 80 ohms. However, as surface effects are reduced,
so that depletion layer effects dominate the low density current flow in
silicon, units with values smaller than 26 ohms may be expected for the
one-milliampere value of rt.
If ecb' is not zero then the variation of the collector-base bias varies the
width of the base region. Remember that often Vb « ac, so that the de
pletion layer at the collector junction extends mostly into the base region.
As the back bias increases, the depletion layer widens and the effective
base width decreases. The decrease of the base width increases the slope
of the minority carrier versus distance plot; however, this increases both
emitter and collector currents. In addition, the reduction in base width
should lessen the chance of recombination within the base and hence in
crease the transport factor and the collector current slightly. The effect
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QtcCcb'

Fig. 1-5.

Basic low-frequency transistor model.

at the collector is normally covered by adding a conductance, gcc =
dlc/dVcb, in parallel with the collector current generator. Since

AqDp Ap2
= K/W,
W

and
w = Wo - D0(Vc^+n
the final variation of rcc with VCb' is somewhat messy. Normal values for
small units are in the 1 to 3 megohm range. If values much above these
were calculated then ohmic leakage terms would probably become im
portant. The effect of ecb' on the emitter current is taken care of by adding
a voltage-controlled current generator in parallel with rt. The final model,
including Tbb' is shown in Fig. 1-5. When
is added the short-circuit
collector current is
a
\
(;Tccrcc
+ rbb')

instead of ie, so that a new term should be introduced. This will be done
in Chapter 2. However, since rcc is usually on the order of 104 times
the error introduced by the neglect of this term at this point is negligible.
While the model of Fig. 1-5 is based on physical reasoning, several other
models are more useful in circuit work. We will make no attempt to derive
all possible models, but will restrict ourselves to several that have proved
sufficient for the analysis of almost all circuits. In Chapter 2 the basic
model will be manipulated into these other useful forms, namely, the
Tee, the hybrid, and the hybrid-pi forms.
D-C models. From Eq. (1-14) we note that the diode current of a for
ward biased emitter-base junction is very small until the forward biasing
voltage exceeds some minimum value. In Fig. 3-16 and its related discus
sion, we will show that it is normally reasonable to linearize the exponential
relation between biasing voltage drop and direct current so that this drop
may be represented as a battery. The ohmic resistances of the various
elements, as well as the thermally generated current, ICo, are shown in

1-10]
It

19

DEPENDENCE OF PARAMETERS ON THE Q-POINT

Vtb
rE

C
rB

rC

rE

C
TB

rC

li

li

(a)

(b)

Fig. 1-6.

(a) P-N-P d-c model,

(b) N-P-N d-c model.

the possible d-c model of Fig. 1-6. The capital subscripts in the illustra
tion refer to d-c resistances as differentiated from small-signal impedances.
For normal bias work the model of Fig. 1-6 is simplified by neglecting
the ohmic emitter and base resistances, since they are normally small
compared with the external biasing resistors.
The collector leakage
resistance is assumed to be very large, and Rc is therefore considered to be
an open circuit. The resulting simplified biasing model consists of a volt
age drop across the forward biased emitter-base junction, and the two
current generators feeding into (or out of) the collector. This model will
be considered further in Chapter 3. A model for calculating the d-c
parameters of transistors used as switches will be considered in Chapter 10.

1-10 The dependence of the model parameters on the Q-point.

Forward current transfer ratio. In small-signal work the forward current
transfer ratio is normally considered to be constant as Ie and Vcb vary.
When the Q-point varies widely or when large signal swings are employed,
one finds a varying with both Ie and VCbAs Ie increases from very small values, a tends to increase and to go
through a maximum. The rate of increase and the value of Ie at the
maximum vary somewhat with both the material and the type of con
struction. Some units do not exhibit this behavior at all. At low current
densities one might expect the transport factor to fall, since the induced
aiding field mentioned previously is not yet set up. Also, at low current
densities the emitter efficiency may be low, because a large percentage of
the current from the emitter recombines in the emitter-base depletion
layer and never reaches the base at all. As Ie increases, the amount of
recombination in the depletion layer remains about the same, but the
percentage that it represents of the total current falls.
At high current densities the effect of the increased base conductivity
in reducing the emitter efficiency outweighs the increase in transport
factor and a falls again. This fall-off of a for high current densities will

20

[chap. 1

A BRIEF SURVEY OF TRANSISTOR PHYSICS

turn out to be one of the limits on the peak allowable current in a power
amplifier. The results of this effect will be discussed in more detail in
Chapter 5.
As Vcb increases, the transport factor increases slightly because of the
decrease in base width. At high values (the effect may actually start at the
4 to 5 volt level) of Vcb, a tends to increase because of the increase of the
collector multiplication factor due to avalanche charge carrier multiplica
tion in the collector-base depletion layer. (Section 5-3 considers this
effect in more detail.)
Figure 1-7 shows temperature and Ie variations of a for a double diffused
silicon N-P-N transistor. This transistor was designed as a high-frequency,
small-signal, linear amplifier, so the rather extreme variations of a at high
and low currents are not troublesome. Transistors exist with as greater
than 0.96 at emitter currents of 10 microamperes, while some power
transistors have a’s exceeding 0.95 at emitter currents of 10 amperes.
Base spreading resistance. The resistance
is largely a function of
base conductivity and geometry. For small transistors it may normally be
considered independent of both Ie and Vcb- For large increases of Ie
(which are likely to occur only in a power transistor) the increase in the
number of charge carriers in the base may be sufficient to increase the
conductivity significantly. This increase in conductivity with current is
0.98
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Fig. 1-7. Alpha as a function of emitter current and temperature for a
double diffused silicon N-P-N transistor (by permission from M. Tanenbaum
and D. E. Thomas, “Diffused Emitter and Base Silicon Transistors,” B.S.TJ.,
XXXV, January 1956.)
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known as conductivity modulation. It results in a lowering of the value of
rt>b', although the amount of lowering will depend on the distribution of
this resistance between the immediate junction region (this is the only
region affected by the increase in conductivity) and the base material
between the junction and the external base connection. In units where
special pains are taken to place the external connection very close to the
active region, the high-current, say one-ampere, value of rbb' may be
down by a factor of five or more from the low-current, say one-milliampere,
value.
Forward biased junction resistance. The resistance r« ideally is inversely
proportional to Ie and independent of VCb- In practice, rt does decrease
as Ie increases, although the relationship may not always be one of exact
inverse proportion. For large Ze’s the ohmic resistance of the emitter
material may set a lower limit on the over-all junction resistance.
Reverse biased junction resistance. The exact value of rce is seldom re
quired in circuit work. In practical units it tends to decrease as both Ie
and Vcb increase.
Feedback conductance. The feedback conductance is a function of both
Ie and Vcb. Simple considerations would lead one to expect gec to increase
with Ie and with some power (J to J) of VCb- What one can do is to write
gec as a function of a and rcc. The exact relationship depends on the type
and material of construction, however. The following form appears satis
factory in most cases:
~
1
(1-17)
Qec
~ Xrec(l — a)
In this equation X is a constant between 2 and 5, the value varying with
the type of transistor.

1-11 Temperature dependence of transistor parameters. Since most of
the semiconductor properties we have discussed are functions of tempera
ture, one would expect that the characteristics of transistors incorporating
such properties would vary with temperature.
Reverse biased junctions. As the temperature varies, n? varies and hence
the np product varies. If all the donors or acceptors in a material are
ionized and if the conductivity is high (p » n in a P-type material),
then the following change in density with temperature occurs:

Ap = An =

n<a — n2jx

P

From Eq. (1-1) this means that

n 4- An
n

= (£j)2 = exp [-qE,/k(l/T2 - 1/T,)].
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When the similar result is worked out for holes and the results combined,
one finds that

7^ = exp qE0/k T2 - T,
■* CO1
L
T.T2

= exp [g(J?aA7’17’2) AT].

where Ico is the current across a reverse biased collector-base junction
with the emitter open-circuited. A similar expression can be written
for Ie0 when the collector is open-circuited.
For reasonable changes in temperature the product T1T2 is considered
to be a constant; the reverse current then varies exponentially with AT.
For germanium at 300°K the constant in the exponent is approximately
1/11, so that ICo should double every 7.5°C. In practice some of the current
is of other origin and not so temperature sensitive and T2 > T1} which
reduces the exponent, so that doubling every 10°C is a common rule for
small germanium units. For large power units the other components
become even more important and the current may double only for a 20°
rise in temperature. For silicon the theoretical constant would be 1/6.5,
which leads to a doubling of Ico every 4.5°C. In practice silicon does not
follow the ideal curve, so that many small silicon units show an initial
rise of Ico that is slower, rather than faster, than for a comparable ger
manium unit. In any event, the information concerning both the initial
value and the rate of increase of Ico is normally supplied by the transistor
manufacturer. If not, it can be measured when a simple oven is available.
Forward biased junctions. In a forward biased junction the point of
interest in biasing circuits is how the required value of Veb, for a given
emitter current, varies with temperature. Since the emitter current is
proportional to the density of minority carriers just inside the base, the
same approach can be used as in the reverse biased case. Since the forward
current across a P-N junction (from P to N) should be largely holes, we
shall consider the current as proportional to the hole density just inside
the base. The current is approximately proportional to this density
divided by the base width, IF, in a diffusion unit. Consider two tempera
tures, Ti and T2. If the emitter current is to remain unchanged, then the
hole density must remain constant as T varies. This requires that Veb
decrease. To be specific it requires that
pbl exp (qVj/kTi) = pb2 exp (gy2/fcT2),

from which
Pb2

= exp [q/k(V2/T2 - Vx/7\)} S
= exp [—qEg/k(l/Ti — 1/T2)].

1
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Therefore

Eg - V2
T2

E;t - Vi
Ti

If Eg » V! or V2 then

Ta
Ti

- V2/E,
~ V./E,,.

1+^

Ti.

YA
Ej

from which

&T

AV
Eg ’

or SV=-(g)Ela-

(1-18)

For small current germanium units in the neighborhood of 300°K, Eq.
(1-18) would lead to a value for AV of approximately —2.3 mv/°C.
In practice, —2.5 mv/°C is often found experimentally and is usually
employed in biasing calculations. If silicon followed the ideal diode ex
pression, one would expect to find AV = —3.7 mv/°C as the change
necessary to keep the emitter current constant as the temperature changed.
Experimental data seems to indicate that for currents in the milliampere
range, the value of —2.5 mv/°C also works quite well for silicon. As the
current density increases and the rise of current with voltage becomes
more linear, the AV value for both germanium and silicon decreases toward
perhaps —1 mv/°C by the time currents of one or two amperes are reached.
Forward current transfer ratio, a. General statements about the de
pendence of a on temperature seem imprudent, since a commercial excep
tion can be found for any such statement. This should not be unexpected,
for a is made up of the product of three factors, each of which is a complex
combination of generally temperature sensitive quantities. What is true
is that devices can be designed and are available in which a varies by less
than 1% for a temperature variation of 100°C or more. It is theoretically
predicted, and normally experimentally confirmed, that a will fall as the
junction temperature is reduced below room temperature, so that one
low-temperature limitation on the use of a specific transistor in a specific
circuit may be the lowest allowable a. Figure 1-7 shows a case where,
for emitter currents between 3 and 15 ma, the variation in a is only 1%
for a 125°C temperature change. For this particular type of transistor
the temperature effects become much more extreme at high and at low
currents.
Base spreading resistance, rw. Since rw is essentially an ohmic re
sistance, its temperature dependence is that of the resistivity of the base
material. With the low conductivity materials commonly used for base
materials, the resistivity increases with temperature across most of the
useful temperature range of the device. At high temperatures, for high-

24

A BRIEF SURVEY OF TRANSISTOR f’HYSICS

[CHAP. 1

resistivity (that is, greater than about 2 ohm-cm) germanium units the
resistivity will go through a maximum and start to decline. Since this
change is only on the order of a factor of two for a temperature change
from — 50°C to +100°C, it may normally be neglected for small tem
perature changes.
Collector resistance, rcc. This consists of a leakage term and the base
widening term. Both these terms often vary with temperature in such a
manner that rcc falls at very low and very high temperatures. Again, it
requires a temperature change of over 100°C to cause a 2 to 1 variation,
so that for small changes of temperature rcc may be treated as a constant.
Forward diode resistance, rt. If the ideal diode equation holds, rt =
kT/qIe, so that rt should increase linearly with temperature if Ie is held
constant. Even if the current-voltage relation changes its exponent, one
would still expect r« to vary essentially linearly with temperature. This
conclusion seems to be borne out experimentally.
1-12 Voltage breakdown. In our discussion of diode and transistor
action we considered the possibility of parameters changing with junction
voltage, but only for those cases where normal transistor action is possible.
In every transistor there is some maximum reverse voltage above which
normal operation ceases. In some cases the transition from normal opera
tion to breakdown is sharp and definite, while in others the transition is
gradual and the limit is somewhat arbitrary.
The four general forms of transistor voltage limits are known as excess
surface leakage, Zener breakdown, avalanche, and punch through. Surface
leakage is apt to be a problem in large-area, high base-conductivity
germanium units. The reduction of these effects is an art that has not yet
proved amenable to a particularly rational discussion. At the present
state of the art, surface effects are often the limiting factor in germanium
power transistors. It may be that in the future improved surface treat
ments and/or design techniques will raise the surface breakdown voltage
above some other of the limiting factors.
Zener breakdown will occur if the field in a narrow depletion region
becomes large enough to break directly the covalent bonds of the semi
conductor.
Avalanche multiplication is analogous to the Townsend discharge in a
gas. An electron or hole picks up sufficient energy from the depletion layer
field to break a covalent bond when it collides with the lattice. In this
way, one charge carrier produces three charge carriers. These three may
then repeat the process and a large current may result for a negligible
increase in voltage.
In punch through, the increase in collector-base voltage becomes so
large that the depletion layer extends all the way through the low con-
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ductivity base layer and reaches the emitter. This effectively places a
short circuit between collector and emitter, and transistor action ceases.
No permanent damage occurs if the external circuit limits the current
sufficiently.
In a small low-frequency unit with a relatively thick, high-conductivity
base, some effect of avalanche is apt to be the limiting factor. Since the
effect of the multiplication is to cause the current to increase, one finds
the effective rc decreasing and a increasing as multiplication starts. In
these cases some limit, normally well below the actual collector-base diode
breakdown voltage, is chosen as the upper voltage limit.
In units with thin, relatively low-conductivity bases and high-con
ductivity collectors, punch through will usually be the limiting factor.
For some intermediate conductivity, avalanche and punch through will
occur approximately simultaneously. If surface effects have not limited
operation to a lower value of voltage, this intermediate base conductivity
will yield the highest voltage breakdown obtainable with a given material
and configuration. Emeis and Herlet have reported results for a number
of N-P-N silicon transistors that had different base resistivities.* They
found that for a 40-micron (1.6-mil) base region the highest breakdown
voltage was obtained with a 50 ohm-cm (0.02 mho/cm) base material.
With this resistivity and base thickness, voltage breakdowns of over
300 volts were obtained. Further discussion of breakdown mechanisms and
their effects is contained in Chapters 5, 6, and 10.
* R. Emeis and A. Herlet, “The Blocking Capability of Alloyed Silicon Power
Transistors,” Proc. IRE, 46, 1215-1220 (June 1958).
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Problems

1-1. An ideal, abrupt-junction N-P-N germanium transistor has the following
characteristics:
(a)
(b)
(c)
(d)
(e)

(0

Base width of 1 mil (0.00254 cm)
Emitter area of 1 X 10-3 cm2
Emitter conductivity of 150 mho/cm
Base conductivity of 2 mho/cm
Collector conductivity of 150 mho/cm
Dp/Lp = 2 X 103 cm/sec

The collector-base junction is reverse biased. The emitter-base junction may
be forward biased. The collector-base bias is small enough so that collector
multiplication may be neglected. The diffusion length is such that the transport
factor is 0.99. The temperature is 27°C. Calculate:

(a) The approximate a of the tra’nsistor
(b) The collector current when the emitter-base junction is forward biased
with 208 mv
(c) The composition and sources of the theoretical portion of Ie0
(d) The induced voltage, Vd, across the emitter-base junction with no applied
bias.
1-2. For both silicon and germanium evaluate ICo2/Icox for the case
Ti = 300°K

and

T2 = 350°K.

First use the “exact” expression and then the approximate approach in which
TiT2 is considered as a constant equal to Tj. Since the approximate approach
is conservative, that is, leads to the calculation of the greatest increase, and is
universal, in that the value of T2 is ignored, it is generally employed.
1-3. A bar of N-typc silicon has a conductivity of 100 mhos/cm at 27°C.
Calculate the conductivity at 77°C and at 127°C. In each case determine the
relative effects on the conductivity of changes in mobility and in the number of
intrinsic charge carriers. Repeat the calculations for germanium at 77°C. (The
data from Table 1-2 will yield the correct order of magnitude in spite of the
temperature limitations.) Would the relative variations in conductivity have
been the same if the original conductivity had been 1 mho/cm at 27°C? Explain.
1-4. For the circuit of Fig. 1-8 show
that the effect of the variation of the
P N P
base width with the collector-base bias is
----- ►Ic
to make
ic = aie — gcb'^cb',

Zeb'
gec^cb'i
rt

and that therefore the model of Fig. 1-5
is valid if ree = l/gcb’-

Fee

I

u

■X ,+
Q6

1

~^ECC

Figure 1-8

CHAPTER 2
TRANSISTORS AS CIRCUIT ELEMENTS

In Chapter 1 we developed from physical reasoning a simple model for
the transistor. In this chapter we shall convert this model into several
other forms more useful for circuit design or analysis. These models will
then be used to examine the basic transistor amplifier configurations. To
begin our study, we shall review several techniques of model manipulation
and conversion.
2-1 Current and voltage amplifiers. If one asked for drawings of
incremental models of an ideal voltage amplifier and an ideal current ampli
fier, one would obtain the illustrations of Fig. 2-1. Both these amplifiers
have arbitrarily been given a 180° phase reversal in their amplification so
that they will correspond to existing transistors and vacuum tubes. The
ideal current amplifier has a short circuit at the input and a current
generator (infinite output impedance) at the output. The short-circuit
input offers the least possible impedance to delivery of current, and the
current generator, with no internal conductance, can deliver all the cur
rent hfii to any load. The output current is linearly related to the input
current, as shown in Fig. 2-1 (a), and /iy is the current gain. We should
like hf to be large.
»i------- —

—------- *2
----- O

o——

o-

-O

■o

+

+
V Af»i
o-

61

■o

(a)

o

«2

-o
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(b)

Fig. 2-1. (a) Ideal current amplifier, (b) Ideal voltage amplifier.

The ideal voltage amplifier of Fig. 2-1 (b) has an infinite input impedance
and an ideal voltage source with zero output impedance. The open-circuit
input provides the easiest way to develop a voltage. Also, since there is no
internal output impedance, all the generator voltage is delivered to any
load. The output voltage is linearly related to the input voltage, and the
voltage gain is /x.
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1 volt(^

IM Q

+ Ebb
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Second stage

Fig. 2-2. Vacuum tube cascade.
It should be noted that both amplifiers of Fig. 2-1 have an infinite
power gain and that shunt capacitance could not produce poor highfrequency response in a cascade arrangement of either one.
There are actually no such ideal amplifiers in existence, but transistors
do have low input impedances, high output impedances, and a fairly
linear relationship between input and output current. Transistors are
therefore well suited to current amplification. Vacuum tubes more closely
resemble the ideal voltage amplifier, because their output impedances are
usually much lower than their input impedances. Also, in vacuum tubes
the relationship between input and output voltage is fairly linear (it is
not in transistors).
We shall be interested here only in current amplifiers, since the transis
tor is primarily a current amplifier, and cascaded transistor stages are
readily designed for current amplification. It is, of course, possible to get
a very large current gain in a vacuum tube, but this gain is mostly thrown
away in the coupling to the next stage. For example, in Fig. 2-2 a 1-volt
signal is applied to a vacuum tube grid. If the maximum grid resistor
value is set at one megohm by the manufacturer, then only 1-microampere
of current is drawn from the source. The a-c plate current, ip, may be
several milliamperes, giving a current gain of several thousand. The grid
resistor of the next stage is again one megohm to avoid degrading the
voltage gain. This means that current on the order of microamperes is
delivered to the second stage and that most of the current gain is thrown
away in the coupling to the second stage. On an over-all basis, it is easiest
to think of the vacuum tube amplifier as a voltage amplifier, even though
some over-all current amplification may also be obtained.
Similarly, very large voltage gains can be realized in transistors, but
most of the voltage gain is thrown away in coupling to following stages.
Normally the only sensible way to design a cascade of transistor stages is
on a current gain basis. Of course, an over-all voltage gain will probably
also result, but the transistor is basically a current amplifier.
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Fig. 2-4. Current amplifier with source
and load.

We now consider nonideal current amplifiers. Adding input and output
impedance to an ideal current amplifier gives a more practical picture of
available physical devices, as shown in Fig. 2-3. In this circuit

ei = iYrit
i2 = hjii + goe2)
where r, is the input resistance and g0 is the output conductance. The
parameter hf is not the current gain, but the short-circuit current gain.
If a load admittance Gl is placed across the output, then

i2 _

^/Gl
Qo + Gl

Note that as go approaches zero, i2/i i approaches hf.
Usually the current amplifier is fed from a source with a finite source
impedance, as shown in Fig. 2-4. Here the desired gain is now i2/ia. The
current divides at the input so that

u=
ta

Ra
Ra

The output current again divides between go and Gl, and the over-all
current gain Ao is

Ao

*2

ia

ii i2 =
Ra
ia i\
Ra + Ti

Gl
go + Gl

Iii this expression we see that Ao must be less than A/, but can approach
hj when rt- « Ra and g0 « Gl- This points out the proper way to run
current amplifiers: from a high-impedance source and into a low-impedance
load. (This statement assumes that transformers are not used for im
pedance matching. See Chapter 4 for this case.)
The current amplifier models that we have discussed are a-c or incre
mental models. They might have resulted from the static characteristics
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Fig. 2-5. Static characteristics for ideal current amplifier with input and
output impedance.
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Fig. 2-6. Current amplifier with feedback.

shown in Fig. 2-5. If the input impedance were zero, the input line would
be horizontal. If the output impedance were infinite, the output charac
teristics would be vertical (slope infinite).
Another way in which current amplifiers can deviate from the ideal is
to have some internal feedback from the output to the input. This is
shown in the circuit of Fig. 2-6, where a voltage generator hre2 is inserted
to show that the input circuit is dependent on the output voltage. This
generator represents feedback just as the hjii generator in the output repre
sents feed-forward. In good current amplifiers hre2 is often very small,
and can sometimes be neglected. This is desirable, since we normally do
not want the input dependent on the output. If hTe2 equals zefo we say
that we have perfect isolation. Normally we have excellent isolation in
vacuum tube amplifiers. In transistors the isolation tends to be poorer,
and this may complicate the design considerably.
The circuit of Fig. 2-6 is a complete description of a current amplifier,
and is in the form known as a hybrid model. It might result from a set of
static characteristics, such as are shown in Fig. 2-5, if hT is accounted for.
This is done by noting that the presence of hr does not affect the static
output characteristics, but gives a set of input curves instead of the single
curve of Fig. 2-5.
The feedback term, hre2i affects the input and output impedance levels,
so that ri is no longer the input impedance and g0 is no longer the output
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Fig. 2-7. Current amplifier.

admittance. The change in input impedance in turn affects the current
gain.
Given a source with impedance Ra, and a load with admittance Gl, as
shown in Fig. 2-7, we can easily solve for the input and output impedances
and the current gain. The input impedance is Z\n = ei/ii, and from
Fig. 2-7 we see that
Ci — i\r i + hre2,
(2-1)

and
62 —

—hfi\
go + Gl

(2-2)

Combining Eqs. (2-1) and (2-2) we obtain
ei =

—

hfhri 1
Qo + Gl

Hence

-g-

Zin

hfhr
Qo + Gl

ri —

The output impedance is e2/t2, with ia = 0. From Fig. 2-7 we have
22 = 62gO + ^/*1,

hre2 =

4- Ra).

Combining these expressions we obtain
1*2

Eout = T = g° ~
62

hfhr
Rt

Thus we see that when hr is not zero, Zin
r» and FOut
go- How
ever, if Gl and Ra are large enough the effect of the feedback term will be
small. The inequalities
Gl »

hfhr

T jQo

Ti

Ra »

h/hr

t jgo

g0
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Fig. 2-8. Transformation of input generator to an impedance.

are the necessary conditions for feedback to have negligible effect on
either the input or output impedance. If both inequalities are satisfied, the
total effect of the hre2 generator in the model of Fig. 2-7 is negligible, and
it can be dropped out to give the amplifier of Fig. 2-4 as the approximate
model. This is often the case, and calculations are considerably simplified.
If the feedback is not negligible, the over-all current gain can be cal
culated by utilizing the circuit of Fig. 2-7. The simplest way to do this
is to replace the hre2 generator by an impedance. Multiplying Eq. (2-2)
by hr gives
hfhj't j

ArC2 —

go + Gl

Thus this generator appears as shown in Fig. 2-8 and may be replaced by
a negative impedance which gives the same voltage drop when
flows
through it. This can always be done so long as e2, the drop across the load,
is given by Eq. (2-2) and is caused by hfiY. Obviously, this would not be
the case if a generator is placed at e2 to find the output admittance.
However, what we have discussed tells us that so far as finding the for
ward current gain is cpncerned, we can always replace the circuit of
Fig. 2-7 by the circuit of Fig. 2-9. Then

11 —

Ra

(2-3)

Rs + Zin
_

A/i'i

Gl
f
9o + Gl

Zm = r< —

{

l. A

1

| Zin

(2-4)

hfhr
go 4- Gl

•«2

JF~

VA/h

go

Gl

Fig. 2-9. Circuit for finding over-all current gain.
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From Eq. (2-5) we see that the over-all current gain is affected by the
feedback, since the feedback affects Zin- We also see that it is not necessary
to calculate yout to find the over-all current gain. Thus the actual output
impedance of current amplifiers is of relatively minor importance, and
only go, the open-circuit output admittance, must be known.
The method used here to find the over-all current gain is perfectly
general and is usually the simplest to use when dealing with hybrid models.
In review, the method has three steps:
1. Calculate the input impedance.
2. Calculate the input current from the current division ratio between
R8 and Z\n [as in Eq. (2-3)].
3. Calculate the output current from the current division ratio between
go and Gl [as in Eq. (2-4)].

The importance of the actual input impedance in this calculation makes
it worth while to memorize the formula for input impedance. Once this
is done the current gain calculation becomes very fast and simple.
2-2 Model manipulation and construction. In the preceding section
we developed a hybrid model of a current amplifier by adding one com
ponent at.a time to an ideal current generator. We might also have
developed it from one of the many possible sets of two equations which
may be used to define an active two port network. Doing this and em
ploying standard hybrid notation, by writing hi for ri and ho for gOi we
obtain
Cl = hill 4“

(2-6)

2*2 = hfil + ho62,

(2-7)

or in matrix form
ei

>2.

hi

hr

hf h0

X

ii

(2-8)

L^2j

Figure 2-6, with the appropriate changes in notation for rt and go, repre
sents these equations exactly.
The hybrid model is frequently convenient for use in low-frequency
transistor work, because the generator hre2 is often negligible and the
generator htii emphasizes the idea of current gain in the device. Another
advantage of the hybrid model is that its parameters may be calculated
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Fig. 2-10. (a) Input characteristics. (b) Output characteristics.

directly from static curves, and further they lend themselves to rather
straightforward a-c measurements. To illustrate calculation from curves
let the graphs of Fig. 2-10 represent the static input and output charac
teristics of some fictitious device. Now
dE 1

‘‘-Si

e2=0

‘'-Kl

e2 = 0

~ azT’
di 2
= dTi ’

hr

= -l

_ dE\
dE2

=r

_ &12
dE2

£2 I ti=0

62 I 11=0

so that for the data of Fig. 2-10 we have hi = 2K ohms; hr = 101-3.
hf = 100; and ho = 25 micromhos.
For simplicity the characteristics of Fig. 2-10 are shown as linear, so
that the hybrid parameters are constant and independent of the operating
point. In general this will not be true, and the parameters will have to
be evaluated in the neighborhood of the operating point. While the curves
of Fig. 2-10 are too idealized to be typical of a transistor, the numerical
values selected for them might be typical of a low power transistor in the
grounded emitter configuration.
To obtain the hybrid parameters from dynamic measurements, the de
vice must be biased to the desired operating point, and small-signal a-c
measurements must be taken. To take these we first refer again to our
definitions: hi is just the input impedance with the output short-circuited;
hf is the short-circuit current transfer ratio; hr is the reverse voltage trans
mission with the input open-circuited; and ho is the output admittance
with the input open-circuited.
Now it must be remembered that we are taking small-signal a-c measure
ments and that e2 = 0 means that the load must be a short circuit to the
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a-c signal. Since in general the output cannot be shorted to d-c without
upsetting the bias, the a-c short must be approximated by a large capacitor
across the output. Since a-c current is normally measured by measuring
voltage across a resistor, in the hf measurement, the a-c short must be
approximated by a large capacitor in series with a small resistor.
The practical advantage of making hybrid measurements is seen when
it is considered that most transistors have a high output impedance, so
that it is easy to approximate a short circuit at the output (sometimes as
much as several kilohms of load can be used) and still make current and
voltage measurements without using ultrasensitive apparatus. If, on the
other hand, one of these measurements had called for an a-c open circuit
at the output, we would have been required to supply several milliamperes
of bias current through several megohms to avoid appreciably shunting
the output. Some of the other models which have been used to represent
transistors, such as the open-circuit impedance model, possess this dis
advantage.
It is also very easy to make measurements of hr and ho. Since the
transistor input is a fairly low impedance, it is possible to approximate
an open circuit at the input without going so high in impedance as to make
biasing of the input difficult. This will become clearer later on when gain
and impedance are discussed.
It should be pointed out here that the hybrid representation is a per
fectly general one and need not apply only to transistors. A hybrid model
may be made for a transistor configuration, an entire amplifier, or for a
passive network.
In general, given any two models we may equate them by choosing for
each model, a sufficient number of equations relating ei, 62, ii, and 1’2 and
by requiring that like equations for the two models be equal. The trick
in doing this easily is in picking the proper set of equations. During the
next several chapters we shall have numerous occasions for shifting from
one model to another, and the reader should make an attempt to gain
facility in this operation.
2-3 Transistor Tee models. Although the hybrid model is often ad
vantageous to work with or to measure, the model of Chapter 1 is perhaps
more simply converted to a useful form by being turned into a Tee model.
In addition, the Tee model is probably more useful than the hybrid model
in many practical calculations. In this section we shall convert the model
of Fig. 1-5 into a common base Tee model; in the next section we shall
convert the Tee model to a common emitter (base input) form; and then
in the following section we shall convert both of these into hybrid forms.
Figure 2-11(a) shows an emitter current controlled Tee model for a
transistor, while Fig. 2-11(b) repeats the basic model of Fig. 1-5. The
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Fig. 2-11. (a) Common base Tee model, (b) Basic model from Fig. 1-5.
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Fig. 2-12. (a) Modified Tee model, (b) Modified basic model.

easiest way of equating parameters would seem to be to split rb of the
Tee model into rbb> and rb> and then to equate this modified model, shown
in Fig. 2-12(a), to the model of Fig. 2-11(b) with rbb> removed, as shown
in Fig. 2-12(b). As a final step, the series rbb- would be replaced in both
models. Equating impedances and gains for the two models one step at
a time we find
Short-circuit input impedance :

re +

(1 — a)rfc>rc
= rt.
rb> 4- rc

(2-9)

Short-circuit current gain:

arc
= a.
rc 4- rb>

(2-10)

Open-circuit reverse voltage transmission:
r b>
rb> 4- rc

= V'cTt-

(2-11)

Open-circuit output impedance :
rc + rb' = rcc.

(2-12)
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Combining these equations We obtain
(2-13)

Tb' — Qec^cc^t)

Tc = rcc(l — ^cre),

(2-14)

a = a/1 — PeCr«,

(2-15)

re = re[l — (/ecrcc(l — a — tfecO].

(2-16)

For normal engineering work these may be further simplified by recalling
that according to Eq. (1-17), gec = 1/(1 — a)rccX. Thus
gecTcc

1
(1 — a)X

~
1
- (1 - a)x’

Since X is a constant with a magnitude between 2 and 5 while 1/(1 — a)
is unlikely to exceed 100, rt is normally in the 10 to 30 ohm range and rcc
is in the megohm range, gecre may be neglected with respect to unity. This
leads to
Tb'

“ (1 - a)x’

a = a,

Tc = rCCf

re

(X - l)re.
X

The reason behind this approach to the Tee model, rather than just
presenting it directly, is to point out the relationship of the various Tee
parameters to the physical phenomena in the transistor. To summarize
these relationships, we see that for practical purposes a and a and rc and
rcc may be used interchangeably, since the numerical difference in each
case is normally very small compared with the accuracy with which either
quantity is known. The emitter resistance, re, is not the forward diode
resistance, re, -but is related to it by a constant and thus should have the
same type of variations with Ie and with temperature that r( has. The
base resistance, rb, is the most complicated of the Tee parameters, since
it consists of the sum of rb> and rbb>. The first of these components varies
with both a and re, so that as Ic decreases, rb> will increase, but not as
fast as rc does. The second component, rbb', is essentially independent of
the Q-point, so that how rb varies depends on the division between the two
components. The only general statement that appears safe is that rb
will tend to decrease as Ie increases and will tend to increase as tempera
ture increases.
The common base Tee model of Fig. 2-11(a) may be converted to the
common emitter Tee model of Fig. 2-13(a) by a simple generator manipu-
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rd = rc(l — a)-*

*c

(b)

(a)

Fig. 2-13. (a) Common emitter Tee model, (b) Conversion of the collector
branch from emitter current control to base current control.

lation. This is demonstrated graphically in Fig. 2-13(b). The key to this
conversion is the realization that ie = ic + ib- From the result we see
that the common emitter Tee model has a much higher current gain and
a much lower output impedance than the common base Tee model.
2-4 Hybrid models. As we pointed out previously, the hybrid param
eters may be derived from static curves or may be measured directly.
They may also be derived from the Tee parameters, or the conversion may
be employed in the reverse direction to calculate Tee parameters from
measured hybrid parameters.
To find the relationship between the two cases for the common emitter
case, we draw the diagrams of Figs. 2-14(a) and 2-14(b) and write the
appropriate equalities. In Fig. 2-14(b) a second subscript e could be added
to all the h’s to denote the common emitter configuration. This will be
done only in cases where confusion might result if it is omitted. Writing
the equalities we have

Input impedance with output shorted:
hi = rb +

rerd \ /

1

\

re 4- rdJ \1 — a/

Reverse voltage transmission with input open:
hr =

r«
,
re + rd

Forward current transmission with output shorted'.
hf =

brd — r„

40

[chap. 2

TRANSISTORS AS CIRCUIT ELEMENTS

C

h0

+

E

(a)
(b)
Fig. 2-14. (a) Tee model, (b) Hybrid model.

Output admittance with input open:
1

,

ho =Ti + rNormally rj » re so that these equations simplify to
hi = rb +
hf =

re
1 — a

a
1 — a

rd

Ao-7
rd

These simplified equations may be rewritten to define the Tee parameters
in terms of the hybrid parameters. When this is done, we obtain

~ 1
ri = ho’
r

a
1 — a
L

ho

hfhT

Tb = hi~-hT

A word on terminology is in order at this point. The forward current
transmission of the common emitter stage has been indicated by a number
of symbols in the existing literature, among them acb, acb, <*/, a/(l — a),
B, ft, and b. The IRE standards recommend a/(l — a); however, the lure
of a single letter is almost overwhelming at times. Among the single
letters, 0 seems to have the widest acceptance and will be used here.
(b would be more logical, but tends to get confused with subscripts and
terminal designations.) We shall use, therefore, 0 and a/(l — a) inter
changeably.*
* 0 is also used for the component of a known as the transport factor. There
fore when reading papers on transistor design, as opposed to transistor use, one
should not confuse the two usages.
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The hybrid model for the common base case can be related to the com
mon base Tee model in the same manner. Assuming that rc »
we have
hib

re 4- (1 — a)r6,

hfb = a>

Ar,

rc ’

b=re

or
a
r

1

h/b,

rc = Th ob 1

re

b-hObf

(1 — hfb)hrb

hib —

^Ob

2-5 The hybrid-pi model. Another widely used model (especially at
high frequencies) is the hybrid-pi. Although the model will hot be directly
employed in circuitry for several chapters, we shall derive its low-frequency
form from the model of Fig. 1-6 so that it will be available when needed.
Figure 2-15 shows the model of Fig. 1-6 redrawn with a base input. We
note that ie = —gec^cb' — tb'e/Tt and substitute this value for the con
trolling current of the current generator. We then employ a general
generator-splitting theorem, which is illustrated in Fig. 2-16. Both the
{a/r^eb'c and gec^cb' generators are split in this fashion to obtain the model
of Fig. 2-17(a). Now the current generators controlled by their terminal
voltages may be replaced by conductances, so that the model of Fig. 2-17(a)
becomes the hybrid-pi of Fig. 2-17(b). At the same time, the approxima
tion ecb' = ece is made, so that the output generator, gec^cb', may also
be replaced by a conductance, gce. The parameters for the hybrid-pi
model are
Tb'e =

Te

1 — a

a

Qm

Te

1

Tee = — = Xrcc(l — a),
gee
Tb'c =

1 — (1 — a)toecr/:e)

Xrcc
X — 1

Examination of the model and its parameters indicates that both rc<
and Tb'c are large and directly related to rcc, the reverse junction im
pedance. The parameter rb’e is much larger than re, but has the same
dependence on Ze and temperature as has rt. The transconductance rises
linearly with Ie (at least to the extent that a is constant) and is normally
much higher than values encountered in vacuum tube work. If a ap-
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I t..
Fig. 2-15. Basic model with the base terminal as the input.

Fig. 2-16. Two equivalent networks.
gecCcb'
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Fig. 2-17. (a) Modified version of Fig. 2-15. (b) Hybrid-pi model.
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proaches unity, then for Ie = 1 milliampere and T = 300°K, one would
have gm in the neighborhood of 39,000 micromhos.
The short-circuit input impedance of the hybrid-pi model is essentially
Tbb' + T'b'e, which is identical to hie = rb + rc/(l — a), as must be the
case.

2-6 The common emitter stage. The most useful transistor amplifier
stage is the grounded emitter or common emitter circuit. Figure 2-18
shows this circuit, with a current source feeding the base and a load Rl
in the collector circuit. Only the a-c circuit is shown here, since biasing
will be considered in Chapter 3. The emitter is common to both input
and output circuits and is often at a-c ground.
The grounded emitter stage might typically have an input impedance
of a few thousand ohms, an output impedance of 20 to 100K ohms, and
a current gain of 50. It is usually fed from a high-impedance source
(another transistor) and usually feeds a low-impedance load (again an
other transistor).
A typical low-power transistor might have the following Tee parameters:
re = 30 ohms,

rb = 400 ohms,

rc = 1 megohm,

a = 0.98,

from which we can calculate
a
re
= 1900 ohms,
hi = rb +
3 = 1 — a = 49,
1 — a
hr =

Te x— = 1.5 X IO-3,
(1 — a)rc

ho = —----- r = 50 micromhos.
rc(\ — a)

Note that the approximations rd » re and rd » rb, which were employed
in simplifying the hybrid-to-Tee conversions, are quite reasonable.
Variation of gain with Rl. If the current gain for the grounded emitter
circuit is written as i2/*i, then from either the hybrid or the Tee model we
may write
22 _
&rd
_
P
.
(2-17)
t’i
rd + Rl
1 + Rh/rd

This expression is simple enough so that no graph is needed to make it
—----- i2

h------ —

4

Rl

Fig. 2-18. Grounded emitter stage.
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clear. However, we wish to draw a graph here to illustrate that this simple
algebraic sort of equation lends itself nicely to sketching from asymptotes
on log-log paper.
The two asymptotes of Eq. (2-17) are

?=*
1’2 = 0rd

ii

Rl

for Rl « rd,
for RL » rd.

Both these asymptotes are straight lines on log-log paper and meet at the
line Rl = rdt as indicated in Fig. 2-19. At the corner, or break, where
the two meet i2Ai = 0/2; thus the actual curve is down by a factor of
two from the asymptotes. At loads removed 10 times from rd, say at
Rl = rd/10, AAi = 0.9/3, and the actual curve is down by 10% from
the asymptote. Similarly, at Rl = 10rd, i2/i\ = 3/11 while the asymp
tote is at 0/10; hence again the curve is down about 10% from the asymp
tote. Furthermore, in Fig. 2-19 and also from Eq. (2-17) it can be seen
that the falling asymptote has a slope of unity on log-log paper. The
principal value of drawing this sort of curve is to fix in the mind’s eye a
rough picture of the formula given by Eq. (2-17).
Figure 2-19 points out graphically the loss in current gain when a
grounded emitter stage feeds a high-impedance load. A 20K ohm load
here cuts the current gain in half and would be an unusually high-imped
ance load for this stage. Normally, the stage will work into the input

4^-10%

Unity
slope

1
1

3/2

I
l
I

3/10

Practical
values

l
I
I

J.
I
I
I
I

*%} 10%
1
I
I
I

I
I
I
I
I
r<//10

rd

lOrj

2Kfi

20KQ

200KQ

1

■ I__

Hl

Fig. 2-19. Plot of 12/ii vs Rl for a grounded emitter stage.
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impedance of a similar grounded emitter stage, that is about 2K ohms,
and the current gain from base to collector will be almost 0.
Input and output impedances. Formulas for the input and the output
impedance are slightly more complicated than that for current gain and
result in curves with three asymptotic sections and two corner points,
If the corners are widely separated, then the actual curves will be displaced from the asymptotes, as is the curve in Figure 2-19. The input
impedance in terms of the Tee parameters is given by
Zin — 1"b “I- T e +

foe

1 + RL/rd

(2-18A)

When rd » RL

Zin = rb + (1 + 0)re,
and when Rl —► oo
* ?b “I- De

Zjn

Equation (2-18A) may be written in the form
Zin = [d& + (/3 + 1)dc]

1 + Rn(rb + re)/(rdfe»)
1 + Rl/t<i

(2-18B)

Equation (2-18B) can be plotted very nicely on log-log paper, as indicated
in Fig. 2-20. Asymptotes can be drawn, if desired, with the actual Zia
curve symmetrical about the asymptotes and displaced from them at the
corners by less than a factor of two.
From the fact that Zin decreases as Rl increases, which in turn tends
to increase the current gain, we see that the internal feedback in this
Zin

Zin = hi = rb + (0 + l)rc
1900 2
1150

430 2

rb
re
rc
a

I
I
I
I
I
I
I
I
I

_______ L_

re(l — a)

re(l — a)

= 400 2
= 30 2
IM 2
=
0.98
=

20K 2

700 2

I Zin = rb -I- rc
I
I
hi
rb + rc

88.5K 2

Fig. 2-20. Plot of Zin vs Rl for grounded emitter stage.
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configuration is regenerative. This can never cause trouble at low fre
quencies, however, because from Fig. 2-20 we see that Zin is always
positive. At high frequencies, where a more complex model must be used,
this is no longer true, for Zin sometimes becomes negative and causes
trouble. (Vacuum tubes have the same problem at high frequencies.)
Since the grounded emitter stage is usually fed from a similar stage,
with a large source impedance, the decrease in Zin with increasing Rl
actually does very little to increase the over-all current gain. For example,
if the source impedance were 20K ohms, 91.3% of the source current
would be delivered to a 1900-ohm input impedance and 97.8% would be
delivered to a 430-ohm input impedance. This small increase in gain,
about 7%, is negligible compared with the enormous loss in gain at the
output caused by a high-impedance load. As shown in Fig. 2-19 increasing
the load to as much as 20K ohms would cause a 50% drop in current at
the output. For this reason current amplifier stages are almost always
designed to work into low-impedance loads and the normal range for the
input impedance is Zin = hi.
From Fig. 2-20 we see that the feedback term hre2 is negligible in this
normal operating range, since when Zin = hi it is relatively unaffected
by changes in Rl, so long as Rl « rc(l — a). This means that for cal
culating input impedance or current gain, we can often drop the feedback
generator from the hybrid model, leaving the simplified approximate

it

rb + G3 + l)rc

<1

o

o

O-

O

(a)

(b)
Fig. 2-21. (a) Approximate grounded emitter hybrid model for the case
where re(l — a) » Rl- (b) Model for output impedance calculation.
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model of Fig. 2-21(a). For example, if the load Rl were 2K ohms, which
is typical of an input impedance to another transistor stage, then we know
that because Rl is one-tenth of the lower corner value shown in Fig. 2-20,
Zin must be within 10% of hi. Thus it is a very good engineering approxi
mation to neglect the hre2 term and say Z\n = hi, especially since we are
not likely to know the exact values of the transistor parameters with an
accuracy better than 20%. The actual Zin can be calculated easily from
Eq. (2-18). Thus
Zin = 430 +

49 X 30
= 1775,
1 + 0.1

which is actually 7% lower than hi and agrees with the prediction from the
curve that Zin would be within 10% of hi.
While the output impedance is normally not too important, we shall
calculate it as an example of model manipulation technique. First, we
redraw our common emitter model, as shown in Fig. 2-21 (b). From the
circuit we obtain
ib = -

rei2
rc 4- rb 4- Ra

Therefore
Zout — rd

1+

Qre
re + rd + Ra

rc(rb 4~ Rs)
re + rb + R.

If the second term is dropped, being considered negligible with respect
to the first, then
1 4~ hi/Ra \
Zout — Td
(2-19)
1 4- rb 4- rJRj

As Ra

co
ZOut

and as Ra

rd,

0
^out

rd

rfc -f- (1 + 0)rc
rb + re

The asymptotes for the curve have breaks at Ra = hi and Ra = rb 4- re,
as shown in Fig. 2-22. The curve is removed from the asymptotes by
less than a factor of two at the corners. It can be seen that if Ra » rb 4(0 4- l)re = hi, then Zout = rc(l — a). Since normally this condition
will be satisfied so as not to lose current due to the shunting of the input
by Rai the output impedance is usually l/ho = rc(l — a) in a common
emitter current amplifier.
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rb + (1 + 0)re
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Fig. 2-22. Plot of Zout vs Rt for common emitter stage.

It is interesting to note in passing that since this curve is symmetrical
on log-log paper, the point where it crosses the central asymptote is the
geometric mean of Zout, with Ra = 0, and of Zout, with R8 = oo. As
shown later, this is the output impedance if both the input and output
are matched with transformer coupling. This is one case where the feed
back generator hre2 cannot be ignored, since the matched value of Zout
(here 42K ohms) cannot be approximated by l/ho = 20K ohms. On the
other hand, transformer coupling is relatively rare at low frequencies, and
usually Zout = rc(l — a) is the normal region of operation for a grounded
emitter stage.

2-7 Grounded base stage. Another useful transistor configuration is
the grounded base or common base circuit. Figure 2-23 shows this stage
with a current source feeding the emitter and a load Rl in the output.
Only the a-c circuit is shown here, since biasing will be considered in
Chapter 3. The base is common to both input and output circuits and is
usually at a-c ground. This stage might typically have an input imped
ance of 30 to 60 ohms, an output impedance of several megohms, and a
current gain of slightly less than unity. There is no phase inversion in
this stage.
—---- i2

Rs

4-

4-

61

^2

Fig. 2-23. Grounded base stage.

Rl
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re 4- (1 — a)rb

4

’2

Rs

Tc

+

Rl

c2

Fig. 2-24. Grounded base model.

Although it cannot give current gain, its wide frequency response, ex
cellent isolation of input and output, and desirable impedance levels make
it a handy tool for circuit design. It can be used as a buffer to give isola
tion, as a low-impedance input to terminate cables, or as an impedance
transformer to drive high-impedance loads. It is often used as the final
stage of a current amplifier feeding a high impedance, such as a cathode
ray tube grid or deflection plate where it transforms the input current
drive to a large voltage drive.
For the transistor used in the previous section the common-base hybrid
parameter values are:

1
= 1 micromho,
1 megohm

hi: = 38 ohms,

ho =

hf = —0.98,

hr = 4 X IO-4.

The feedback term here is quite small, an order of magnitude smaller than
for the grounded emitter, and so this stage gives good isolation.
If the grounded-base stage is used between a source and a load, as shown
in Fig. 2-24, the current gain may be calculated as before by finding the
input impedance and then the current-division ratios at the input and
output. Thus
R,
(a)
Zin 4- Rs

rc
Rl + rc

-tVt’i

a = 0.98
a/2
1

1
1
1
1
1
1______

re = IM

qRl

Rl

Fig. 2-25. Plot of 12/1’1 vs Rl for a grounded base stage.
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The ratio of load current to emitter current is just
—_

a

“14- Rl/tc ’

ii

and falls off with load as shown in Fig. 2-25. This ratio is down 50% when
Rl = tc. Since rc is on the order of megohms for most transistors, it is
highly unlikely that Rl will ever be as large as rc, and the usual range of
operation is for Rl « rCt which gives the highest current gain. The cur
rent gain must always be less than alpha however.
The input impedance is given by
Zin = hi —

hfhf

ho 4" Gl

CLTb

= re 4- r6(l — a) 4-

1 4- rc/RL

•

(2-20)

Since the hf term is negative here, Z-in increases as Rl increases, which
tends to reduce the current gain and shows that the feedback here is
degenerative. A plot of Zxn versus Rl is shown in Fig. 2-26, and again this
plot is symmetrical on log-log paper. For the typical transistor parameters
used previously, Zin goes from 38 to 430 ohms as Rl increases. At the
corners the curve is removed from the asymptotes by slightly less than a
factor of two, with Zin = 70 ohms at Rl = 88.3K ohms, and Z\n =
234 ohms at Rl = 1 megohm. The normal range of operation is with
hj

\

Rl « rc re + rb) ’

so that Zin = hi = re + r&(l — a), and the feedback generator of
Fig. 2-24 can be neglected.
Since the input impedance to this stage is so low, it rarely makes much
difference exactly what the value of Zin is, so far as current gain is conZ,n
rc + rb

430 Q

234
70 Q.

38

+

!
I_______

r

hi

c rc + rb

= 88.3K 2

rc = IM

Rl

Fig. 2-26. Plot of Zin vs Rl for a grounded base stage.
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cemed. For example, if the stage is fed from as much as 1-kilohm source
impedance, the load impedance can vary from zero to 88.3K ohms without
varying the current into the transistor input by as much as 3%. This is
even more reason for the usual approximations that Zin = hi and that the
feedback is negligible in this stage.
The output admittance is given by
Tout = ho

hrhj

__________ arb__________
= r1+
rc\re + r6(l — a) 4- 7?s]
c

hi + R8

ar
i
^OUt ----

+ rfc(2 ~ a)
Rs

i

c

1 +

(2-21)

re + rb
Rs

A plot of Eq. (2-21) on log-log paper is shown in Fig. 2-27. For
Ra » 430 ohms, Zout
rc, which should be the normal range of opera
tion. Again, Fig. 2-27 shows that the curve is separated from the asymp
totes by slightly less than a factor of two at the corner points.
Although it is theoretically possible to get a large current gain by using
transformer coupling with the grounded base stage, this gain is usually
not realizable in practice due to the impedance levels involved. Figure 2-27
shows that the output impedance with a match at both ends is 297K ohms
for the transistor used here. This is the point where the curve crosses the
central asymptote. Practical transformer design would normally prevent
operation at such a high impedance level, so that a considerable degree
of mismatch must be tolerated.

■Zout

Tc

IM Q

297K 2
163K fi
rc

88.3K Q

hi
re + rb

Rs = hi
38 Q

]

544K Q

i
l
i
i
i
i
i

Rs = re 4- rb
430 Q

Fig. 2-27. Plot of Zout vs R, for a grounded base stage.
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2-8 Grounded collector stage. The third basic transistor configuration
is the grounded, or common, collector stage (also known as an emitter
follower stage). Figure 2-28 shows this circuit, working between a source
and a load. (Only the a-c circuit is shown.) The collector is common to
. both the input and output stage.
Inspection of this stage shows that there is almost no isolation between
input and output, due to the fact that the voltage drop between emitter
and base is very small. This means that the input voltage ei is about equal
to the output voltage e2) and that any change in output voltage will
result in approximately the same change in input voltage. In terms of the
hybrid parameters this amounts to saying that hr = 1. This in turn
means that the hybrid model will be of little or no use in studying the
grounded collector stage. The value of the hybrid model for the grounded
base and grounded emitter stages is that the feedback generator hre2 is
usually negligible, so that
ho, and hf give a good approximation to the
input impedance, output admittance, and current gain. Since this is not
true in grounded collector stages, the hybrid model will only obscure the
workings of the stage, and we shall find it convenient to use other models.
The grounded collector stage normally works between a high-impedance
source and a low-impedance load and presents a high-impedance input
and a low-impedance output. Its high input impedance makes it of little
use as a current amplifier, but it can be used as a unity voltage-gain device,
analogous to the vacuum-tube cathode follower. It differs from the cathode
follower in that it offers no isolation of input and output, and in that its
input impedance is not so high and is strongly dependent on RlIf the circuit of Fig. 2-28 is redrawn, employing the base input Tee
model, Fig. 2-29 results. For this circuit, we have
»1—•-

+
R,

*1

—----- i2

+

"7

<

e2

Fig. 2-28. Grounded collector stage.
re

rb

4

-VW\A ^g'l
R»

rd

Rl

i'

Fig. 2-29. Common collector (emitter follower) model.
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^in —

“I"

(14~ &}Td(re 4~ Rl)
rd 4- re 4- Rl

When Rl —* 0

rc(re 4- Rl)
•
Td + Te -p Rl

(2-22A)

re
1"b 4- 1 — a

Z\n
when Rl

= rb +

oo
^in

* 7"c>

and when rd » Rl » re
(2-22B)

Z\n = (1 + #)#£•

It is very easy to obtain input impedances on the order of a megohm
in the vacuum tube cathode follower, independent of load.
From
Eq. (2-22A) we see that the input impedance to the grounded collector
can never be more than approximately rc, even for an infinite Rl- Also,
Zin varies with Rl, and for Rl = 38 ohms, Zxn would be only 3800 ohms
for the transistor parameters chosen earlier.
Figure 2-30 shows a plot of Zxn versus Rl for the grounded collector,
and from this plot we see that on log-log paper Z,n follows three asymp
totes. The two corners of the asymptotes are so widely separated that the
actual curve is displaced from the asymptote at the corners almost exactly
by a factor of two. The length of the central asymptote insures that the
curve follows the asymptote very closely for most of its length. Since the
central asymptote is also the normal region of operation for this circuit,
Eq. (2-22B) is usually taken as the input impedance to the grounded
collector. The fact that input impedance varies directly with load in this
normal operating region is another indication that there is no isolation in
the grounded collector stage.

Zin

IM

Tc
71

2h(e
1900 Q

hie

Z/'
ZZ
Z7
S
S

1
1
1
1
I

■Tc/2

(3 + 1)«L I
I
_____________ L

hLb = 38 Q

rd = 20K Q

Rl

Fig. 2-30. Input impedance vs load for grounded collector stage.
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Another item of interest in the grounded collector is its output imped
ance, which may be calculated from Fig. 2-29. Rather than working
directly with Fig. 2-29, however, it is useful to transform the circuit into
another model which shows the output impedance by inspection. Using
Ohm’s law to keep the voltages and currents unchanged, we may remove
the
generator if we divide (rb 4- Ra) by (3 4- 1)- This new resistance
is now in parallel with rd and the resultant is in series with re. Thus
Zout = Te +

= Te +

When Ra

rd(rb 4- Rs)M + 1)
rd 4- {rb 4- R,)/(J + 1)
rc(rb 4~ #»)(! — a)
+ Tb 4“ Rs)

(2-23A)

0

re + (1 — a)rb,

^OUt

when Rs —> co
ZOUt

—> rc(l — a) = rd,

^out

= 2?a(l — a).

and when rc » Ra » rb

(2-23B)

This latter region is the normal operating range of the circuit, so
Eq. (2-23B) is normally a good approximation to Zout- These three
asymptotes are shown in Fig. 2-31, and again the actual curve differs
from the asymptotes by a factor of two at the corners but follows the
central asymptote very closely for a wide range of source impedance.
^OUt

20K 2 -

rd

2hib

V

38 2

hib

1
1i

X

A

1

1
R./W + 1)!

I

________ L

I
I

Rs

hie = rb 4- (1 + fi)ra

Tc

1900 2

IM 2

Fig. 2-31. Plot of Zout vs Rt for a grounded collector stage.
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One of the problems of using the grounded collector as an impedance
converter is apparent from Fig. 2-31, where it is seen that to obtain a low
output impedance the source impedance must also be fairly low.
Current ijain. The current gain may be written from the circuit of
Fig. 2-29. Thus
rd
Vd + Te 4- Rl.

= (
ii

(1 + 0),

R,

ii =

Ra + Zin

i.

Although i2/ii is about the same in grounded emitter and grounded
collector stages, the over-all current gain will be much lower in the grounded
collector since Z-ia is much larger in this stage. To illustrate this, let us
assume that Rl = 2K ohms, re = 30 ohms, 0 = 49, r& = 400 ohms,
rc = 1 megohm, and Ra — 20K ohms. With this low-impedance load,
the grounded emitter current gain from base to load is
12 =____ 1?____ = 445
ir
1 + 2K/20K

and the grounded emitter input impedance is
Zin = hie = 1.9Kohms.
This gives an over-all grounded emitter current gain of

i2

Ra

is

Rs 4" Zin

G) = S X 44 5 = 42 <3’

The grounded collector gain from base to load is
*2
____ 50____ — 45 5
t4 — 1 + 2K/20K

which is almost the same as that for grounded emitter. The input imped
ance, however, is
Zin = 400 + IM || (50 X 2K)

90K ohms.

Thus most of the source current flows in R, rather than into the base,
and the over-all current gain for grounded collector is much lower:

R,
A
_
A° _
- i.Rs 4- Zin

X 45.5 = 8.3.
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From this example we see that, with both stages working from a 20K-ohm
source into a 2K-ohm load, the grounded emitter circuit has an over-all
current gain that is more than five times that of the grounded collector
stage. As the load impedance is reduced, the two gains become more
equal and would be approximately equal for a short-circuit load. How
ever, for all practical purposes one may say that the grounded collector
always has less over-all current gain than the grounded emitter and so
should never be used as a current amplifier stage. An exception to this
rule might be the case where the 180° phase reversal of the grounded
emitter stage is undesirable, or where a low-impedance output is wanted,
to drive a cable perhaps.
The fact that it does not make a good current amplifier tends to re
strict the use of the grounded collector to that of a unity voltage-gain,
impedance-level-changing device. For this reason it is interesting to cal
culate the voltage gain of the device and compare it with that of its vacuum
tube counterpart, the cathode follower.
From Fig. 2-29 the voltage gain, Av, from input to output is seen by
inspection to be

Av = £2 =
ei

Rl______ rc || (ft 4- 1)(#l + re)
•
Rl + re rb + [rc || (0 +
+ re)]

(2-24A)

From Eq. (2-24A) we see that if (3 4- 1)Rl is not negligible compared
with rc, then surely we must have
» re and that (3 4- 1)Rl II rc is
much larger than either rb or re. In this case the voltage gain would be
approximately unity. On the other hand, if (3 4- 1)Rl were comparable
to either re or rb, then it would be negligible compared with rc, so that in
any case we can drop rc from Eq. (2-24A), giving
Av ~

—

(3+ 1)/?L
+ (0 + 1)(/?L + re)

or
1________
Av = ----re + r*>(l — a)
1 4Rl

(2-24B)

Thus the voltage gain is essentially unity for Rl » re 4- H>(1 —• a) = hibFor re — 30 ohms, (3 4-1) = 50 or (1 — a) = 0.02, and rb = 400 ohms,
hib = 38 ohms. Figure 2-32 shows a graph of Av versus Rl on a log-log
scale. Note that on a log-log scale the curve is approximated by two
straight-line asymptotes meeting at Rl = hib. The curve of actual gain is
displaced from the asymptotes by a factor of two at the corner, by a factor
of roughly 10% a decade from the corner, and by 1% two decades from
the corner. The ability to give a gain of 0.5 when working into an imped-

2-9]

57

COMPOSITE TRANSISTORS

A„
1

0.91

0.99

1/2
i
I
I
i

1/10

_______ i___________ i___________ i

3.8 Q

hib = 38 -Q

380 Q

i

3.8K Q

Rl

Fig. 2-32. Grounded collector voltage gain Av vs load resistance Rl-

ance as low as 38 ohms compares favorably with the gain of a vacuum tube
cathode follower. A typical vacuum tube with a transconductance of
gm = 5000 micromhos would have a gain of less than one-half when
working into a 200-ohm load. In addition, a triode vacuum tube with a
typical gain of 20 would never have a cathode follower gain greater than
0.952, no matter how high the load impedance.
Against its near unity voltage gain must be balanced the deficit of low
input impedance to the grounded collector, as compared with the vacuum
tube cathode follower.

2-9 Composite transistors.
If two grounded collector (or emitter
follower) stages are cascaded, as shown in Fig. 2-33, with the base of the
second as the load to the first, then improved cathode-follower type action
is obtained. Since the small base current of the second stage must be the
emitter current of the first stage, this normally means that the second
stage must draw a fairly husky current to keep the first alive. Even so,
the first transistor will probably have such a small emitter current that
its 0 will be lower and its hib higher than those of the second stage.
This can be remedied by running a high-impedance bleeder from the first
emitter to a very large negative voltage, if one is available.
Ignoring these biasing considerations and considering the two stages
to have the same Tee parameters, we see that for some middle range of

o +

’•A

R,

+
61

Rl

Fig. 2-33. Composite connection.

+
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Z0UC

re
(fi + I)2
400 £2
200 12

Z0Ut —

Rs

I)2

i

l

I
I
I
I
I
l

76 n
hib

38 £2

I_____

Rs

(3 + 1)^

rc
IM £2

95K 12

(a)
Zin

rc

IM 12 -

500K £2

Zin = (3 + l)2ftz.

ZX I
<

190K 12

95K 12

(3 + l)hu
hib

38 £2

l
I
l
I
I
I
I
I

rC/(0 + I)2
400 £2

Rl

(b)
Fig. 2-34. (a) Two-stage emitter follower—output impedance Zout vs Rt.
(b) Two-stage emitter follower—input curve Zjn vs Rl.

+
R

Zener diode, battery,
or large capacitor

o----Zin

1
Fig. 2-35. High input impedance through bootstrapping.

i
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load impedance the input impedance to the second transistor is approxi
mately (0 -|- 1)#l, and hence the input impedance to the first transistor
is approximately
Zin = (3+ D2^L.
Similarly, the output impedance of the first stage for some middle range
of Ra is- Ra/(J3 4- 1), so the output impedance of the second stage is
Zout —

Ra
(0 4- 1)2‘

Since the input impedance to the second stage is always greater than
hie (1900 ohms here), no matter how low Rl is, this is the minimum load
for the first stage. This means that the voltage gain of the first stage is
approximately unity and that the over-all voltage gain of the cascade will
be very nearly the voltage gain of the second stage.
This combination of higher input impedance, lower output impedance,
and gain equal to that of the single stage, makes the two-stage cascade
more nearly an ideal cathode follower.
It should be pointed out,.however, that the impedance equations above
are only the central asymptotes in the input and output impedance curves.
The input impedance to the first stage is still constrained to be less than
rc. The minimum input impedance, with Rl = 0 is roughtly (0 4-1)
times hie, the minimum impedance seen looking into the second stage.
Similarly, the output impedance of the second stage is constrained
to be greater than hn>. The maximum output impedance is roughly
re/(0 4- I)2, since with Ra infinite the output impedance of the first stage
is only rc(l — a) = rc/(0 4-1}. Taking all this into account, the asymp
totes of the input and output impedance curves must be as shown in
Fig. 2-34. A few calculations will show that the curves are still displaced
by approximately a factor of two at the corners of the asymptotes.
Figure 2-34 (a) shows that the output impedance of the two-stage cas
cade is quite small, never being above 400 ohms for the transistor param
eters mentioned earlier. Figure 2-34(b) shows that the input impedance of
the two-stage cascade is always fairly high and is equal to the collector
resistance if the load is much greater than rc/(fi 4“ I)2, which is 400 ohms
for the specific values of the example.
While the gain and input impedance of the two-stage cascade now com
pare favorably with that of the cathode follower, it is sometimes desirable
to obtain higher input impedances than that shown in Fig. 2-34(b), where
the upper limit is set by the collector resistance of the first stage. This can
be done by bootstrapping the collector of the first transistor, as shown in
Fig. 2-35. Here the Zener diode acts like a battery and could be replaced
by a battery if desired. If response down to de were not desired, a large
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capacitor could be used instead. The choice of the resistor R is not at all
critical. Alternating-current considerations merely require that we have
R » Rl so as not to load the output, and usually R is selected from d-c
bias considerations.
The idea here is that now the output is coupled to one end of the first
stage collector resistance and the input to the other end. When the input
increases by ei volts, the output increases by Avei volts, so that the
voltage across this rc is ^(1 — Av). This causes a current i to flow into
rc from the input, given by
61(1 — AJ
Tc

The effective collector resistance seen by the input is then
rc
rc(eff) = y = 1 — Av
If the over-all voltage gain Av is taken as the gain of the second stage,
as was mentioned earlier, then from Eq. (2-24B) we have

Av =

1
1 + hib/ Rl

(2-25)

so that

l+M

7"c(eff) — rc

flib/

(2-26)

If there were no other limitation on the maximum input impedance
than the effective collector resistance of the first stage, then we could re
place the rc asymptote of Fig. 2-34(b) by the curve of Eq. (2-26). However,
since rc(eff) is always much greater than (0 + 1)27?l, this would not really
constitute an upper bound on Zin, and Zjn would continue to follow the
(fi 4- 1)22?l asymptote indefinitely as Rl. is increased. This can be shown
by the following equations:
^c(eff) — rclii1

i

h b

>r C hib

and

rc~b» (3+ l)2Rl,
since
Tc

0+1

(3 + l)^ib = hu

(2-27)
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Zin

(3 + l)re

50M Q25M Q-

Zin = (0 + D2/?l-

190K 12
95K Q

(3 + l)Aie

i

i

I
i
I
I
i
i
i

j______________________________________ i

hib
38 12

rc(l — a)
20K 12

Rl

Fig. 2-36. Input impedance to bootstrapped cascade of two emitter followers.

The inequality of Eq. (2-27) is normally always satisfied by a wide
enough margin in transistors so that the rc(eff) of the first stage is a neg
ligible factor in limiting the input impedance of this circuit.
What finally does limit the input impedance is the rc of the second
stage, which is unchanged by the bootstrapping. Since the input imped
ance to the second stage can never rise above rc, the input impedance to
the first stage can never rise above (3 + l)rc. This then becomes the
upper Zin asymptote and the input impedance to the circuit of Fig. 2-35
is shown in Fig. 2-36.
Of course the collector of the first emitter follower could also be boot
strapped to get rid of the limiting effect of its collector resistance, but
this hardly ever seems to be necessary or practical, since in any case one
would suspect that second-order effects would then take over and impose
an upper limit on ZinFinally, it should be pointed out that the source will probably not be
able to furnish any d-c bias current to the base of the first transistor. Also,
it is now impossible to supply this current from a bleeder as is normally
done, since this would very seriously shunt the input. This means that
the first transistor will probably run zero base current, which will both
degrade its /3 and make the bias point rather sensitive to changes in
temperature and highly dependent on the transistor. Both these effects
make the circuit unreliable, and its use should be avoided if possible.
Since there is no other good method of producing a very high input
impedance in transistor circuits (with the possible exception of using a
large resistor in series with the input), any requirement for high input
impedance should be scrutinized very carefully in terms of the system.
In many cases it is probably better to consider changing the system de
sign so as to bypass the necessity for a very high impedance.
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Problems

2-1. Evaluate the small-signal hybrid parameters for the model of Fig. 2-37
at a Q-point of E2 = IOv and I2 = 2.1 ma.
—------ 72
—•-----O

*1

+

61

m2Q

To

62

■O

Mi

microamp

h,

milliamp

= 5

Zj = 60

3
•Zj =40 fia.
2

2.5

1.3
1
500

Zj = 20

millivolts

505 510

10

E2,
---- ► volts

Figure 2-37

2-2. Convert the hybrid model of Problem 2-1 to the Tee model of Fig. 2-38.
That is, evaluate re, r&, /3, and r<i at the given Q-point.
#1
rb
Td

«i——

«1

Tc

O

------ i2
62

O

Figure 2-38

2-3. Calculate the input impedance e\/i\ for the model of Problem 2-1 for
the case where a load resistor Rl = 20K ohms is connected to the output termi
nals. Draw the load line on the characteristic and determine the available out
put current and voltage swing for this load and Q-point. What is the necessary
supply voltage? Assume a sinusoidal signal.
2-4. The model of Problem 2-1 is fed from a current generator it in parallel
with a source resistor R.. If Rl = 20K ohms and Rt = 5K ohms, determine
the current gain (ic/i,) and the power gain from source (generator and source
resistor) to load.
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2-5. (a) Calculate Il/u and Z,n for the general case of the Tee model shown
in Fig. 2-39. (b) Simplify (a) when Rl « r^. (c) Calculate the numerical
values of (ir/i.) and Zin if Rt = 20K ohms, rt> = 500 ohms, re = 50 ohms,
rd = 20K ohms, 0 = 50, and Rl = 2K ohms.

Figure 2-39

2-6. Repeat the calculations of Problem 2-5 for the common base amplifier
shown in Fig. 2-40. For this circuit
a =

0
0+1’

Td

rc = 1 — a
ai’i

C

rc
rb

I

Rl

B
Figure 2-40

2-7. For the model of the emitter follower shown in Fig. 2-41, calculate the
output impedance and the current and power gains for the general cases. Use
the model parameters of Problem 2-5 together with R, = 50K ohms, Rl =
IK ohms, and then Rl = 100 ohms to get numerical values.

rc

E„
Zout

Rl

Figure 2-41
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2-8. A very simple voltage regulator circuit is shown in Fig. 2-42.
(a) Write an expression for Zout with Rs connected and for
with Rl
connected.
(b) Evaluate the expression from (a) if the transistor and circuit parameters
are: re = 50K ohms, a = 0.97, Tb = 5 ohms, re = 1 ohm, Rt = 50 ohms,
Rl = 100 ohms, and Rs = 100 ohms.
(c) Suppose that the voltage reference was isolated from the control tran
sistor by an emitter follower transistor with a = 0.98, rc = 10 ohms,
=
200 ohms, and rc = 1 megohm. What would be the new Zout and 62/0//?

Rl

E,

I
I
+

E2 = EZ - Veh

Figure 2-42

2-9. Evaluate the parameters for the models representing the various com
posite transistor connections shown in Fig. 2-43. Make reasonable simplifying
assumptions where possible.

(c)
Figure 2-43

2-10. The circuit shown in Fig. 2-44 may be used as a low-gain voltage ampli
fier to supply a high voltage to a high-impedance load (the deflection plates of
an oscilloscope, for example).
(a) Write an expression for ea/ei, assuming rc» RL, Ri, and R2 » rb and re.
(b) Evaluate 62/^1 if a = 0.98, Ri = R2 = Rl = Re — 20K ohms.
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o-

e2

«1

Figure 2-44
2-11. The circuit shown in Fig. 2-45 has been used as a high input impedance,
linear amplifier. Construct the equivalent hybrid model for the circuit between
a, b, and c. Make reasonable simplifying assumptions. Construct this model in
terms of Rb, Re, and the transistor Tee parameters. Evaluate your model
numerically assuming identical transistor Q-points (a poor assumption) such
that re = 30 ohms; rb = 400 ohms, rd = 40K ohms; and a = 0.98. Also, as
sume Rb = 1.8 megohm and Re = 2K ohms. Is a hybrid model really useful
in this case? Explain. If Rl = 10K ohms, what is the input impedance of the
circuit? What is its voltage gain?

4-10 v

-4Rl

Rb

c

a

o

Output

Input
Re

b

1
Figure 2-45

CHAPTER 3

D-C BIASING AND BIAS STABILITY

In this chapter we shall consider the general problem of placing a transis
tor at a given d-c quiescent point (the Q-point) and of keeping the circuit
at approximately the same Q-point as the temperature varies, or as dif
ferent transistors are used in the circuit.
Although at first glance there appear to be many different bias circuits,
these all reduce to either emitter degeneration bias circuits or to collector
base feedback circuits. In fact, we shall see that even these two classes
may be combined and considered as special cases of one general bias circuit.
Our approach is to consider the bias problem to be independent of the
a-c configuration in which the transistor may be employed. In Chapter 4
we shall examine practical amplifiers by combining the results of Chap
ters 2 and 3. At that point we may find that compromises are necessary
between optimum bias stability and optimum a-c amplifier performance.
The purpose of this chapter is to determine optimum bias circuits and to
show how to calculate the expected performance of any bias circuit.
Since this chapter is concerned with d-c quantities, the transistor param
eters employed are large-signal average values, rather than the small
signal values employed in Chapter 2. As a practical matter the parameter
of primary interest is alpha. A reasonable approach is to use an average
a-c value for the d-c value.
Because some designers may be tempted to carry vacuum-tube biasing
methods over into transistor work, we have devoted Section 3-1 to the
hazards of this approach. If the reader is interested in learning how to
bias rather than how not to bias, he may omit this section.
3-1 Load lines and transistor characteristic curves. Vacuum-tube cir
cuit designers are accustomed to looking at a set of plate characteristics,
drawing load lines, and in this way setting the bias. Since many transistor
circuit designers are former vacuum-tube men, they like to continue in
this fashion, and usually do so until they become experienced at transistor
design. Most manufacturers humor them in this and publish “typical”
curves. We shall learn that these curves are of very little use for bias
design purposes.
Figure 3-1 shows a typical bias circuit for an N-P-N transistor, where
Ecc is the supply voltage, R± is the a-c load, Vce is the collector-to-emitter
voltage, and Ic is the collector current. The remaining resistors just set
the Q-point. All the capacitors are presumed to be short circuits to ac, so
66
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q+ecc

+ ECC

/Cl |*3
+

Ci

It

Vce

'4

Re

Fig. 3-1. Typical amplifier stage.
that this stage is a grounded emitter so far as ac is concerned. All the d-c
collector current flows through R3, and the emitter current Ie is

so that the d-c load line is found by summing the voltage drops from the
supply to ground:

+ £«•>

Ecc

= IcRz 4- Vct

Ecc

= I<\R3 + ^) + Vce.

(3-1)

For purposes of drawing a load line, the approximation a = 1 can be
made with an error of only a few percent. Since Rc would probably be a
5% resistor at best, it does not pay to carry along the a. Thus the d-c
load line is
(3-2)
Ecc
Ic(R3 4- Re) 4- Vce.

As an example, let us select Rc = 300 ohms, R^ = 10K ohms, 7?4 =
2.5K ohms, and Ecc =31 volts. Equation (3-2) is a straight line and is
plotted on a set of grounded emitter characteristics in Fig. 3-2, where /3
is taken as 100 and Ic0 as 15 microamp, and where l/hoe = rc(l ~ a) =
20K ohms at a collector current of about 2 milliamp. (The slope of the
curves is shown as decreasing with current since rc normally decreases as
current increases.) Let us say that 721 and R2 in Fig. 3-1 are chosen as
high impedances to give a constant base current bias, lb = 7.5 microamp.
This sets the Q-point.
The d-c load line is drawn from Ecc =31 volts with a slope of
Rl + Re = 10.3K ohms.
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Fig. 3-2. Collector characteristics for /? = 100 and Ico = 15 microamp.

The Q-point at lb = 7.5 microamp gives a quiescent collector current of
about 2.5 milliamp and a collector-emitter voltage of about 5 volts. The
a-c load line is drawn through the Q-point with a slope of 2?3||R4 = 2K
ohms. As lb is varied by the a-c signal, the operating point can vary from
Ic = I co = 15 microamp (cutoff) to Ic = 5 milliamp (saturation).
Note that the base current is not limited to positive values, but can
swing as far as lb = —Ico before the transistor is cut off. With the circuit
in this condition we can get a fairly linear collector-current sine-wave
output of about 4.5 milliamp peak to peak, as lb swings from —15 to +30
microamp. The collector current divides between R$ and R4, so that the
load current swing would be (10/12.5) X 4.5 milliamp, or about 3.6 milli
amp peak to peak.
Usually, those looking at the path of operation along the a-c load line
for the first time want to know how 5 milliamp can flow in this circuit,
since the power supply can furnish only 3 milliamp through the d-c col
lector and emitter load. The answer is, of course, that the capacitors act
like batteries and furnish the extra current. Exactly the same action is
obtained with R-C coupling in vacuum-tube circuits. In the circuit of
Fig. 3-1, an Ic of 2.52 milliamp flows at the Q-point. This gives a drop of
25.2 volts in the 10K ohm collector load, which leaves (31 — 25.2) or 5.8
volts from collector to ground. Capacitor Ci is charged to this voltage.
The collector-to-emitter drop is about 5 volts, so that the emitter-toground voltage is about 0.8 volt. This voltage is across Ce- With a-c both
these capacitors act like batteries, as shown in Fig. 3-3(a). Figure 3-3(b)
shows the collector bias circuit, and Fig. 3-3 (c) the Th6venin equivalent
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Fig. 3-3. Obtaining the a-c load line.

of this circuit. Figure 3-3(d) shows the final a-c equivalent circuit, with
a net supply of 10 volts and a resistance of 2K ohms. As predicted from
the a-c load line, a current of 5 milliamp can be drawn from this circuit
when Vc = 0.
Let us now draw a set of collector characteristics for a 0 of 50 and an
Ico of 1 microamp. Since /3 can vary over a two-to-one range at room
temperature, this set of curves could easily represent another transistor
of the same type. This is not the widest variation of parameters possible,
since if the transistor with a 0 of 50 were used at low temperatures, 0 could
easily drop to 25 and Ico to a negligible value. Assuming the same external
circuit and that lb is held constant at 7.5 microamp, then the Q-point is
located as shown in the new set of characteristics of Fig. 3-4. The transistor
here is almost cut off, with the Q-point located at about Ic = 0.7 milliamp.
The collector can swing down to 1 microamp before cutoff, so that the
maximum peak-to-peak sinusoidal collector swing is now only 1.4 milliamp,
giving a peak-to-peak a-c load current of (10/12.5) X 1.4 = 1.1 milliamp.
It might be noticed, comparing Figs. 3-2 and Fig. 3-4, that the curves
in Fig. 3-4 have a steeper slope, being about 40K ohms at Ic = 2 milliamp.
This results from the fact that the slope is rc(l — a) = rc/(0 4- 1) and
that 0 has changed by a factor of two. It is assumed that rc has remained
constant. In Fig. 3-4 it can be seen that the transistor can swing to very
large collector currents before saturating (about 12.5 milliamp), but that
its use as an a-c amplifier is very restricted owing to its being almost cut off.
It is also interesting to note that if the transistor of Fig. 3-4 were biased
at lb = 45 microamp, giving the Q-point Q2, then it would again be in the
middle of its operating range and could give a large a-c output current
swing. However, if this base bias current were used for the transistor of
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Fig. 3-4. Collector characteristics for £ = 50 and Ic0 = 1 microamp.

Fig. 3-2, then the transistor would be in saturation at Vce = 0 and
Ic = 5 milliamp, and could not possibly be used as an a-c amplifier. A
comparison of Figs. 3-2 and 3-4 brings out two important points:
1. The grounded emitter characteristic curves are of little value for
bias design, since they are so variable from transistor to transistor. As
pointed out, the variation would be even more extreme than shown in
Figs. 3-2 and 3-4 if temperature changes were considered.
2. The transistor should never be biased with a constant base current,
since this causes very wide variations in the Q-point as a result of changes
in /3 and Zco.

Let us now look at common base characteristics and at biasing with a
constant emitter current. Since the grounded base current gain is

a =

P
0+1’

as varies from 50 to 100, a varies only from about 0.98 to 0.99. The
slope of the common base characteristics is rc, which is taken to be 2M ohms
for both of the above transistors. For all practical purposes, these are
vertical lines, since a 2M-ohm slope changes Ic only 10 microamp in a 20volt change for Vcb- At Ie = 0, Ic = Ico which varies here from 1 to 15
microamp, but is not noticeably different from zero on the normal scale of
a drawing. The spacing between constant emitter current curves is 0.98
times the change in emitter current for one transistor and 0.99 times for
the other. On the normal small scale to which these curves are drawn, this
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Fig. 3-5. Grounded base curves.

difference is not noticeable. Thus for all practical purposes the single set
of curves shown in Fig. 3-5 suffices for both transistors. In this figure the
emitter is shown biased at an emitter current, Ie, of 2.5 milliamp which
places us in the center of the a-c load line. If this emitter current were
kept constant as the transistor parameters varied from 3 = 100 and
Ico = 15 microamp to 0 = 50 and Ic0 = 1 microamp, then the variation
in collector current would be only the variation in Ico plus the variation in
a times Ic, or about 14 microamp + 0.01 X 2.5 milliamp = 39 microamp.
This variation in the Q-point is too small to be seen on the scale of Fig. 3-5.
From this discussion we see that it obviously is desirable to bias with a
constant emitter current. Since the grounded base curves do not change
noticeably with changes in transistor parameters, they clearly are the ones
to work with.
A second thought, however, will show us that the curves of Fig. 3-5
really furnish no information. They all look alike, even for different types
of transistors. The manufacturer draws them by drawing evenly spaced
vertical lines with a separation
equal approximately to unity.
We can just as well draw our own curves the same way. However, to be
practical, this means that we are assuming that rc may be neglected and
that Ic = ale 4- Zco. No curves are necessary to describe this situation.
While it is sometimes helpful to draw load lines, this can be done using only
the Vcb and Ic axes, without the necessity of drawing the curves in the
background.
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3-2 Emitter degeneration bias. As we have just pointed out, it is usually
reasonable in biasing work to ignore the effect of the collector voltage on
the collector current or the emitter current. The assumption inherent in
tliis approximation is that the collector-base diode stays adequately back
b’ased at all times. This means that the collector supply voltage and d-c
load resistor are chosen so that back bias is guaranteed even at peak cur
rents. Once the back bias is half a volt or more, and as long as it is low
enough so that collector multiplication effects are negligible, the variations
introduced by the collector voltage are second-order effects and may be
safely neglected.
When this assumption of adequate back bias is made, any external
passive elements connected to the collector node may be removed from
the calculations of Ie. Figure 3-6 shows two basic emitter-degeneration
biasing circuits for a P-N-P transistor. (For an N-P-N transistor one
would merely reverse the batteries and the directions of current flow.)
The collector-base diode is assumed to be back biased. For either circuit
we may write the loop equation around the emitter-base circuit. In either
case the current in the base lead is the difference between Ie and Ic, or
(1 — a)Ie — Ico, and is flowing out of the base. Writing the loop equa
tion, we obtain
E = IeRe 4“ Veb 4“ (1 — a)IeRb — IcoRb-

(3-3A)

This equation may be solved for Veb, to yield
V.eb = (E+ ICM - W + (1 - a)RbY

(3-3B)

Now Eq. (3-3B) is a load-line type of equation. It can be solved graphically
by plotting on an Ie versus Veb characteristic for the given transistor.
Figure 3-7(a) shows such a plot. Once Ie is known, Ic is calculated from
die + Ico

Kb

At I

I
(a)

(b)

Fig. 3-6. (a) Circuit for biasing, (b) Circuit for biasing.

d-2]

73

EMITTER DEGENERATION BIAS

I'

E
o Ideal diode

le

V'o

Operating point

______ 1_____
+ (1 — a) Rb
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IcoRb

(a)
"
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Fig. 3-7. (a) Graphical solution for transistor emitter current, (b) Linear
piecewise model for emitter-base diode of a transistor.

Ic = ale 4- Jco, and the collector circuit is adjusted to insure adequate
back bias at all times.
In actual practice the curve of Fig. 3-7(a) may be linearized. When
this is done the need for the curve vanishes, and biasing is reduced to the
solution of one simple loop equation.
The graph of Fig. 3-7(a) may be linearized in two steps, the lineariza
tion being illustrated in Fig. 3-7(b). In the first step the curve is replaced
by a straight line of slope te and a battery of voltage V'o. In most cases
the external circuit resistance is large enough so that te may be neglected,
and the model is simplified to just a voltage drop, Vo. (In Section 3-5 we
consider the case where te is not neglected.) For small germanium tran
sistors a value of Vo of 150 to 200 millivolts is reasonable, while for silicon
transistors a value of 500 to 600 millivolts is satisfactory. As the quiescent
current increases, the drop should be increased slightly.
Figure 3-8 shows the resultant d-c models for both P-N-P and N-P-N
transistors. While a common model could be used for both types of
transistors, it seems simpler, when biasing, to indicate actual directions
of current flow rather than to bother with negative currents. One could
I co

Ico

ale

c
!'•

(a)

(b)

Fig. 3-8. (a) P-N-P d-c model, (b) N-P-N d-c model.
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also set up models in terms of lb] however, the optimum bias design always
approaches a grounded base d-c configuration, so that an emitter-current
controlled model is always a reasonable choice.
What we have done is to remove the necessity for a graphical solution
of Eq. (3-3A). It may therefore be directly solved for Ie, to yield
le =

E — Vo
Re 4~ (1 — a) Rb

Z cpRb______
+ ______
Re 4- (1 — n) Rb

(3-3C)

and
Zc — dic 4~ Ico —

a(E - Vo)
Re 4- (1 — Cl) Rb

•
+ Re(Rt+ 4~(1 Rbi^co
- a)Rb

(3-4)

From Eqs. (3-3C) and (3-4) we see that Vo appears only in conjunction
with E, the equivalent external bias supply voltage; hence if E is large,
the exact value of Vo will be unimportant, and in fact it may sometimes
be neglected.
Since the circuits of Fig. 3-6 may be used to represent all circuits that
do not have an external collector-base or collector-emitter d-c feedback
element, Eq. (3-4) represents the quiescent current for a great many
practical circuits.
A practical embodiment of such a circuit is shown in Fig. 3-1. To reduce
the circuit of Fig. 3-1 to that of Fig. 3-6(a), one would take the Th6venin
equivalent of the base network to find

E =

RjR cc

R\ 4- R2

and

Rb —

Ri R2
R\ 4- R2

If in Fig. 3-1 Ecc = 31 volts, a = 0.99, Ico = 15 microamp, Re =
300 ohms, Ri = 100K ohms, and R2 = 3K ohms, then we might assume
Vo = 150 millivolts and calculate
E = 0.9 volts,
Ze =

Rb = 2.9IK ohms,

0.9 - 0.15
15 X 10-6 X 2.9 X 103
= (2.28 4- 0.13)
300 4- 29 4300 4- 29

= 2.41 milliamp.
3-3 Bias stability. The real problem in biasing is not in setting the
quiescent current, but in assuring that a change in temperature or a
replacement of the transistor does not shift the Q-point sufficiently to make
the stage useless. In Chapter 1 we examined the behavior of various
transistor parameters with temperature. We found that Veb varies roughly
2.5 mv/°C for both silicon and germanium transistors, and that Ico in-
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Fig. 3-9. Effect of temperature on the operating point.

creases with temperature in an exponential fashion. In addition, we found
that a sometimes varies with temperature.
To indicate these various changes clearly we might redraw Fig. 3-7(a)
for three different temperatures, as is done in Fig. 3-9 for a silicon tran
sistor. Now just as Fig. 3-7(a) was linearized, we should like to linearize
Fig. 3-9. This is shown in Fig. 3-10. In making this linearization we again
neglect the resistive emitter drop. In addition we assume, from Sec
tion 1-11 that the spacing between the vertical curves is a linear function
of temperature, so that if Vo is known at room temperature, then &VO
may be determined for any AT. If a increases as we pass from T2 to 7*i,
then there will be a change in the slope of the load line and an additional
increment in Ie. For the present let us assume that a is constant as the
temperature varies.
/e

T2

T2> T,
Alpha assumed constant

A/eco f

C
|-— t\Ic0Rb--- H

AFo

Fig. 3-10. Linearized input characteristic (temperature as a variable).
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By inspection of Fig. 3-10 we see that when the temperature changes,
the corresponding change in emitter current, AZC, consists of two com
ponents: one from (AZco)Z?b and one from the shift of the Veb curve. By
solving the appropriate triangles, we find that
AZe —

4" AZeco =

-AVefe
Re 4- (1 — fl) Rb

+

(Al co) Rb
Re 4~ (1 — a) R'b

(3-5)

Now

Zc — die 4~ I cot

so that, from Eq. (3-4),
AZC =

—a A Feb
Re 4“ (1 — a)Rb

+

AZco(7?e 4~ Rb)

R« + (1 - a)Rb

(3-6)

Since the circuit is now linear, superposition applies and we may con
sider &IC/&Ico and AZc/Ayeb separately. A stability factor, St is defined as
Q _ AZC
5 ” AZCO

die
dlco

Re 4~ Rb
Re 4- 7?b(l — a)

(3-7A)

and thus
AZC
AFeb

dlc
dVeb

—a
__
—aS
Re 4“ (1 — a)Rb
Re 4~ Rb

(3-7B)

Now when Rb —♦ 0
S -> 1,

and as Re —> 0
5

1 — a

= 0+

Therefore operating as nearly grounded base to de as is possible will make
5 approach its best possible value, that is, make 5 approach unity, which
will minimize changes in Zc due to changes in Vo or in Zc0.
When Re » 7?b(l — a), then
s- 1 + K’

(3-8)

If
T

then

ai(E - VOl) + ICOl(Re + Rb)

C1
Ic2 — ^C!

Re 4- I2b(l — a)
&VoaS
4- AZcoiS.
Re 4- Rb

(3-9)

(3-10)

To recapitulate, we see that increasing temperature causes increases in
Ic both from changes in Ic0 and from changes in Vo. Reducing 5 towards

3-3)
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unity minimizes both of these changes. In addition a large total value for
(Re 4- Rb) reduces changes by Vo. At low temperatures for germanium
and up to quite high temperatures with silicon, the Vo term predominates.
At high temperatures the Ico term tends to become the major factor in
causing trouble.
In large power amplifiers it is frequently impossible to put any appre
ciable resistance in the input circuit, and changes in Ic due to changes in
Vo must be compensated with nonlinear devices. Such compensation is
discussed in Section 3-9.
Since most circuit designs must operate between some low temperature
where Ico is approximately zero and some high temperature where Ico is
appreciable, it is often necessary to try out a design with Ico taken as zero.
It is also convenient when first designing a circuit to assume that Ico
equals zero, to simplify the calculations, and then later to add the effect
of ICo- With this in mind we will define I'c as

with I co = 0.

I'c = Ic

Thus from Eq. (3-9)

Ic = I'c + Sic
To determine how Ic0 affects Ie and lb we write
Zco
a

and substitute for Ic, from Eq. (3-9), to obtain
Ic =

E — Vo
Re 4- «Rd(l — a)

I

I co
a

____ Re 4~ Rb
- 1
Re 4“ /?b(l — a)

.

(3-11)

Again, we can define Ie with Ico = 0 as I'e, so that Eq. (3-11) becomes
Ie — I'e 4“ I co

________ Rb_______
Re 4" ^t(l — o)_

If Eq. (3-12) is written in terms of S, then
Ie = I'c 4- SI co

Rb
Re 4“ Rb

To find lb we now subtract Ic from Ze, to obtain
Ib= I'e ~ I'c 4- SI co

Rb

Re 4" Rb

— 1

(3-12)
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Fig. 3-11. Effects of Iet

or
lb = I'b - SICO

where

Re
)
Re + Rb/

(3-13)

is defined as lb with Zcoi = 0, and

I'b = (1 - Q)

E — Vo
Re 4* ^b(l — a)

The equations for Ie, Ic, and lb show an easy way to remember the
effects of Ico- In the collector, Ico is multiplied by-S and the product SICO
splits between base and emitter as though Re and Rb were a current divider.
This is shown in Fig. 3-11. Note that Ico increases the collector and emitter
currents, but flows opposite to I'b and hence decreases the base current.
In the base, the current due to Ico is
SIco

Re
Re + Rb

Re
Re 4“ Rb(l — a)

Ico — I CO'

For good stability circuits, with Re » Z?b(l — a), the base current
approaches
Ib — Ib

I CO)

and is not constant, but changes as Ic0 changes. For poor stability cir
cuits, 7?b(l — a) » Re and almost none of Ico flows in the base, making
the base current, lb = IJ, a constant, independent of Ico-

3-4 Variations of a. To see how the collector current varies with a
change in current gain, we examine Ic as a varies. (The change in a may
result from a change in the transistor or from a change in temperature.)
From Eq. (3-9) we see that Ic is not linear in a, so that
die
da

M
Mec
Aa
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Since we are really interested in large changes, not in increments, we
cannot just differentiate Eq. (3-9). Instead, we will define two sets of
conditions as a varies:
Final condition
a = a2,

Initial condition
a = alf

S = Si =

_Re 4~ Rb____
Re 4" Rb(l — Ol)

s = s2 =

Ic = ZC1 = Z'C1 + Silco.

_Re 4~ Rb
Re 4“ ^i(l — °2)

Zc = ZC2 = Z'2 -|- S2Ico

It is assumed here that all variables other than a remain constant. Then
the change in a is
&a = U-i — a2)

which causes a change in Zc of
AZC = ZC1 — ZC2.

To begin the calculation we will make the approximation that Ieo = 0.
This will greatly simplify the algebra, without much change in the final
result. We will then give the exact expression, that is, for Ico 7^ 0. With
Ico = 0 Eq. (3-9) gives

AZ = I -I =
^E-V°V*lc
lci
c*
Re+Rb^-ai)

= (E - Vo)

a2(E - Vo)
Re 4“ #b(l — a2)

_________ (fll — az)(Re 4~ Rb)_________
[Re 4- Rb(A - ai)P. 4- /?b(l - a2)l

(3-14)

or

AZC = (E - Vo)

Au
E2.
jRe 4” -Rfe(l — ®i)

(3-15)

If we multiply Eq. (3-15) by a1/a1 we then have

AZ. = zei

ai

s2

or
AZc _ Aa Q
= ----- 02ai

(3-16)

Equation (3-16) is the result we want, and it says that the change in Zc,
as a percentage of the initial value of Zc, is equal to the percent change in
a multiplied by the final value of 5. Thus if a changes from 0.98 to 0.99
(1.02%) giving a value of S2 = 60, say, at a equals 0.99, then the change in
Ic is about 61%. If Zc were 1 milliamp at a = 0.98, then it would increase
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to 1.61 milliamp at a = 0.99. We must be careful to use the final 5 here,
since it may be considerably different from the initial 5.
Now, what happens if we do not make the approximation that Ic0 = 0
before writing Eq. (3-14)? In this case we must add the terms (Sileo —
Szlco) to the right-hand side of Eq. (3-14). Since the algebra is then some
what more complicated, although straightforward, only the answer will
be given here. The final result is

AZC _ Aa
ZCl “ ai

i

Z co

ZCJ

(3-17)

Equation (3-17) is exact, within the limitations of our original model.
It is seen that Eq. (3-17) reduces to Eq. (3-16) for ZC1 » Zc0. Since the
collector bias current is almost always much larger than Zco, the approxi
mation of Eq. (3-16) is satisfactory for most uses.

3-5 Circuits in which rE and tb cannot be neglected. Sometimes we run
a bias circuit with very little external impedance in either the base or emit
ter. This tends to make 5 come close to either (0 4- 1) or 1, which in turn
makes the approximation that the external base and emitter resistors are
much greater than tb and te somewhat poor. If a more accurate calcula
tion of *8 were desired, rE and tb could easily be put back in the circuit.
Looking back at our entire discussion of bias and stability, we see that Re
is always in series with the emitter, and fit, is always in series with the base.
Thus, if we wish to use (fie 4- t*b) in place of Re and (tb 4- fib), in place of
fib, then all our previous results will still hold. Thus:

6' =

(fie 4- Te) + (Rb 4~ Tb)
(Re + te) 4- (fib 4- ?*b)(1 — a)

(3-18)

and

AZc
AFo

________ -S________
(fie 4- rs) 4- (fid 4- Tb)

(3-19)

3-6 Asymptotic plot of S. Since the stability factor S is so important in
all bias calculations, it will pay us to become as familiar with it as possible.
Because a picture is more apt to remain in our minds than a formula, we
shall plot $ on log-log paper. Taking the stability factor as given by
Eq. (3-7A) and rearranging terms, we obtain

S =

Re 4~ fib
Re 4- fib(l — O’)

1 4~ Rb/Re
14- fib/(0 4" l)fie

(3-7C)

We see from Eq. (3-7C) that 5 will have three asymptotes and that the
curve will be symmetrical about these asymptotes. A plot of S is shown
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Fig. 3-12. Stability factor vs Rb/Rt

in Fig. 3-12 for (0 + 1) = 100. The three asymptotes are

5=

1

for

r

Rb

5 =

Rb
Re

r

1

5 = 0+ 1

1,

for 1 < K

0+1,

> (|3 + 1).

for

As we have seen before, the actual curve is displaced from the asymp
totes, at the corners, by somewhat less than a factor of 2. As the corner
points move closer together (for smaller 0), the curve moves closer to the
asymptotes. Since we normally find ourselves working in the lower half
of this curve, it is seen that we have a choice of approximating $ either by
the asymptote
Q

Rb

S=R.'
or by the more conservative approximation to the curve given previously
as

8 = 1 +^-

(3-8)

The actual value of $ lies somewhere between these two values for Rb/Re <
x/0 + 1. It really makes little difference which of these two approximations
we use, since we will usually only use the approximation to start a design.
Later we can always return and make an exact calculation if it is desired.
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3-7 Voltage feedback stabilization. Up to this point we have relied
solely on a single technique for bias stabilization. As shown in Fig. 3-6
this consists of inserting an external resistance in the emitter circuit,
which can be thought of as giving current feedback at de. This viewpoint
leads us to suspect that we can accomplish the same result in another
manner, that is, with voltage feedback.
Figure 3-13 shows a more general stabilization circuit, in which there is
voltage feedback from collector to base, through Rlf as well as the usual
current feedback in Re. If Rl were zero in this circuit we would have the
familiar case of current feedback, and if Re were zero we would have only
voltage feedback. Rather than consider the circuit of Fig. 3-12 from a
feedback viewpoint, we will consider it to be a special case of the general
circuit given previously, in which the stability is set by an external re
sistance Re in series with the emitter and an external resistance Rb in series
with the base. This reduces our problem to that of finding an effective Rb
for the circuit of Fig. 3-13, since once Re and Rb are known, 5 is known.
Taking this viewpoint allows us to make direct comparisons of the effec
tiveness of this circuit and those studied previously.
From an impedance viewpoint, the voltage feedback in the circuit of
Fig. 3-13 merely reduces the resistance seen by the base. The reduction
of impedance is due to the Miller effect. As a result the effective Rb is
lower than Ri and so the stability is increased. If we call R[ the effective
resistance from base to ground due to Rif then the effective resistance in
series with the base, Rb} is

Rb = R\,
and

5 =

Re 4~ Rb
Re + Z?ft(l — a)

as before.

Fig. 3-13. Stabilization with both current and voltage feedback.

(3-7A)
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+ OCl

e2

Av

o

■04-

R'l

A,

o—

—o

■o

®2

Fig. 3-14. Miller effect.
To -calculate R{ we must calculate the voltage gain of the stage:
x4v = 62/61. Then R{ is

R'i =

Ri
1 — Av

(3-20)

For those unfamiliar with the Miller effect, Eq. 3-20 can be derived by
considering Fig. 3-14. Part (a) shows an amplifier with a voltage gain Av
and feedback resistor R^ The current flowing through Ri is

ii =

ei — e2
Ri

XV j

XV J

Obviously, nothing would be changed at the input if a resistor R{ were
shunted to ground, since the same currents would still flow. This is shown
in part (b) of Fig. 3-14.
The voltage gain of the circuit of Fig. 3-13 is approximately
Av

Rl
Re

(3-21A)

To derive Av in a simple fashion we require only that Ri » Rl and that
ic = ie- Then, as shown in Fig. 3-15, ei is across Re, so that the emitter
current is
i =
‘
Re

Since Ri » Rl the collector current flows almost entirely in Rl> giving
e2 = —IcRl-

Then, because ie and ic are approximately equal, we have

e2 = — ieRL =---------- Rl
QT

Av

£2
61

Rl
Re

(3-21B)
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+
aie

+

o-

e2

'+
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<1

Re

I-

Re

(b)

(a)

Fig. 3-15. Voltage gain.

The effective resistance seen at the base, R{, then becomes
R\ =

Ri

1 — Av

=

R1
1 + RL/Re = Rb-

(3-22)

Finally, knowing Rb and Re we know the stability factor S, from Eq.
(3-7A).
From Eq. (3-22) we see that the voltage feedback just lowers Ri by
the factor (1 + Rl/R^). This seems reasonable, since we know that as
Rl becomes larger we will have more feedback and that as Rl goes to zero
the feedback disappears, leaving Rb = Ri in the base. So far as stability is
concerned, all that counts is the magnitude of Rb, not how we get it. Thus
we can obtain the same stability factor whether we produce a low Rb with
voltage feedback, or tie the same Rb directly from the base to the supply
voltage with no voltage feedback.
We now have a direct comparison of the voltage feedback circuit and the
circuit with only current feedback. Substituting Eq. (3-22) in the expres
sion for S* we obtain
S =

Re 4~ Rb
Re 4- #b(l — a)

Re 4~ [7?1/(1 -f- Rls/Re)]
Re 4" (1 — a)[#i/(l 4" Rl/Rc)]

(3-23)

which, after simplifying, reduces to
S =

(Re 4- Rl) 4- Ri
(«e4- Rl) 4- (1 - <l)Rl

(3-24A)

Equation (3-24A) says that so far as stability is concerned, it makes no
difference how we split up the resistance between the load and emitter,
as long as we keep (Rl 4” Re) constant. Thus, the three circuits of
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Rl < Ri/fi

Ri

Rl

Re = 2K Q

RL = IK 9

Rl = 2K Q

Re = IK

Re = 0

(c)

(b)

(a)

Fig. 3-16. Three circuits with the same stability, (a) Current feedback,
(b) Current and voltage feedback, (c) Voltage feedback.

Fig. 3-16 all have the same stability if Ri is the same in each. This might
have been deduced by inspection, since we see that Rl and Re are in series
through the power supply, and it should make no difference where we place
the supply voltage in reference to Re and Rl- Since Rl in Eq. (3-24A)
refers to the load resistance across which voltage feedback is taken, the
circuit of Fig. 3-16 (a) could have any load resistance in its collector, as
we have seen before, without changing S, so long as no feedback is taken
from across this load.
It should be pointed out that Eq. (3-24A) may be derived through the
use of straightforward circuit techniques that employ nothing more
sophisticated than writing a single loop equation. Thus for the circuit of
Fig. 3-16(b) we write
/eRe 4- Veb 4- [(1 - a)Ie - IC0]Ri 4- IcRl = Ecc,

and
IC — die 4“ I co-

Therefore

Ic =

a(Ecc - Veb)
(fie 4- Rl) 4- fii(l — o,)

o

(Re + Rl) 4- fii
(fie + Rl) + (1 — a)Ri

and

5 =

(fie 4- Rl) 4- Ri
(fie 4~ Rl) + (1 — a)Ri

(3-24A)

From Eq. (3-24A) we see that the stability depends only on the ratio of
fii to (fie 4- Rl), and not on the impedance level. For the important cases
where the stability is low, that is, where
(Re 4- Rl) » (1 — a)Rit
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Eq. (3-24A) becomes

S = 1 +

Rj

(Re + Rl)

(3-24B)

where again Rl refers only to the load across which feedback is taken.
Equation (3-24B) is a very valuable equation for making initial design
decisions, since it shows in a very clear way what factors really influence S.
To operate the circuit of Fig. 3-13 at ac, we must bypass the emitter
resistance Re with a capacitor Ce to avoid seeing a high input impedance
when looking into the base. Then, we must also eliminate the a-c voltage
feedback, or else Ri will appear like a low impedance shunting the base.
Figure 3-17 shows the circuit with the a-c feedback shorted out by Ci.
The capacitor Ci need not be connected exactly in the middle of R\, as
shown in the illustration, but probably should be placed so that the total
shunting effect on input and output is about the same. With C\ connected
as shown, the transistor input is shunted by (R\/2), and the a-c load R$
is shunted by 7?l||(7?i/2). Moving Ci toward the collector would just result
in a smaller impedance shunting the a-c load and a larger impedance
shunting the input.
If Ci were removed altogether, the input would be shunted by
Ri

1 - Av

where now the a-c voltage gain must be used for Av. With Re bypassed
the a-c impedance looking into the base is roughly 7iie, and since the a-c
load is usually small, R3 «
rc(l — a), a current —fiib will flow

/?i/2

7?i/2

o

i
Fig. 3-17. Circuit with bypass capacitors.

f
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into the a-c load. Thus the a-c input voltage is
Ci = ibhie,

and the load voltage is

so that the voltage gain at ac is

Av

-

^3

— 0^3

rb+ (J3+ l)re

This equation can be rewritten as

Av

R3
- re + Tb(l — a) ’

(3-25)

taking
-J- 1. From Eq. (3-25) we see that even if the a-c load, Z?3,
were as low as 40 ohms, the voltage gain would be about unity, which
would effectively put #i/2 in parallel with the input. A more normal
situation would be for R3 to be the input impedance h{e to another stage.
Since the voltage and current gains are the same in a cascade of identical
stages, this would make Av =
In this case the transistor input would
be shunted by #i/(0 + 1), which in most cases would be excessive and
would result in a very low gain per stage. Despite this, the capacitor Ci is
sometimes omitted to save space. The reduction in a-c gain may not be
objectionable, since the feedback also helps make the gain insensitive to

Rd

Rl
o
o

f

^T^Cc

Fig. 3-18. Voltage feedback with collector circuit decoupling.
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changes in the transistor parameters. The only real objection to this
arrangement is that single-stage feedback is wasteful compared to the
over-all a-c feedback of several stages, so far as sensitivity is concerned.
If the stage must be decoupled from the collector supply, then voltage
feedback can be used to advantage, because it does not require an extra
bypass capacitor. As shown in Fig. 3-18, the decoupling capacitor Cd
also serves to eliminate the a-c feedback, so that the input is shunted by
Ri at ac. Voltage feedback is obtained across the decoupling resistor Rd,
so that the effective base resistance, Rb, is now

Rb =

Ri
1 + Rd/Re

As was shown before the stability becomes

s=

(Rd + Re) + Ri
(Rd + Re) + #i(l — o)

and for low values of stability

5^1 +

Ri
Rd + Re

(3-24C)

It would seem that circuits which use both current and voltage feedback
are inefficient, from the viewpoint that they require two bypass capacitors.
Since it usually makes no difference, so far as stability is concerned, whether
resistance is put in the collector or in the emitter lead, it seems more
efficient to use all current feedback or all voltage feedback, because either
of these requires only one bypass capacitor.
If all voltage feedback is used (Re = 0), then to obtain simultaneously
an appreciable voltage swing and a decent stability, two more components
must be added to the circuit of Fig. 3-13. These are shown in Fig. 3-19.
+ Ecc

R^

Rx/2

Rl

■o

“-Fm,
Fig. 3-19. Practical voltage feedback circuit.
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The addition of fi2 increases the a-c current shunting; however, the
value of R2 may often be so large that this effect will not be noticeable.
The requirement of another power supply would indicate that current
feedback is preferable except in multi-supply systems.
In the circuit of Fig. 3-19, with Re added to make the most general case,
one can solve for Ie, Ic, and 5 by straightforward analysis. Hence
Ze =

(fi.cc — V eb) — (Ebb 4~ Feb)[(fil 4~ RlI/Rq] 4~ IcoRj
Rl 4- fie 4~ fie[(fil 4" Rl)/R^ 4“ fil(l — a)

(3-26)

and
5 =

fix ~i~ fie 4~ Rl + fi«[(fix 4~ Rl)/R^
.
Rl + fie + fie[(fil 4" Rl)/R^ 4~ fil(l — a)

(3-27A)

If R< = 0

5=

Ri 4~ Rl
Rl + fii(l — a)

(3-27B)

which is independent of R2. For stable circuits

(3-28)

and

Ie =

Ecc _ EbbS
Rl
R2

(3-29)

Since only the ratio Ebb/R2 is of importance, we see that by increasing Ebb
one can make R 2 large and avoid a-c shunting effects, while at the same time
reducing the necessary R\ and hence increasing the stability.

3-8 Comparison of current and voltage feedback. To illustrate the two
different designs, let us say that we have a positive 22.5-volt supply and a
negative 10-volt supply and that we wish to bias a transistor at about
Vce = 4.5 volts and Zc = 1 milliamp, to work into a 2.5K ohm a-c load
impedance. Say we wish an 5 of 5, using a germanium transistor with
3 = 50 and /iie = 2K ohms. For current feedback, if we put 3K ohms in
the emitter we need about 12K ohms in the base to obtain S = 5. This
leaves sufficient voltage for 15K ohms in the collector, which shunts input
and output about equally, as shown in Fig. 3-20. From this circuit we see
that the over-all current gain, Ao, is

15K
i_L —
~
12K
Ao = i. “ i. ib ic ~ 12K 4- hit X P X 15K + 2.5K

= nx50xi^37-

I
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4-22.5 v

+E

15K 12

12K 12.

-U

*4.5 v

O-

U------ *•
2.5K 12

3K Q

Fig. 3-20. Current feedback.
The resistance Rb = 12K ohms must now be split up between Ri and
R2, and from Fig. 3-20 we see that there will be 3 volts across R2 and
19.5 volts across Rif so that Ri should be about 6 times R2, or R2 should
be about %Rb or 14K ohms. Picking R2 = 14K ohms and knowing
lb = Ic/P = 1/50 milliamp, we find Ri with the help of the circuit of
Fig. 3-21. With 3 volts across R2 a current, Z2, of 3/14 or 0.214 milliamp
flows in it. Since the current in R1 is

Ii = 12 + h = 0.214 + 0.02 = 0.234 milliamp,
and since Ri has 19.5 volts across it,

=S! 83K ohms.

Ri =

This completes the circuit and gives Rb = #i||#2 = 12K ohms, as was
4-22.5 V-*

15K (2

o-

lb
2.5K (2
3K 12

Fig. 3-21. Current feedback.
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desired. The actual 5 is
5 =

+ Rb
Re 4- Rb(A - a)

_

3 + 12
3 4- 12(0.02)

15
3.24

which is slightly better than what was desired.
To design our circuit with voltage feedback, we need R^/Rl = 4 for
5 = 5. If we again use the positive 22.5 volts to ground as the main supply,
the Q-point requires an Rl of 18K ohms, roughly, so that R\ is about
72K ohms. Resistor Rx has 4.5 volts across it and hence will carry 4.5/72
or 0.0625 milliamp. This current flows through the 18K ohms, producing
an additional 1.1-volt drop, and leaving only 3.4 volts across the collector.
So it seems that a resistor of 18K ohms is too large. If we start over with
17K ohms and make R\ equal to 4 X 17 or 68K ohms, then a current of
4.5/68 or 0.066 milliamp flows in Rv With the collector held at 4.5 volts,
4-22.5 v
17K Q

68K
44.5 v

4-0.1 v

o

^2.5K 0

*2

— 10 v

(a)

4-22.5 v

17K fi
17K Q

51K Q
■*------- tL

C

«•----------- ►

^2.5K a

o—

220K Q
-10 v

(b)

Fig. 3-22. (a) Voltage feedback circuit, (b) Voltage feedback circuit.

■
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18/17 or 1.06 milliamp flow in the 17 K ohms, and the collector current
is 1.06 — 0.066 or 0.994 milliamp, which is close enough to the desired
1 milliamp. The base current, It, = Ic/$ is approximately 1/50 milliamp
and the base is about 0.1 volt above ground. As indicated by Fig. 3-22(a),
this provides a current of about 0.046 milliamp in R2. If we tie R2 to
ground, then R2 = 0.1v/0.046 ma = 2.2K ohms, which would shunt
the input and cut the current gain by one-half. If we tie R2 to —10 volts,
then R2 = 10.1v/0.046 ma = 220K ohms, which is quite acceptable.
We should now split RY perhaps closer to the base rather than half way,
since the load side is also shunted by the 17K ohms. If we split the 68K
ohms into 17K ohms and 51K ohms, then the final circuit is as shown in
Fig. 3-22(b). At ac the input is shunted by 17K||220K = 15.8K ohms and
the output is shunted by 17K||51K = 12.8K ohms. This gives a current
gain of
12.8
4
~
15.8
37.
X 50 X
t. — 15.8 4-2
12.8 + 2.5 “

We now have two designs, and, as it turns out, each has the same
stability and current gain. We ignored Ico in setting the bias, so now we
should go back and make certain that everything is still in order with an
additional SIC0 flowing in the collector. However, both circuits will behave
exactly alike so far as Ico is concerned. The voltage circuit has required a
second power supply, which might be a disadvantage. On the other hand,
the impedance level in series with the emitter-to-base junction is higher
in the voltage feedback circuit, that is, 68 4- 17 = 85K ohms as against
12 4- 3 = 15K ohms in the current feedback circuit. Thus the voltage
feedback circuit will have only about 15/85 as much change in Ic, with a
change in base-to-emitter voltage, as will the current feedback circuit.
Hence there is no clear-cut choice here. Which circuit we use depends on
what we are primarily interested in.
Finally, we might note that if C\ were not used in the voltage feedback
circuit of Fig. 3-22(b), then the gain would be considerably reduced. The
a-c load in this case is about the same as Ate, so that the voltage gain is
roughly equal to 50. Thus the 68K ohms appear like a 68K/50 or 1.36Kohm shunt across the input. With A»e equal to 2K ohms, the current gain
is now, roughly,
17
1.36
A o= 17.6.
A
- ik
X 50 X
1.36 4- 2
17 + 2.5

This means that the a-c current gain is cut approximately in half. On the
other hand, we now have about 6 db negative feedback around the stage
at ac, and so the sensitivity of the a-c gain to changes in fi is also reduced
by a factor of two.
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One further comparison between voltage feedback and current feedback
is in order. This involves the effect of a change in the power supply voltage,
Ecc, on the collector-to-base back bias, Vcb, or what is essentially the same
thing, the emitter collector drop Vce- If we return to the expressions for
Ie and Ic for both the current feedback case and the voltage feedback case,
we may write expressions for Vce or VCb for either one. With current
feedback
(3-30)
Vce --- Ecc — I eRe — IcRl.
Therefore
(1 — a)Rb — ciRl
dV"
(3-31)
dEcc
Re 4“ (1 — o) Rb
With voltage feedback
Vcb = l^e(l — a) — 7co]#t>-

(3-32)

Therefore

dVcb
dEcc

_____ (1 — cl) Rb_______
Re + El + (1 — a) Rb

(3-33)

The difference between the two cases is emphasized when numerical
values from the illustrative example are considered. With current feedback

dV„
= -4.46,
dEce
while with voltage feedback

Obcc

= 0.0157.

In general, so long as Rl is greater than (1 — a) Rb, voltage feedback
will offer a much smaller change in Vcb = Vce for a given change in Ecc
than will current feedback. For this reason, one would prefer voltage feed
back for circuits where Ecc is large, so that the actual Q-point shifts will
be only a fraction of the changes in the power supply voltage.
3-9 Bias compensation. So far we have discussed the use of feedback
in stabilizing the bias point. In many cases, particularly in d-c amplifiers,
feedback stabilization can be used only sparingly, since it reduces the d-c
gain as 5 is reduced. In fact, the d-c current gain of a grounded emitter
stage is just slightly less than 5, the stability factor. On the other hand,
it is often possible to reduce drift of the operating point by using non
feedback or compensation methods without reducing the d-c gain.
One of the simplest and most reliable compensation methods involves
the use of semiconductor junction diodes. The forward diode characteristic,
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+ ECC

+E

fib.
■o

I
h---- -

+

Vo

He

fiD

+

____ Diode bias

V

Fig. 3-24. Diode compensation.

Fig. 3-23. Diode forward
characteristic.

shown in Fig. 3-23, is very similar to the base-to-emitter transistor char
acteristic. The diode curve will have a break at a voltage Vo, after which it
conducts with a very low forward resistance. The entire curve shifts with
temperature in the same manner as does that of the transistor, with the
voltage increasing roughly 2.5 mv/°C as the temperature decreases (for
small currents). That is

dVo
= —2.5 mv/°C.
dT
Figure 3-24 shows a diode used to compensate for base-to-emitter volt
age changes in a transistor. The resistor Rd supplies enough current to
the diode from a negative supply to keep it biased in the forward lowimpedance region. Figure 3-25 shows the input circuit, and we see
that
E
Ib =
Rb + (0 -f- l)7?e

Eb

fb------- -

IP

F

Fig. 3-25. Model for diode compensation.
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Rd
o

+

■o

i

'O

*2

Fig. 3-26. Diode compensation of emitter follower.

if the voltages across the diode and the base-to-emitter junction are equal.
This means that since these two voltages vary with temperature at the
same rate, lb is independent of Vo. Thus Ic and the output voltage are also
independent of Vo. In practice this compensation is never exact, but it
may get rid of 90% of the transistor drift due to Vo.
A series diode may also be used with the emitter follower circuit to
keep the output voltage constant, as shown in Fig. 3-26. Again, it is
necessary to supply a large enough bias current through Rd to keep the
diode conducting in its low-impedance region.
Temperature sensitive resistors are also useful in compensating tran
sistor drift. The most widely used of these is the thermistor, which has a
negative temperature coefficient and a resistance that decreases expo
nentially with temperature. Usually one thermistor is used to compensate
an entire d-c amplifier, although several may be required. The simplest
approach to thermistor compensation is to find a point where a decrease in
resistance with temperature will tend to compensate the amplifier output.

------ ]

•+

I
I

■+

i

Rb

I
I
l
I
I
I
I
I
1-

D-C amplifier

Decade variable resistance j
i
I

I
i
i
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temperature, T

=•

I
Oven or cold box

Fig. 3-27. Determining the required Rb vs T.
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R

^Th
T

Fig. 3-28. Parallel resistor-thermis
tor combination.

Fig. 3-29. Series resistor-thermistor
combination.

R
\ Th

Rp + Rs
RP

T

Fig. 3-30. Series-parallel combination.

R
v

Rp + Rs

\\

T

Fig. 3-31. Two-thermistor combination.
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Let us say that we have found a base bias resistor in the first stage that will
do the trick. We then set up the amplifier in an oven or cold box, as shown
in Fig. 3-27, with a variable resistance Rb kept outside the oven. We then
vary the ambient temperature, T, of the amplifier, adjusting Rb to keep
Eo constant at every T. In this way, we obtain the desired graph of Rb
versus T, which must now be synthesized with some combination of
thermistors and non-temperature-sensitive resistors.
Thermistors are available in all values of room-temperature resistance,
but almost all of them have the same exponential rate of resistance varia
tion with temperature. Usually this rate is too large and the thermistor
must be padded with fixed resistors. Figures 3-28 through 3-31 show some
of the types of resistance versus temperature curves that can be obtained.
Only a monotonically decreasing curve of resistance versus temperature
can be obtained from thermistors and fixed resistors. In addition it seems
that one thermistor is required for every section of the curve where the
rate of decrease of R with T becomes faster, and one fixed resistor is re
quired for every section of the curve where it becomes slower.
Nonmonotonic compensation can be produced by the use of thermistors
in more than one location in the circuit. For example, in the circuit shown
in Fig. 3-32, the thermistor in the base increases lb with a temperature
increase, and hence tends to reduce the output voltage E. On the other
hand, the thermistor in the emitter circuit increases the emitter voltage,
which tends to cut off the transistor and to increase E as the temperature
increases. By the proper choice of thermistors and resistors, the voltage E
can be made to go through either a maximum or a minimum with a tem
perature increase.
The main disadvantage in the use of thermistor compensation is that
in the same amplifier one set of transistors may require a different com-

+

1E
I

1
Fig. 3-32. Nonmonotonic compensation.
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pensation curve than another set. Although any single amplifier can be
compensated to any accuracy required in the laboratory, as a production
run technique this may leave something to be desired. Nevertheless, there
are many cases where thermistor compensation can remove a good part
of the output drift despite parameter variations from transistor to
transistor.
Silicon resistors with positive temperature coefficients (see Problem 1-3)
are also available and may be used for bias compensation purposes in a
manner analogous to that just outlined for thermistors.

3-10 Balanced pairs. Another possible method of compensation involves
the use of balanced pairs, or difference amplifiers, as shown in Fig. 3-33.
If the parameters of the two transistors are exactly alike and if the external
base circuits are also alike, then we have perfect balance. It is then possible
to separate the emitters and place a resistance 2Re in each emitter, so far
as de is concerned. This would give a stability factor to each side of

5 =

2Re -|- Rb
2Re -|- Z?t»(l — a)

(3-34)

Since Re can be made as large as desired (being limited only by supply
voltage) without affecting the circuit gain, it is possible to obtain an *S
close to unity. Also, since both collector currents change in exactly the
same manner, this change balances out in any load taken across the two
collectors.
On the other hand, if there is no balance at all between the parameters
of the two transistors, then each transistor sees the d-c circuit shown in
Fig. 3-34. Since Rb/(0 + 1) is usually small compared to Rc, the effective
emitter resistance is Rb/(0 + 1), which gives a stability factor on the order
of 0/2, though the exact value will depend on the ratio of the two /3’s.
This is the worst case possible, and in general the stability factor will vary
from about unity to about 0/2, depending on the degree of balance.

•+

•+

Rb

E
Rb

Rc

Fig. 3-33. Difference amplifier.

Rb.

±+1
5 Rb

Figure 3-34
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I

Rb

1

Ui

lib

-T-

z
<}RC

Fig. 3-35. Gain of a difference amplifier.
The a-c gain of the circuit from one base to either collector is roughly
0/2 for large Re. As shown in Fig. 3-35, if Re is large enough, then the
a-c currents iC1 and iC2 must be equal and flowing in opposite directions.
The impedance Z seen at the first emitter is

Z = R„ II

hib +

Z = hn, 4-

Rb
fi 4- 1

Rb
0 4- 1

or

The impedance Z is multiplied by (/3 4~ 1) when reflected into the first
base, and since
(/? + W = hie,
the input circuit appears as shown in Fig. 3-36. Thus

lb' _

Rb
_ 1
1
■
2(Rb + hie)
2 1 + hie/Rb *’

and
2 1 + hic/Rb

I

Ui

is-

hie

Rb
Rb

Fig. 3-36. Input circuits for difference amplifier.
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Fig. 3-37. PNP-NPN cascade of balanced pairs.
Since 7iie is on the order of 2000 to 3000 ohms, Rb can be much larger than
hie and still satisfy the inequality

Re »

Rb

0+1’

so as not to lose current in the emitter resistor. This means that the gain
from base to either collector can be made about 0/2.
By superposition, if both bases were driven by the same signal, then
there would be no response at either collector. Thus, if balanced pairs are
cascaded, then equal drifts in the collectors of the first pair will cancel out
in the second pair. Also, if one pair is driven with the signal ~Ha at one base,
and the signal —i, at the other, then the signals will add, giving an output
of
at one collector and —0z, at the other.
A simple way to d-c couple differential stages is to alternate P-N-P
pairs with N-P-N pairs. As shown in Fig. 3-37, only one power supply is
required for this arrangement, since the d-c level is raised by a P-N-P
pair and lowered by an N-P-N pair. The gain in the first pair will be
about 0/2, while the next two pairs will have a gain of 0 each, since both
bases are driven. If the transistors are balanced, drifts in any one pair will
be canceled out in the next. If the last stage is to feed a balanced load, like
a pair of deflection plates or a meter, then the two outputs would be added,
and the total gain for the three pairs would be 03. If feedback is desired,
a connection can easily be made to the base of the undriven transistor in
the first pair.
Although the amplifier of Fig. 3-37 has the disadvantage of using about
twice as many transistors for the same gain as a cascade of single grounded
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emitter stages, its insensitivity to drift and the ease of arranging its d-c
levels sometimes lead to its use.
The stability of other multistage direct-coupled amplifiers, as well as
the various compensation schemes applicable to them, will be considered
in Section 4-6.
3—11 Self-heating and Q-point shifts in transistors. Actually, in dis
cussing all the bias designs up to this point, we have ignored one important
point. This is the fact that the power dissipation at the collector junction
increases the junction temperature, Tj, and hence causes shifts in both
Veb and Ico. Because in all the designs up to now we assumed that the
collector junction remained at the ambient temperature, Ta, all of the
Q-points that have been derived are somewhat in error.
As we shall see, if 5 is small, the shifts in Tj and in the Q-point will be
small, so that our previous work will be sufficient for most cases. When
is large, then AT = Tj -— Ta will be large and a simple paper design
may produce a circuit that is experimentally useless.
In Class A operation, maximum power is dissipated in. the transistor
with no signal present. We shall therefore examine the no-signal case.
The exact relationship between the junction temperature and the power
dissipated at the temperature is quite complicated. This is true since heat
may leave the transistor by radiation, by thermal conduction, and by
convection or forced air cooling. In practice one normally assumes a linear
relationship between the incoming power and the rise in junction tempera
ture from the ambient temperature. This relationship is written as
AT in °C = (0)(PC),

where Pc is the junction power in watts and 0 is the thermal resistance in
units of °C/watt. The actual value of 0 will depend on whether the tran
sistor is in free air or is attached to a heat sink. For small transistors in
free air, 0 may be as high as 800°C/watt, while for power transistors with
large heat sinks, 0 may be less than l°C/watt.
In terms of transistor protection the manufacturer specifies a maximum
junction temperature. The circuit designer must restrict his input power so
that Ta + AT does not exceed Tj maxIn most circumstances the voltage across the collector-base diode is
large compared with the emitter-base drop, and all dissipation is assumed
to occur at the collector-base junction. (Special cases do. arise where this
assumption is quite poor.)
To find the shift in Q-point caused by the collector dissipation, we shall
calculate AT for our circuits in terms of the stability <8 and the collector
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power PA that would be present if the junction temperature remained at
the ambient temperature TaTo simplify calculations we assume a —> 1, so that (Re/a,) —> Re and
(Re 4- Rb)/a —> (Re 4- Rb)- With these assumptions, and using the basic
circuit of Fig. 3-1 with a collector battery Ecc and a collector d-c load Rl,
we have
Zc = IcA 4"

AZC

~ -S^Veb 4- 5 AZco,
Re + Rb

AFei) = —k AT, where k is normally about 2.5 mv/°C,

&ICO = ICoa(^tik — 1), where K is normally about
15°C for small germanium units.

+ R« = Rt- Then

Referring to Fig. 3-1, we let

Pc

EccIc - I2c(Rl + Re) = (ZcA + Mc)[Ecc — (IcA + AZc)ftr]
= (J caEcc — I^aRt) + ^IC(.ECC — 21 caRt — AZeZ?r).

Now
Pa = ZcaEcc — I2aRt,

and normally

2IcA » AZC
in any circuit with good stability, so that the &I*Rt term may be dropped.
Therefore, letting
V = (Ecc - 2IcARt),
we obtain
Pc = Pa + AZCV.
By definition AT = 0PC, so that

AT = OPa + OVS

fc AT + ICoa^T,K
- 1) •
Re 4~ Rb

(3-35)

Equation (3-35) may be solved by trial and error for AT and Pc. For
circuits where £ —♦ 1, AT will be small, and Eq. (3-35) may be linearized,
since for &T/K < 0.3

e

1 - K
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Making this substitution in Eq. (3-35) we obtain

k

AT = OPA + OVS AT

,

IcOA

K .

Re + Rb

_______________OPa______________
1 - 0VS[k/(R, -H Rb) + Icoa/K]

(3-36)

Because V = (Ecc — 2IcaRt) may be either positive or negative, AT
may be either larger or smaller than OPa- If V is negative, then AT will
always decrease. If V is positive and *S is too large, then AT may become
infinite and thermal runaway will occur. Actually, Eq. (3-36) is not
sufficient to calculate the runaway condition, since it assumes that AT is
small.
Let us agree for the remainder of this section to restrict *S to values
where runaway does not occur and to consider the practical results to be
expected when Eq. (3-36) is applied to a circuit.
Figure 3-38 repeats the d-c circuit and gives a Vce versus Ic plot with
several collector power hyperbolas. From the plot the interpretation of
Eq. (3-36) is apparent. If the Q-point is above the intersection of Ecc/2
and Ecc/2Rt, say at point a, then V is positive and AT > OPa', that is,
an increase in Ico increases the total collector current and moves the
Q-point down the load line toward a higher dissipation region. If the
Q-point is initially below this intersection, say at point b, then V is negative
and AT < OPA; that is, an increase in Ico moves the Q-point down the
load line toward a lower dissipation region and the increase in junction
temperature is smaller than OPaEcc

Vee

Rl

+

Ecc

a

Vce

D-C load line

Ecc

2
Re

I
I
I

b^p-

Ecc

Rt

2Rt

(a)

(b)

Fig. 3-38. (a) D-C circuit, (b) Ve vs Ie for d-c circuit.
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Consider a numerical example. Assume
0 =
=
k =
Rl =
Rb =

500°C/watt,
5 microamp,
2.5 mv/°C,
4K ohms,
11.2K ohms.

Ecc
K
Re
Ica

=
=
=
=

20 volts,
15°C,
IK ohms,
1 milliamp,

Hence
5 = 10,

PA =15 milliwatts,
Vce =15 volts,
V = 20 — 10 = 4-10 volts.

Substituting in Eq. (3-36)
AT =

_______________ 0.500 X 15_______________
1 - 500 X 10 X 10(2.5/12.2 X 5/15) X 10“6

7.5
= 7.67°C.
1 - 0.027

This increase in Tj causes only a 3.2 microamp increase in Ico and only a
10 X 3.2 or 32 microamp increase in Ic. Therefore the calculation of the
Q-point neglecting this shift is justified. If
Ica = 3 milliamp,
Pa = 15 milliwatts,

Vce = 5 VOltS,

V = —10 volts,

then
AT =

0.5 X 15
= 7.31°C,
1 4- 0.027

so that now the temperature rise is slightly less than OPaIf a simple bias circuit with Re = 0 is attempted, then S = 14-0Suppose
0 + 1 = 50,
Ica = 1 milliamp,
Pc = 16 milliwatts,
then

AT =

Rb = IM ohms,
Vce =16 volts,

Rl = 4K ohms,
V = 4-12 volts,

0.5 X 16
1 - 500 X 50 X 12(0.0025 4- 0.333) X 10-6
8
= 8.9°C.
0.9
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This increase in temperature would cause an increase in Ico of 4.0 micro
amp and an increase in Ic of 200 microamp, or 20% of the original value.
If a transistor with a /3 of 99 and an I c0a of 10 microamp were inserted in
the circuit, then
Vce = 12 VOltS,

Ica = 2 milliamp,

S = 100,

Pc = 24 milliwatts.

V = +8 volts,

In this case
AT =

0.5 X 24
1 - 500 X 100 X 8(0.0025 + 0.666) X 10~6

12
= 16.4°C.
1 - 0.267

This will increase Ico from 10 microamp to 30 microamp and cause a
shift in Ic of SICO — 2 milliamp, or 100% of the original value. Thus
instead of the Q-point being at 2 milliamp and 12 volts, as calculated, it
will be in the neighborhood of 4 milliamp and 4 volts. From a practical
viewpoint, the equilibrium may take so long to be reached that a quick
measurement may not detect it. Figure 3-39 gives an indication of the
type of results to be expected from a circuit with such poor stability.
Finally, let us look at all this with a critical eye. We have examined the
phenomena of self-heating in close detail to try to get a physical picture of
what is going on. We have found this effect to be exaggerated by high
power, high voltage, large Ic0, poor stability (large S), and poor thermal
/e’

milliamp
2.5

—22.5 v
2.0

4K Q

1.2M fl
1.0
Ico

j__ l
5

I
10

2
I
15

I
20

Fig. 3-39. Ic vs time for a poor-stability circuit.

Time,
’minutes
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conductivity. We see that a bias point at Vce greater than one-half the
supply voltage gives a larger temperature rise and more bias shift than we
might expect by calculating AT as just PO.
On the other hand we have assumed small AT’s, so that for AT >
(K/3)°C we should not expect too much accuracy in these calculations.
Normally we do not even know Ico to any great accuracy, since it varies
from transistor to transistor. The parameter K also varies with the surface
leakage of the transistor, and this variation may be quite large in power
transistors where the surface leakage is large. The thermal resistance, 0,
may also be a matter of conjecture. A manufacturer normally gives the
thermal resistance from the junction to the transistor case. This is useful
if a very large heat sink is mounted on the case, since 9 in this case is
approximately the total thermal resistance from the junction to the ambient
temperature. However, if the transistor is mounted on a printed board
(a thermal insulator) with no heat sink, then 0 will be considerably higher
and will depend on how well heat is carried away from the case by convec
tion. The manufacturer sometimes gives the total thermal resistance from
junction to ambient with the transistor isolated in still air, but even this
may not correspond closely to the actual mounting on a crowded printedcircuit board. All in all, these considerations add up to a great amount of
guesswork where calculating temperature rise is concerned.
In addition, to be practical, probably 95% of all R-C coupled circuits
are biased at a Vce less than one-half the supply voltage (so as to have a
large d-c load resistance to avoid shunting the a-c load). This means that
there is no chance of runaway, and that the temperature rise is smaller
than what we would calculate by using just PaG- So it would seem wise in
this case to use PaO as a pessimistic estimate of temperature rise and let it
go at that.
In any case, however, we must try to make some educated guess about
temperature rise. Although the treatment here has emphasized the aspect
of bias shift with temperature rise, it should not be forgotten that the
maximum allowable junction temperature is what determines the power
handling capabilities of the transistor. This in turn is determined by the
ambient temperature and the temperature rise of the junction above the
ambient. Unless these two quantities are known, there is no way of know
ing whether the transistor is operating safely.

3-12 Thermal runaway. Thermal runaway has already been mentioned
as a possibility in the general case where Rl and Re are present. As a prac
tical matter, thermal runaway is not likely to be of importance except in
transformer-coupled power output stages, where the load and emitter
resistances are negligibly small and almost the entire supply voltage is
across the transistor. These conditions do not preclude the possibility of
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Ecc

P/c +
~* +!

Pc

ALT/

Ta

We^T/K

—aS ECc
Rc 4~ Rb

IF = (JCOlE'CS)
A =

AT

OPc

e

EccS

T

lco2

ICO2

= Ico^T/K

aSEcck

K + Rb)

LVeb

—k

Fig. 3^0. Block diagram of thermal feedback.
the bias circuit having a small value of S, since the input will most likely
be transformer coupled also, allowing a very low d-c resistance in the base
circuit.
In the previous section AT was assumed to be small and the equation
for AT was linearized. In this section we shall consider the general case.
To make our approach clear, Fig. 3-40 shows the thermal circuit. Various
definitions and assumptions concerning this circuit are as follows:

A
1. The system operates under Class A, no input-signal conditions. (For
systems with intermittant or variable amounts of collector power, one.
must invent a suitable averaging process.)

2. The voltage drops across Rl and Re are negligible compared with the
supply voltage, so that VCb = Ecc- (This assumption leads to conservative
design results.)
3. rc is the collector current with no Ico flowing (T = Ta)-

4. P'c = EccIc is the collector power with no Ico flowing (T = Ta)5. 0 is the over-all thermal resistance from the junction to the ambient.
6. Pc = Ecclc is the total collector power.
7. AT = Tj — Ta = 0Pe is the difference between the actual junction
temperature and the ambient temperature.
8. A

= — k AT, where k = 2.5 mv/°C.

9. ICO2 = ICO/TIK, where K is a constant that governs the rate of
increase of Ico with temperature.
10. Thermal capacities are ignored. Their presence will affect the time
taken for our results to be achieved, but will not alter the final results.

11. ICOx is the Ico at the ambient, that is, when AT = 0.
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aEccSk
Re + Rb
Now from Fig. 3-40, or from the equations which it represents,

12. W = ECCSICOI

at

and

A =

= (9P'e) + (A9) AT + 9WeiTIK,

AT =

ep'c + 0We4r/*
i — Ae

(3-37A)
(3-37B)

Let us assume, initially, that a bias compensation scheme of the type
outlined in Section 3-9 has been employed to remove the effect of the
variation in the emitter-base junction voltage with temperature. In this
case the A0 &T term vanishes and Eq. (3-37A) reduces to

AT = (0P'C) + W0e*T,K.

(3-38)

If Eq. (3-38) is written in the form
x = y + mex,K.

(3-39)

then it follows that the following relationships are true:

mex’K
dy
= 1 —
dx
K

y — —m

(3-40)

when x = 0.

When x —> 0 the slope becomes 1 — m/K. When exlK = ZC/m, or
x = K In (K/m), then the slope is zero.
By using the relationships for the initial intercepts and the slopes, it is
relatively easy to generate a set of curves of [PJ 0] versus AT with WO as a
parameter for any particular value of K (that is, any particular rule for
the temperature variation of Ico). Figures 3-41, 3-42, and 3-43 show such
curves for values of K = 10°C (Zc0 doubles every 7°C), K = 14.4°C
(Ico doubles every 10°C), and K = 26°C (Zco doubles every 18°C).
When the curves are to the right of the inflection point (the point where
the slope, dy/dx, is zero), then AT is rising as the basic input power, Pj,
is falling. This is the runaway condition. The stable operating region is to
the left of the inflection point on any curve. At the inflection point, the
system transfer function is infinite, since AT may increase with no varia
tion in the basic input power P'c. The line through the inflection points
defines the boundary of thermal runaway. If ATP and [P'c 0]P are defined
as the peak (inflection point) values for any value of WO, then from
Eq. (3-39) and (3-40) one may write
[Pi 0]p = ATP - K.

(a-4i)
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AT = [Pc 0]°C

Fig. 3-41. [P£ 0] vs AT with W0 as a parameter. K = 10°C.
Equation (3-41) is the equation of a straight line with a slope of 1 (a 45degree line) and a [PJ 0]p = 0 intercept of K degrees centigrade. It is
shown as a dotted line in Figs. 3-41, 3-42, and 3-43.
Stable operation is possible only in the region between the two dotted
45-degree lines. For a given 0, W, and P'c, one can read off the actual
temperature rise to be expected and can also estimate the margin between
the actual operating point and the point of instability. The upper limit
on the basic input power P'e may be set either by thermal instability or by
the quantity (Ta + AT) becoming equal to the maximum allowable
junction temperature.
As an example, consider the case where

K = 1AA°C,

ICOl = 0.111 milliamp,

0 = 4°C/watt,

Ta = 25°C, 5 = 15, Eec = 30 volts, I'c = 0.333 amp.

Tjmax = 90°C,
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AT = [Pc 0]

Fig. 3-42. [Pg 0] vs AT with WO as a parameter. K = 14.4°C.

Here
WO = 0.20, P'c = 10 watts, [P'c 0] = 40°C.

From the curve for WO = 0.20 in Fig. 3-42, this condition is seen to be
stable. To determine the limits on safe operation, it is convenient to
collect the coordinates of the inflection point. These are derived from
Eqs. (3-38) and (3-41). Thus

ATp = Kln(£),

[P'e «]p = A In Q0 -

K = K In

(VK9)P = Ke~iTIK = K exp
I

(3-12)

e/

P'cO 4- K
K

-

(3-43)

(3-44)
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Fig. 3-43. [P« 0] vs AT with WO as a parameter. K = 26°C.
For the given K and WO, the maximum [P£ 0] is
14.4
= 47.2.
k0.2 X 2.72

14.4 In

Therefore P'c may increase by 7.2/4 or 1.8 watts without causing thermal
instability. The maximum ATP is

14.4 In

14.4
= 61.5°C.
0.2,

Thus runaway will occur before T/max becomes a limitation. The WO value
1
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that can cause instability at [PJ 0] = 40 is
14Ae-siil1** = 0.328.

Thus ICOl can increase to just below 0.18 milliamp or S can increase to just
below 24.6 without causing thermal instability.
If the bias compensation scheme is omitted, so that A
0, then each
of the curves of Figs. 3-41, 3-42, and 3-43 splits into a family of curves as
A 0 varies. The equation for the line through the inflection points for these
curves is
(3-45)
[P' S]p = (1 - A«)(ATP - K).

Thus as AO increases, runaway occurs at an even lower value of basic
input power P'c.
If in the previous example a = 0.98 and (Re 4- Rb} = 22.1 ohms, then
AO = 0.2 and thermal runaway would occur for the given conditions. In
the case of A # 0 the coordinates of the inflection points are
[P'c S]p = K(1 - A9) In

&TP = K In

K(1 - A9)
WO e

K(1 — AO}
WO

(W0}p = K(1 - A0) exp {-[P'c0 + K(\ - A0)]/K(\ - AO}}.

(3-46)
(3-47)
(3-18)

To prevent runaway with P'e = 10 watts, one would have to reduce
WO below 0.131, or with the original WO, one would have to reduce P'e
below 8.9 watts. To minimize AO one should minimize Vc and 0 and
maximize the resistance in series with the emitter-base diode. If A 0 is as
high as 0.5 and if K is large, so that Ic0 increases only slowly, then the
allowable collector dissipation may be reduced to as low as one-third of the
value allowed when temperature compensation is employed.
There are several problems inherent in using these curves. The first is
unavoidable when devices are considered over a wide range of input
parameters. It involves the necessity of assuming that the transistor
parameters, such as a or rw, are constant with temperature and with the
operating point. For example, as runaway is approached, Ic increases,
which normally decreases a. On the other hand, the temperature increases,
which normally increases a. If no emitter resistance is employed, then 5
is equal to (1 4- 0), so that small changes in a have large effects upon the
runaway point. The only reasonable approach appears to be to assume the
highest expected (small-signal) value for 3 and to assume that the fall-off
in fi from increased current density will compensate for the increase due to
increased temperature.

3-13]

TRANSISTOR POWER SPECIFICATIONS

113

The second problem is the more practical one of discovering what values
to use for 0, K, and Ico- Conservative results are obtained by assuming the
highest expected values for 6 and Ico and the lowest expected value for K.
If a unit is adjusted so that its final operating point is slightly below
runaway, then it may take some time for thermal equilibrium to be reached.
This means that experimental readings must be taken only after sufficient
time has been allowed for the equilibrium to be reached. In some cases,
this may require as much as 20 to 30 minutes.
3-13 Transistor power specifications. As we have seen in Section 3-12,
the limitations on the input power to a transistor may be imposed by ther
mal runaway or by the maximum allowable junction temperature. The
device manufacturer sometimes presents a curve (for a given transistor,
with a given heat sink, at a given ambient temperature) that relates the
allowable input collector power with the SECC product.
If we assume that bias compensation is employed, so that A = 0, then
the thermal runaway limits on Pc may be derived from Eq. (3-43). Thus

p, . K . ( K \
P‘ - T
’
e n
while the maximum junction temperature limitation is

P'c £

*TmKX
- SE cc? comix'
0

If Ta, 0, K, and ICOl are all known or specified, then Pcmax may be plotted
versus SECC- Figure 3-44 shows such a plot for the case where
Ta = 25°C,

K =

I COi

= 1 milliamp (Zco doubles every 15°C),

15
= 21.6, T/max = 85°C, 0 = 2°C/watt, or 4°C/watt.
In 2

Here
Ic.

= (1ma)®60^21 65

= 16 milliamp.

If the SEcc axis is plotted on a log scale, then the curve approaches two
straight-line asymptotes. For small SECC} one finds that P'c = ATymax/0,
while for large SECC the curve approaches a line that passes through

SECC =

K
Icoi@e

at P'c = 0 and has a slope
dP'c
= _K
d(ln SECC}
0
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When the AO term is present it always appears in conjunction with 9
in the form [(1 — A0)/0], hence its effect is the same as if the original
expression had been employed with a 0 increased to 1/[1 — AO] of its true
value. Thus in Fig. 3-44 if AO = 0.5 while 0 = 2°C/watt, then we would
find that the 0 = 4°C/watt curve shown would represent the actual
limiting curve.
t
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Problems
3-1. Given an N-P-N germanium transistor with a = 0.985, Z«> = 4 micro
amp, and Vbc = 200 millivolts. Use Ecc = 16 volts and calculate Ri and Rl to
place the Q-point of each of the circuits of Fig. 3-45 at Ze = 2 milliamp and
Vee = 6 volts.

Ecc

E<

Ecc

Rl

\Rl

Rx

Rl

Rx-

o

o-

o

Rx

30K

20K n:
2K fi'

IK Q

(c)

(b)

(a)

Figure 3-45

3-2. Calculate 5 and dZc/dV«* for each of the circuits of Problem 3-1.
3-3. Calculate the new Q-point of each circuit of Problem 3-1 if a new transis
tor with a = 0.995 is inserted in the previously designed circuit.
3-4. Calculate the new Q-point for each circuit of Problem 3-1 if the tem
perature increases such that Ico becomes 64 microamp and the Veb necessary for
Ze = 2 milliamp decreases by 100 millivolts.
3-5. In the circuit of Fig. 3-46 select Ri to make Ie = 1 milliamp. Assume
a = 0.98, Yd, = 150 millivolts and Za, = 0. Determine the effect of the critical
ness of Ri by plotting Ie versus Ri over the range 2?i/2 to 22?i.
o —10 v

t

’.Rx

A

l2

10K Q

IK Q

Figure 3-46

;2K n
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3-6. Assume that the transistor in Problem 3-5 is germanium and has an
Ic0 of 5 microamp at the Q-point of Problem 3-5. Determine the new Q-point and
the maximum allowable collector current and voltage swings at this Q-point if
the temperature increases by 50°C (that is, if
doubles itself five times).
3-7. Repeat Problem 3-6 assuming a silicon transistor with initial values of
Ico = 0.05 microamp and Vd> = 500 millivolts. [Note: Ri will need to be
recalculated to set the initial Q-point properly.] Assume the same rate of change
for ICO and
3-8. Write an expression for i^/i, for the amplifier of Problem 3-5 if R, =
10K ohms, re = 30 ohms, rj, = 300 ohms, rj = 40K ohms, and a = 0.98.
Suppose Re is bypassed by a large capacitance. What will the new gain be?
3-9. In the circuit of Fig. 3-47 calculate Ri to bias the transistor at Ie =
1 milliamp. Calculate 12/1. for this case. Assume a germanium transistor with
Ico = 5 microamp, a = 0.98, 6 = 500°C/watt, and with Q-point transistor
parameters the same as those of Problem 3-8.

z2

O

2K
€out

ik
10 V

~T~io v
Figure 3-47

3-10. Calculate 7e for the circuit of Fig. 3-48. If re = 15 ohms, u = 500
ohms, rc = 2M ohms and a = 0.98, calculate the impedance seen at the trans
former primary (assume Rl = 0). What would this impedance be if a large
capacitor were connected from the emitter to the lower end of the input trans
former? What is S for this circuit (assume a Germanium transistor)?

Rl

200 n
400 Q

4.7K Q

--------6 V

Figure 3-48
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3-11. For each of the circuits of Fig. 3-49, calculate Z«, Fee, S, and the collector
dissipation. Assume a = 0.99 and Z«> = 10 microamp, Vj, = 150 millivolts.

o-

Ibp

^IKIi

o

■o

IK

— 20 v

5v

■■■ s v

o-

o-

-o

(b)

(a)

5K Q
o-

o-

<ik n

7K tiZ

200K 0

167 K n

ll< H

20K 0

21 v

“="11 v

(d)

(c)

Figure 3-49

3-12. Calculate the ©-point for the simplified version of the IF amplifier
shown in Fig. 3-50. A silicon transistor is employed. What is S? Assume
a — 0.96.

o
o

560 Q
-9 v

15K Q
1.8K Q,

I
Figure 3-50

■0—9 v
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3-13. In the circuit of Fig. 3-51 a = 0.98, Ieo = 5 microamp and Va =
200 millivolt. Find Ri to make Ie = 2.5 milliamp. If re = 10 ohms, n, = 200
ohms, 3 = 49, and rd = 20K ohms, calculate the input impedance and current
gain |i2Ai| with your R\. What is 5 for your circuit?

-20 v
2K

v

2K Q

\R

^out

^2K

500K fl
-=-100 V

Figure 3-52

Figure 3-51

3-14. In the circuit of Fig. 3-52, calculate Ri to make Ic = 2 milliamp in
each transistor. Assume a = 0.97 for each transistor. What is 8? With your
calculated value of Ri, assume one transistor has a = 0.98 and one has a = 0.96.
What is each Ze? What is each 8?

■o Output
Input o-

iiooK a
180 K Q

;23K n

50 Mfd

-=-300 v

I
Figure 3-53

3-15. The circuit of Fig. 3-53 is a simplified version of a TV video output stage.
Calculate the Q-point and S. Assume that a = 0.97, Z«, = 10 microamp and
that Ico doubles every 10°C. What is the collector power dissipation with no
signal input? Estimate the actual Q-point taking into account the temperatureinduced shift. Assume 0 = 50°C/watt.
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3-16. The d-c circuit for two stages of a d-c operational amplifier is shown
in Fig. 3-54 (feedback is omitted). Parameters are: a = 0.98,
= 0.01 micro
amp, Veb = 500 millivolts, 0i = 02 = 400°C/watt. Adjust the 100K ohm pot
to make ICI = 0.2 milliamp (assume ein = zero). Calculate Vee for both
transistors. What is Ie for T2? What is the d-c voltage gain from input to out
put? Suppose a = 0.97 for T2. What will be the new gain and Q-points?

200 Q

<? +

r2

7\

200K 9

+
IM 9

ein

1

iook

5K 9

9
V

^out

30 v

^100K 9
20 v-=F

Figure 3-54

3-17. A configuration employed as a low-noise input circuit is shown in
Fig. 3-55 (d-c circuit only). Calculate (Iei, F^,), (Ze2, Veb2), dlei/dlcoi, and
di«,/dIco, where in the last case 7CO = IWI = IM2 and both Z«»’s are assumed to
vary with temperature in an identical manner. Can the first transistor saturate
while Ie2
0? Assume Vebt = Veb2 — 100 millivolt; ai = a2 = 0.97; /eoi =
IC02 = 5 microamp; E = 20 volts; Ri = R2 = 502?3 = 27?4 = 22?s =
200K ohms.

E

7?5

/?2

■o Output

1

T2

Input

*3

I
Figure 3-55
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3-18. A germanium power transistor with
= 3 milliamp at 27°C is used
as a power amplifier in a bias circuit, with S = 5. The power supply is 28 volts.
A thermistor is used to compensate for changes in Va, with temperature. What
is the allowable collector dissipation at an ambient of 80°C if the total thermal
resistance to the ambient is 3.5°C/watt and if /«, doubles every 14°C? Tm>x =
100°C for this transistor. Would it be reasonable to operate this stage with a
collector dissipation of 15 watts at an ambient of 30°C? What maximum dis
sipation would you consider safe for this stage under the given conditions? (The
input and output of this stage are both transformer coupled.)

CHAPTER 4

LOW-FREQUENCY SMALL-SIGNAL TRANSISTOR AMPLIFIERS
From Chapter 2 we have information about gains and impedances at
a given Q-point, and from Chapter 3 we have some insight into the prob
lem of obtaining and maintaining such a Q-point. In this chapter we shall
use this knowledge to design useful amplifiers and to determine their
over-all characteristics. The problem now is to combine the transistor
with the biasing network and with such coupling elements as are neces
sary to match impedances, to block d-c voltages, or to bypass resistors.
From the coupling viewpoint there are three main classes, as there are
with vacuum-tube circuits: direct coupling, transformer coupling, and
R-C coupling. Direct coupling is necessary for very low-frequency opera
tion, but may introduce difficult biasing and temperature stability prob
lems. Transformer coupling allows impedance matching and hence a
greater power gain for a given number of stages than the other, normally
mismatched, couplings. If the transformers are small, then they have
poor low-frequency response; if they are not small, then they are much
larger than the additional components necessary to produce additional
gain with R-C coupled stages. Even on a cost basis the transformer may
not compare favorably with an additional transistor stage. For these
and other reasons the vast majority of small-signal amplifiers are R-C
coupled stages. We shall therefore devote our major attention to this
type of coupling.

4-1 R-C coupled transistor amplifiers. The initial problem in designing
any amplifier is to select the circuit configuration and the specific transistor
type to be employed. The Q-point, bias stability, necessary gain, required
output current and voltage swings (or either), supply voltage, and source
and load impedances must then all be specified. This process normally
requires a certain amount of compromise and does not lend itself to a
general systematic approach, since the free and fixed variables are different
in most cases. The most commonly employed configuration is the common
emitter stage. The common collector and common base circuits are
normally reserved for cases where their impedance transforming properties
or particular input or output impedances are appropriate.
If a common emitter stage is considered, then the introduction of the
biasing networks of Chapter 3 forces a reconsideration of the gain and
impedance calculations of Chapter 2. The portion of the bias circuit in
121
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the base circuit is in parallel with the transistor input and reduces the
input gain from
Ra
R. 4- Zin

____________ Rs___________
Rs 4~ Zjn 4“ (Rs/Rb)Zin

to

Unless Rb is considerably greater than Zjn, substantial loss may result.
If an emitter resistor is used to obtain a good stability current feedback
circuit, then the input impedance will be high unless this resistor is by
passed for ac. With an unbypassed emitter resistor and with rd
Rl 4- Re
and Ra » Rb
aS

=

___ Re 4~ Rb
Re 4~ (1 — a) Rb

@Rb
Rb 4“ Zjn

tL
is

and

which combine with Zin = fiRe to yield
RbS
Re 4- Rb

i_L
is

RS

Rb
Re

Furthermore, unless the coupling capacitors between stages have im
pedances that are small compared with the effective resistance in series
with them, they will also cause a loss of gain.

4-2 Capacitor specification. Current feedback stabilized circuits. Al
though the problem of analysis of the low-frequency fall-off of an R-C
circuit is in theory very straightforward, in practice the complete expres
sion becomes so involved that one loses sight of its physical significance.
What is proposed here is a simple approximate approach which retains
the physical insight and yields a reasonable design. Consider the a-c
circuit of Fig. 4-1. Experience with this circuit shows that it is often
economical design to let Ce limit the low-frequency response of the stage.
This means that C\ and C2 should be large enough so that their series
impedances effectively are still short circuits at the frequency where Ce
causes the response to be down by 3 db from the midfrequency value.
C2
C’l
iL

r;

r2
Rb

Re ^T^Cc

Fig. 4-1. R-C coupled common emitter stage.

'.R'l

4-2]
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3^

F
il.

R'l

«2

Fig. 4-2. Model for R-C coupled common emitter stage.
If we assume that C\ is an effective a-c short, then Ra and Rb may be
combined to form Ra. Let us now redraw Fig. 4-1 as shown in Fig. 4-2,
where the transistor is replaced by a Tee model.
We will now employ the generator splitting theorem of Fig. 2-16 to
split the 0ib generator. Jf the sum (R2 + Re) is much less than rd, the
current flow through rd will be small, and this resistor may be opened
without appreciable error. The result is shown in Fig. 4-3.
If the inequality rd » (R2 + Re) is not satisfied, then by increasing C2
one may make it an effective a-c short circuit, so that the combination
R2 and R'l in parallel becomes Rl, and the restriction eases to rd »
Rl + Re- In either case, if rd may be opened, the value of Ce is determined
by part (a) of Fig. 4-3.
Now hi = rb + (1 + P)re, and Ze is the parallel combination of Re
and Ce. Therefore

ib
Ra_____________ (1 + juCaRa)Ra__________
i, ~ R, + hi + (0 + l)^e
(1 + j^CaRa)(R. + hi) + (3 + l)/?e
_ -^[l 4- (ja>/q>2)] f
1 + U'w/wi)

(4-1)

where A2 is the low-frequency input gain, wi is the upper break frequency,

IP J

ib------- ►

WW---- •
hi
<

2e(l + 3)

iL

Ri

R'l

(a)

(b)

Fig. 4-3. Simplified version of Fig. 4-2.
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Ml,
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I
_ L

(a)

a> (log scale)

wlw2

0,
degrees

(b)

em

w (log scale)

o

Fig. 4-4. (a) Amplitude vs frequency for Ce breakpoints, (b) Phase angle vs
frequency for Ce breakpoints.

and u>2 is the lower break frequency. Analytically
A2 —

Ci>2 —

1
RcCe’

_________ R,__________
Ra + hi + (/? + l)jRe

Rs ~l~ hi 4~ 7?e(/3 -f- 1)
ReCe(Ra 4~ hi)

Wj =

(4-2)

(4-3)

The midfrequency input gain of the stage is

Ai =

Ra
Ra + hi

and therefore

Ai
A2

Wi

O>2

The curves of these equations are symmetrical about the geometric mean
of the two break frequencies, V^i^2, when frequency is plotted on a

4-2]
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logarithmic scale. The gain is written

A = |A| 4 0,
where the angle 0 is leading or positive. The angle 0 reaches a peak at
and declines to zero on either side of the peak. Figure 4—4 shows
plots of gain and phase for the circuit of Fig. 4-3.
We now define a parameter A as
A = —
co 2

or

A = 41

(4-4)

■A 2

Thus, A is the separation between the break frequencies, or alternatively,
A is the low-frequency loss of gain due to emitter degeneration. The
expression for gain can now be written in the form
A = A2

1 + OA2)
1 + (jw/Ato2)

(4-5)

The phase is then given by
t co
_ 1 co
0 = tan------ tan
-—
co2

Ao>2

(4-6)

Solving for the maximum phase angle as a function of frequency yields
0 = 0mox at
O) =

= W2V/A,

and thus
$max

= tan 1 x/A — tan 1 —7=
x/a

(4-7)

According to trigonometry, Eq. (4-7) may be rewritten as
^max = 2 (tan 1 x/a — 45°).

Figure 4-5 shows a plot of 0max versus A. Figure 4-6 shows a plot of phase
versus frequency for various values of A. Since these curves are sym
metrical with frequency when frequency is plotted on a logarithmic scale,
only one-half the curve need be drawn. It will be noticed that the phase
shift is appreciable well below o>2 and well above c*>i. However, at one
decade below w2, or one decade above «i, the phase shift is less than 6° for
any value of A.
In network theory the type of network described by Eq. (4-5) or
Figs. 4-5 and 4-6 is called a doublet or a leading doublet. In control-theory
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Fig. 4-5. Maximum phase angle 0m vs separation of .break frequencies A for
a leading doublet.
parlance, it is a lead network. The term doublet refers to the two break
frequencies,
and w2, which are the pole and zero respectively of the
transfer function. Such a network response may be helpful in shaping
the open-loop response of a feedback amplifier or control system, since
it allows the loop gain to be cut at low frequencies without introducing
zero-frequency phase shift.
From the definitions of o>i and o>2

A = ~ =
W2

1)^*.

^ie
hie

4-2]
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Fig. 4-6. Phase angle 0 vs normalized frequency w/wi, with A as a parameter,
for a leading doublet.
If, as is often true,

V » 1,

Rt » hie,

and

(/3 4- l)2?e » Ra + hie,

then we have the approximation
A

o

In this equation
R. = Rf. || Rb =

R'aRb
R'e + Rb
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A = /3 f 1 + —•
\

1

R'a/
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- A ~ _JL_

ReCe~ R,Ce'

The expression for A can be related to the d-c circuit stability to changes
in Ico, 5. If 5 is given approximately as
Q

Rb

S=R-.’
then

1 + —Y
R'J
These equations show that, for the approximations specified, as Re
is increased to give good d-c stability, the low-frequency attenuation, A,
increases. Also the lower break frequency, a)2, becomes smaller as Re
increases; however, W! is not affected much by Re.
On the other hand, if Ra is small and if Re » re and 0re » (R, + ft)
then wi will reduce to l/reCe, while w2 = l/ReCe and A = Re/ra. The
last expression for wi is very simple and should normally lead to a rather
conservative value for Ce.
At frequencies well below w2 the capacitance Ce drops out of the circuit,
and the break frequency of Ci can be calculated, since

»,• = 1/{C,[R; + R> II [R* + R.(l + £)]]}.
The break frequency of C2 may be calculated without any assumption
except that rd may be opened. The output-circuit 3 db point is
1______
C2(«2 + %) ’
Figure 4-7 shows a normalized gain and phase plot, with
for either or c»)o. In this graph

|A| =

substituted

O)

w2

0 = tan -1

Wa

w

The graph of Fig. 4-7 is representative of either the input or output cir
cuit. In the gain plot, the asymptote falls off at 6 db/octave from the
corner frequency, wa, while the actual amplitude response is down 3 db
at wa. In the phase plot, the shift is 4-45°, a lead, at wa. The phase is close
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Fig. 4-7. Normalized gain and phase plot for single-pole circuits.
to six degrees about a decade above wa in frequency, and close to +84°
at about a decade below u>a in frequency.
To work out an example, let us assume in the circuit of Fig. 4-1 that

R'a = R2 = 15K ohms,

Rb = 10K ohms,
Re = IK ohms,

hie = 2K ohms,

fi = 50,

rc(l — a) = 100K ohms.

Let us also assume that R'L is the input to a similar stage. Thus R'L
—
= 1.66K ohms at midband, and R'L = 72j>||[Ate + (3 + 1)#«) =
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8.4K ohms at low frequencies, when the emitter capacitor of the next stage
becomes an open circuit. If we want a low-frequency 3 db point at
20 cycles/sec for the single stage, we can then find Ce. From Eq. (4-3)

ce =

____________ 1______________
|| (Ra 41)]

Here u>i = 2tt X 20 and R8 = 2?'||2?b = 6K ohms.
This makes
Ce = 59 microfarads. Using the approximate formula of Eq. (4-8),
Ce = fi/Raa>i = 66 microfarads, which is good enough, since the nearest
standard commercial values may be 50 or 75 microfarads. The lower
frequency break is u>2 = l/CeRe, which for Ce = 59 microfarads occurs
at f2 = 2.7 cycles/sec. This gives a low-frequency attenuation of A =
20/2.7 = 7.4 or 17.4 db. We now set Ci and C2 to fall off somewhere
below 2.7 cycles/sec, say at 1 cycle/sec. From the appropriate expressions
we obtain
________________ 1________________
Cl =

Rb || [hie + (0 + 1)0

______________ 1______________
= 6.8 Mfd,
2tt X 1 X (15K + 10K || 53K)
and
Co = --------- i------ ~

__________ 1__________

wo(^2 + R'l)

2tt X 1(15K + 8.4K)

= 6.8 gfd.

Hl,

'h
decibels

0 db

6 db/octave

-17.4 db
12 db/octave

i
I
I
I
I
i

i
_________ i
1_______
Wi = u0 = 1 a>2 = 2.7

I
i
I
I
I
I
I
I
w! = 20 cps

Ce
Re
Rb
R'
R'l
Cj

=
=
=
=
=
=

59 Mfd
IK a
10K Q
15K n
1.66K n
C2 = 6.8 /xfd

f

Fig. 4-8. Normalized gain vs frequency for a common emitter stage.
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Here we took Ii'L as 8.4K ohms, the low-frequency input impedance to
the next stage. We have Ci = C2 in this case, because we are cascading
identical stages and have set/, = fo = 1 cycle/sec. Figure 4-8 shows the
composite gain plot of the completed stage. In drawing Fig. 4-8 it is
assumed, as in the calculations, that there is no interaction between the
emitter degeneration and the fall-off due to the coupling capacitors.
Actually, there may be some slight interaction, since the coupling break
is not far removed from w2. For all practical purposes, however, Fig. 4-8
is a good approximation to the actual fall-off. The design has resulted in
the smallest Ce (59 /xfd) consistent.with a 20-cps cutoff. The size of the
coupling capacitors is 6.8 microfarads, which is conservative but still not
overly large.
4—3 Capacitor specification. Voltage feedback bias circuits. Another
basic low-frequency stage is that shown in Fig. 4-9. Here, d-c stability is
obtained by feedback from collector to base. The feedback resistor is
presumed to be split in the center, and the capacitor C is a short circuit
except at low frequencies. At frequencies for which C is a short circuit,
there is no feedback, but as the frequency is reduced C becomes an open
circuit. This provides negative feedback, or degeneration, and reduces
the gain. The net effect is to give a leading doublet whose response is
similar to that of the doublet due to the emitter bypass previously dis
cussed. One of the advantages of this circuit over the emitter bypass
circuit is that the feedback circuit is at a higher impedance level, which
means that C is usually considerably smaller than Ce.
In the circuit of Fig. 4-9 there are two possible choices in achieving
simplicity of design. Either Ci and C2 can be kept short circuits until C

*2

R

R

c2

Ci

R'l
R's

\Rb

Fig. 4-9. Voltage feedback stabilized circuit.
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1b

Rs

hie

Rl

Fig. 4-10. Simplified circuit for voltage feedback case.
has become an open circuit, or vice versa. In either case we must solve the
circuit of Fig. 4-10 for its frequency response. It is assumed in Fig. 4-10
that the collector resistance of the transistor is large enough to be neglected.
If Ci and C2 are still short circuits while the response is falling off due
to C, then Ra = 72£||72b and Rl = 7C2||R'L. However, if Ci and C2 have
been allowed to open up first, so that

R’ +j^c~1>> Rb'
r’l

+j^>>

r*’

then Ra = Rb and Rl = 72 2. In any case, we shall assume Ra » hie, so
that only different Rl& must be considered.
Figure 4-11 shows the high- and low-frequency circuits, with Ra dropped
from the circuit. The transmission at high frequencies is
A —
— -T12 —
— pR
Ai
*1

.R +R hiew.
J\

R

R
R 4- Rl.
R

(4-8)

I
l2

Rl

T
(a)
2R

+
Vi

1

ir
hie

t—4L

(b)

Fig. 4-11. (a) Midfrequency model, (b) Low-frequency model.
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Usually we can make the approximation R » A,e, so that
R
R + Rl

The low-frequency transmission can be approximated by saying that the
output voltage V2 is much larger than the input voltage Vi, so that
V2 = - 2Rir.
At the same time

V2 = -RLi2.

If the feedback is large, then U » ib, and we can say that
u = ir,

which gives the transmission as
A2 — £2
ii

^2
ir

2R
Rl

(4-9)

A more exact analysis would show that for 2R » Ate

2aR
A2 = Rl + [2R/(J3 + 1)] ’
where

a =

PA- 1

Thus for Eq. (4-9) to hold, we need a = 1 and Rl » 2Z?/(/3 -f- 1). In
any case we now know A, the ratio of the two transmissions:

A = 41
A2
Using the approximate formula of Eq. (4-9), we have

A

R \(Rl\
0 R+ Rl) \2R)

RlRl.
(2) \R +

(4-10)

We will now find the lower break frequency, or zero, of the forward
transmission. Multiplying this frequency by A will give us the upper break
frequency. That is
Wi — At02-

i
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Ri

Fi

4

R

I

hi

Rl

QVi

Fig. 4-12. Model for finding o>2-

We avoid finding a>i directly because the algebra is somewhat involved,
whereas u>2 is not too difficult to obtain.
If we define a transconductance, g, as

then the (Sib generator in Fig. 4-10 can be replaced by a V\g generator,
as shown in Fig. 4-12. Since
is the emitter to base voltage, we can
now solve for i’l/i,-. Using this result and the inequality 2g » 1/R, the
solution for u>2 is
2
(4-11)
W2 ~ RC ’
Using the expression for A from Eq. (4-10), we find
0)1 =

1 + 3ft/ftjr,) (ftc)

(4-12)

The response from this pole-zero pair will be the same as that shown
in Fig. 4-4.
We must now find the break points of the input and output circuits,
due to Ci and C2. The circuit of Fig. 4-9 can be represented by those
shown in Fig. 4-13. At frequencies where C is either a short circuit or an
open circuit, Z-in and Zout will be approximately resistive, and the asymp
totic response will fall off at 6 db/octave, from «»• due to Ci and from
due to C2, where
wt- =

_______ 1_______
+ (Rb II Zin)l ’

(4-13)

C2

Ci

R't

Rb

L

Fig. 4-13. Coupling circuits.

Zout

£

\R'l
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-o

+

2R
Z,

F2 *

ZOut

o

Fig. 4-14. Zout with C open.

and

1_________
a>o = -----------C2[(Zout || ^2) + R'L]

(4-14)

If Ci and C2 are allowed to open while C is still a short circuit, then
from Fig. 4-9
Zjn =
= hie,
Zout

= R.

If, on the other hand, C is allowed to become an open circuit before Ci
and C2 start to open, then the situation is more complicated. Due to the
feedback, both Zin and Zout will decrease. In the input circuit, this will
make Zin considerably smaller than hie, so that for all practical purposes
we can say that Zin = 0. We can also say that
|Za|

hie,

no matter what is happening in the input circuit, which allows us to write

V2
ib = 2R 4~ hie
If we make the usual approximation
2R » hie,

then
■ ~ v*
lb — 2R’

and the circuit of Fig. 4-14 can be redrawn as shown in Fig. 4-15.

+
211

>

W?

I

2/C

V2

2R

2ft
3

Fig. 4-J5. Output impedance.
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According to the compensation theorem, the current generator in
Fig. 4-15 can be replaced by a resistance without changing the current
flow. The output impedance by inspection is then
^out

= 2R

|| 2R

II 3

2R

P+ 1’

With this calculation we have completed the description of the lowfrequency response in an R-C coupled stage with voltage feedback stabili
zation. We have calculated the response for two cases, as shown in
Fig. 4-16. In part (a) the frequency response first falls off due to C. After
C becomes an open circuit, the response falls again due to the coupling
capacitors Ci and C2. In the illustration w, and co0 are taken as identical,
though this is not necessary. In part (b) the frequency response first
falls off due to the opening of Ci and C2. Then, after these capacitors
have become fairly large reactances, the response is allowed to drop off
due to C. Again, the break frequencies w» and wo, due to Ci and C2, are
taken as equal, though this is not necessary.
Throughout this treatment it has been assumed that the feedback re
sistor, 27?, is grounded at its center by C. In some cases it may be slightly
more advantageous to place C somewhere other than in the center of 27?,
dividing 2R into two unequal resistances 7?i and 7?2, where

Ri -f- R2 = 27?.

Such an alteration slightly changes the formulas given here, but it is quite

Ml
|

Ml
6 db/octave

zll

12 db/octave

J2

1
/ I

/
/
/
/

I

I
I
I
I

I

I

I
I
I
I

---- u
I
I
I
I
I

I

I
I

I
-j 12 db/octave
I

I
I

I
I

_L

Wi = Wp

"i

(a)

12 db/octave

I

I
l
I
_____ L ____ L_
u>2

18 db/octave

u

u

a>2 Wj

“i — “o

(b)

Fig. 4-16. Low-frequency response for voltage feedback case, (a) Response
first falls off due to C. (b) Response first falls off due to Ci and C2-
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simple to rework the analysis in exactly the same manner to find the break
frequencies.
Finally, we should like to say a few words in defense of the approximate
manner in which the topic of low-frequency response has been treated.
In the first place, there is usually no great need for exactness here. It is
often a matter of total indifference whether the response falls off from
5 cycles/sec or from 20 cycles/sec. Thus the designer may have tolerances
of several-hundred percent to play with. Furthermore, the electrolytic
capacitors used for this work usually do not have close tolerances, and
vary in value with age and temperature. Also, they are available only in
a few standard values, so that after calculating 39 microfarads, say, the
designer is often forced to pick 50 microfarads as the closest value.
4—4 Transformer coupling. General. In this section we shall discuss
some of the problems and benefits associated with the use of untuned
transformers as coupling elements between stages of a transistor amplifier.
The main benefits would appear to be the increase in power gain realizable
through the use of impedance matching between stages, and the fact that
the bias stabilization network no longer needs to shunt the a-c input
circuit. The problems include the frequency-response characteristics of
the transformers, the size, weight, and cost of the transformers, the hum
pickup properties of the transformers, and the increased problems in
circuit design and adjustment brought about by operation with matched
impedances.
Figure 4-17 shows a basic transformer-coupled circuit. It is shown
with current feedback stabilization; however, all the bias compensation
schemes of Section 3-9 are directly applicable to it. The biasing com
ponents, Re, Ri, and R2, are bypassed by the capacitor C, so that all the
power coupled into the secondary of
flows into the base circuit of the
transistor. Resistor Re and the base bias resistors combine to form a re
sistance in series with the load. Normally this may be neglected; if not,
then Re may also be bypassed to ground.

ac
71!

C

~^ECC
/?2

-Ecc

Fig. 4-17. Transformer-coupled common emitter stage.

138

LOW-FREQUENCY SMALL-SIGNAL AMPLIFIERS

Ar:l

[chap. 4
»2

I

R'l

Fig. 4-18. Transformer-coupled hybrid model.

Since the increased power gain of a transformer-coupled stage is realized
through impedance matching, the results of Chapter 2 must be approached
with caution because many of them assume that Rl is small compared to
rd- Figure 4-18 shows a hybrid model with a transformer-coupled load,
R'l. From this circuit we shall write an expression for i2/ia and then
find the value of N required to maximize it:
ia

= N

ro
hf -Rs'
ro 4- N2Rl,
_R, 4- hi - [(Jirh/roN2 R'l)/(to 4- N2R'L)]_

_______________ NroRahf_______________
ro{Ra + hi)N2[R,R'LhiR'L - hrh,roR'L]

aN

N2c 4- b

(4-15)

where
a = roRahf,

b = ro(R, -f- hi),

c — (RgR't 4~ hiR'L — hrhfroR'L).
Setting

d(i2/i.)
= 0
dN
yields the maximum value for i2/ia as N is varied. Performing the differ
entiation and solving, one finds N2 = b/c as the solution. Multiplying
both sides of this expression by R'L and substituting the values for a and c,
we find

N2R'L = —---- = ___________ 1___________ (4-16)
Rs 4- hi - hThfro
h0 - [hfhr/(R, 4- hi)]

J

Equation (4-16) is exactly the output impedance of the hybrid model
with the source connected. What we have shown is that maximum gain
occurs when the reflected load, N2R'L, is equal to the actual output im
pedance of the stage plus its source, not merely to ro = 1/AO.
When both the input and output are transformer coupled, then for
maximum gain Ra must be matched to Zxn while R'L is matched to ZoutIf both the input turns-ratio, N\, and the output turns-ratio, N2, are
selected to maximize the gain, it can be shown that the matched input
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R»

iL

n:l

Z1-*

R/.

Fig. 4-19. Simple transformer coupling.

impedance to the stage will be

Zia (matched) = yhi(hi

hrhj \

(4-17)

and the matched output admittance, with a match at both ends, will be

Tout-(matched) = yjho^ho — hrhf
hi

(4-18)

Equations (4-17) and (4-18) are the geometric means of the impedances
or admittances seen with the opposite end both opened and shorted. It
is further noted that with both ends matched, the proper matching im
pedances are independent of Ra and R'L.
It should not be inferred from the preceding discussion that when
transformer coupling is used in transistor circuits a match will always
be sought in the design. Actually, the reverse is nearer the truth. Al
though matched conditions always give maximum power gain, quite a bit
of mismatch may be used without seriously reducing the gain per stage.
Since such other factors as distortion, noise, voltage breakdown of the
transistor, and practical transformer design must be considered, a compro
mise design usually results rather than a match.
To illustrate the effect of mismatching on current gain, consider the
simple circuit of Fig. 4-19. Here ZY = 7i2Rl, so that
A =
R,
is
Ra + Zi
iL = nii.

This gives a current gain A, where

A ~ i.

nRa
Ra + n2 Rl

_______ n_______
1 + (n2RL/R.')

If we define an optimum turns-ratio no as that for a match, then
HqRl — Rt)
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A/Am

Normalized current gain A/Am
vs
normalized turns ratio n/n0

1.0
0.8
0.6

0.4

0.2
I_______ 1
12

0

1______ _ n/n0
4

|
3

Fig. 4-20. Loss of current gain with mismatch.

and
n
1 + (n/no)2

iL

Normalizing to Am, the maximum gain at n = no, where
=

2 ’

we obtain
2(n/n0)
1 4- (n/no)2

_A_
■dm

Figure 4-20 shows a plot of the normalized current gain versus the
normalized turns-ratio. To show the symmetry of the curve and to em
phasize that little gain is lost with mismatch, we draw this curve again,
this time plotting the relative gain in db versus the quantity (n/n0)2,

-(A/Am),
decibels

Loss of current gain in db
vs
ratio of
impedance mismatch

0
+2
+4
+6

+8
+ 10

___ L
.
1

16>

8

1

1

i
4

1
2

1
1

2

J.
4

I
8

I
16

32

Impedance mismatch
** (n/no)2

Fig. 4-21. Loss of current gain with mismatch.
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the ratio of the impedance mismatch. The current gain in db is taken
here as
A in db = 20 log A,

in accordance with standard usage. From the new plot, shown in Fig. 4-21,
we see that a 4-to-l impedance mismatch results in a loss of only 2 db.
We also see that the loss is the same for a load too high by a factor of 4
and too low by a factor of 4.
Considering the case where the stage is transformer-coupled at both
input and output, if a mismatch exists at both ends the total loss in gain
will just be the sum of the losses in db at the input and at the output. It
is useful to know what the matched condition is when designing a trans
former-coupled stage in order to be able to make an intelligent compro
mise between the gain and the other factors involved in selecting the
transformer. From Fig. 4-21 we see that we can pick impedance level
over a rather wide range without drastically reducing the current gain.

4-5 Low-frequency response of transformer-coupled amplifiers. The
gain of the circuit of Fig. 4-17 will fall at low frequencies as the trans
former shunt inductive reactance falls, and as the reactance of the bypass
capacitor increases. We shall assume that C is large enough so that the
transformer governs the low-frequency fall-off. This normally is a reason
able assumption, since the small size of many transistor-circuit trans
formers leads to small cores and low inductances. Many commercial
units have frequency responses that begin to decay below several kilo
cycles.
An equivalent circuit for an audio transformer is given in Fig. 4-22.
This circuit neglects core loss, which is usually quite small for audio
transformers. Also neglected is the winding capacitance. In Fig. 4-22, k
is the coefficient of coupling, which is usually only slightly less than unity.
and R2 are the winding resistances of the primary and secondary and
Li and L2 are the inductances of the primary and secondary. An ideal

\—- Ideal transformer
i-------------- -I (1 — A-)L2

*1

i

1

R2

JI

A-Ld
i

o

4i_

> i

n:l J

Fig. 4-22. Equivalent circuit for transformer.

■o
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J

k

kLi

kL2

I

r

____ _

n:l
ml
Ideal
Ideal
Fig. 4-23. Low-frequency transformer models.

transformer with a turns-ratio of n primary turns to 1 secondary turn is
included as part of the model.
An actual transformer has its high-frequency response limited by its
leakage reactances, (1 — k)L\ and (1 — k)L2. At low frequencies these
reactances become negligibly small, and can be dropped from the circuit,
leaving the low-frequency equivalent circuit shown in Fig. 4-23. The
magnetizing inductance can be taken either as kL\ and placed in the
primary or as kL2 and placed in the secondary. The reason for this is
that the inductance is proportional to the turns-ratio squared, that is,
Ll = n2.
Z/2

At low frequencies the magnetizing reactance becomes a short circuit
and causes the transformer response to fall to zero. This is best illustrated
by considering the circuit of Fig. 4-24. Here the transformer is between
the source, with an impedance Ra, and the load with an impedance RlOften, the winding resistances Ri and R2 are small and can be neglected,
as in Fig. 4-24. The magnetizing inductance is

L — kLi == Li,
since k = 1 for an audio transformer. If L is not known, it can easily be
determined by measuring the inductance of the primary with the second
ary open. When making this measurement, a d-c current should be
inserted into the primary to give the same net d-c ampere-turns that will
actually flow in the circuit. In general L decreases as the d-c current
increases.

Rl
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4/»
L

Rs

k2Rl

Fig. 4-25. Load reflected into primary.

When the load is reflected into the primary, the circuit of Fig. 4-24
becomes that shown in Fig. 4-25. Solving for the current gain A, we have

A=U
2S

nR,

Ra 4“ n2 Rl

X

_______ jwL_______
(Ra || n2RL) 4- jwL

(4-19)

The frequency response thus falls off at 6 db/octave from the 3-db fre
quency, w0, where
Ra || n2RL
(4-20)
Wo
L

Transformers are usually rated by the manufacturer for use with load
and source matched, so that
Ra = ti2RlIn addition, the impedance level and the 3-db frequency are usually
specified. Thus, for a 50K-ohm to 2K-ohm transformer with a 30 cycles/sec
lower 3-db frequency
2
n,
50K
9_
Rs
n

or n = 5, and
L =

Rs/2

25K
2tt X 30

= 133 henrys.
If such a transformer is used matched, but at a different impedance level,
then a>0 is proportional to Ra. For example, if it were used to match
100K Q to 4K fi, then fo would be 60 cycles/sec. In the event the trans
former is not going to be used matched, L should be measured or cal
culated from the manufacturer’s specifications, and wo calculated from
Eq. (4-20).
One should be cautious about using a transformer at impedance levels
differing too greatly from those specified by the manufacturer. At much
higher impedance levels, the winding capacitance may become appreciable
and cause a resonant peak in the high-frequency response. At much
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lower impedance levels, the effects of the winding resistance again may
become appreciable, both reducing the gain (transformer efficiency) and
giving a poorer low-frequency response than that expected.
For example, the 50K-ohm to 2K-ohm transformer previously mentioned
may be designed so that the winding resistance is about 10% of the
terminating resistances. Thus Ri = 5K ohms and R2 = 200 ohms. At
the 50K-ohm to 2K-ohm level this gives an actual gain of
A — 71 X

50
= 2.27,
50 + 60

instead of the nominal gain of

z = 2.5.

A = ?

This is a loss of 20 log (2.5/2.27), or only 0.84 db.
If, however, this transformer were used instead of one for a 5K-ohm to
200-ohm level, then the actual gain would be

A = nx^ =125Thus the transformer loss over the norminal gain of 2.5 is now 6 db.
Also, if the winding resistance were ignored, we would expect the 3-db
frequency fo to decrease from 30 cycles/sec to 30 X (5/50) or 3 cycles/sec.
Actually, including the winding resistance
Wo

(R, + Rt) || n2(R2 + Rl)
L

so that the actual f0 is 6 cycles/sec.
There is also a certain amount of danger in extrapolating the propor
tionality of f0 to Ra too far in frequency below the rated fo, since at very
low frequencies L becomes a function of frequency, and decreases as fre
quency is lowered. This can cause large distortion and a fall-off that is
faster than 6 db/octave at very low frequencies. Also, the 3-db frequency
expected from scaling down the impedance level is often not realized, due
to the fall-off of L.
Aside from operating the transformer somewhere near the impedance
level prescribed by the manufacturer, it is also important to avoid ex
ceeding the d-c current rating and signal level specified. The small-core
transformers used in transistor circuits saturate at rather low levels,
causing large distortion and poor low-frequency response. Better response
can always be obtained by keeping de out of the windings or by running
push-pull, so that the de in each half of the primary or secondary winding
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is in an opposite direction, giving no net ampere-turns to contribute to
core saturation.
In actual practice it is not always possible to separate the effects of the
transformer inductance and the bypass capacitors on the frequency re
sponse. When this happens, there may be no alternative but to write a
complete gain expression; however, it is usually possible to simplify the
resulting expressions. Consider the circuit illustrated in Fig. 4-33. In
this case both Ce and L may have to be considered simultaneously when
writing the input impedance expression. From the output viewpoint if
rd » Re, then it is reasonable to write

ii

&rdn
pL
.______
Lrrf + (pLn2RL/(pL + n2RL)\ \pL 4- n2RL.
&rdn
?d + n2RL,/ \P 4- wi

V- p .

The input impedance expression may also be somewhat simplified by
dropping the
term, by dropping the unity from the (1 4-3') term, and
again assuming rd » Re. When these suggestions are followed

~ (
fadT'
=
\r<i + n2RL

/p 4~

4~

,

4- u)i/ \P 4- w3/

where
Wi

"3

rjn2 Rl

~ L(rd + n2RL) ’
R.Ce ’

—
O)4 =

n2 Rl
L ’

4~ Re
reReCe

Then

G.+zJfe)
This expression has zeros at a? = 0 and at w = w3 = l/ReCe, and two
poles that are not simply specified in the general case. A quick, though
often unduly pessimistic, estimate of the position of the poles is to assume
one of them to be at o)2 and the other to be at co4.

In the above expressions we have used a notation which, while it seems con
venient, is not very rigorous. Rather than continue our initial practice of always
assuming a sinusoidal input signal, we have written the transfer functions in
terms of the complex variable, p. (Some circuit analysis books use s instead of
p in their transform notation.) When a transfer function is written in this form,
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as the ratio of the Laplace transform of the output to the Laplace transform of
the input, it should really be expressed as
Z2(p)
Zi(p)

where Z2(p) = <E[i2(OL etc.

Since the general transform notation clearly presents the pole-zero pattern of
the network and hence makes evident its steady-state sinusoidal behavior as
well as its transient behavior, we shall use this notation from now on. On the
other hand, since no real confusion seems likely to occur by using expressions of
the form of 12/1’1, without a modifier such as (p), to denote such expressions, we
shall continue to do so. Thus in its transform guise we would write Eq. (4-1) as

i.

•4i(p 4~ <*>2)
(p 4- U>1)

^4 i(p
<*>2)
(p 4- Aw2)

which has a zero at p = —C02 and a pole at p = —Aw2- If the reader has no
experience with pole-zero concepts as applied to the steady-state amplitude and
phase response and to the transient response of amplifiers, he would do well to
examine these topics before he reaches Chapter 7 of this book, One good intro
duction to this material is found in Chapters 14 to 16 of Electronic Circuits, by
E. J. /Vngelo, Jr., McGraw-Hill, 1958.

4-6 Direct-coupled amplifiers. There are several reasons for dispensing
with transformer or capacitive coupling and coupling various amplifier
stages either directly or through a resistive network. The obvious reason
is that the application (a direct-coupled oscilloscope or an analog com
puter amplifier, for example) requires that frequencies down to and in
cluding zero be handled by the amplifier. A second reason concerns the
problem of amplifier stability. As we shall see by combining direct coup
ling with a resistive feedback circuit around several stages, it is possible
to reduce the stability of at least one stage to less than unity. Appropriate
reactances may be employed so that the a-c feedback is negligible (or
much smaller than the d-c feedback), thus yielding a circuit with good
stability and a high a-c gain. Problem 3-17 shows one example of such a
circuit. (For a-c use of this circuit one would bypass R\ and R4 with large
capacitors.)
We shall now examine several amplifiers employing direct coupling.
In the first case we want amplification down to de and will not employ
multistage feedback. The main problems with such amplifiers are those
related to the prevention of excessive drift, since any variations in the d-c
conditions of any one stage are often amplified by later stages. One
solution to such problems was pointed out in Section 3-10 when balanced
pairs were considered.
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Rl
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^1.4v

jL +
Silicon
diodes

Fig. 4-26. Germanium transistor d-c amplifier.
In addition to using all the diode and thermistor compensation schemes
of Section 3-9, one may employ silicon transistors, to reduce Zco problems,
and operate the first stage at low collector current, to reduce the heat
generated at the collector. In high-gain amplifiers requiring low drifts,
all these methods may still be insufficient. The next step will probably
be the introduction of a multistage feedback loop, chopper stabilization,
or an ambient temperature regulating scheme such as an oven.
If a several-stage d-c amplifier is considered, then various coupling and
bias combinations that have not yet been explicitly pointed out might be
considered. Figure 4-26 shows the use of forward biased silicon diodes as
d-c bias sources with low a-c impedance. It also shows a method of re
ducing the effects of Ico by supplying it with a path that does not allow it
to change the Q-point.
The diode in the input circuit should be of the same material as the
input transistor and should have the same Zco, which should follow the
same law of variation with temperature. If Zco for the diode is called Id,
then a simple analysis shows that

Zc, =

ai(^ce — Veb)
7?b(l — aj

+

Z co
a-\I D
1 — ai

Thus if Ico = cliId for all temperatures, ZCl will be independent of Ico.
In an effort to find a similar Ico characteristic, one might employ the col
lector-base diode of another transistor of the same type as the first stage.
The forward biased silicon diodes in the emitter leads provide a low
variational impedance, while at the same time providing sufficient d-c
drop so that successive stages may operate at higher base voltages without
saturation.
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Fig. 4-27. Biasing model for the second stage of Fig. 4-26.

Let us now consider the second stage of Fig. 4-26. Suppose that for
some reason the Ic0 of the first stage can not be dealt with there, but it is
desirable to prevent its effects from proceeding beyond the second stage.
If the d-c gain of the first stage is written as Si, then Fig. 4-27 shows
the biasing model for the second stage. Now
*c2 =

Go

1 — a2

Ecc

- Vp - Veb - I'c.Rl
Rl + Rc

l/{Rl + l?c)l
+ Zco2 — EllCO(1i(121R
— a2)

so that if a current (SiZC0, — IC02) could be removed from point b,
then IC2 would be independent of the Zco’s of both stages. (This assumes
Rl » Rc } In theory a back-biased diode might be employed again; in
practice the problem of finding one with the proper characteristics will
probably preclude this approach.
Figure 4-28 shows an alternative
approach. By manipulating Ri and
R2, one may adjust the collector
current of this auxiliary stage to the
desired value. Then, to the extent
that the Zco’s of the various transis
tors follow the same law, the can
cellation will remain effective as
temperature varies.
One might
Ecc
make R1 1 to 2K ohms and R2 a
lOOK-ohm, linearly variable resis
tor. The total current through the
compensating transistor will then be
Fig. 4-28. An Ie0 removal circuit.
Ri 4~ R2
Ic = .Ri + (1 — 0)^2. I co

-

aVeb
Ri -j- (1 — cl) R2

L
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Fig. 4-29. PNP-NPN d-c amplifier.

Thus Ic will increase with #2- Since the required total current is often
only 30 to 60 microamp, Veb will be much smaller than the values normally
encountered. For example, with a total current of 30 microamp, one may
find that Veb = 30 millivolts.
Figure 4-29 shows a P-N-P to N-P-N coupling arrangement. As Rei
is increased to reduce Si, the gain of the first stage falls. Since ZC1#i =
Ie2Rc2 one requires that ZC2 » ZC1, which means that the input im
pedance of the second stage will be large compared with Ri and that the
gain will be low. Replacing Re2 by a battery or either a set of forward biased
silicon diodes or a reversed biased Zener diode (see Chapter 6) will provide
the voltage drop without causing a high input impedance. In this case
(SiICOl + ZrO2) must be removed from the second base to make ZC2 inde
pendent of I co- In Chapter 6 we shall have occasion to consider several
d-c amplifier circuits in some detail. Another technique worth pointing
out at this time is the reduction in voltage possible from collector to base
if a battery or Zener diode is used as a coupling element. Such a coupling
element does not remove Ico and
problems, but it may at least place
the Q-point in a position where small changes in temperature do not
cause cutoff or saturation. As a corollary, the signal swing, at constant
temperature, is also larger in this case. Many of the voltage regulator
circuits of Chapter 6 will use an avalanche (Zener) diode as both a refer
ence and a coupling element.
4-7 Multistage amplifiers with d-c feedback. Figure 4-30 shows the
circuit of Fig. 4-29 with an added feedback resistor from the collector
of T2 to the emitter of Ti. If desired, the two emitter resistors can be
bypassed, so that for ac the feedback is zero. In addition, the input and
output couplings are assumed to be capacitive, so that the circuit shown
may be considered as a d-c entity.
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J-Fcc
L
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o

/f2

Fig. 4-30. PNP-NPN amplifier with d-c feedback.

Now the application of straightforward analysis leads to the following
equation (base-emitter drops have been neglected in this derivation):

L. =

k\E 4- S\ICoi — ^282^co2
1 4- A?2&3

(4-21)

where

—

fc3 =

___________ O1__________

k2 =

Pci + (1 — ai)Rb
______ a2R\
Re2 4" (1 — fll) Rl

____ Re2 4~ Rl____
82 — Re2 4- (1 - a2)Ri ’

$1

=

Ph =

fcj ReiR2
Rei 4- Rf 4" R2

Pei 4~ Rb
pei 4- (1 — a^Rb ’
Rev{Rf 4~ #2)
Rd 4“ Rf 4- R2

The same equation could have been obtained from the feedback ap
proach. In this case the factor written here as k2k3 would have been
grouped differently, so that the resulting product would be recognized
as the open-loop gain for the amplifier from the emitter of T\ back to itself.
That is
—&2^-3 —

________ ai

________

-Pei 4" (1 — ai) jRbJ

— 0,2 R2
_______________________

.1 (

.Ai___ ).

4~ (1 — a2-)Z?i ] \Z?C1 4- Rf 4- R2)

The quantity within the first bracket is the voltage gain of Ti, from
emitter to collector. The quantity within the second bracket is the voltage
gain from base to collector of T2, while the quantity within the parentheses
is the resistive feedback coefficient.
The effect of feedback is thus to divide the stabilities of the individual
stages by the return difference of the over-all network. If the open-loop
gain is large, each of the new
terms may be small. In addition, the
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effects of the two Zco’s tend to cancel, so that the over-all stability for Tx
may be much less than unity.
From the same analysis we may write an expression for IC2:
/c2 =

kik^E 4~ k3SiICOl 4- S2Ico2
1
k2k3

(4-22)

In this case the over-all stability still becomes smaller as the loop gain
increases; however, in the extreme case where k2k3 » 1 the over-all
stability of the second stage cannot be less than S\/k2, which, assuming
Qi —> 1, reduces to

!+^+

,R/(1 4~ Rb/Re) + Rb
R2

This expression will always exceed unity, so that while the over-all
stability of the first stage may be reduced below unity, the over-all sta
bility of the second stage will always exceed unity. There are practical
applications, such as low-noise, small-signal amplifiers, where the Q-point
of the first stage needs much closer control than the Q-point of the second
stage. In such applications, this two-stage feedback approach may be
profitable.
Other two-stage combinations are possible. Their analysis is generally
more involved, because one loses the current-generator collector coupling
which allows Fig. 4-30 to be split easily into two parts. Figure 4-31 shows
an emitter follower driving a second stage. If Re2 were bypassed, then
the second stage would be a common emitter for ac. Resistor Rf provides
a d-c feedback path from output to input. To prevent a-c feedback Rf
would have to be split somewhere near its center, and this new node
bypassed for ac.
From the discussion in Section 3-7 we would expect the stability of
the first stage to be improved, since the base resistance is reduced by

^2

o

Fig. 4-31. Feedback bias circuit.

o
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the voltage gain from the input base to the output collector. There is a
further decrease in the over-all stability factor of the first stage, because
the effects of ICOl and ICO2 are in opposite directions and hence tend to
cancel each other.
This circuit may be analyzed by splitting it at the collector of T2.
One then converts the input of T2 to an impedance and generator in paral
lel with Rei and writes an expression for Zei. The voltage at the emitter
of Ti is then used as the drive for T2, which results in a second equation
relating Iei and Ie2. The algebra is somewhat involved, but it is straight
forward. We shall present only a simplified version of the general case:

=
Y

k\Ecc + k2Icoi — fe 4- k4lk5')ICO2
1 -f- ^4/06

_ k\kf,Ecc
e2 “

k2k*ICOl 4- (&s — k3k$)ICO2
1 4- kfa

The six constants are functions only of the various resistances in the
circuit. Again, fc4fc6 may be interpreted as the magnitude of the open
loop gain, so that variations are divided by the return difference around
the loop. When the loop gain is much greater than 1
^2-^coi

^Z^eZcoi

(1 + k^ko)

k±

— I COl

i + »>
/t2/

so that again the variations in 112 caused by IC01 always exceed the actual
changes in ZCO1.
By adjusting Rf, the term (k2 — k3 — fc4fc5) may be made equal to
zero so that if ZC01 and ICO2 have equal initial magnitudes and vary identi
cally with temperature, then the shift in the Q-point with changes in Ico
may, in theory, be made to approach zero.
Suggested Reading

1. F. H. Blecher, “Transistor Circuits for Analog and Digital Systems”,
B.S.T.J., 295-332 (March 1956). A very nice exposition on a three-stage d-c
amplifier for use in an analog computer. Contains a discussion of the necessary
phase shaping networks to prevent oscillation as well as the automatic zero
setting circuits to remove drift problems.
2. J. R. Biard and W. T. Matzen, “Drift Considerations in Low-Level Direct
Coupled Transistor Circuits,” IRE Conv. Rec., Part 3, 27-33 (March 1959).
3. E. Keonjian, “Temperature-Compensated DC Transistor Amplifier,”
Proc. IRE, 42, 661-671 (March 1954). Contains a summary of the character
istics of various nonlinear devices which might be used as temperature compen
sating elements. Experimental results are presented for several simple ampli
fiers.
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4. J. P. Vasseur, Proprietes et Applications des Transistors, Societe Francaise
de Documentation Electronique, Paris, 1958. Chapter 5 is concerned with
biasing. Section 5.5 contains a number of two-stage amplifiers with d-c feed
back. This is an excellent book which unfortunately does not seem to be widely
known in this country.

Problems
4-1. At the Q-point for the circuit of Fig. 4-32 0 = 50, ra = 30K ohms,
re = 20 ohms, and r^ = 200 ohms. Bias the circuit at Ie = 2 ma and make
S = 10. Calculate the midfrequency gain. Now assume that Ci and C2 are
still large enough to be ignored, and calculate Ce to make the low-frequency
break point, wi, occur at 100 cps. If Ci = C2 = Ce/10, where do the break
points that they introduce occur? Plot 20 log
versus frequency.
+9 v

2K 2

PV
fT
Ci

20K 2

Figure 4-32

<500 2

7?2

IK 2-

4-2. In the circuit of Fig. 4-33, assume that C\ is essentially a short circuit
for all frequencies of interest, that the transistor parameters are the same as
those of Problem 4-1, and that the volume control is set at -J of maximum.
(a) If the primary inductance of the transformer is 20 henrys, how large
must Ce be if the low-frequency break point caused by the emitter circuit is to
be at yp the break point caused by the transformer?
(b) If Ce = 25.0 Mid and L = 20 henrys, plot 20 log |iz,/t«| versus frequency.
(c) The value of
is increased to 100 ohms by adding 80 ohms external to
the transistor. Repeat part (b) under these conditions.
0 —6 v

10K 2/500 2
transformer____

33K 2
O

L

,5K 2

IQ

t

U
500 2

300 2^

^T^Cc

Figure 4-33
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4-3. Assume that the coupling capacitors in Fig. 3-22(b) are large enough
to be ignored at the breakpoints caused by the bypass capacitor C. Assume the
68K-ohm feedback resistor is split at its center into two 34K-ohm resistors.
Calculate thq^ value of C necessary to cause the low-frequency breakpoint to
occur at 15.9 cps. Still ignoring the coupling capacitors, calculate the complete
amplitude-frequency response for this amplifier under these conditions. Use a
20K-ohm source impedance and the transistor parameters of Problem 4-1.
4—4. Repeat Problem 4-3 for the case where the 68K-ohm feedback resistor
is divided as shown in Fig. 3-22(b).
4-5. For the circuit of Fig. 4-34:
(a) Calculate R to set the Q-point at 25 volts and 1 milliamp.
= 5 micro
amp at this Q-point. The germanium transistor has
= 50,
= lKohms,
hre = 0.5 X 10-3, and
= 20.4 micromhos.
What is S for this circuit?
Calculate the shift in Q-point due to the self-heating of the transistor. Is it sig
nificant? (Ico doubles every 10°C, Vd> shifts 2.5 mv/°C, and 0 = 200°C/watt.)
(b) Find N for maximum current gain i'l/i,. Evaluate this current gain.
(c) With a sine-wave input current, what is the peak load current i’l without
the introduction of clipping. Assume clipping occurs at Ic = 0 and Vce = 0.
What is the power output with this value of output? What is the power gain
(consider the 49K-ohm resistor as part of the generator) ?
(d) Would appreciable additional power result if the iK-ohm emitter resistor
were bypassed with a large capacitor?
6:1

AT:1

U--------- ►

IK a

49K n

C

5K -Q

IK I?

C is assumed
to be an a-c
short circuit

"1-

-="26 v

Figure 4-34

4-6. Assume that the circuit of Fig. 4-31 has the following numerical values:
Rei = 3K ohms,

Re2 = IK ohms,

Ri = 0,

R2 — 5K ohms,

R3 = 10K ohms,

Rf = 25K ohms.

Show that considering only changes caused by Z«,’s
AZC1 — 2.1/coj

1.17(02,

AZC2 = 3.3ZC01 + .5Zc02.
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4-7. Two phase inverter circuits are shown in Fig. 4-35.
(a) Calculate the Q-point for each circuit.
(b) How large would R have to be if the two outputs of circuit 1 are to have
equal output impedances? If both outputs connect to IK-ohm loads and R is
adjusted so that the output impedances are equal, then what value must the
emitter resistance have to produce equal voltages at 62 and 63.
(c) What value must r have to make 62 and 63 equal in magnitude? (Cir
cuit 2)
(d) Calculate 63/1, for both circuits when circuit 1 is adjusted as suggested
in part (b), and 62 and 63 of circuit 2 are equal.
(e) If the low-frequency response of circuit 2 were set by the size of C, then
what value should C have to set the low-frequency breakpoint, o>i, at 50 cps.

+ 16 v
IK £2

40K n

V3

^20K n
re = 25 £2
a = 0.98
rb = 500 £2
rd = 40K £2

“A

R

;iOK £2

980 £2

Circuit 1

e2

1

1

-16 v

x
50K £2

■o

10K £2
IK £2

I la.

IK £2

16 v

HUF
— 16 v

c

IK £2
IK £2

50K £2
r
WV\A10K £2

Circuit 2

Figure 4-35

«2
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4-8. Show that for a cascade of identical transformer-coupled, common
emitter stages the maximum power gain per stage will result when the turnsratio is
1/2
1
N =
hji i — Kthj *
4-9. In the circuit of Fig. 4-36, assume a\ = a2 = 0.97. Choose R to bias
the first stage at Vce = 0.75 volt. Assume that
= 125 millivolts, Vtx2 =
150 millivolts, It2 = 1 milliamp and that the drop across the silicon diode is
600 millivolts. (The value for Vcei = Vbt2 + Vd, and Vb<2 sets I,2; hence these
are not independent variables.) For your initial expression for R, assume
What is the numerical value of dEz/dlw! How much
ICO\ = 1 microamp.
can IOOi increase before the second stage is cut off? Assume cutoff occurs when
Vbe = 100 millivolts. Design an I'co
t compensating circuit for installation between the two stage, so that in theory dE2/dIt«»i = 0. For this case assume
leo = 2 microamp, at the ambient temperature, for all transistors. Assume that
Vbe = 50 millivolts and a = 0.98 for the compensating transistor.
•4-3 v
o

n

iok

R

IK fi
-o

I

o-

e2
Germanium
transistors

Silicon

Figure 4-36
Ecc

4.8K Q

|/£>
*1

60K n

o—

2K Q

IOK Q

Zin

HP
i4.8K n

;4.8K Q

Figure 4-37
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4-10. Figure 4-37 shows an R-C coupled circuit in which one obtains a low
S, a reasonable gain, and a high input impedance simultaneously. These results
are obtained by returning the bias resistors to the top of the a-c emitter re
sistance. Assume the transistor parameters of Problem 4-1. Calculate |i2/ii|
and Zjn, both for the midband where all C’s may be considered as a-c short
circuits and at a low frequency where all capacitors may be considered as open
circuits. Calculate S for this circuit.

CHAPTER 5
POWER AMPLIFIERS

Most of the amplifiers we have studied thus far have been current
amplifiers. Their purpose is to give a current gain. They were designed to
give a certain output current swing which was presumed to be small
enough so that distortion was negligible, permitting linear incremental
models to give a complete description of the transistor. Power output was
not a design criterion.
The output stage of many amplifiers, on the other hand, must be de
signed to deliver a specified amount of power. The two most common
power applications are amplifiers which drive loudspeakers and servo
motors. In the interest of size and economy the output transistors in such
cases are usually selected to be just large enough to handle the output
power plus some safety factor. To produce the desired maximum output
power, then, requires that voltage and current excursions cover most of
the usable transistor collector characteristics. Distortion is usually a
problem, and transistor characteristics must be consulted to decide how
to minimize distortion. Power dissipation is a major problem, and power
gain is of interest since it is normally desired to have enough power gain
in the last stage so that the preceding stage need not be a power amplifier,
but a low-power current amplifier. However, minimizing the necessary
transistor power rating, which is the same thing as maximizing the circuit
efficiency, is normally much more important than maximizing the power
gain.
In this chapter we shall discuss low-frequency transistor power am
plifiers. Certain general power-amplifier topics, such as the calculation
of the distortion produced by a particular curvature of a transfer function,
are available elsewhere and will not be repeated here.
5-1 General power-amplifier considerations. Figure 5-1 shows the
idealized output characteristics of a power transistor. The allowable
operating region on this characteristic will be limited by the maximum
and minimum values of Ic and Vce, and the maximum value of the col
lector power dissipation. These limitations will be discussed in Section 5-2.
In Chapter 4 it was shown that for maximum power gain one should
match the load to the output impedance of the amplifier. What we de
sire now is maximum power output from a given device, or maximum
efficiency in converting the power supply energy into signal energy.
Clearly, device dissipation will be minimized if maximum current flows
158
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Ic, amp

3

2

1

lb = 150 ma
lb = 75 ma

lb = 25 ma

1------------- io------------- 20------------- sT’'"’ volts
Fig. 5-1. Output characteristics of a power transistor.
configuration.

Common emitter

when there is a minimum device voltage drop, and if minimum current
flows when there is maximum voltage drop. These criteria are satisfied
by a load line between (Imax, Vmin) and (Zmin, Vmax). If the points Imax
and Vmax are the limiting values of the device, then this load line will
yield the largest possible current and voltage swings and hence the largest
allowable power output. For example, if Im0LX = 3 amp, Fmax = 20 volts,
/min = 0, and Vmin = 1 volt for the characteristic shown in Fig. 5-1,
then the desired load would be 6J ohms, rather than the IK ohms that
the curve slope seems to indicate for rj.
Power amplifiers may be classified in several ways. Perhaps the simplest
classifications are single-ended and double-ended. By definition, singleended means that there is only one transistor, or several in parallel, driv
ing the load. Double-ended, often called push-pull, is used to describe
a two-loop configuration in which the output currents are out of phase in
the transistors but add in the load. By out of phase is meant that as one
transistor drives toward cutoff the other drives toward saturation.
Figure 5-2 shows two single-ended stages and Fig. 5-3 shows two doubleended stages.
There are several reasons for preferring double-ended to single-ended
stages in most power amplifiers. A double-ended stage allows the output
power to be shared between two transistors, so that each handles one-half
the power. An alternative way to do this would be to put two transistors
in parallel, as shown in Fig. 5-4. However, in this case both output cur
rents flow in the same direction through the transformer winding. Thus
there is a net d-c magnetizing flux in the transformer core which tends
to saturate the core. This limits the signal-handling capabilities of the
transformer and causes increased distortion. In the double-ended stage
of Fig. 5-3(b), however, any d-c magnetizing flux in one-half of the
primary is cancelled by that in the other half of the primary. Thus if
the two halves of the double-ended stage are balanced, there is no net d-c
magnetizing flux.
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-•------ io
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o

(a)

(b)
Fig. 5-2.

Single-ended stages.

»i—

Rl

1
(a)
Fig. 5-3.

(b)

(a) Complementary symmetry stage, (b) Push-pull stage.

o—

Rl

o

Fig. 5-4.

Parallel-transistor single-ended output.

Power output stages are very rarely capacitor-coupled to a load, since
this wastes signal power in the d-c path (unless a shunt inductor is em
ployed as a d-c feed) and usually requires an enormous coupling capacitor.
Often, however, it is desired to dispense with the output transformer and
to drive the load directly. Here, again, since the load is usually a mag
netic transducer (servo motor or loudspeaker), we wish to keep de out of
the load to avoid magnetic saturation. This can be achieved with the
double-ended stage of Fig. 5-3(a), but not with the single-ended stage of
Fig. 5-2(a).
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Another reason why double-ended stages are to be preferred is that even
harmonic distortion from the two sides tends to cancel. Finally, doubleended stages have an advantage over single-ended, or parallel singleended, stages in that they can be operated Class B with lower transistor
dissipation for the same power to the load. It is impossible to do this with
a single-ended, wide-band stage.
Power amplifiers are classified by the percent of the cycle over which
conduction occurs as Class A, Class B, and Class C. In Class A each
transistor of a double-ended stage conducts 100% of the time. In Class B
each transistor conducts 50% of the time, on alternate half-cycles. In
Class C conduction occurs for less than 50% of the time, so that gross
distortion of the waveform occurs. Since Class C cannot be used in audio
or servo amplifiers and is used only in tuned radio-frequency power
amplifiers, it will not be discussed in this chapter. Amplifiers are often
built in which each of the push-pull transistors conducts more than 50%
but less than 100% of the time. These are said to operate in Class AB.
Finally, push-pull amplifiers can be classified according to whether both
transistors are of the same type or whether one is P-N-P and the other
N-P-N. The latter is called a complementary symmetry stage, whereas
the former, being of much older vintage and more common, has no special
name.
Figure 5-3(a) shows a complementary symmetry stage and
Fig. 5-3(b) shows a regular push-pull stage using identical transistors.
Complementary symmetry stages have the advantage of being push-pull
but only requiring a single-polarity input signal. Also, they lend them
selves to direct coupling to the load, as in Fig. 5-3(a), but have the dis
advantage of requiring both a positive and a negative power supply. The
most serious problem with complementary symmetry is the obtaining of
P-N-P and N-P-N power transistors with matching characteristics.
This is a practical manufacturing difficulty that is gradually disappearing.
5-2 Power transistors. In order to satisfy the various specific demands
which the power amplifier circuit imposes on its control device, a number
of transistors have been deliberately designed to emphasize the desired
characteristics at the expense of other properties considered as secondary
for this application. A good resume of the construction and character
istics of power transistors is contained in a paper by Clark.* What we
shall do here is not to outline the design of the device, but to indicate
what device characteristics are of interest to the circuit designer. Un
fortunately, there is little unanimity among manufacturers as to what
constitutes a maximum value, as to what specific data their device char
acteristic sheets should contain, and as to how this data should be pre* M. A. Clark, “Power Transistors,” Proc. IRE, 46, 1185-1204 (June 1958).
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sented. In spite of this confusion, which on the basis of the experience of
the vacuum-tube industry will continue forever, one can make several
general statements.
The two most likely causes of transistor destruction are excessive junc
tion temperature and excessive junction voltage. It would appear that
one should specify a maximum value for Tj and for junction back biases.
However, it is not clear exactly how this should be done. The question
arises, for example, as to averaging time; that is, does destruction occur
instantaneously if Tmax is reached, or does it take 30 seconds or 5 minutes
or an hour before harmful results make themselves evident? Some manu
facturers now give a maximum temperature for continuous operation and
a higher one for intermittent operation, but this still fails to state a tem
perature at which permanent damage would result in a very short time.
Of course, even if one is given a maximum junction temperature, there is
still a complex thermal time constant problem to be solved if one wishes
to relate the instantaneous power dissipation caused by a particular wave
form to this maximum junction temperature.
The same sort of ambiguity exists with respect to voltage ratings. The
transistor voltage limits may be set by excess surface leakage, by punch
through, or by the “start” of the avalanche phenomena. (See Section
5-3 for further details.) Since none of these phenomena leads to exact
values above which destruction will occur, the maximum voltage rating
is an arbitrary specification. The source of the limitation may or may
not be explained.
The maximum transistor current limitation generally comes from one
of two sources. The first and most obvious is that the transistor current
gain tends to fall at high current densities and thus at high currents. The
manufacturer may arbitrarily set Jmox as the current at which /3 has fallen
to some percentage of its peak value. Another current limitation will
occur when the product of Imax and Vmin (with suitable time averaging)
exceeds the maximum allowable dissipation.
When the transistor is inserted in a particular circuit, there are further
restrictions imposed by the requirement of thermal stability and the
necessity of combining the voltage and current so that the temperature
ratings are not exceeded. The thermal-stability problem was discussed
for the steady-state case in Chapter 3. However, the problem of com
bining the voltage and current to form the instantaneous power input and
then using this as the input to the complete thermal circuit to calculate
the instantaneous junction temperature was not considered.
For normal audio-frequency and servo work the thermal time con
stants involved may be sufficiently long to serve as integrating circuits.
If this is true, and for frequencies above 100 cycles/sec it should be, then
only the average power inputs need be considered. Even so, the problem
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Fig. 5-5.

Thermal circuit of a transistor.

of relating the input power to the junction temperature remains. The
normal analogy is to think of power as analogous to current, temperature
as analogous to voltage, the thermal resistance 0, in degrees/watt, as
analogous to resistance, and the thermal capacity C, in joules/degree, as
analogous to capacity. Figure 5-5 illustrates the junction temperature
problem from this viewpoint.
The temperature drops as we cross 0mb, the thermal resistance between
the junction and the mounting base, then drops further as we cross 0{,
the thermal resistance of the electrical insulation that is usually necessary
between the chassis (heat sink) and the transistor. The temperature
Chassis is the temperature of the heat sink at the point (points) of con
nection between it and the transistor. There is then a further drop be
tween the connection point and the ambient temperature. Thus, even if
the capacitors may be ignored, one must still know or measure 0mb, 0x,
and Ohs in order to calculate Tj\
Tj = Pmb 4- 0< 4- Ohs) 4- Tt

(5-1)

The thermal resistance 0mb is, or should be, supplied by the manufac
turer. For large units 0mb should not exceed l°C/watt and may be some
what smaller. (Values down to 0.2°C/watt have been reported.) By
the proper choice of an electrical insulator, a tight mechanical connection,
and a coating of silicone grease,
may be reduced to a few tenths of a
degree per watt. The heat-sink resistance includes two components, one
impeding flow within the sink and one impeding flow from the sink to
the ambient. The use of good conductivity material of adequate thickness
(one-eighth inch or more) reduces the first component to negligible pro
portions. The second component depends on the placement of the sink
(vertical or horizontal), on whether blowers or other circulators are em
ployed, on the surface condition, and on the area. M. A. Clark states
125°C/watt/in2 of surface as a reasonable rule of thumb. With 10 watts
into a transistor having 0mb = l°C/watt, 0» = 0.2°C/watt, and a 5 in.
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by 5 in. aluminum heat sink, Clark’s estimate would lead to

Tj - Ta = 10(1 + 0.2 4- 2.5) = 37°C,

which appears quite reasonable. As a practical matter the actual Tj
of a transistor in a given thermal circuit with a given power input may
be measured by measuring Ic0, Veb, a, or some other parameter that has a
temperature dependence. This measurement is accomplished by first
placing the transistor in an oven and running a calibration curve of the
parameter variation with temperature. The calibration run for Veb or a
will require a low duty-cycle pulse technique, so that the transistor tem
perature will not be affected by the power necessary for measuring pur
poses. The calibration run for Ico is simple, but the final measurement
run requires that the applied power be removed (Ze made zero) before Ic0
can be measured. This requires a switching technique and also intro
duces the problem of the thermal time constant of the internal active
region of the device, which may be smaller, by a factor of 103 or 104,
than the over-all time constant. The Veb and a measurements may be
made with power applied, thus avoiding this time constant and the
switching problem.
Since power transistors should have high voltage ratings, they tend to
have thick bases; because they must carry high currents, they tend to
have large areas for their collectors and emitters. The combination of
these and other factors has tended to restrict the frequency response of
power transistors rather severely. This means that, even at the higher
audio frequencies, the performance of a power circuit may be restricted
by the transistor rather than by the external circuits. The general fre
quency response problem will be discussed in Chapter 7. For the present,
we shall usually assume that the low-frequency model is adequate for our
transistors. One important limitation imposed by the poor high-frequency
response of many power transistors is that since appreciable phase shifts
may occur at quite low frequencies, one must be cautious in attempting to
apply feedback to them as a means of reducing distortion.
To summarize the requirements for power transistors, we see that tran
sistors designed to handle large amounts of power must be designed to
conduct heat efficiently away from the junction to the ambient. For this
reason power transistors have large junction areas, and usually the col
lector is in solid thermal contact with a copper or aluminum mounting
plate which is part of the case. Power transistors must also operate at very
large currents, preferably without having the current gain fall off appre
ciably. Since current gain always falls off with high current densities,
this also requires large junction areas. A good power transistor must
also have a very small input impedance. Since re is governed by the
emitter current, this means that the base resistance must be minimized,
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which in turn means good base-lead contacts, large junction area, large
base width, and low base resistivity.
For good power gain it is desirable to have a large 0, and this 0 should
not fall off rapidly at large collector currents. A high collector breakdown
voltage is also desirable, since this allows operation with larger load im
pedances, and hence higher power gain.
It is often difficult to provide good d-c bias stability in a power stage,
especially in Class B circuits where it is impossible to bypass emitter
resistances. For this reason, a good power transistor should have a low
Ico to give better bias stability and to avoid thermal runaway. A low
thermal resistance between junction and mounting base also lessens the
danger of thermal runaway and allows higher power dissipation.
Most of these requirements for a good power transistor make conflicting
demands in one way or another on the device designer. As a result, the
design is always a compromise, and power transistors usually are not very
ideal from the circuit designer’s point of view. Power transistors are
usually characterized by a large Ico and a low a cutoff frequency, and often
by a 0 that falls off more than 50% at higher operating currents. Of
smaller consequence is a very low collector resistance compared with that
of low-power transistors. Typical characteristics for a germanium power
transistor are:

a cutott
cutoff frequency = 0
6 kilocycles,

rc = 10K ohms at Ic = 1 amp,

rb = 5 ohms,

0 = 50 at 1 amp,

re = 1 ohm at Ie = 1 amp,

0 = 20 at 5 amp,

Ico = 3 ma at 25°C and 15 ma at 75°C,

Collector breakdown voltage = 60 volts,

Maximum junction temperature = 90°C,
Thermal resistance between junction and mounting base = 1.5°C/watt.

With the mounting base tied to an infinite heat sink at 25°C, and with
no thermal insulation, this transistor could dissipate some 43 watts. In
a more practical situation, with the heat sink limited to 30 square inches
and with thermal insulation, the total thermal resistance from 25°C
ambient air to the junction would be about 4°C/watt, limiting the tran
sistor dissipation to about 16 watts.
5-3 Collector multiplication. In Chapter 1 we alluded to the fact that
current multiplication might occur at the back-biased collector-base junc
tion. When a large back bias is applied across an abrupt P-N junction, the
junction may break down and carry a large current. This junction break
down is directly useful as a voltage reference source and will be examined
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as such in Section 6-2. In the transistor, the collector junction-current
multiplication process that eventually causes breakdown, causes a modifi
cation of the collector current versus collector voltage characteristics. It is
this modification that is of interest here. Within the depletion layer of
the back-biased junction, the charge carriers are accelerated by the drift
field. If this field is large enough, then a carrier may pick up enough
energy from the field between collisions so that, when it eventually does
collide with the lattice again, it is able to break a covalent bond and thus
to produce two more charge carriers: a new hole and a new electron.
Since each of these new carriers may also multiply themselves by the
same process, the collector current at high bias voltages may be much
larger than the normal low-voltage model would indicate.
If the resistive portion of the collector current is ignored, this increase
in current may be introduced into our model by introducing a multiplica
tion ratio, M, so that the collector current is written as

Ic = aoMIt + MICO.
In this expression ao is the normal low-voltage a. The multiplication
ratio, M, is defined in terms of the applied junction voltage, V, the junc
tion breakdown voltage, VBt and an exponent, n. That is
M =

1
1 - (V/Fs)-’

The voltage Vb in this equation is the avalanche breakdown voltage of
the junction. It increases with the resistivity of the base material. The
exponent n is a parameter that depends on the semiconductor material,
the resistivity of the base, and on the predominant type of charge carrier.
For N-type germanium bases, n is on the order of 3, while for a P-type
germanium base, n is in the vicinity of 5 to 6. When the emitter is opencircuited, then Ie goes to infinity when V = VB- If the base is open-cir
cuited, then Ie = Ie and
MICO
Ic = 1 — aoM

_____[co_________ .

(1 - ao) - (V/VB)n’

which goes to infinity when
V = VB(1 - ao)lln = V„.

If a is written as aoM, then
do

a = 1 - (V/VB)n ’

da
___
do
= 11 P3 “
— aa ~ (1 - ao) - (V/VB)n
Q

From these expressions we see that Vx is the voltage at which a is unity
or 0 is infinite. Thus collector multiplication causes only a slight, upward
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Fig. 5-6. Effects of collector multiplication.

slope to the normal common base characteristics so long as V < V b/2;
however, it causes the common emitter characteristics to approach
asymptotically. If ao = 0.98 and n = 3, then V« = 0.272Vb. In this
transistor /3 will have doubled its low-voltage value of 49 when V reaches
0.215Vb. Figure 5-6 shows the effect of collector multiplication on the
normal, common emitter characteristics when Vb = 50 volts, n = 3,
a0 = 0.98, and Ic0 = 5 microamp. (Actually Ico may have a surface
leakage component which will also be subjected to multiplication, so
that the practical curves may rise even faster than those shown.)
From Fig. 5-6 it is obvious that distortion will result in a power ampli
fier using this transistor if the peak voltage excursion extends appreciably
beyond 7 to 8 volts. Thus even though the collector-base breakdown
voltage is 50 volts, the transistor is usable in the common emitter con
figuration only up to about 10 volts.
5-4 Basic configurations. The same choice of configuration that existed
for small-signal amplifiers exists for the power amplifier. In order to
make this choice we must summarize the requirements imposed on a
power amplifier. The amplifier must produce the desired output power,
at high efficiency and with no more than the allowable distortion. It is
further desirable that it do this with a small-signal power input and without
imposing stringent requirements on the characteristics of its driver stage.
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Fig. 5-7. Variations of 0 with collector current, (a) Collector character
istics. (b) Current transfer characteristic, (c) Beta versus collector current.
In addition to collector multiplication there are two other main sources
of distortion in transistors. The first is the fall-off of 0 with increasing
collector current. The main reason for this decrease in (3 is the reduction
of the emitter efficiency for high current densities. (See Section 1-10.)
Figure 5-7 shows three ways of presenting this information. In part (a)
it is seen by the crowding together of the constant lb curves at high Ze.
In part (b) it is seen that Ic does not increase linearly with lb- Since the
grounded emitter current gain 0 is defined as

0 = AZe
AZ, VCf
(3 is the slope of the current transfer characteristic. Beta, as defined, is a
small-signal transistor parameter and in power-amplifier work is called
the a-c (3. The ratio of Zc to lb is called the d-c and is perhaps more useful,
especially in Class B amplifiers where Zc swings from zero to some peak
value. Figure 5-7(c) shows a 0 versus collector current curve. One thing
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to note about distortion due to fall-off in current gain is that it is negligible
in grounded base circuits. A fall in 0 from 100 to 50 represents a very large
gain change in a grounded emitter circuit. In a grounded base circuit,
however, this corresponds to an a change of 0.99 to 0.98, or about 1%,
so that distortion is not appreciable. Beta distortion can be minimized
by proper design of the transistor, but once the circuit designer has a
specific transistor he can only make the best of an annoying characteristic.
Beta distortion can be thought of as occurring in the output circuit.
Transistors also have distortion in their input circuits, since the tran
sistor resistance parameters are also variable with current. While a model
approach can be used, a graphical approach appears more useful. A typical
plot of the nonlinear volt-ampere input characteristic for a germanium
transistor is shown in Fig. 5-8 for constant collector voltage. Actually,
due to the presence of feedback, this curve shifts slightly to the right for
increased collector voltage. For all practical purposes, however, essentially
the same curve is obtained for all collector voltages larger than half a volt.
For a silicon transistor the curve would be shifted to the right, so that
the break would occur at about 0.5 to 0.6 volt.
The input characteristic of Fig. 5-8 has its greatest nonlinearity at
small base currents and becomes more nearly linear at large base currents.
For a base-to-emitter voltage of less than about 0.1 volt in germanium,
the transistor is essentially cut off, and practically no base current flows.
If the transistor were driven from a low impedance source, then a sinusoidal
signal would give a sinusoidal Vbe and a greatly distorted Zj,, as shown in
Fig. 5-9. On the other hand, if the transistor were driven from a highimpedance source the base current would be sinusoidal and the emitter
voltage waveform distorted.
If there were no 0 distortion in the output circuit, then an undistorted
lb would result in an undistorted output. For grounded base operation,
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Fig. 5-9.

Base current distortion with a low-impedance source.

where there is no appreciable distortion due to fall-off of current gain,
very low distortion, on the order of 1%, can be obtained by driving with
a source whose impedance is high compared with the input impedance Alu
In a grounded emitter circuit there is appreciable output circuit dis
tortion. As shown in Fig. 5-10 an undistorted sinusoidal lb gives an Ie
waveform with its peak squashed down. Obviously it is not sensible to
run a grounded emitter stage from too high an impedance source.
Comparing Figs. 5-9 and 5-10, we can see that there is some tendency
for input and output distortion to cancel in grounded emitter. If driven
from a low-impedance source, as in Fig. 5-8, a large peak of lb appears
at high voltages. But this receives a small gain due to /3 fall-off. The
negative-going peak of lb in Fig. 5-9 is small, but at low currents the
gain is high. The net result is that swings in Ic may be roughly equal.
For any particular transistor, the proper source impedance for mini
mum distortion in any configuration can be obtained experimentally, or
graphically, from the input and transfer characteristics. The graphical
method is illustrated in Fig. 5-11 for the common emitter ease. Part (a)
shows the load-line construction, for a particular Ra, to plot lb versus Vt.
Part (b) shows the transistor current transfer function, and part (c)
shows the amplifier Ic versus Va transfer function for several values of
source impedance Ra. Experimentally, the Ic versus Va curves, with R, as
the parameter, may be obtained directly from the simple circuits shown
in Fig. 5-12, or from a similar set of circuits arranged for oscillographic
presentation of data.
In general, a reasonably linear curve is obtained for the common col
lector case when Ra approaches zero, and for the common base case when
Ra » Zjn. If the same load is assumed for all three configurations (re
member that the load is not set by matching considerations in the power
amplifier case), then the ratio of the power gain of the common emitter
to that of the common base may be shown to be approximately (0 + 1)The ratio of the power gain of the common emitter to that of the com-
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mon collector may be shown to be approximately (1 + Rb/hib). On the
basis of power gains, one would choose a common emitter or a common
collector with the differential between the two decreasing as Rl becomes
smaller, that is, as the ratio of Ic (max) to Vc (max) increases. If frequency
response or voltage swing were a problem, then one would have reason
for using the common base configuration.
The common base stage has essentially no phase shift at frequencies
where it is appreciable for the other two configurations. Collector multi
plication is less important in changing the common base characteristics
than it is with common emitter stages. In general, the common collector
stage requires a low driving impedance which indicates another emitter
follower to drive it. For single-ended stages the common emitter stage,
with its higher gain and less stringent driving requirements, would seem
to be indicated. For push-pull amplifiers the additional factor of transistor
matching must be considered. In this case the choice is less clear cut un
less well-matched pairs are available. Crow and Mohler* indicate that
with an appreciable 0 mismatch, the common collector connection will
yield much lower percentage distortions (both odd and even harmonics)
for both low and high powers.
Let us consider the unbalance problem in more detail. The unbalance
can be either in gain or in phase shift. This is not a problem if the grounded
base configuration is used, since the a’s are negligibly different and almost
no phase shift is obtained in the audio range. With the grounded emitter,
however, the /3’s can be quite different, and the beta cutoff frequency
(see Chapters 7 and 8) is low, perhaps at 5 to 10 kilocycles.
If there were no other distortion present in Class A operation, then an
unbalance in gains would not cause any distortion in the grounded emitter.
Since both transistors conduct during the entire cycle, unbalance in gain
would just mean that one transistor furnishes more of the power to the
load than the other. However, normally there is distortion present, and
as mentioned before, the even harmonic distortion tends to cancel out if
both transistors are identical. As the transistors become more unbalanced,
the cancellation rapidly decreases and distortion increases.
In ideal Class B operation only one transistor conducts at a time, and
an unbalance in transistor gain causes the two halves of the waveform
to be unbalanced with large even-order harmonic distortion. If there were
no other distortion present, and the transistors had current gains 0i and
02 causing the two halves of the output waveform to be unbalanced in
the same ratio, then a Fourier analysis of the output waveform would

* R. P. Crow, and R. D. Mohler, “Design of a High Fidelity 10 Watt Transistor
Audio Amplifier,” IRE Conv. Record, Part 7, pp. 142-151 (March 1956).
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for 0 < ut < tf,
for 7r <
< 2?r,

then
^"out ---

3i — 32
7T

+

(3i + 32) sin
2

— 0.212(3i — 32) cos 2art

— 0.042(3i — 32) cos 4wt
In terms of the output wave the percent second-harmonic distortion would
be 42.4|3i — 32|/(3i + P2Y In terms of the larger beta the percent
second-harmonic would be 42.4|1 — &|/(1 + k), where 32 = kfii and
k < 1. In a practical circuit the operation will not be true Class B, and
the percent even harmonic will tend to decrease somewhat. Crow and
Mohler report 8% second harmonic and 9% third harmonic for a practical,
common-emitter, Class AB amplifier with a two-to-one mismatch of 3’s.
Grounded emitter push-pull stages also suffer from distortion owing to
unequal phase shift in the two transistors. This in turn is due to unequal
3 cutoff frequencies. At 3 cutoff the phase lag of a grounded emitter stage
driven from a high-impedance source and operating into a low load im
pedance is roughly 45°. The lag, 0, is given by

0 = tan-1 -y- >
ho
where f^o is the 3 cutoff frequency. The 3 cutoff frequency varies from
transistor to transistor, sometimes by as much as a factor of 5 to 1. Differ
ent 3 cutoffs give different phase shifts, resulting in distortion. For Class B
operation, this will displace one-half of the waveform with respect to the
other, and a Fourier analysis shows that the resulting percent secondharmonic distortion is
%D = 2O|0! - 02|,

where 0i and 02 are the two phase shifts in radians. At frequencies where
f
ho, the equation for 0 becomes

which gives the percent distortion as

%D = 20f

- J- ■
JflOi

J0o2

This distortion thus increases with frequency. If, for example, one tran
sistor had fp01 = 5 kilocycles and the other had fpO2 = 10 kilocycles, then
this would result in 1% distortion at 500 cycles/sec, 2% at 1 kilocycle,
and 4% at 2 kilocycles, the approximation breaking down at higher fre
quencies. At 5 kilocycles the more exact expression would give 6.5%
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second-harmonic distortion. This distortion is reduced if the grounded
emitter stage is operated from a low-impedance source, since the 3-db
frequency is larger than the /3 cutoff frequency, being roughly

/sdb = fao

1 _i_ liA ,
Rj

where Ra is the source impedance. In this case/3db should be used instead
of the//3<> in the previous equations.
In Class A, if no distortion were present, unequal phase shifts would
not cause any added distortion for a sine-wave signal. Actually, distortion
is present and unequal phase shifts help unbalance the two sides, thereby
tending to prevent cancellation of even-harmonic distortion.
As has been pointed out throughout this discussion, distortion is usually
smaller in Class A than in Class B operation. For the same power output,
however, both Class A and Class B push-pull stages have much less dis
tortion than a single-ended stage.
In the push-pull, Class B connection a type of distortion known as
cross-over will occur unless the circuit is properly biased. This distortion
results from the dead space indicated in Fig. 5-8 and Fig. 5-11(c). For
germanium transistors, this dead space might extend from plus 0.15 to
minus 0.15 volt. For silicon transistors, the dead space might extend from
plus 0.6 to minus 0.6 volt. With small signals such a characteristic would
result in extreme distortion.
For servo amplifiers, where distortion is relatively unimportant, cross
over is still very objectionable because it introduces a dead zone. It
gives no appreciable gain for signals below the break point. This can
have undesirable results on the behavior of a servo system.
Obviously, the way to get rid of this behavior is to put a constant bias
on the base to emitter of each transistor. Transistor No. 1 then conducts
when Va > 0, and transistor No. 2 conducts when Va < 0, eliminating
the dead zone and most of the distortion. The new transfer characteristic
is now obtained by adding the bias voltage to the curve of Fig. 5-8, and
to its inverted counterpart.
After having reduced distortion to a low level by proper bias, selection
of source impedance, and the use of matched pairs of transistors, feed
back can be used to reduce further the distortion to any level desired.
The common collector stage incorporates the feedback within one stage,
while the common emitter stage usually requires over-all feedback around
several stages, since local feedback around only the power output stage
can reduce the gain of the power stage sufficiently to require a power
amplifier to drive the power stage. Feedback should be around enough
stages so that the feedback amplifier can be driven by a low-power current
amplifier even after inclusion of the feedback.
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5-5 Biasing power amplifiers. Single-ended Class A stages may be
biased by using the techniques of Chapter 3. With transformer coupling
the effect of t^he d-c load in preventing thermal runaway is removed, and
attention must be paid to the thermal stability problem. As Rb and Re
are decreased to avoid power loss in them, it may also be necessary to
consider the ohmic resistances of the transistor and the transformer wind
ings.
Since the normal power amplifier is a Class AB push-pull stage, we shall
concentrate on this configuration. The stage is normally nearly Class B,
since the standby current may be only several percent of the peak current.
The usual arrangement for obtaining the bias to prevent cross-over dis
tortion is shown in Fig. 5-13. Since a constant-voltage bias is required,
Ri must be very small. Thus if the transistor input impedance were
30 ohms, we should like to have Ri much smaller than this, say 1 ohm.
This requires that 150 milliamp flow in Rit and since the base currents
are small compared to this, R2 must be about 100 ohms for the 15-volt
supply shown in the illustration.
One is often tempted to increase the value of Ri so as to cut down the
bleeder drain, but doing so has three undesirable results. In the first place,
as Ri becomes larger the bias becomes less a constant-voltage bias and
distortion increases. In the second place, because Z?i is in series with the
transistor input raising Ri raises the input impedance looking into the
input transformer. This makes the stage harder to drive and may require
reducing the stepdown ratio of the input transformer. Decreasing this
ratio reduces the current gain but also reduces the output voltage swing
necessary from the driver. Unfortunately, R i cannot be bypassed with a
capacitor to avoid raising the input impedance. Full-wave rectified ac
from the two base currents flows in Rlt and a bypass capacitor would pick
up a bias proportional to the signal. Thus a large signal would produce a
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1
Fig. 5-13.
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Fig. 5-14.

Class B bias using transformer winding resistance.

large bias, which might bias the transistors off for any small signals fol
lowing shortly thereafter.
Again, raising R j puts a larger d-c resistance in the base circuit and
gives a poorer d-c stability. This increases the tendency toward thermal
runaway and tends to increase the quiescent collector current, so that
the original purpose of smaller standby current drain is defeated. As a
result it pays to keep R\ as small as possible.
One way to minimize these problems is to take advantage of the d-c
winding resistance of the input transformer. To avoid making the trans
former too large, it is usually wound with small wire and may have sev
eral ohms winding resistance in each half of thfe secondary. This winding
resistance may be used as Rl} as shown in Fig. 5-14, to obtain the baseto-emitter bias. So long as the two halves of the winding are reasonably
well balanced, no net d-c magnetizing flux will be present in the core,
and the transformer performance will not be degraded.
Finally, if the amplifier is to operate over a large range of ambient
temperatures, the voltage bias on the base must be made to vary with
temperature, which may be achieved by employing the techniques of
Section 3-9. If the bias were not changed with temperature, then bottom
clipping and large distortion would result at lower temperatures. At the
higher temperatures the bias would be too large, and large standby currents
would flow, biasing the transistor into Class AB and increasing the tran
sistor dissipation. If a diode is used for temperature compensation, one
must obtain a diode with a very low forward impedance (a few ohms)
and must run enough current in the diode to bias it solidly in its forward
low-impedance region. This may require a large diode and large bias
current.
For purposes of d-c stability some emitter resistance must often be used.
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This resistance cannot be bypassed, since rectified ac flows in each emitter
and a capacitor placed across the resistance would pick up a bias propor
tional to a signal. Thus a large signal would cause the transistor to be
biased off for any smaller signals that followed. Aside from giving d-c
stability, this resistance adds a linear emitter resistance to the nonlinear
emitter resistance and thus tends to linearize the input characteristic.
However, by raising the input impedance it lowers the power gain of the
stage. As a result the tendency in Class B design is to operate with as
small an emitter resistance and as poor a d-c stability as can possibly be
tolerated. Emitter resistances as low as a few tenths of an ohm are often
used. An advantage of the common collector push-pull stage is that the
winding resistance of the output transformer may be used as the emitter
resistance.
5-6 Power output and efficiency.

Class A single-ended direct-coupled stage. Figure 5-15 shows a singleended amplifier, directly coupled to a load. If power output is the main
consideration here, it is possible to drive this amplifier from a very small
current (zc = Zco) to very large currents, where the transistor is saturated
with vc = FSftt. Since Ico and 78at are both quite small in transistors, the
efficiency of operation can be large compared with that obtainable with a
comparable vacuum-tube circuit. Assuming reasonable linearity, the bias
point must be approximately in the center of the load line, at Vc = E/2,
and Ic = E/2Rl. The d-c power dissipated
in the collector is, for no signal input,
0

Pc = VCIC =

FS_
4Rl

Rl

+

and the output power of the power supply
is
E2
Pa = EIC =
2RL

t’c

The d-c power developed in the load resist
Fig. 5-15. Direct-coupled
ance is also E2/±RLt and the a-c power out amplifier.
to the load, Po, is zero with no signal input.
With a sine-wave signal input, and ignoring distortion effects, the aver
age current is the same as that with no signal, but the a-c power to the
load is now
Po =

12Rl
2
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The d-c power in the load remains the same as before. Here, I is the peak
collector current swing. Since the power supplied remains constant, while
the load power increases with signal, the collector dissipation must de
crease with signal. This means that
Pc =

E2
- Po,
4Rl

and that maximum transistor dissipation occurs with no signal input.
If I^sat « E and I » Ico, as is normally the case, then ic can be said
to swing approximately from Ic0 = 0 to ic = E/Rl at vc = 0. Thus
the maximum peak swing is

^-2-,
— 2Rl

I

and the maximum power to the load is
p

8RL

°™x

The maximum power output is thus limited by the collector breakdown
voltage of the transistor, which cannot be exceeded by E. Thus for a
fixed E, output power can be increased only by reducing
which re
duces the power gain.
The circuit efficiency rj is defined as the ratio of a-c power out to supply
power :
Po
Since Pa is a constant here, rj is maximum at the maximum power out.
Thus
^°max

’/max —

P,

= 25%.

The actual efficiency must be slightly less than this, since neither 1 nor
E can be quite as large as was assumed. Perhaps the most important thing
to note here is that the power to the load can be no greater than one-half
the transistor dissipation. That is
p
1 cmax
2

The main disadvantage of this type of stage is its low-power output for a
given dissipation.
Class A single-ended transformer-coupled stage.
Sine-wave input.
Figure 5-16 shows a transformer-coupled stage. The transformer coupling
not only keeps de out of the load, but also allows flexibility in the choice
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Transformer-coupled stage.

Fig. 5-16.

of the effective load seen by the transistor. Having no de in the load
saves power and increases the circuit efficiency. As has been pointed out,
the transformer is not used to match the load to the transistor output
impedance. The turns-ratio is chosen to allow the maximum load power
desired for the power supply used. The effective load seen by the tran
sistor is
R'l = ti2RlAs before, the transistor can swing roughly from ic — 0 to vc = 0 and
so should be biased at the center of the a-c load line to give the maximum
power output for a sine-wave signal. To avoid wasting power the d-c
winding resistance of the transformer should be made negligible compared
with R'l, and for the discussion it will be assumed that the primary d-c
resistance is zero. As shown in Fig. 5-17, the d-c load line is then horizon
tal and the transistor should be biased at a Q-point where

I =

R'l

The maximum collector voltage is now 2E, which must be less than the
collector breakdown voltage. With small distortion, the average current
is the same no matter what the signal input is, so the supply power is
Vc

2E
A-C load line
E

D-C load line

Q

I
I
I
I

0

I
E_
R'l
Fig. 5-17.

2F
R'l

Location of Q-point.

ic

180

POWER AMPLIFIERS

[chap. 5

always

P = &
R'l
There is now no d-c load power, so
P, = Po + Pc

QT

E2
- Po,
R'l

Pc

and thus the collector dissipation is again maximum with no signal. The
output power for a sinusoidal signal is
Po =

12Rl
2

’

where t is the peak collector swing. Assuming a small Ico and saturation
voltage, the maximum I is E/RrL. This gives
P

OmaX

=

2R'r

For the same breakdown voltage as in the direct-coupled case, the supply
voltage E can be only one-half as large here as in the direct-coupled case.
Thus for the same effective loads both stages give the same maximum
power output.
The efficiency in this case is now higher, however, being
’Jmax —

P,

= 50%.

The ratio of maximum power out to maximum collector dissipation is the
same, since
^Cmax

2

Thus while supply power is saved by the transformer-coupled stage, the
power burden on the transistor is exactly the same as before.
Square-wave input. Up to this point we have discussed power and
efficiency for a sine-wave signal only. However, the transistor is often
used as a switch. We shall consider the case where the transistor is driven
by a square-wave signal which switches it between ic = Ic0 and vc = V8atWe assume that the rise and fall times of the square wave are very small
compared with its period, and that the load is resistive.
The problem may be approached as a cyclic transient problem or as an
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0ib is either
Z.nax or zero
Lm

Fig. 5-18.
drive.

Simplified circuit for transformer-coupling case.

Square-wave

extension of the sine-wave case. We shall examine both methods briefly.
The cyclic transient approach indicates the sources of the load energy
throughout the cycle as well as providing information about the mini
mum magnetizing inductance necessary for a certain percentage of droop
in the output.
Assuming that Ico may be neglected and that the transformer leakage
inductance and losses may be ignored, the simplified equivalent circuit
of Fig. 5-18 results. In this circuit

R'l =

2(E - V8at)
Anax

(E - V8at)

t

is the load resistance reflected into the primary of the transformer. The
shunt inductance of the transformed is represented by Lm, and the tran
sistor is represented by the fiib current generator.
When the transistor is off, the load is supplied with power from the
stored energy in the field of Lm. When the transistor is conducting, the
load energy is supplied directly by the battery, and furthermore the field
of Lm is also replenished from the battery. The load current and hence
the load voltage will decay during both half cycles, as shown in Fig. 5-19.
It will decay during the first since the initial current from Lm is decaying,
and during the second since the total current is constant and the current

1

2

Transistor off
Transistor conducting Znmx

®

I—2T-*|
Fig. 5-19.

Current waveshape in R'l.
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through Lm is increasing. Analytically
t2 = iie^T

^3 — ^2

U = i3e-aT!

^"1 == ^4 4“ Zmax

ZmaX)

%
a = L
m ’

Therefore
11 — I max

1 - e~*T'
1

1*3 — —t’i,

e-2aT
1'4 — —1*2.

When aT is small, that is, when Lm » R'i^T the exponentials may be
expanded and the output is seen to have a linear droop of aTZraax/2, the
tops and bottoms of the wave having average values of Zmax/2. Therefore
for a drop of less than n%, of the peak-to-peak amplitude, Lm > 50RlT/h.
The supply power is ZmaxZ?/2, since
flows for half the time. The
output power is 72RfLr Therefore the efficiency, 77, is
V ~

?2Rlx _ 7R'l
1E ~ ~~E

<

FBat

E .

The collector dissipation is
Pc = |ZmaxcF
l Bat,

since Zmax flows across Feat for half the time. Now Po/Pc = n/1 — ’J,
hence as tj approaches unity the output power may become very large
compared with the power dissipated at the collector. In the load-line
approach we assume that Ico may be ignored and that the reflected load
is R'l. For maximum output, then, one will have a load line with a slope
of R'l between (FBat, Zraax) and (Fmax, 0). The load, R'l, will be
R'l =

2(E - Faat)

(E - FBat)

Zmax

1

The Q-point will be halfway between the end points at E and Zmax/2.
Following now the sine-wave approach, one writes the supply power as
the Q-point voltage times the Q-point current. We then obtain
P, = ^E.

For power purposes the load current is constant at Zmax:,/2 and hence
///
2 max\
1 2 rtf
Po ~ \ 2 / Rl'
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Therefore
*7 =

and

/max R'l

i _ K-t
E .

2E

Pc = P' - Po = P.(l - rj) =

7max V,at

2

As an example, let us assume a germanium power transistor with a col
lector breakdown greater than 60 volts, and an Ico of 5 milliamp. Using a
30-volt power supply, we decide to limit the collector current to about
10 amp, where V8at = 1 volt. This requires a 6-ohm load from R'L.
Therefore

Po

b

= 150 watts,

and

Pc = 30(0.005 + 0.167) = 5.16 watts,
and
fo
_ 29 1
Pc — 1.03

Thus we see that the transistor can deliver a husky square-wave power
with very little collector dissipation, when it is operated as a switch.
This property is often made use of in de to ac converters and also in de
to de converters, where the ac is rectified in the load. Note, however,
that we have assumed a nearly ideal case here, with a resistive load and a
low-frequency operation, so that rise and fall times are negligible.
If the square-wave frequency were increased so that the operating point
was for some appreciable fraction of the cycle in the active region during
rise and fall, then transistor dissipation would go up. As rise and fall
times become larger, sine-wave operation is approached and the ratio of
P0/Pc would fall toward something less than unity.
CZass A push-pull stage. Figure 5-20 shows a Class A push-pull stage
without the d-c bias circuits. The indicated currents are all ac. This
ib----- ••

n

ic

*L—►

1

-*------- ib

n

I

Fig. 5-20. Class A push-pull.

< Rl
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o
Hi.
o
O

o
o

Impedance ratio,
Fig. 5-21.

Output transformer.

stage requires a center-tapped output transformer, which we see from
Fig. 5-21 has a turns-ratio of 2n to 1 from the entire primary to the sec
ondary. The impedance rating should therefore be 4n27?£ to RlIn Class A operation both transistors drive the output at all times, and
so there is coupling between the two transistors through the .two halves
of the transformer primary. The linear model for the output circuit is
shown in Fig. 5-22. The resistance rc(l — a) will be the output impedance
of each transistor only if the transistors are driven from a source impedance
considerably larger than Ate. For smaller source impedances the output
impedance is higher than rc(l — a). In any case, Fig. 5-22 is a correct
model, being the output circuit of a hybrid model. Usually, no attempt
is made to match, but the effective load impedance seen by each transistor is made as large as possible, consistent with power output and
voltage breakdown requirements.
To show the circuit as seen from the load, one of the transistors can be
reflected through the transformer, putting the two transistors in the
parallel arrangement of Fig. 5-23. The load can be reflected to the other
side of the transformer, as shown in Fig. 5-24, where R'l is defined as

R'l = n2RL,

and i'L is defined as
11 = ni'L.
To show the circuit as seen by each individual transistor, all the im
pedances in Fig. 5-24 can be multiplied by 2 and all current generators
divided by 2, thus leaving the voltages everywhere in the circuit the same
as before. The result is given in Fig. 5-25, which shows that the effective
load seen by each transistor is 2R'L or 2ti2Rl. As before, if we assume a
negligible transformer winding impedance the d-c load line is horizontal.
If we assume a small Ico and Vgat and ignore nonlinearities, then the
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Class A output circuit.

■2ic

rc(l — g)

n:l

i'L

R'l

2

Fig. 5-23.

o
o
o

I

Fig. 5-22.

20uY

o

n

rc(l — «)

Rl

;Rl

Circuit as seen from load.

•2k = it

20^

rc(l - g)

Rt

2

Fig. 5-24.

Load reflected to primary.

ic =

0ib\7

Fig. 5-25.

it
2

rc(l - a)

Circuit as seen by each transistor.

2R'l
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2E

A-C load line, slope

D-C load line, Rdc = 0

Q

E

I \
I
X
I
I
I______
0

2/?;.

E
R'l
Load line.

E
2R'h

Fig. 5-26.

ic

transistor should be biased at a Q-point halfway between cutoff and sat
uration, as shown in Fig. 5-26. The largest possible peak collector current
swing for undistorted sine-wave operation is then

7

e"“

=

2R'l

From Fig. 5-24 the a-c power to the load is
Po =

(2/c)2% _ Pl R'l
2
2

The power supply voltage is E, and from Fig. 5-26 the average current
to each transistor is E/2R’Ly regardless of signal, so that the power sup
plied to the two transistors is
Ps

= 2f^
=
\2R'J

E2
R'l

Since no d-c power is dissipated in the load

Ps = Po + 2PC,

where Pc is the collector dissipation in each transistor. Combining equa
tions one obtains
P =

c

2PC

* Uk

This equation shows that collector dissipation is a maximum when Ie,
or the signal, is zero. Thus
P.

i

■

k
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The circuit efficiency, 17, is

212R'l
E2/R'l

Po

" = p:

When the collector current swing is a maximum, efficiency and power
output are also maximum and collector dissipation is a minimum. From
the expressions for JCmax and rj, at Ic = Icm**
J/max — 2 Or 50%,

and

P

OmaX

=

2R'rL

j

Comparing the power expressions, we see that
— p

cniax’

although they do not occur simultaneously.
Comparing the push-pull case with the single-ended case, we note that
for the same collector breakdown voltage (2E in both) and the same effec
tive transistor load (2?£ for the single-ended case and 2R'L for the pushpull case), push-pull gives twice the maximum power out. This is to be
expected, since two output transistors are now being used.
A comparison of single-ended and push-pull stages also shows that for
a given transistor dissipation the output power is twice as great in the
push-pull case. This is also to be expected, since two transistors are being
used instead of one.
A chart can be made, as shown in Fig. 5-27, of output or collector power
versus 2#£, when one presumes 50% efficiency and a supply voltage equal
to half the breakdown voltage. In practice, efficiencies very close to 50%
can be obtained with an unclipped sinusoidal output.
Figure 5-28 shows a practical Class A push-pull circuit, with both
transistors sharing the same emitter resistance. Bias for the base is ob
tained from a bleeder, and both the emitter resistance and the bleeder re
sistance in the base circuit are bypassed to avoid loss in gain. The voltage
E that has been used for the collector-to-base supply is now the actual
supply voltage minus the drop in the emitter resistance.
In some cases an output transformer is not used with a push-pull stage,
a center-tapped winding of a transducer being driven directly. One such
case is the servo motor. Many a-c servos have a center-tapped control
winding and can be driven directly by a push-pull stage. The motor rating
is usually given by specifying the maximum RMS voltage, Vrms, for full
output at stall, as well as the load impedance seen across the full winding
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Fig. 5-27. Maximum power out, POmax, and collector dissipation in each
transistor, PCmBX, versus effective load resistance seen by each transistor, 2/?£.
50% maximum efficiency assumed. Collector-to-collector load is 4P£.
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Fig. 5-28.

Class A stage showing bias.
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Fig. 5-29.

i
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s
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>
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Frms

J
o

Equivalent circuit for control winding of a-c servo motor.

at stall and tuned to resonance. As shown in Fig. 5-29, this information
can be converted to an equivalent form by using an output transformer
with a turns-ratio n of J. To supply full power to the servo, then, requires
that
VS VrmS
L = Il = Rl
and
V' =

=

Vrms
x/2

Since the minimum supply voltage E must approximately equal the peak
swing, the minimum collector breakdown voltage must be 2E or v^KrmsThe load seen by each transistor is #l/2, and, the maximum a-c power
to the servo is
p
_ Frms
Rl
If the amplifier does not operate Class A, a different load is seen as will
be shown in the section on Class B operation.
Class B push-pull stage. In Class B, each transistor conducts only 50%
of the time. The standby current drain, even with a little bias to avoid
bottom clipping, is negligible. With a signal input, the current drawn
from the power supply is proportional to the load-current swing. In
contrast to this, Class A push-pull requires the same average current
drain no matter what size the signal is. Since the bias current in Class A
may be large, say several amperes, Class A operation is very inefficient
compared with Class B in the amount of energy taken from the supply.
This is particularly important if dry cells are used as the supply. Cell
life with Class B can be many times that with Class A.
Of greater importance is the fact that efficiencies can be much higher
in Class B than in Class A, allowing a much larger power to be delivered
to the load for the same transistor dissipation. Class B does have some
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Fig. 5-30.

Class B amplifier.

disadvantages. As was mentioned previously, distortion is usually higher
in Class B than in Class A. Also, as will be seen, for the same power out
to the load and for the same collector breakdown voltage, the effective
load seen by each transistor operating in Class B is only half that seen
in Class A. This means that Class B power gains will usually be lower
than Class A power gains by a factor of two. Thus the Class B amplifier
puts more of a burden on the stage driving it than does the Class A stage.
The circuit for a Class B stage is shown in Fig. 5-30. No base-to-emitter
bias is shown, and for the purposes of analysis, linear operation during
the conducting half-cycle for each transistor will be assumed. We further
assume that there is zero collector current flowing for no signal present
and that the maximum swing is from ic = 0 to vc = 0. Since only one
transistor conducts at a time, the other being off, on any half-cycle the
circuit is that shown in Fig. 5-31 (a). The corresponding output circuit
for each transistor is shown in Fig. 5-31(c), where the load is reflected
to the primary of the transformer in the model of Fig. 5-31 (b).
In Fig. 5-31 (c) the load current referred to the primary is
where

iL = nifL,
and the effective load seen by each transistor is R'l, where
R'l = 712RlThus the load seen by each transistor is just half that for Class A.
The waveforms for the circuit of Fig. 5-30 are shown in Fig. 5-32.
The current ia is that through the power supply. From the waveforms
it can be seen that the a-c power to the load for a sinusoidal signal is

Po

(nZc)2fiL = PcR'l
2
2
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n:l

Hl

E

<1

(a)

ic

n:l

rc(l — a)

Hl

(b)
ic = i'L

H'h

rf(l — a)

(c)

Fig. 5-31. (a) Class B circuit at any instant. (b) Model for part (a).
(c) Output circuit of each transistor for Class B case.
The average current through the power supply is 2Zc/tt, so that the
supply power is

p. = 7T- ice.
There is no d-c power in the load, so

P. = 2PC + P„
where Pc is the collector dissipation in each transistor. Combining equa
tions, we obtain
12cR'l
4

From these expressions it can be seen that both Po and Pa increase as the
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Fig. 5-32.

Class B waveforms.

output current swing increases, but that Pc has a maximum value for some
intermediate value of Ic.
Since each transistor is biased at ic = 0 and vc = E (approximately),
and has an effective a-c load of R'L, the maximum collector current swing,
without clipping, is
E
^cmax
R'l

This can also be seen from the load line shown in Fig. 5-33. Here we can
also see the path of operation along the vc axis with ic = 0, when the
transistor is off.
During the off-portion of the cycle, voltage is induced in one-half of the
transformer primary by the other half. This voltage adds to E to give
the collector voltage of the “off” transistor. Since a maximum voltage of
E can be put across one-half the primary by the “on” transistor, the
maximum collector-to-emitter voltage of the off transistor can be 2E:

p

=

2R'Ju
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Vc

2E
Path of operation when off

Path of operation when on
E

Slope =

0

E
R'l

ic

Fig. 5-33. Operation path for each transistor. Class B operation.

This is the same expression as was obtained for Class A operation. In both
cases the maximum supply voltage, E, cannot be larger than half the col
lector breakdown voltage. Thus, for a given breakdown voltage and power
out, R'l must be the same for Class B as for Class A. However, the effec
tive transistor load in Class A is 2R'L and in Class B it is only R'l. Thus
the Class B stage can have only half the power gain of the Class A stage,
assuming the same input impedance and current gain in each.
Efficiency can be quite high in Class B. The circuit efficiency, 77, for a
sine-wave input is
1
Po
TcR'l
^p.
(2/7r)AS
2
or
TV 1cR'L
V =

4

E

Efficiency increases as the peak current swing increases, and for an unclipped sine wave, the output is maximum at Ic = max Thus
W = j or 78.5%.

This compares favorably with the 50% obtained for ??max in Class A opera
tion.
The collector power dissipated in each transistor is maximum at a power
output considerably below POm„. To find the maximum Pc, the expres
sion for Pc is differentiated with respect to ICi and the derivative equated
to zero. Thus
dPc _ -E - I'R’l = 0
TV
2
d?c
or
2 E_ = 2;
Ic = £
7T R'.L
*
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Maximum collector power thus occurs at about 64% of the full collector
current swing, Substituting this value of Ic into the expression for Pc,
we have
[(2/7T)7Cmax-]2R'l
P cmax = —
I cmax E —
jj-2
4
or
E^
P cmax= —2
R'l
7T

In terms of the maximum a-c power to the load

P
cmax

= —
-^jj-2
—2

P°max

= 0-202 P^.
This equation shows that the maximum sine-wave power dissipated in
each transistor is only about one-fifth of the maximum unclipped sine
wave power that can be delivered to a load by a Class B amplifier. This
compares very favorably with Class A operation, where it was shown that
the maximum power out was equal to the maximum collector power.
Thus for the same collector dissipation a Class B amplifier can deliver
about 5 times more sine-wave power to a load as can a Class A stage.
As a result, the majority of transistor power amplifiers are operated in
Class B.
Figure 5-34 shows a plot of collector dissipation versus power out, both
variables being normalized with respect to Pt©max- Maximum collector disPe

Collector dissipation in each transistor, Pc,
vs
power out to load, Po

0.20

0.16
0.12

Normalized to maximum unclipped
sine-wave output POmax

0.08
0.04 -

0

I
0.2

Fig. 5-34.

I_______ |_______ |_______ I
0.4
0.6
0.8
1.0

Class B sine-wave operation.

Po
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sipation is seen to occur at 40.5% of maximum output power. At larger
output powers collector dissipation drops. If this graph were extended
above Po = Pom^ into the region of clipping, Pc would continue to
drop towards zero as square-wave operation was approached.
Actually all these calculations have assumed ideal conditions: bias at
ic — 0 with Ico = 0 and Veat = 0. In practice some small collector
current flows even with no signal, and V8at limits the collector swing. Both
these conditions reduce somewhat the maximum available unclipped power
output.
If a Class B stage is directly coupled to a center-tapped servo-motor
control winding, the equivalent circuit of Fig. 5-30 still applies. How
ever, since one transistor is always off, the load seen by each transistor is
7?l/4, just half that seen in Class A. For the same collector breakdown
voltage, the same power output can be obtained but the current swing
must be twice as large as that in Class A. Power gain is reduced by a fac
tor of two, but the power dissipated in each transistor is much lower,
about one-fifth of that for Class A.
A power chart can be constructed for Class B operation, as shown in
Fig. 5-35, in a manner similar to that for Class A. Ideal conditions are
assumed, so that POmttx is as E2/2R'L. In practice this operation can be
approximated very closely.
Class B biasing for low distortion has been discussed previously. A
practical Class B circuit is shown in Fig. 5-36. The emitter resistors
normally have to be included to give d-c bia» stability and prevent run
away, but they should be kept as small as possible, since they reduce the
power gain. The emitter resistors cannot be bypassed by capacitors,
since half-wave rectified a-c flows in them. Usually the d-c voltage drop
across the emitter resistance is negligible compared with E and can be
ignored. As we explained previously, the base bias should be made vari
able if the amplifier is to operate over a wide range of temperature.
Class B servo amplifier with unfiltered supply. Most servo motors are
two-phase induction motors operating at either 60 or 400 cycles/sec.
The control-phase winding, fed from a servo amplifier, is supplied with
suppressed-carrier modulated ac, and the fixed-phase winding is supplied
with fixed-amplitude ac, 90° different in phase from the ac in the control
winding. Alternating-current power in phase with the carrier is usually
available for use as a power supply.
Since the servo-amplifier output consists only of a slowly modulated
sine wave, there is no need for a d-c supply for the collectors. A full-wave
rectified, unfiltered a-c supply will do, if it is in phase with the carrier.
Thus the transistors have no collector supply when the signal is zero, and
the collector supply voltage rises to a maximum when the carrier is a maxi
mum. This has several advantages. In the first place, the need for costly
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Servo amplifier with unfiltered supply voltage.

and bulky power supply filtering is eliminated. In the second place, the
supply voltage is large only when the output voltage is large, the net
result being that transistor voltage and dissipation are low compared with
conventional Class B operation with a d-c power supply. In fact, circuit
efficiency can approach 100% at full load.
The circuit is shown in Fig. 5-37. Here the amplifier is directly coupled
to the control winding. However, it makes no difference so far as the mode
of operation is concerned whether direct or transformer coupling is used.
Capacitor Ci is used to tune the control phase to unity power factor, and
C2 is used to give a 90° phase shift for the fixed-phase winding. The cir
cuit operates Class B in the sense that only one transistor conducts at a
time. To prevent a dead zone, particularly with silicon transistors, one
must supply a small forward bias to each emitter-base diode.
Class B complementary symmetry amplifiers. If both N-P-N and P-N-P
transistors with similar characteristics are available, then a complementary
symmetry stage may offer some advantages. Such a stage requires two
power supplies, but may be driven without a phase inverter and may
operate into a low-impedance load without an output transformer. Fig
ure 5-38 shows several possible common-collector complementary-sym
metry Class AB circuits.
The resistors R and r provide the necessary forward bias to prevent
cross-over distortion. The problem again is to obtain the bias without
causing excessive loading of the driver, or inserting too much resistance
in series with the transistor input impedance. If the circuit operates es
sentially Class B, then each half of the circuit may be analyzed inde-
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Fig. 5-38. (a) Complementary symmetry circuit without transformers,
(b) Complementary symmetry circuit with transformers.
pendently in a straightforward manner. If an output transformer is em
ployed, it is not center-tapped, so that the effective load is N2RlSince the circuit is essentially an emitter follower (it must be if one
side of each power supply is to be grounded), the base voltage must swing
over the same range as the load (or output-transformer-primary) voltage.
This means that if a driver transformer is not employed, it will be neces
sary to use a driver with a large voltage swing, perhaps a choke-coupled
stage.

5-7 Thyratron type a-c servo amplifiers. A class of semiconductor
devices exists which has similar characteristics to the grid-fired gas tube
known as the thyratron. At the present there are several types of device
construction available. Since the internal structure, and hence their
physics, is somewhat different, it will not be possible to examine their
theory in any great detail.
Commercial names for these semiconductor devices include: P-N-P-N
Transistor, P-N-P-N Switch, “Thyristor,” and Controlled Rectifier.
From the viewpoint of their external characteristics all the present types
offer:

1. A very low load current in the off condition.
2. A rapid (usually less than a microsecond is required) switching from
the off to the on condition. Switching the device off takes longer (as it
does in a thyratron); however, normally 10 to 15 microsec suffice.
3. A very low on voltage drop (normally half a volt or less for ger
manium devices and a volt or less for silicon devices).
4. The feature of requiring only a low-energy drive signal to "fire” the
device.

5-7]
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Fig. 5-39. (a) PNPN transistor, (b) PNP-NPN connection.

5. Large current capacities and device dissipations. With adequate
heat sinking, currents above 10 amp are handled without difficulty by
some present types.
The basic structure is often a P-N-P-N with the first P-region serving
as the emitter, the last N-region serving as the collector, and the control
signal being applied to the P-region adjoining the collector, as shown in
Fig. 5-39(a). The structure may also be visualized as a P-N-P transistor
and an N-P-N transistor connected as shown in Fig. 5-39(b).
In some of the devices the sum of the a’s of the two outside junctions
is less than unity when the device is off. This sum is increased to unity
(where switching to the on state occurs) either by an increase of Vce
(see Fig. 5-6 for an illustration of the increase of a with Vce) or by an
increase of Ie [see the initial rise of (3 with Ic in Fig. 5-7(c) for an illustra
tion, and Section 1-10 for a discussion of the variation of a with ZJ.
Thus the device is fired either by increasing the external voltage to a firing
potential or by applying a firing current into the control base.
In another of the devices the sum of the a’s of the two outside junctions
exceeds unity even for the off condition. This condition is maintained by
removing a current from the control base so that the collector current
is essentially zero. In yet another of the devices the lower P-N junction
is replaced by a P-metal junction with special properties. (Chapter 15
discusses the characteristics of several of these devices in more detail.)
The advantage of replacing the normal transistors in a circuit such as
that of Fig. 5-37 with the switch-type device is that semiconductor device
dissipation is reduced, since the device is either off or saturated, and that
the control-signal energy need only be a small fraction of the normal
Class B driving signal. In the normal application where a low-frequency
a-c power supply is employed, the switching device goes off at the comple
tion of every conducting half-cycle. If the peak of the ac is less than the
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back-biased breakover voltage, then the firing point on each cycle is
governed by the control base. The control signal may be of the de plus
90°-phase-shifted a-c type common in gas-tube work or, to cause more
accurate firing, the firing signal may be converted into a sharp pulse with
a blocking oscillator, a monostable multivibrator, or some other circuit.
Thus control is exercised by controlling the portion of a half-period that
"full ” voltage is applied to the load, rather than by controlling the ampli
tude of a signal that is applied through each unit for a full half-cycle, as
is done in Class B operation.
Reference 1 for this section contains a number of thyratron-motor
circuits. Within the voltage and current limitations of the semicon
ductor devices, most of these should be directly convertable to a tran
sistorized form.
A little thought may be necessary to decide whether the control-signal
source should act as a current or as a voltage source. The requirements of
the several available devices are somewhat different in this respect; hence
any general statement seems out of place.
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Problems

5-1. Assume a device with the characteristic shown in Fig. 5-40.
(a) Calculate the Q-point and the load and supply voltages to obtain maxi
mum undistorted power output from a single-ended, transformer-coupled Class
A stage with a sine-wave input current. The input may vary from zero up to
the maximum allowable value. Specify the various limiting factors on your
design. What is the maximum output power available and the circuit efficiency
at this output?
(b) If the circuit of part (a) is used to control a square wave with a constant
maximum-allowable amplitude, then what would be the load and supply voltages
for maximum power output? Calculate the output power and efficiency for this
case. Design your circuit so that the transistor would not be subjected to exces
sive dissipation if the signal input were removed.
le.

amp

G

lb = 120 ma

4

lb = SO ma

2

lb = 40 ma

________ Vce,
volts
Figure 5-40

= 90°C
Gt = 2°C/watt
Ico = 0
Ta = 30°C
= 30 v
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5-2. Given the following components:
1. A 6-volt battery. 2. A 3-ohm load.
3. N-P-N and P-N-P transistors of similar characteristics.
4. An output and a driver transformer as shown in Fig. 5-41.
5. A driver transistor capable of supplying the necessary AF driving power.
These components are to be used to design several power amplifiers. In each
case, one is to design for maximum power output, without drastic distortion,
that is, without clipping or cutoff. The design may assume a I-kilocycle fre
quency. In each case one should insure that the circuit is thermally stable and
that none of the transistor limitations are exceeded. In each case the limiting
factors should be indicated, so that it is clear whether additional power from
your configuration would require, for example, a different load, a different power
supply voltage, a higher transistor current rating, or a lower value of 9. Transis
tor characteristics are:

6 = 400°C/watt,
?kx = 85°C,
Ta = 30°C,
Ia> < 5 microamp at 30°C (doubles every 10°C),
VCBmhX = 20 volts,
= 60 milliamp,
^max = 100,
rbb' = 40 ohms.

The saturation characteristic is
Vct = 0.5 volt

at

Ic = 60 milliamp (knee of curve).

The turn-on characteristic is
Ic = 2 milliamp

at

Vbe = 150 millivolts.

If additional information is required for some facet of your design, assume a
reasonable value and proceed.
(a) Design a single-ended Class A stage. Limit the current through the
whole output transformer primary to 12 milliamp to avoid degrading the trans
former characteristics. If bypass capacitors are employed, make them large
enough so that the low-frequency response is governed by the transformers.
What is the a-f power output of the transistor? What is the a-f power reaching
the load? What is the transistor efficiency; the transformer efficiency? What
is your estimate of the a-f driving power required? What is the over-all audio
power gain in decibels?
(b) Design a push-pull Class B common-emitter stage, using N-P-N tran
sistors. Use 150 millivolts of turn-on bias to reduce cross-over distortion. Answer
all the questions of part (a).
(c) Design a complementary-symmetry Class B common-collector stage.
Assume a second 6-volt battery is available. Again, use 150 millivolts of turn-on
bias. Answer all the questions of part (a).
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Model of output transformer

Model of driver transformer
200 12
25 1
60 9
o-vVW^-1--------- 1 ’ rvV\AAo

1 I) nt
10 d-c ma

8 h at
2 d-c ma

o-

o-

Primary is center-tapped.
A-C and d-c losses may be assumed equal.

■o

Secondary is center-tapped.

Figure 5-41

5-3. Figure 5-42 shows a common base output and driver configuration.
Assume that:
a = 0.96 for all transistors,
^croax = 1 amp,
= 30 volts,
VcBmax
t
0 = 6°C/watts,
= 80°C,
Ico < 5 milliamp, at 30°C,
Vcb = 12 volts,
= 0.2 ohm,
^min = 10 ohms.
Calculate the waveshapes throughout the circuit, assuming that it is driven
with a sine wave so as to obtain the maximum undistorted output. What is
the a-f power available at the load? What is the power gain of the last stage?
What is the efficiency of the last stage at maximum output power? Assume that
the turn-on bias of the output stage causes 90 milliamp per transistor to flow.
Calculate the junction temperatures with no signal input and with the maximum
allowable signal inputs. Assume TA = 30°C. Are the circuits thermally stable
if Ico doubles every 18°C? Would they still be stable if Ico doubled every 10°C?

35:1

3r

270 n
-12 V

ioo

n

^15 n

Class B

Class A
Figure 5-42

CHAPTER 6
REGULATED POWER SUPPLIES

At this point we shall consider regulated power supplies in some detail.
The study is justified not only because power supplies are important in
their own right, but also because an analysis of the circuits provides a
framework for utilizing some of the model manipulations outlined pre
viously.
6-1 Basic requirements and considerations. Among the functions com
monly assigned to voltage-regulation circuits are the removal of the
effects of slow amplitude variations of the primary power source, the
reduction of power supply ripple or noise, and the provision of a low
output impedance to both a-c and d-c voltages. A great variety of cir
cuits and components have been utilized in performing these functions.
Chapters 15 and 16 of Reference 1 contain a good resumd of various
mechanical and vacuum-tube circuits, as well as of the older reference
devices.
It is often convenient to divide regulators into feedback types and
inherent or simple types. In the inherent type one employs an element
or circuit that inherently provides the desired properties. A gas tube or
avalanche (Zener) diode, together with a dropping resistor, provides an
example of such .a circuit. An emitter follower, combined with a reference
device, provides a more sophisticated example of this type of regulator.
Feedback regulators tend to be more complicated, although this does
not necessarily guarantee superior performance. The normai feedback
regulator may be divided into a control element, a reference device, an
amplifier, and a sampling and comparison circuit. The control element
and the amplifier may be transistors, while the reference device may be
a solid-state component such as an avalanche (Zener) diode. The com
parison circuit generates an error signal which is the difference between
the reference and a sample of the output. The desirable properties of
the circuit depend on having a high gain between the error signal and
the control element.
6-2 Voltage reference sources. The three common voltage-reference
sources are batteries, gas tubes, and back-biased semiconductor diodes.
Gas tubes are generally restricted to voltages above 50 volts; thus they
are not directly useful in low-voltage supplies. Since gas tubes have
been discussed in detail elsewhere, they will not be considered further
here. Batteries are often brushed aside with the statement that because
204
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they may need to be replaced they should not be used. It is not clear that
this opinion should always prevail. At low output voltages and currents,
a long shelf-life, constant-voltage battery may be no larger than a semi
conductor diode, and may be considerably cheaper than the diode and the
accompanying circuits which will be necessary, in most cases, to reduce
the effects of input variations in the diode circuit to those obtainable
directly with a battery. Thus in equipment subjected to a normal routine
of periodic maintenance, batteries should be considered as a possible
reference source.
When a large back bias is applied to an abrupt P-N junction, it breaks
down and carries a large current. This breakdown is normally analogous
to the Townsend discharge in gas tubes, in that it is an avalanche or car
rier multiplication process.* In this process an electron or hole crossing
the junction (as part of the thermally generated saturation current) gains
sufficient energy between collisions (2.3 electron volts for silicon) to knock
a normally bound electron loose from the lattice in the barrier region.
Each of the new charge carriers (the new electron and its accompanying
hole) may undergo the same effect, if the geometry and applied field allow
it, and a large current may be carried by the junction. By proper control
of the junction characteristics, the breakdown may be made very sharp.
The lowest avalanche voltage will be somewhat above the ionization
level (two to three times the ionization voltage). The upper voltage limit
is set primarily by manufacturing difficulties, since high-voltage units
require high resistivity (highly purified) semiconductor material and
assembly procedures that prevent surface voltage breakdowns before
avalanche occurs. Units with breakdown voltages of over a 1000 volts
have been made, and units with breakdown voltages of from 3.6 into the
hundreds of volts are commonly available. The very low voltage units
are presumably true Zener diodes; however, from a circuit viewpoint the
exact point of transition from the Zener region to the avalanche region is
usually unimportant.
The properties of an avalanche (Zener) diode that interest the designer
of a regulated power supply are its breakdown voltage, its “on” impedance,
its noise producing properties, and its temperature characteristics. Just
as in gas tubes, a certain minimum current must be supplied to the diode
if it is to act as a low impedance. With small units several hundred micro
amperes may suffice to reduce the impedance to several hundred ohms.
With larger units, and currents well above the knee, impedances below
1 ohm are available. All discharge processes are inherently noisy, and
* In spite of this, most commercial breakdown diodes are known as Zener
diodes. The Zener phenomenon, which is quite different physically, was origi
nally thought to be the cause of all the breakdowns and the name has remained.
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the avalanche diode is no exception. In addition, near the knee (for low
current) large bursts may occur as the device alternately fires and goes
out. In several of the commonly used regulator circuits, the diode must
in any case be bypassed to reduce a-c ripple, so that noise is no problem.
If ripple reduction does not require bypassing, one should check to see
that diode noise is not excessive.
Avalanche breakdown voltage normally increases with temperature (as
does the resistivity of low resistivity semiconductors). The percent change
per degree centigrade increases with the voltage rating, so that one may
find a 10°C temperature change causing a 3-volt change in a 200-volt
unit and only a 0.05-volt change in a 10-volt unit.
The direction of the temperature coefficient changes as the breakdown
voltage increases. For very low voltages, where the breakdown is probably
a true Zener discharge, the temperature coefficient is negative. For true
avalanche breakdowns, the temperature coefficient is positive. For diodes
that break down in the transition region (4.5 to 6 volts), the temperature
coefficient may be essentially zero. To obtain a zero coefficient to a high
degree of accuracy requires measuring each particular diode and then
running it in a circuit with a constant reverse current. This is necessary
since the temperature coefficient is a function of the reverse current as
well as of the breakdown voltage.
Another possibility-for avalanche diodes is to connect a forward biased
junction (with a negative temperature coefficient) in series with the backbiased avalanche diode (with a positive temperature coefficient) to obtain
an over-all “zero” temperature coefficient unit. Commercial units of this
type are now available which, according to report, have temperature co
efficients of ±0.001%/°C.

6-3 Shunt regulators. The circuit of Fig. 6-1 shows the basic diode
circuit. The resistor Rs is chosen so that with minimum load current and
maximum Ea the diode ratings are not exceeded. The maximum load
current is then determined by the minimum value for Ea and the minimum
current necessary to keep the diode on properly. To the extent that the
minimum on current is small, load current variations up to about the
diode rating may be handled. The diode rating is normally one of power,
rather than of current, so that the maximum controllable current varies
with voltage rating. Since the power rating is really a junction tempera
ture rating, the thermal resistance from the junction to the ambient and
the ambient temperature also enter into the calculation of maximum cur
rent, which is essentially the same as the power-amplifier calculation of
Section 5-2.
With a 50-watt, 10-volt diode, one might control up to about 4 amp in
this manner. Over this range the diode impedance might vary from 1 ohm
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Rs

+

E,-^

Rl

T

Fig. 6-1. Basic avalanche diode regulators.

at low load currents (high diode currents) to 50 ohms at high load currents
(low diode currents).
To raise the efficiency of the unit one would like R, to be small; however,
the ripple reduction and the input-voltage variation reduction properties
of the system both depend on Ra being large compared with the impedance
of the output combination.
Instead of using the diode directly, one might employ a smaller diode
for a reference, as in the circuits of Fig. 6-2. This combination will not
reduce the power losses in Ra, but it may present an impedance con
siderably smaller than the diode impedance, rz, thereby resulting in im
proved ripple reduction and output impedance characteristics. One should
note that except for the change in the transistor type and the placement
of components, these circuits are identical.
The load voltage will now be V R + Veb, which will be slightly above V R.
Since VR rises with temperature while Veb falls, it may be possible to find
a combination, say a 2.5 mv/°C transistor and a 4-0.04%/°C 6-volt diode,
the temperature variations of which compensate for each other.
Both circuits of Fig. 6-2 have identical impedance properties. The
impedance across the transistor-diode combination is re + (1 — a)(n> 4- r^).
Since the transistor base current makes up the diode current, the inequality
^^min

Ic >

(1 - a)

sets a limitation on the minimum transistor current. Another limitation
Rs

1

+

Rs

Reference

Reference

ZIZ
(a)

Vr

Rl

Rl

I

(b)

Fig. 6-2. (a) Shunt regulator, (b) Shunt regulator.
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R,

+
®hum

■o

Rd

Rl

^out

Fig. 6-3. Shunt regulator.

is re, since it is inversely proportional to Ie. In the circuit of Fig. 6-2(a),
the diode current limitation can be removed by connecting a resistor, Rd,
as shown in Fig. 6-3. Resistor RD is chosen so that the diode current is
high enough to be out of the noise region and in the low-impedance region.
Consideration of the model, with the assumptions that Rd » rz and
that rc may be ignored, leads to
^out

^hum

re + (1 — a)(n 4- rz)
Ra + re + (1 — a)(r6 + rz)

Rd

Hence if Rd is too small the output ripple will rise excessively. The out
put ripple will also rise when re rises, as it must if Ze is reduced from its
previous value. Thus, while this connection permits a more efficient use
of the transistor, it does not allow control of a much larger current.
Sample calculation for the shunt regulator. With a 150-milliwatt tran
sistor having a 0 of 40 and a small 12-volt diode, one might attempt
operation, without Rd, from 4 to 10 milliamp (a load current variation
of 6 milliamp). At 4 milliamp one might find re = 7 ohms, rb = 100 ohms,
and rz = 500 ohms (and the diode noisy). To reduce the noise one would
bypass the diode and hence reduce the output impedance to about 10 to
12 ohms. If the supply were 24 volts and the load varied from zero to
6 milliamp, then Ra = 1.2K ohms would be required, and a ripple reduc
tion of yotj would result. By adding Rd = 22K ohms one would increase
the minimum diode current to | milliamp, which would reduce rz and
probably eliminate the large noise bursts. Now one might get Ie down to
1 milliamp or less without diode trouble. However, at 1 milliamp the
output impedance would be about 36 ohms. If Rs were raised to gain the
same output ripple, the controllable output would actually be less than
before.
Since the efficiency is poor except for nearly constant loads approaching
the capacity of the regulator and since the hum reduction and output
impedance properties of simple shunt circuits are poor, they will not be
considered further, except as components in larger systems.
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6-4 Series emitter follower circuits. In the previous section we con
sidered a shunt circuit that depended on the inherently nearly constant
values of Veb and the low output impedance of the emitter follower to
provide its regulation and its low output-impedance properties. Figure 6-4
shows two versions of a series emitter follower regulator. The basic opera
tion of the circuit of part (a) is straightforward. For de, V rl = V r — VebAs II varies, both Veb and Vr will vary only slightly. If Ea increases, Vr
will increase, but again only slightly.
The a-c output impedance is essentially re + (1 — o)(rb + rz), while
the hum-reduction properties depend strongly on Rd and the impedance
of the reference device. If the reference is a battery, so that Rd may be
omitted, then for Td
(re -f- Rl) or (1 — a)(r& + rz) one finds that
-eL
e3

RLf
~

Td

which should normally be
or smaller. If Rd is present and is not
large compared with rd of the transistor, then the diode should be by
passed with a large capacitor; otherwise, the output ripple, may be ap
preciable (Rd may have to be small to keep rz small and Vr constant at
low output currents).
The circuit of Fig. 6-4 (b) has several advantages over .the single emitter
follower of part (a). In the first place, it allows control of a large load
current with a small reference device, since here Ir is only (1 — ai)
(1 — a2)lL instead of (1 —
In addition, the output impedance
may be lower, since it is rei + (1 — ai)[rC2 4- rbx -4- (1 — ct2)(rb2 + rz)]Because the second stage may normally be a considerably smaller tran
sistor than the first, its rd will tend to be considerably higher; hence the
hum reduction will again depend primarily on rdl and Rd- With a battery
reference, a reduction of the peak-to-peak input ripple from 6 volts to an
output ripple of 20 millivolts (a reduction by a factor of 37^) is perfectly
possible. With a 10-ohm load this requires only that rdx be 3K ohms,

+

7’1

T2

+

Rl

Rd

(a)

+

t
♦

(b)

Fig. 6-4. (a) Simple emitter follower, (b) Two-stage emitter follower regulator.
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Table 6-1

Properties of an Emitter Follower Regulator

E.,
volts

El,
volts

e, pp>'
mv

*lpp'

ma

mv

Pc,
mw

18.1
17.5
16.2
15.0
12.9
12.0

5.50
5.45
5.32
5.25
5.20
5.10

6.4
24
100
200
400
500

180
450
1500
2500
5000
5600

2
3
5
8
13
17

80
290
1190
1950
3040
3450

II,

which is not an unreasonable value for a power transistor.
The circuit will cease to operate at some low load current, since
(1 —
Il — Ico, will be insufficient to turn on properly the second
stage. This difficulty is avoided in a circuit that is operated down to
Il = 0 by adding an internal bleeder to carry the minimum current.
The circuit will also fail to operate properly if the input ripple becomes so
large that the instantaneous source voltage becomes less than V r. The
remedy for this is a larger filter capacitor across the source power supply.
The main power loss in the circuit will be at the collector of the upper
transistor. In general
Pc = (Ea - El) IIAt low load currents (Ea — El) will be a maximum, while as II in
creases (Ea — El) will decrease; hence the collector power will probably
go through a maximum at some intermediate value. Since the regulation
of the primary source is often both quite poor and unknown, one must
examine Pc experimentally. Table 6-1 shows various results for a twostage emitter follower regulator with a dry-cell reference of 5.60 volts and
germanium power transistors.
The transistors involved required a minimum load current of 6 milliamp
for proper performance; hence the circuit would require a 900-ohm bleeder
if operation down to II = 0 were required. The transistor used as a
current control element had 9 = l°C/watt, Ic < 3 amp, and a = 0.95;
therefore the temperature rise from the ambient, assuming a 60 square
inch heat sink, would still be only about 10°C at a 500-milliamp output.
At II = 500 milliamp the reference current is 1.25 milliamp. With a
battery reference, this is probably too high to insure a long-term, constant
voltage. The reference current could be reduced by a factor of 50 by
adding another (small transistor) emitter follower with 3 = 50. The
disadvantages of too many emitter follower stages are: the minimum load
current for regulation is increased, and the number of transistor base-
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emitter diodes in the circuit, with their temperature-dependent properties,
is increased.
If a variable supply is required, then it is possible to control the base
of the lowest emitter follower with a potentiometer placed across the
reference. To keep the output impedance low, the potentiometer should
have a low resistance. On the other hand, to keep the reference current
small, the potentiometer should have a large resistance. Since the load
imposed by the potentiometer on the reference is nearly constant, one
may profitably employ a small shunt regulator to supply the potentiometer,
and then several emitter follower stages to reduce the effect of the vari
able resistance on the output impedance. (See Problem 6-5 for an ex
ample.)
All the circuits so far discussed have been simple, in that their essential
regulating property has been based on a low and nearly constant Vet>We shall now consider feedback circuits.

6-5 Transistor feedback regulators. Figure 6-5 shows the basic feed
back circuit with two possible arrangements for the control transistor.
We have adopted the convention of making the top terminal positive.
If the opposite case is desired, then one has two alternatives. The first
is to reverse all diodes and to turn P-N-P transistors into N-P-N types
and vice versa. The other, and often more practical, alternative is merely
to move the ground connection from the minus to the plus output terminal.
The sampling circuit of the regulator is normally just a resistance divider
across the load. The upper resistor may be bypassed with a capacitor to
increase the feedback for ac and hence to reduce the output ripple. The
comparison circuit may be an emitter-coupled differential amplifier, with
the reference device applied to one base circuit and the sample of the
output voltage applied to the other. In a simpler case, the comparison
circuit consists of a single transistor stage with the reference device in the
emitter and the sample applied to the base, so that the resulting collector
current is a function of the difference between them. Both these arrange
ments normally require that the reference diode be supplied with more

+
Amplifier

Amplifier

§arnPle

Rl

Reference

(a)

Rl

Reference

(b)

Fig. 6-5. (a) Feedback regulator, (b) Feedback regulator.
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0ib

ib = gme0 = Acii

' Tj » Rl

Fig. 6-6. Model of Fig. 6-5(a) for a-c calculations.

current than the transistor supplies, particularly at low load currents.
One should try to derive this “keep-alive” current from the regulated load
voltage so as to minimize ripple feed-through and diode impedance
change problems.
Figure 6-6 shows a simplified version, for hum-reduction and output
impedance calculations, of the circuit of Fig. 6-5(a). For this model

eo
______Rl_______ ~ ri
ea ~~ rtf[l + (UAeRL/ri)] ~ rd$Ac

If
£ = 20,

Ac = 40,

rd = 10K ohms,

rY = 2.5K ohms,

then
1

e “ 3200 ‘

The output impedance of the circuit is approximately r1/^Ac, ignoring
Rl and assuming that rd » Ra + ra. If the previous values are considered,
^out

= 3 ohms.

Figure 6-7 shows several practical versions of the circuit of Fig. 6-5(a).
In all these circuits, one must insure sufficient current to turn on ade
quately the reference diode. The circuit of Fig. 6-7(c) will certainly suffer
from low diode currents at low output currents unless the resistor, Rd,
is available to keep the diode turned on. The resistor Ri is normally de
sirable because it tends to reduce the effects of the source voltage on the
output. The equivalent bias circuit for the control transistor is shown ih
Fig. 6-8. By inspection one sees that changes in Ea will tend to cancel
out of Ze- In order to obtain the approximate value for El given in
Fig. 6-7(a), one ignores the effects of Ico and Veb and makes a bias-type
calculation. When 0i02Rl » R2 the resultant expression reduces to the
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+
Vr
Rl

El

Rl

El

r2

Rd
El = Vr (1 + r2

(a)

+

+
Rd

E.

Ic2

R2

+
VR

El=Vr(^1 + ^

(b)

Q

____ _ Ti r

E

R3

E,

Rl

Rd
Ri
C2

El = Vr when R3 »

n

Ci

(c)
Fig. 6-7. Several practical versions of Fig. 6-5(a).
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’m — Ic2Ri}

Fig. 6-8. Control-transistor bias.

form shown. For the circuit of Fig. 6-7(b) one follows the same general
procedure except that now the necessary condition to simplify the expres
sion is that PiRl » Rx.
If we consider the circuit of Fig. 6-5(b), then Ri will again be necessary,
since without it only a small variation of load current will be possible
without excessive ripple. Now variations in Ea do not cancel, and in fact
as Ri is reduced so that II may be increased, the output ripple is in
creased because rC1 is bypassed by Ri. If an auxiliary supply is available,
with a voltage larger than Ea, then Ri can be supplied a regulated voltage,
as shown in Fig. 6-9. With this circuit one has essentially reduced the
effect of changes in Ea by an order of magnitude. Note that both tran
sistors in circuits like that of Fig. 6-5(b) are the same, while in circuits
like that of Fig. 6-5(a) they are of opposite types.
A great number of particular regulator circuits have been developed.
Several of these are indicated in the problems and the references for the
chapter. If the control unit requires more current than a single-amplifier
unit can supply, then one resorts to a stage or two of emitter follower
drive. If temperature is a problem, then one uses a differential amplifier,

+
+
Ett2
Ettl

1

+

Y

+
Rl

Etll > ESSl + V%

Re

.Rd

Fig. 6-9. Auxiliary diode regulated supply for supplying current to Ri>
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a thermistor, or diode compensation; if absolutely necessary one can
resort to a chain consisting of a modulator, a-c amplifier, and demodulator.
If output impedance is a problem, then extra feedback arrangements may
be added, so that the output impedance may be made zero or negative.
(Devices with the possibility of negative output impedances may be
dangerous unless individual adjustment is contemplated; otherwise oscil
lations may occur.)

6-6 A complete voltage regulator. The circuit of Fig. 6-10 exemplifies
several of the previously discussed techniques. The circuit may be used
as it is shown to regulate currents up to several hundred milliamp. By
including a single emitter follower between T2 and T3, its current handling
capacity may be extended to an amp or more, while with two emitter
followers 10 amp of load current are possible.
Transistor T3 serves as a current amplifier and as the series control
unit. The paramount considerations in selecting T3 are its thermal re
sistance, its voltage breakdown capabilities, its maximum junction tem
perature, and its (3 at high currents.
Should it be necessary, several transistors may be paralleled to replace
T3. In this case some external series resistance may be necessary in the
base or emitter circuit to insure an equitable current distribution between
the units. If a choke filter is used on the input rectifier and if the regula
tion of the primary energy source is no worse than ±10%, then one can
probably get along with a single transistor for most cases. This is possible
since transistors are available that have 0’s of at least 10 at 10 amp, that
will handle 25 watts at a 75°C mounting-base temperature, and that have
voltage breakdowns above 50 volts. Thus if a heat sink is available with
a 0 from the mounting base to the ambient temperature of l°C/watt then
this transistor will handle a 10-amp load current with a 2.5-volt transistor

+

T3

t2

Jc2

Rl
El

*3

Rd
Re

Fig. 6-10. Regulated power supply.
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Ip

ly (2)

(3)->

(1)

/
Ep Ec
Fig. 6-11.
Fig. 6-10.

Eh

Idealized transfer characteristic for the (T1-T2) amplifier of

drop at a 50°C ambient temperature, or a 5-amp current with a 5-volt
drop at the same ambient temperature.
The (Ti-T2) combination may be considered as a unit. If this is done
we may remove it temporarily from the regulator circuit and calculate
the transfer function from EL to IC2. Figure 6-11 shows an idealized
version of this transfer function. This form for the transfer function
occurs since:
In region (1) T2 is off and T\ is on;

In region (2) 7\ and T2 are both on;
In region (3)

is off and T2 is on.

In region (2) IC2 increases as El falls; hence if II is made proportional
to ZC2, then this region will lead to regulating action. If the load voltage
falls below Ep, then T\ goes off and IC2 falls as El falls. In this condition
the circuit will drive both the load voltage and currents to zero. There
fore, the circuit not only provides regulating action but automatically
turns itself off if the load current exceeds a preset value.
The voltage Ec may be calculated by approaching it from region (1),
where T2 is off, and by finding the El that causes T2 to just come on.
If the Fbe’s are assumed to be equal, then they drop out and
R2El
= VR
R2 + R3
QT

El = Ec =

1+

^)Vr-

The voltage Vr is the drop across the avalanche diode, which serves as
the voltage reference for the circuit.
Within the regulating region, region (2),
acts as an emitter follower
to keep the common emitter voltage, Ee, very close to

Ee = El — VR — Vber
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A simple bias calculation for Ie2 leads to

=

[R3El/(R2 + R3)] - Vbe2 - Ee
(1 — a-2)Rii + r

where 7?u = R2R3/{R2 + R3) and r is the effective resistance in the
emitter circuit of R2. If the emitter-body resistance of transistor T2
is small, and the impedance of the reference diode,
is small, then r
should be very small, since r = te2 + ryR(l — ai). If r is equated to
zero and again the Vbe’s are assumed to cancel, then
=

[-R2EL/(R2 4- RJ] 4- Vr
(1 — <12)^11

and the slope, AZC2/A/?£, is

AZC2 = -02
aEl
R3

Thus the slope in the regulating region should be proportional to /32 and
inversely proportional to R3. Since the currents involved may be quite
small (ZC2 may be in the several hundred microamp range), a transistor
should be chosen for I\ and T2 that has a (3 of at least 10 at 50 microamp.
(Normally Ti and T2 should be silicon units with very low Zco’s. If this
choice is not made, then adequate regulation may be difficult to achieve
at high ambient temperatures.)
According to the theoretical expression, the slope is inversely propor
tional to R3. So long as R3 is larger than several thousand ohms, this
relationship holds experimentally. For smaller values of R3, the various
emitter resistances which we ignored will begin to be important.
If the emitter voltage is written as (Z«2 4- I«^)Ret then one may com
bine the previous expressions and solve for Zei. The peak voltage, Ep, is
determined by setting Zei = 0 {T\ goes off at Ep}. If the Vbe term is
ignored, then
Ep - VR [1 + £
+ (1R._ a^Rs.
when one substitutes this value of El into the expression for Ze2 and
multiplies by a2) one obtains Ip. Thus
Ip

=

VrR3
~ VrR3
R2[Re 4~ (1 — ^2)^3]
R2Re

[The slope in region (2) could also be determined as IP/(EC — Ep). The
initial expression appears complicated; however, it simplifies to the previ
ous value.]
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The (Ti-T2} amplifier may now be combined with a control transistor
T3 to make the over-all amplifier. Let the current gain between ICt
and II be A and assume that Ec > El >> Ep
v. Then

Il = AIC2,

El = IlRl,

= (^Ic^\

t

\&ElJ

C2

(El - Ec).

Let G = &2/R3- Then
El =

AGRl
Ec
1 4- AGRL.

AGRl ) (V«) (1 + R3 '
R2.
1 + AGRl.
The output impedance, M£L/MC, will be
7

—

1

—

^3

out ~ AG ~ A(32 ‘
If there were two emitter followers between T2 and T3 and if 02 — 20
and 03 — 10, while each of the intermediate stages had 0’s of 40 and
R3 = 5000 ohms, then
~
5000
2/Out —
=
ohms.
10 X 20 X 40 X 40

Circuits of this type have been built that have a drop in El of 0.1 volt as
Il increases from 0.5 to 10 amp. For this case
&El
= ^5 ohms.
Mc

The over-all design now involves setting [1 4- (R3/R2WR at slightly
above the desired operating load voltage, and adjusting Ip in conjunction
with the current gain, A, to obtain the desired overload current. Practical
problems in the design of such a supply include the shaping of the amplifier
frequency response to prevent oscillations, controlling the Zc0’s, and
providing adequate turn-on currents for all transistors at low load currents.
Generally, if Tx and T2 and at least one of the emitter follower stages
have a cut-offs of 6 megacycles or more, then oscillations and ringings
may be prevented or controlled by a small capacitor (hundreds or thou
sands of micromicrofarads) across R3 and by several hundred micro
farads across the load. As the minimum load resistance is increased, the
necessary capacitance will decrease.
Figure 6-12 shows a scheme for providing turn-on currents and turn-off
bias voltages. The 4-4- supply is an auxiliary supply sufficiently above

L
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H- +

t3

T

T<

*4

Hz

*5

7’5

7?6

7r2

7’2

Fig. 6-12. Detailed circuit of emitter follower drivers in Fig. 6-10.

the input d-c voltage to “fire” the avalanche diode, VZt which may have
a nominal voltage in the 4 to 6 volt range. Nominally
Je3 = 7C2^3/34/?5 + I /Co5

+

I co3

Vz
R-i

Vz
Rq

030405 + (

co4

J’z
Rs

0304

03-

The Vz/R terms should be larger than the Ico terms, so that when an
overload forces IC2 to zero, all the emitter followers will be back biased
and only ICO3 will flow into the load. In addition, the removal of the
effects of Ico in the earlier stages will allow smaller load currents without
loss of regulation. For high-teinperature operation, R§ may have to
consist of a resistor and thermistor combination, so that its resistance will
fall with temperature. If this is done and if the control transistor dis
sipates the necessary power, then regulators may be built, without undue
difficulty, which will operate from no load to 10 amp over the tempera
ture range from, say, —40°C to 60°C. Such a unit might have a 0.1-volt
drop from zero to 0.5 amp and another 0.1-volt drop from 0.5 to 10 amp.
With reasonable input filtering, the output ripple should be less than 10
millivolts.
References
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Problems
6-1. For the circuit of Fig. 6-13, calculate the load voltage as Rl varies from
5 ohms to 50 ohms. What is AET/AZc for this load variation? At II = 1 amP>
assume n = 5 ohms, re = 1 ohm, rc = 2K ohms, and a = 0.97. Calculate
ii/tH assuming a 2-ohm impedance for the reference device. If Et = 25 volts
and 0 = 2°C/watt, calculate the junction temperature with a 9.5 ohm load.
Assume TA =■ 25°C and Ico = 3 milliamp at 25°C (/<» doubles every 18°C).
With Rl = 9.5 ohms, calculate El as E, varies from 15 to 30 volts.

h,

E» —— 10 v

Rl

amp
2-

I t

El

1
0.5
0.2

-

l

I_____ I

0.2

0.3

0.S

0.5

volts

Fig. 6-13. Regulator circuit and transistor characteristic.
6-2. The Zener diode of Fig. 6-14 has the ideal characteristic shown. 0 =
4°C/watt and Rl is to vary from 20 to 40 ohms. Choose R (value and power
rating) if E, = 28 volts. What is the maximum dissipation in the diode and
when does it occur? What is the junction temperature rise for this input? If the
peak-to-pcak ripple of €h is 1 volt, calculate the output ripple 62-

R

o

14 v

15 v

t 1

El e2

11

i
i
i
i
i
i

---- 10 ma
.

1 ample.

■o

Fig. 6-14. Diode regulator and diode reverse characteristic.

6-3. Combine the transistor of Problem 6-1 with an avalanche diode having
a breakdown voltage of 14 volts and a reverse impedance of 10 ohms. A mini
mum diode current of 1 milliamp is necessary to place the voltage at 14 volts
and to avoid the high noise region. Use the combination to replace the shunt
regulated supply of Problem 6-2. What value of dropping resistor is necessary
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for the diode? (Don’t forget /«,.) If this supply is to be used with a constant
20-ohm load, but now E, may be expected to vary from 24 to 32 volts, what
changes, if any, would you make in your design? What variation in El would
occur for this variation in Et? What is the approximate d-c output impedance
of your circuit? (Figure 6-3 illustrates the resultant circuit.)
6-4. Figure 6-15 shows a two-stage emitter follower regulator. Assume that
the diode of Problem 6-3 is used as a reference element and the transistor of
Problem 6-1 is used as a control element. For the second emitter follower stage,
a = 0.98, Ico < 5 microamp, and ha, = 30 ohms at Ie = 1 milliamp and 9 =
50°C/watt. The circuit is to keep the output voltage constant as Rl varies from
100 to 10 ohms for source voltages between 16 and 24 volts. Calculate its effec
tiveness in this service. What is the maximum allowable peak-to-peak ripple at
the input? What is the maximum rise in the junction temperature of each unit?
(Assume 0 = 200°C/watt for the diode.)

Figure 6-15
2K Q

4-

■6

6-5. The regulator of Problem 6-4 is to be made variable, as shown in
Fig. 6-16. With this circuit El is variable from | to 13.5 volts, /kt what output
voltage is the a-c output impedance a maximum? Explain. Assume that T\
and T3 are similar and the same as the unit of Problem 6-1, while T2 is similar
to T2 of Problem 6-4. Calculate
and Pc, as Et varies from 20 to 30 volts.
Calculate the output voltage (a-c and d-c) for Et = 25 volts, Rl = 20 ohms,
ch = 4 volts peak-to-peak and with the potentiometer arm set at 50 ohms from
the emitter of T3.

El
Input

200 Q

100

+
Figure 6-16.

+

Rl
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6-6. Figure 6-17 shows an overload-proof, variable-voltage, regulated power
supply, with an input of 18 volts. The output is controllable from 7 to 15 volts.
The 5K-ohm and 1-jxfd output combination insures a minimum current through
Ta and prevents high-frequency oscillations. The 250-M/xfd capacitor from the
control tap to ground is also used to control the high-frequency amplifier char
acteristics. The silicon diode reduces the dissipation in T3 by restricting Vcbj
to | volt or less. Assume that a = 0.97 for all transistors and that the control
unit, Ta, is similar to the unit of Problem 6-1. Calculate the output voltage with
the pot set at its center position. Estimate the output impedance of the circuit
for this setting Estimate the load current at which the voltage will fall sharply.
Estimate the junction dissipation for all transistors just before regulation
breaks down.

1.5 v T
.
/
I Normally closed / /
1

Both positions of ON-OFF switch
closed for ON.
-7
ON-OFF switch

+

Reset

+ )--------- -------------------Silicon
diode

15K n

500 Q
i20K Q

nr

F

I

“^"4.5 v
5K Q

n j----22K Q

’2K fi

MMfd

—

^22K a

G>
Figure 6-17.

1 Mfd

CHAPTER 7
HIGH-FREQUENCY AND NOISE MODELS
FOR TRANSISTORS

I

In this chapter we shall extend the low-frequency models of Chapters 1
and 2 so that they may be used for small-signal steady-state and transient
calculations and for noise calculations. The methods for simplifying these
models for use in circuit calculations are considered in Chapters 8, 9,
and 10.

7-1 High-frequency effects. As frequency is increased, simple lowfrequency models fail to yield accurate design results. For any device
this failure may be attributed to one of two causes. The first is the
failure of the calculation to include the effects of certain parasitic com
ponents, such as lead inductance and wiring capacitance. While these
elements are to some extent almost unavoidable, they are not really basic
to the operation of the device and can be minimized through proper de
sign. The second cause relates to the high-frequency effects that are
inherent in the structure of the device and in the physical processes that
the device employs to achieve its useful characteristics. We shall be
concerned largely with this second class of high-frequency effects. While
a large number of possible models exist, we shall concentrate on two:
the modified Tee and the hybrid-pi. These two models will prove to be
sufficient for almost all simple circuit calculations. The parameters of
these models are not frequency dependent. The hybrid-pi has the added
feature that the major variations of its important parameters with d-c
bias conditions are easily predicted. Since most manufacturers now pro
vide data on one of these models, measurements should not be generally
required. If measurements must be made, the essential parameters for
these models are easily measured. (See Problem 7-1.) If a complete
characterization is desired, then hybrid parameters may be indicated.
For frequencies below about 50 megacycles, many commercial impedance
measuring instruments may be adapted to measure Ate, hn,, hob> and the
common base output impedance with the input shorted. From these
measurements the hybrid parameters may be calculated.
At higher frequencies special techniques may be employed, such as
those outlined by Abraham and Kirkpatrick* for the measurement of
hybrid parameters in the 30 to 300 megacycle range.

* R. P. Abraham and R. J. Kirkpatrick, “Transistor Characteristic at VHF,”
Semiconductor Products, 2, 15-22, January 1959, and 25-29, February 1959.
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The basic factors limiting the frequency response of transistors are
the junction barrier capacitances, the transit time of charge carriers
through the base, the dispersion introduced during this transit by dif
fusion and, in certain diffused-base types, by passive region interelectrode
capacitances.
7-2 Depletion-layer capacitance. In back-biased junctions the transi
tion region from the N-type to the P-type material may be thought of
as a charge-free region bounded by two parallel and oppositely charged
plates. The bound donor atoms on the N-side of the layer are positive,
while the bound acceptor atoms on the P-side are negative. The capaci
tance between these layers of bound charge is increased by the fact that
both germanium and silicon have high dielectric constants. (The relative
dielectric constants are about 12 for silicon and about 16 for germanium.)
The assumption of parallel plates is a gross approximation. In an ideal
grown junction the charge density may be symmetrical about the transi
tion region. In an ideal alloy junction the conductivities of the base
and collector may differ by a factor of 100, and the charge density distri
bution will then be drastically different on the two sides of the transition
region.
Since the width of the depletion layer varies with the applied voltage,
one would expect the depletion-layer capacitance to vary with voltage.
For an idealized gradual junction (grown junction) the capacitance per
unit area is
C = ke2l3a'l3V^3.

where k is a constant, e is the dielectric constant, and a is the rate of
change of net impurity concentration with distance in the region of the
junction. As expected, increasing the junction voltage, TjUnc, “widens
the distance between the plates” and reduces the capacitance, while
increasing the slope of the impurity concentration versus distance function
narrows the region and increases the capacitance.
For an ideal abrupt junction (alloy transistor or diode) between a lowconductivity N-material and a high-conductivity P-material, the capaci
tance per unit area is
C =
where K is a constant and n is the electron density in the N-material.
Again the capacitance falls as the back bias is increased. As nn increases
(the base conductivity increases), the effective region is narrowed and the
junction capacitance is increased. Reference 10 at the end of this chapter
gives the details of the computation of these capacitances.
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13

rbb'

€

13'
Wc

Tec

We

Ct

Cb'e

E

gmVb'e

Fig. 7-1. Hybrid-pi model.
From the model viewpoint these depletion-layer or transition-region
capacitances should be shown as occurring directly across the appropriate
junction terminals. Normally the collector-base junction capacitance is
so completely dominated by the depletion-layer capacitance that Cb'c and
depletion-layer capacitance are used interchangeably.
In most lowfrequency transistors, another capacitance (not yet discussed) dominates
the forward biased emitter-base junction. Therefore, it is convenient to
show the emitter-base transition capacitance as Ct and to separate it
from what is commonly called Cb'e- (Since many of the donors and ac
ceptors near a forward biased junction should be neutralized by neighbor
ing carriers, one would expect Ct to be much smaller than Cb'c if the two
junctions were identical.) In many diffused-base (drift-type) units the
relative junction conductivities are not identical, since the base conductiv
ity varies from a high value near the emitter to a low value at the
collector. Thus the emitter-base transition capacitance may be as large as
or larger than the collector-base capacitance. Figure 7-1 shows the
hybrid-pi model of Fig. 2-17 with the addition of Ct and Cb’c, as well
as Cb'e, which will be discussed in the next paragraph.
7-3 Diffusion capacitance. If rbb' is removed, so that only the intrinsic
transistor is considered, then the transmission of charge by diffusion from
the emitter-base junction, through the base, to the collector-base junction
is characterized by the equations for transmission down a leaky, noninductive cable. An exact circuit model of the unit that would take into
account the transit time and dispersion effects would require a section
of such a line. A mathematical model would require the hyperbolic func
tions that the solution of the equations for such a line requires. In practice
it turns out, over most of the useful frequency range, that this trans
mission may be reasonably approximated by a single R-C section. The
resistance for this section is taken as rbw
An approach to Cb'e is to consider a two-dimensional model of the base
of an ideal transistor with a = 1. The minority carrier density across
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Emitter

Collector

Base

p = pb exp (Kt/26 mv)^/Density = zero

Fig. 7-2.
Transistor.

Minority carrier density across the base of - an ideal P-N-P

the base of such a P-N-P transistor is shown in Fig. 7-2. Now if the
density of minority carriers (holes in the P-N-P case) at the emitter
junction is taken as p holes per cm3, then we may calculate the capaci
tance of a 1-cm2 tube extending through the base from the charge stored
in such a tube and the voltage necessary to store the charge. Consider
an incremental case with e^c = 0. In this case the model of Fig. 1-5,
redrawn as in Fig. 7-3, may be employed. Consider now a change in Ie
caused by a change in Veb'. From Figs. 7-2 and 7-3 we may write an
expression for the incremental base-to-emitter capacitance as dQb/dVeb'>
where Qb is the stored charge within the base and Veb’ is the voltage across
the forward biased junction. Now

dQb
dVeb>

(dQb\ ( dW\
\dW) \dVebJ ’

/W\ ( dp \
\dp / \dVebJ

where

Qb =

qpW
”2“’

dW
= 0,
dV^

p = pbev‘bqlkTf

T — gpT) _ kT
e ~ W
qrt

Therefore

w2

dQb _ (gWA (=
C = dVeb>
\ 2 ) \kTj
2Dre

(7-1)

From Eq. (7-1) we see that rtCb'e is equal to AW2/2D, which is a
constant for a given base width. Thus if W is constant, but Ie is varied
ic

B'}

E

>----- (C

T'

a
g>n = ~
re

(a)
(b)
Fig. 7-3. (a) Small-signal model, ecbi = 0. (b) Equivalent voltage-controlled
model.
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by varying Fej>' this time constant will not vary with Ze. If W is varied
by varying VCb', then it can be shown that for the assumed model both
Cb'e and re will vary with W:
Cb'e =

Wq2p
2kT '

WkT
r‘ ~ qWp ’

The variation of
with W is the source of the feedback generator gec
shown in Figs. 1-5 and 2-11.
In general, W = Wo(l —
where N is between J and
Normally
the
term is small compared with unity, so that even a large change
in VCb will cause only a reasonably small change in W. In these circum
stances, it is usually quite reasonable to assume that Cb'e^e is independent
of the transistor Q-point. (For operation of transistors as small-signal
amplifiers, such an assumption is usually valid. When switching circuits
are considered in Chapter 10, the problem will be re-examined.)
Since rb'e = re/(l — a) and since a and rtCb'e may be considered to
be constant with changes in Q-point, then rb'eCb'e will also be constant
as the Q-point changes.
The calculated 3 db point for the common base connection of an ideal
transistor (r6y = 0 and diffusion length » W), in which the charge is
transported through the base completely by diffusion, is 1.2(2D/W2) =
1.2/rtCb'e- Thus one might call 1.2/reCb'e the radian a cut-off frequency,
wao. In most circuit design work, in which one is dealing with typical
parameters, fao is seldom known to within 20%, and it is often convenient
to use Wao and l/rtCb’e interchangeably.

7-4 The hybrid-pi model. The most convenient model for common
emitter high-frequency small-signal use appears to be the model of
Fig. 7-1. With good high-frequency units, r^c and rce will often be so
large that they can be ignored. Ignoring rce implies a load impedance
that is small compared with it. At low frequencies, ignoring rb'c is analogous
to setting hr of the hybrid model equal to zero, that is, to ignoring the
feedback term. At higher frequencies ignoring rb'c is just a recognition
of the fact that r^c is large compared with the reactance of Cb'e- In most
low-frequency units Cb'e is large enough so that it normally swamps out
the effects of the emitter-base transition capacitance, Ct, and hence Ct
is ignored. In higher-frequency units Cb'e is reduced, while construction
techniques tend to result in higher values for Ct- Under these condi
tions both capacitances need to be displayed, and they should normally
be kept separate. The capacitance Ct will be of major importance when
Ie is very low, since Cb'e is directly proportional to Ze. For large values of
Cb'e, Ct is normally ignored. The reduced form of the hybrid-pi is shown
in Fig. 7-4.
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B

rbb'

Cb'c

B'y.

Ct

rb'c

C

'fJmVb'c

Cb'c

E
Fig. 7-4. Practical form of hybrid-pi model.

When using Fig. 7-4 one should remember the various relationships
and variations which are normally valid for small-signal amplifier work.
For the sake of convenience, we list them here:
ffm^b'e = P

Normally assumed independent of the
Q-point.
Hence gm increases as Ie increases.
Hence rb’e decreases as Ie increases.
Hence Cb’e increases as Ie-increases.
Varies as 1/vTcT to l/V^3 depending on
construction.
Generally assumed to be independent of
the Q-point.

gm = a/rt

Tb'e = re/(l — a)
Cb'e^b’e = constant
Cb’c

7-5 Modified Tee model. For common base circuits it is often more
convenient tb employ a modified Tee circuit than a hybrid-pi. Such
a model will result if the modified Tee of Fig. 2-12(a) has Ct, Cb'c, and
Cb’c combined with it. The result of this combination is shown in Fig. 7-5.
The notation ao is used to denote the low-frequency value of a.

E

rc

rb'

Cb'c

Ji'}

Cb'c

Ct
,rbb'

B
Fig. 7-5. High-frequency Tee model.
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ie

Cb'e
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Fig. 7-6.
Tee model.

B

(a) Simplified high-frequency Tee model.

a =

Qo

pCb'cTi + J

a0
1 + Jw/O>o0

(b) High-frequency

The model of Fig. 7-5 is often simplified slightly by returning to the
basic model of Fig. 1-6 and ignoring the feedback term gc<£2- If this is
done and the conventional Tee notation of ao and rc is retained, then
the circuit of Fig. 7-6(a) results. When Cb'e » Ct, so that Ct may be
essentially ignored, and when rc is dropped from consideration, then
another slightly different form of the Tee is often employed. This model
is shown in Fig. 7-6(b). In much of the older literature the model of
Fig. 7-6(b) is further simplified by dropping the explicit presentation of
Cb'e- While this does not change the current gain expression or the lowfrequency input impedance, it does lead to a false impression of the
input impedance at frequencies near or above coao.
Both of the models postulated have their theoretical foundations on
the assumption of one-dimensional flow. Pritchard* has pointed out
that certain geometries, notably those encountered in grown-j unction
units, may demand a two-dimensional analysis. For our purposes the
effect of this geometry is that the ohmic base impedance, rbb', may have
to be replaced by a complex impedance, Zy, consisting of rbb' m parallel
with some capacitance. This possibility should be borne in mind when
using such a transistor.
* R. L. Pritchard, “Two Dimensional Current Flow in Junction Transistors
at High Frequencies,” Proc. IREt 46, 1152-1160 (June 1958).
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7-6 Practical high-frequency transistors. Several of the references at
the end of this chapter give details of the construction of high-frequency
transistors. We shall not give the details here, but merely outline some
of the results and their consequences. To have good high-frequency per
formance, a transistor should have small values for all capacitances. In
addition, since the charge stored in the capacitances can only be changed
by current flowing through r^,', this resistor should be small.
The junction depletion-layer capacitances are made small by reducing
the junction areas (this reduces the allowable power dissipation), or by
decreasing the base conductivity (this reduces the voltage breakdown
and increases rbb ), or, for the base-collector junction, by imposing a
relatively thick layer of intrinsic material between the high-conductivity
base and the collector. This last approach leads to a PNIP or NPIP
transistor, which, in a modified form, is present in drift or diffused base
transistors. It leads to a large breakdown voltage and low r^'. In addi
tion the base may now be made very thin (measured in layers of atoms),
since it is physically supported by the intrinsic layer. The disadvantages
of using a high-conductivity base are higher emitter-base junction capaci
tance, and lowered emitter efficiency. The disadvantage of an intrinsic
region is that the drift time for carriers through the drift region may be
comparable to the diffusion time through the base.
The diffusion capacitance, Cb'e, may be reduced by reducing the base
width W, by reducing the base area, or by increasing the diffusion con
stant D. The most common approach has been to reduce the base width
and area. Several techniques exist for making thin base layers. Common
trade names are diffused base, surface barrier, and microalloy. The
finished transistors are known by these names, as well as by such names as
drift transistors, mesa transistors, and others. In the process of making
diffused base transistors, one obtains a base having a variable conduc
tivity, which is high near the emitter and tapers off as the collector is
approached. It was pointed out in Chapter 1 that if the conductivity
varied exponentially, then a built-in drift field would be set up in a di
rection that would aid the flow of minority carriers. This field provided
the name for the drift transistor. The improvements in high-frequency
characteristics usually result at least as much from the lower
and
Cb'c, and the narrower effective base width, as from the drift field. A
further effect of the drift field is considered in the next section.
Another technique that has been used to obtain an electrically small
junction area in a reasonably sized physical structure is the tetrode con
struction. In such a unit one places two base connections on opposite
sides of the base of a transistor (normally a grown-junction unit). A d-c
biasing voltage is applied between the two base connections. This bias
acts in conjunction with the normal emitter to signal-base-connection
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bias to back bias all of the junction except for a small region near the signal
base connection. Since the active collector and emitter areas are now small,
the capacitances are small and the high-frequency performance is improved
over that of the same unit without the auxiliary base connection. As
a practical matter, there are considerable manufacturing difficulties, so
that tetrode units have generally not been able to compete, economically,
with the newer diffused base units.

7-7 More sophisticated models. As one goes to higher frequencies or
becomes interested in complex circuits, the simple models discussed pre
viously may not always be sufficient. In this section we will try to indicate
some of the possible modifications to these models.
Even in a transistor in which all the charge is transported through the
base by diffusion, there is slightly more phase shift at a>a0 than the hybridpi or the Tee model provides. This excess phase shift may be supplied
in several ways. A simple approach that yields a quite accurate approxi
mation of the actual phase shift is to add a phase-shift term, exp
In Fig. 7-5 this term would be included in the current generator, so
that the generator’s strength becomes i(ao exp (—jmf/fM). In Fig. 7-1
or Fig. 7-4 one would let
9m

ao exp (—jmf/fao)
r(
*

, = __________ r±___________
1 — ao exp (—jmf/fao)

Tb'e
b’e =

For the diffusion transistor (no built-in base electric field) the common
base stage has 12 degrees of excess phase at fao; therefore, m = 0.21.
As a field is built into the base, as it is in all diffused base transistors,
the excess phase increases; hence m must be increased. For example,
when the field in the base equals 52 volts/mm, the excess phase at fao
is 36.5° and m = 0.64 must be used. (In actual practice the excess phase
shift is the measured quantity.)
If the output is shorted and if Cb’c is ignored, then from Fig. 7-4 and
the values for gm and 77,'c stated above the common emitter short-circuit
current gain becomes
ic _

______ CiigpClo exp (

jmf/fao)______

ib ~ P 4- w00[l — a-o exp (—jmf/fao)]

In this mode f is normally considerably less than/<,<>; hence the exponential
in the denominator may be expanded. When this is done

~ (
exp (—jmf/faO)
~
( a
a0o \ __________________________________
—
\1
—
aj
1
4j
{(///«o)[(l
4- aom)/(l — a0)]}
ib
___________ a0 exp (—jmf/fao)____________
(1 4- aom){p 4- Ml — M/G 4- aom)]}
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I

Active region of
the transistor
Collector

(a)
Ccb

■VXAAA
CloUaO^b

p + W0o
rbb'

rCc'

Cc'b'

13 'J

C

ib-

re

CT -I- Cb'e

J

(b)

Fig. 7-7. (a) Mesa high-frequency, diffused-base construction, (b) Model
for a transistor such as that shown in part (a).

From this equation one sees that the common emitter current gain is
down by 3 db when
/3db

ffio

_ ao) ____________

1 + aom

1 -f~ aom

where fpo = Jao(l — ao) is defined as the /3 cutoff frequency. When
m = 0.21 and ao approaches unity, this denominator factor equals 1.21.
If wao is defined as 1.2/rtCb’e, then the 1.2 factors cancel and
^3db =

1
Tb'eCb'c

As pointed out previously, in circuit design it is often convenient to
use ojao and l/re Cb’e interchangeably. In like manner it is often convenient
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to use wpo and l/rb'eCb'e as equivalents. From the above arguments we
see that there will be a theoretical (though not necessarily practical)
error of 20% in these assumptions for simple transistors.
The excess phase shift at the common emitter 3-db point for the
m = 0.21 case will be negligible. Two effects are worth noting. One is
that if fa0, and hence f$o, is increased by switching to a diffused base
transistor, then from the device designer’s viewpoint the common emitter
3-db point will not increase directly with /Q0, since increasing the field
also increases m. Thus increasing the built-in field from zero to 52 volts/mm
increases the common emitter 3-db point only by 2.5 times instead of by
the 3.5 times that might have been expected on the basis of the increase
in fa0 alone. The other effect which may be important in transistors with
large built-in fields, and hence with values of m approaching unity, is
that excess phase shift appears at frequencies considerably below fao.
In multistage amplifiers, particularly of the feedback type, this excess
phase shift will need to be considered.
In addition to the excess phase-shift problem, various construction
techniques used for high-frequency units introduce additional elements.
For example, ohmic resistances ree> and rCC' which are analogous to
may have to be introduced. In addition, the placement of connecting ele
ments may lead to direct capacitances, Cbc, Cce, and Ceb, between the
external connections. For example, in the mesa-type construction, a
direct capacitance occurs from B to C. Figure 7-7 shows a sketch of the
construction of such a unit, together with a possible model for it. Trans
istors of this type are available with /^o’s greater than 100 megacycles.

7-8 Basic transistor noise model. The hybrid-pi model of Fig. 7-4
may be used as the basis for a model for transistor noise calculations.
Transistor noise is generally split into two portions. The first varies as
1/f and is generally not amenable to theoretical calculation. The classic
article concerning it would seem to be that of Fonger.*
Fonger attributes the 1/f noise to two sources. One of these results
from surface recombination, is strongly dependent on collector current,
and presumably can be reduced by proper geometry and surface treat
ment. The second 1/f source is the ohmic leakage current across the
reverse biased collector junction. This noise increases with leakage current
and hence with the collector-base d-c voltage. Experimentally, one finds
that when this component is important, a change of VCb by 1 volt may
change the output noise power by a factor of 3 or more.
* W. H. Fonger, “A Determination of 1/f Noise Sources in Semiconductor
Diodes and Triodes,” Transistors I, RCA Laboratories, Princeton, N.J., 1956
(235-295).
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In order to calculate signal-to-noise ratios, or noise figures, we wish to
add various mean-square noise-current generators to the hybrid-pi model.
The 1/f component may be approximately represented by inserting a
generator,

KJcl

. f

+

¥)

amp2/cycle,

across the collector to internal-base terminals to account for both surface
recombination and collector junction leakage.
In this representation
I cl would be the junction leakage current in excess of the saturation value
for germanium units. In silicon units, where a saturation effect may not
exist and at least some of the noise from the voltage-dependent current
is random and not frequency-dependent, the division will have to be
determined experimentally. The values of Ki and K2 must also be de
termined. Fonger indicates an empirical value of
= 16/cT X 1013 =
22.1 X 10“ 10T, which equals 0.664 X 10~6 when T = 300°C.
The factor K2 would seem to be more dependent on construction and
surface treatment. Some results from experiments with early transistors
indicate a value for K2 of several orders of magnitude less than that for
K\. However, since Ie tends to be much larger than I cl, the surface
term may still predominate. (Typical values are indicated in an example
in a later section.) The literature contains many statements and dia
grams indicating that the 1/f component may be negligible above 100
cycles/sec. This may be true for certain low-noise units operated at low
currents and low voltage; however, it must not be taken for granted that
it will be so in general. In fact, the 1/f component may easily dominate
up to 500 kilocycles or more.
In addition to the 1/f noise sources the transistor has certain random
noise sources. These are generally assumed to be independent (that is,
it is assumed that there is no correlation between the sources) and to
produce a flat power spectrum. For noise purposes all the resistances of
the model except rbb' are considered to be noise free. The ohmic resistance,
rbb’, is treated as a normal ohmic resistance. Such a resistance may be
treated for noise purposes as if it were a noise-free resistance in series or
shunt with a mean-square noise generator, as shown in Fig. 7-8. In

o

= 4kTrB

= 4kTB
r

r

1--------1-------Fig. 7-8. Representation of an ohmic resistance for noise purposes.
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this illustration B is the bandwidth in cycles/sec, k is Boltzmann’s constant (1.38 X 10“23 joules/degree kelvin), and T is the absolute temperature.
Within the germanium transistor, three sources of shot noise are con
sidered. The first is at the collector and results from the random arrival
of charge carriers. The second is across the collector-base junction and
results from the random (thermal) generation of the hole-electron pairs
that provide the carriers for Ico. The third source of noise is within the
base and results from the fact that the recombination of minority charge
carriers with their opposite numbers, within the base to produce the base
current, is a random process. In silicon, Ico is much smaller than in
germanium, but appreciable random recombination may take place in the
emitter-junction transition region.
The magnitudes of the three germanium noise sources are directly
related to the total number of charge carriers involved, that is, to the
magnitude of the d-c current at the point in question. By combining
the contributions from an individual collection, recombination, or genera
tion, it can be shown that
4 = 2g(l - a)IeB,

i2 = 2qIcB,

ico = 2qIcoB,

where B is again the bandwidth in cycles/sec and q is the electronic
charge (1.6 X 10“19 coulombs).
Schneider and Strutt* have examined the small-signal shot noise in
silicon diodes and transistors. When one has a diffusion ^current across
a depletion layer and a recombination-generation current starting and
ending within the same layer, they are treated as independent phenomena.
The recombinations and generations are all assumed to occur at essentially
the center of the depletion layer. This means that each carrier involved
in this process travels through only half the depletion layer. These carriers
have the same effect as a carrier of charge q/2 traveling through the
whole layer. This would mean that if the expressions for Ie and Ic, in
the mean-square noise-current expressions previously given, could be
split into a diffusion current, Id, and a depletion-layer recombination
generation current, Ir.q, then the mean-square noise-current expressions
would be written as
i2
c = 2qB (lD + ^) ■

In general one does not have a simple means of splitting the current
in this fashion. For rough circuit calculations the original simple expres* B. Schneider and M. J. Strutt, "Theory and Experiments on Shot Noise
in Silicon P-N Junction Diodes and Transistors,” Proc. IREt 47, 546-554,
April 1959.
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Fig. 7-9. Common emitter noise model.

sions provide an answer that is at least within an order of magnitude of
the correct value.
When the appropriate noise generators are added to Fig. 7-4 the circuit
of Fig. 7-9 results for a common emitter noise model.

The
and
portion of the hybrid-pi model of Fig. 7-9 may be developed
from th e Tee noise model of Van der Ziel (see Reference 17) by first splitting
the ait generator in the normal fashion to convert a Tee to a pi model, and then
by splitting the instantaneous RMS noise generator, iP2, into a collector-emitter
generator and an emitter-internal base generator. The collector-emitter portion
becomes
= i’J2, while the emitter-internal base portion is combined with the
instantaneous value of iP1, and the mean square of the sum becomes tj. Using
Van der Ziel’s results

- «p, + ip, + 2 ip, • ip,
= »*, - i2, = 2jBZ.(l - a),
since

ip, S* 2qBIc,

iPl == 2qBIe,

iPl • iP2 = —2qIcB.

This approach reveals that if and j are not really independent, but in fact
have output effects whose correlation approaches unity. Low noise-figure cal
culations in which the i? and ij terms are significant may, therefore, be somewhat
optimistic if one assumes these terms to be uncorrelated. In most practical cases
this correlation may be ignored without introducing serious errors and we shall
therefore assume if and
to be independent.
The common base Tee model is illustrated in connection with Problem 7-6.
The detailed treatment of frequency effects in the model of Fig. 7-9 is
considered in Chapter 8. For the common case where the load resistor Rl
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Fig. 7-10. Input circuit of noise model.

is not too large (say 5K ohms or less) and any external emitter resistor is
adequately bypassed, these results may be summarized as follows: The
direct effects of Cb'c on the output may be neglected as being insignificant.
The Miller effect may not be negligible, so that while Cb’c may be removed
from the viewpoint of direct transmission, a shunting capacitance of
G>'c(l + gm/?r) must be added in parallel with Cb'e to account for the
Miller-effect shunting of the input. Normally, Cb'e is so small compared
with Cb'e that the direct shunting of i*o and
by Cb'c may be ignored.
When these simplifications are introduced and a composite source and
load resistor are added, the model shown in Fig. 7-10 is the result. Both
Ra and Rl are indicated as completely ohmic resistances with noise gener
ators of the type indicated in Fig. 7-8. In actual practice neither may
be purely an external resistance; for example Rl may be a composite
value including load resistor, bias resistors, and the input impedance of an
other stage. If this is true, then the numerical value of Rl would be used
in the Miller-effect calculation, but the
generator shown would have
to be modified to account for the actual noise from the ohmic resistances,
and the shot or other noise sources in the input of the next stage.
Unless the stage gain is quite low, z2Rl is usually negligible, and it is
normally dropped from initial calculations. The only peculiarity to be
observed in calculating the total output noise current, i^v, from this
model is that the direct effects of the i|j and ij generators in the collector
and the amplified effects of these generators from the base will each be
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correlated,
band is

The resultant expression for

iN = ic + g2
m\Z\2/-2
2(i2b +

from a 1-cycle frequency

+ (1 + 2Sm|Z| + g2IZf2)(i20 + if)(7-2A)

For our initial considerations we will examine the region where the
operating bandwidth is high enough so that zj effects are negligible, but
low enough so that the impedance in the input circuit reduces to rn.
(There is no guarantee that such a region will exist for a given transistor
in a given circuit. We postulate a case where it does exist.) For this case
Eq. (7-2A) reduces to
Iff = ic 4"

4“ *R,+rW') 4“ (1 4" tym? 11 4~

(4 co) ■

(7-2B)

A convenient way of rating the relative noisiness of circuits is through
the use of a noise figure, F. A definition of noise figure is
F =

S/.V|source
$/^(output

____ Total noise power at output
Noise power at output from the source

For an ideal noiseless circuit, all the output noise will originate from the
source and F will be unity (or zero db). The noise figure for the common
emitter state operating under the previously outlined conditions is ob
tained by dividing i^, from Eq. (7-2B), by

4kTRaB
4kTRaB(32
rhgm =
(Ra -f- rt,b>')2
Rl
which is the output noise current from the source. In this calculation
frequency is not a factor, since the operating bandwidth is specified in
such a manner that all significant generators have flat power spectra
and all impedances are resistive.
If X = q/2kT = 19.35 at T = 300°K, then the common emitter noise
figure is
, . r (R» 4- r6y)2.
XZe [aflz
F =* 1 + ^
+ It & I P + (1 - a)(«. + m-) 2 -I- AICO----- R
Il|
32
* (7-3)
In the Ico term of Eq. (7-3),
is assumed to be much larger than
(1 4- 2^mrn). Since pmru = &(Ra 4- rbbf)/Rz and since (Ra + rbb')/Rz
cannot be too small without sacrificing the stage gain, this approximation
is normally reasonable for 0 > 20. Unless the collector current is in the
microampere region, the whole Ico term will probably be negligible, so
that the exact approximation involved becomes an academic question.
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Equation (7-3) has a minimum as Ie is varied and a minimum as Ra is
varied. Normally, for a low-noise stage Ie should be as small as practical
considerations will allow (such as the fall-off of a for low Ze), in order
to reduce the 1/f surface recombination noise. Hence a minimum for F
in Eq. (7-3) as Ie varies is not significant. The minimum value for F in
Eq. (7-3) as Ra varies occurs when Ra is approximately
2
~ J(rbb'/X) 4- (/«//?)[(/£/£) + rgy] 4- iJTb

p

Ico+ (i _ a)Ie

’-in = \

where h{e =

4- Tbb'-

(7-4)

As an example, if

rbb' = 100 ohms,
Ie = 500 microamp,

Cb'e = 2500 ohms,
Ico = 5 microamp,

a = 0.98,

then
^®min

= 327 ohms.

Since the variation in F as Ra is varied is slow, a more exact calcula
tion for RStain is not warranted. If (1 — a)Ie » Ico, then Eq. (7-4) would
normally be approximately hie/\^0.

7-9 Frequency effects in the noise model. At low frequencies where
may be important but the shunting effect of C may still be ignored, i?N
should be written as a total noise current for the band in question. The
total contribution from
in a band from fi to f‘2 is

f

i} df = (KiIcl 4- JGZ?) In

Jfi

Thus Eq. (7-2) becomes
= he 4- QmT\i(ib 4- iRa+rbbf 4~ i?o)]

4~ (KiIcl + K2Z?)ln 0^ ’

(7-5)

where now B in zj, etc., is equal to f2 — fiWhen the noise figure is calculated for this case, the previous definition
is no longer unique. One may let/2 — fi 4- 1, and speak about a single
frequency noise figure, Fqf> or one may consider the power ratio over
the whole band and talk about the over-all or band noise figure, FbFor a given circuit Fb is a constant while Z’sf may vary with frequency.
At low frequencies the single-frequency noise figure takes the form
Fsf = Fo ^1 4-

•

(7-6)
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In Eq. (7-6) Fo is the value of the noise figure when the 1/f noise has
become negligible and fo is the frequency at which 1// and shot noise
contributions are equal. In terms of decibel plots, Fsf rises at 3 db/octave
for frequencies below fo.
At high frequencies C starts to shunt the input circuit, which reduces
both signal and input circuit noise gains. This shunting does not affect i2e
or the direct effect, in the collector circuit, of i2o or
hence the noise
figure eventually starts to rise with frequency.
To simplify our expressions we will assume that 1/f noise is negligible
at the upper break point (this may not be true in practice). Normally,
Zc » Ico', hence i2
c » i2o and it will still be valid to neglect the direct
effect of Zco on the collector noise. With these approximations, the expres
sion for the single-frequency noise figure becomes
2

Fsf = 1 + ^ +

X(-Ra -|- Tbb')
- [(1 — a)Ie + ZCo]
Rs
2
\{Ra + Tbb’}
- (Zc +
g2
m\Z\2R.

+

2gm\z\lco).

(7-7)

Consider the frequency-dependent (last) term, F', of Eq. (7-7):

)fcRx

p, _

($Rs

0

1 + te) ]+Ico(-R‘+ rb'b) + 1

The noise figure Fqf will have doubled (risen by 3 db) when F' is equal
to the sum of the first three (frequency-independent) terms of Eq. (7-7).
Normally, F' is considerably smaller than these terms when w = wz.
If Ra = hie/\/p, then a rough approximation for u)x is

This is the value often quoted in the literature as the upper frequency
breakpoint for FsfSample calculations. Calculate the output noise current, on a per-cycle
basis, for the following case:
Tbb' = 200 ohms,

rb'e = 3000 ohms,

Ic = 0.5 ma,

Cb'e — 4000 ppfd,

Zco ~ 5
C
4000 + 800 = 4800 ppid,

Cb'e = 40
gm = 20,000 /xmhos,

ru = 858 ohms,

0 = 60,
T = 300°K,

Rt = RL = 1000 ohms,

Rz = 4200 ohms,
Gm-h)2 = 294,

= 0.24 X 10°,
fx = 38.5 kc.
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1. Assume that frequency-dependent terms may be neglected.
i2
N = Z2
L 4- gm^uiz2 4- Z2O 4- i2R +r
-22
i2 = 1.6 X 10“
22,

?^r2n = 4.9? = 7.85 X 10-22,

9mr2xi2
co = 2.94 ? = 4.55 X 10“22,

92mr2n(?Ri+Thb,) = 25.4? = 40.5 X IO"22,

*zn
2 _
xa r xz
= 54.5
X m
10 —22 amp2/cycle,
F =

i^R2
4kTR,(32 “

54.5 X IO-22
= 1.62
33.7 X 10-22

2. High-frequency behavior of F.

Fsf = 1 4- 0.2 4-

4-

or

2.1 db.

From Eq. (7-7)

19.35(1.2)2 X 103(13.2)10-6
4.2

19.35 X 5 X 4.2 X 1.2x/1 4- w/wx
19.35(4.2)2 X 500[l 4- (<Vcoz)2]
602 X 1 X !Q3
+
60 X 103
2

= 1.57 + 0:0475 1 +

+ 0008

1 4-

When co = g)x, F' = 0.096, which is only a small part of the total FsfWhen co = 5.7coz, Fsf has increased to double its low-frequency value.
Even when co = x/^coz = coao, F has only risen to 4.5 or to less than
three times its original value.
3. 1/f noise. Consider the band from 100 to 1000 cycles/sec and
examine z^, if

Kt = 0.66 X 10

I cl — 0.2jua,

K2 = 0.2 X 1O“10

We find

= (54.5 X 10r20 x 900) + 328(2.64 X 10~2° + 5 X 10“18) In (10)

= (490 X 10 —20) + (2000 X 1O“20 + 3780 X 10~18) amp2.
In the third calculation the surface recombination term, 3780 X 10—20
amp2, dominates the output noise. If Ie were reduced to 50 microamp
(without affecting a too unfavorably), then this term would be reduced
to 1/100 of its original value. Even so, the over-all noise figure would
be about 10 db worse than in the case where 1/f noise is ignored. (To
calculate F one must also recalculate the first term of i?N) since changing
Ze changes rye and in this case probably also reduces 0.
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These sample calculations clearly indicate that low-noise amplifiers
require both low leakage and operating currents and transistors with
low 1// noise coefficients. If the second-stage noise is unimportant, then
all three transistor configurations have essentially similar noise figures.
As we have seen previously the common emitter stage normally yields
the highest power gain, so that unless some other special functions are
required, one would expect to use this configuration in a low-noise stage.
The same noise model (or a converted version of it) may be used for cal
culating noise in other configurations. (See Problem 7-6.)
Numerous special circuits have been devised to obtain low-noise ampli
fiers. The article of Hinrichs and Weekes* contains not only an example
of such circuits, but also references to earlier work and some experimental
noise-figure data.
The basic “squarved” circuit is shown in Fig. 7-11. The idea here is to
run the first stage with both a low Ic and a low VCb, so as to reduce both
1/f and shot noise. It is reasonable to operate Iei at 40 microamp, Ie2 at
2Zei, and
at 400 millivolts. Since Rei and Re2 are bypassed, the a-c
gain is high if 0 is appreciable at this value of Ic. Commercial transistors
are now available, in both silicon and germanium, that have /? > 25
with quiescent currents of only 10 microamp; hence gain is available.
(The bias stability for this circuit is considered in Problem 3-17.) Figure 8
of the Hinrichs and Weekes article indicates that with Vcb = 300 milli
volts and emitter currents in the 20 to 200 microamp range, narrow band
noise figures of less than several decibels are possible for reasonable source
impedances.

T
Rl

-Ecc

Rl2
-O

1
R

i

Rc2

Fig. 7-11. Low-noise input stage (“squarved circuit”).

* K. Hinrichs and B. B. Weekes, “Squarved Input Stages for Low Level
Transistor Amplifier,” IRE Wescon Conv. Record, Part 2, 1958 (104-114).
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Problems

7-1. Figure 7-12 shows a bridge for simultaneously determining all the input
parameters of a transistor in the common emitter configuration. The 0.2 gfd
capacitors are used to block d-c and may be ignored in a-c calculations. The
lOOK-ohm and 25K-ohm resistors set the bias point and may also normally be
ignored. Show that when the variable controls in the circuit are set to corre
spond to their respective transistor parameters, the output, assuming a square
wave input, will be zero. The effect of an unbalance in any one of the three
controls is distinctive, and hence a balance is reasonably easy to obtain. The
main practical problem with this circuit is that since the driving signal must
be small, if linear transistor operation is to be maintained, the null signal will
be very small and the detector must have both low-noise and high-gain
characteristics.
Calculate the circuit output for a step input. Arrange your answer as the
sum of three terms: one dependent on (r0 —
one dependent on (ri —
and one dependent on [Ci —
+ Cyc)]. Assume that the transistor input
impedance is small with respect to 200K ohms in order to simplify your expres
sions.

n

200K 2

0.2 Mfd
■o Output

Transistor under test

1

o-

r0

I

r)
SWG
Ci

0.2 MfdZ^;

Figure 7-12

1
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7-2. In Section 2-5 we derived the resistive parameters of the hybrid-pi
model. If rb'c and ret may be ignored, then we had rbb-, which is essentially inde
pendent of Ze, and rb>e, which is inversely proportional to Z«, and gm, which is
proportional to Ze. In this chapter we have seen that Cb'e is proportional to Ze,
and Cb'c is inversely proportional to some power of Vcb- Therefore, if one is given a
hybrid-pi model at one Q-point he may quickly estimate the parameter values
at a new Q-point. This fact is one of the real attractions of the hybrid-pi model.
Given the model of Fig. 7-13, which is valid for a given alloy-type transistor
at Ze = 1 milliamp and Vcb = 6 volts, derive the approximate models which
will hold at the following Q-points:
r
1
I. = j ma'

Veb = 6 volts,

Z« = 2 ma,

Vcb = 18 volts,

Z« = 0.1 ma,

VCb = 1 volt.

What is b)0O for this transistor? Does it vary with the Q-point?
15 ppfd

1500 Q

1000 MMfd

C

y35,000 Vb’c

Figure 7-13

7-3. Calculate the noise power output and the noise figure for the transistor
amplifier shown in Fig. 7-14. Assume operation at It = 1 milliamp and
= 1 volt, and use the appropriate conversion of the model of Problem 7-2
for the transistor. In Fig. 7-14 Ico = 2.5 microamp. Assume a bandwidth
from 10 kc to 20 kc, that 1// effects may be negligible in this frequency range,
and that T = 27°C. Does the collector load resistor contribute a significant
amount of noise? At the output, is the noise spectrum flat over this band?
IK (2
vWV

A-C circuit only

jjlK Q
Figure 7-14
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7-4. Repeat Problem 7-3 with the reservation that 1/f terms may be sig
nificant. Assume K\ = 0.6 X 10-6, I cl = 0.5 microamp, and K2 = 1 X
10-11. Are the 1// terms important? What is the noise figure for this amplifier,
in decibels.
7-5. Suppose that’ the amplifier of Problems 7-3 and 7-4 is used for the band
from 100 cps to 20 kc. Calculate the new noise output power and noise figure.
Is it significantly different?
7-6.. Figure 7-15 shows an approximate, low-frequency, common-base noise
model. For this model show that the common base noise figure may be written
in the form given below. Assume that Rl may be ignored and that the source
has an ohmic resistance Rt. The relationship Zere = kT/q has been used several
times in the derivation.
[Ze(l - a) + /„](«, + r« + rtt-)2
r =
_ ’1 +
' Tbb' + 7T 5- +
F
2Rt
R,
2aRtIere
. y[R, + re+ (1 - q)m>]2
4a2kTR„B

2qBIc(\ - a)

«e

£
rt

E

J

B'}

c

ie
rbb'

12

e? = 2kTBr(

B
Figure 7-15

7-7. Evaluate the noise figure from Problem 7-6 for the transistor of the
sample calculation within the chapter. Note that for all practical purposes the
common base and the tommon emitter configurations have equal noise figures.
[The apparent differences in the two expressions result from the use of the sub
stitution (kT/q) = rfIt in the common base noise figure expression. This sub
stitution was not used in Eq. (7-3).]

CHAPTER 8

BROADBAND LOW-PASS TRANSISTOR AMPLIFIERS
In this chapter we shall consider broadband amplifiers in which the
lower edge of the passband is either zero or close to zero frequency. In
all cases we shall consider the frequency response of the transistor and
its effect on the over-all amplifier response. In addition to calculating
the effects of the reactive portions of the transistor model on simple
amplifiers, we will examine various methods of extending the amplifier
bandwidth. These methods include feedback, shunt and series peaking,
and distributed amplification. Various problems related to tuned ampli
fiers will be considered in Chapter 9.
As has been pointed out in Chapter 7, there are several possible useful
high-frequency transistor models. Which model one uses is based partially
on one’s own experiences or prejudices, or both. Our own preference is
the hybrid-pi and we shall usually use it. In some cases the simplified
Tee may be at least as easy to manipulate, and we shall indicate its use
in one example. We shall also attempt to point out some of the difficulties
introduced by the extra elements of some of the more complicated models.
Normally these are second-order effects and are best ignored until the basic
ideas are well understood.
The bulk of the amplifiers in actual use are common emitter R-C
coupled stages; hence most of our analysis will be concentrated on this
configuration.
While some practical wideband amplifiers are also direct-coupled, the
problems of direct coupling and of extending the high-frequency response
are usually considered separately. The direct-coupling problems have
been discussed in Chapters 3 and 4 and will not be considered further
here.
Transformer coupling is another possibility when designing a wideband
amplifier. Low-level transformers with bandwidths from 100 kilocycles
to 200 megacycles have been produced experimentally. These trans
formers may not be used to match arbitrary impedances, since they are
restricted to a few turns (often less than twenty) and a low turns-ratio.
In general, to extend the low-frequency response, one must add more
turns and in so doing sacrifice the high-frequency response. If one uses
a ferrite core, then a 30-cps to 5-mc transformer is possible.
Amplifier designs making use of such transformers will not be con
sidered in detail. When the transformer may be assumed to be ideal,
then it is treated by the methods outlined in Chapter 4. When trans
formers are used and the transformer reactances must be considered,
then they must be added to the basic analyses that will be presented here.
247
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8-1 Single-stage common emitter amplifiers.
Consider the simple
R-C coupled stage shown in Fig. 8-1. The low-frequency response will
be calculated by use of the techniques of Chapter 4. For the highfrequency limitations, we should like to consider the coupling capacitors
as short circuits, to lump R", Rif and R2 into Ra, and to lump R3 and
R4 into Rl. When this is done and the transistor is replaced by the
hybrid-pi model of Fig. 7-4, then Fig. 8-2 is the result.
In the normal low-level video amplifier the load resistor is small, so
that Cb’c does not shunt it appreciably. In addition, the direct transmisr
sion through Cj>-c is small compared with the output of the gmVb’e generator
and may be ignored on the output side. On the input side the effective
capacitance is (1 + gm^L)Cyc, as shown in Fig. 8-3. With the values
normally encountered
< IK ohms and Cb’c < 10
the reactance

*1

'•A

tF
<R's'

^3

Re.
Ce

“=-Fcc

Fig. 8-1. R-C coupled amplifier.
rw

Rl

ffmVb'e

Fig. 8-2. A-C model for the circuit of Fig. 8-1.
o4-

c

0(14- Ar)

0(14- >4r)
o

1 + Ar
Fig. 8-3. Miller effect.
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rt

J

rbb'

4

< rb'c

S Rs

6'

C
c

-o

+
e2

o

gmVb'e

Fig. 8-4. Simplified common emitter amplifier for high-frequency calculations.

of the effective capacitance is sufficiently above the value of the effective
series resistance to justify the discarding of the resistance. Even if the
values do not differ greatly, it is still reasonable to discard the resistive
term, since this results in a simpler circuit and a conservative bandwidth.
The resulting simplified circuit is shown in Fig. 8-4. In this circuit
and for the rest of this section it will be assumed that the emitter depletion
layer capacitance, Ct, may be neglected in comparison with Cb’e- Then
C = (Cb’e + OrnRhCb’cY

(8-1

Let us now define

1
O)b = Tb'cC ’

R% = Tb'e 4- Tbb' + Rs-

Then
ia

__________ Qm^b'c^b__________
R,„
Ra 4- rbb’ _P + (RrWb)/(R» d- rLb’)_

(8-2)

Since rb'ecob = 1/C the numerator of the bracketed term may be written
as gm/C. If the amplifier is driven by a voltage source rather than a
current source, then

^2 _
ea ~~

1
({7m j | ___ Rl
_____________________
\C J \Ra + rbb’J I.P + (R&>b)/(Ra + Uh1').

(8-3)

From Eq. (8-2) one can see that the gain-bandwidth product (the product
of the midfrequency band gain and the upper radian frequency at which
the gain is down 3 db from its midfrequency value) for the current-source
input is

= (^) (R< J'rw,) ■
and hence can approach gm/C as Ra » rbb'For the voltage-source input

so that the maximum gain-bandwidth product will result if Ra is minimized
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(and if a transistor with a smaller value of
is obtainable). At first
glance it appears that Rl should be large; however, increasing Rl increases
C and will also eventually destroy the assumption that Cb'c does not
shunt RlSince rbb> is essentially independent of the Q-point, one sees that only
the gm/C term of either gain-bandwidth product will be affected by vary
ing 7e or Vcb. Now
Qm

________ Qm_________

C

Cb'e + QmRLCb'c

Because both gm and Cb>c are directly proportional to Ie, the gain-band
width product will be essentially independent of the value of Ie. The
capacitance Cb'c will vary as some small power (—| or — J) of Vcb; however,
with a small load resistor, Cb'e will usually dominate C so that increasing
Vcb will not be too helpful in increasing gm/C. Varying Zc provides a way
of exchanging gain and bandwidth, although the variation is not linear
unless rb'e
(R, + rw). Viewed differently, Ie must be stabilized if
bandwidth variations are to be avoided.

Some exception may be taken to the use of the gain-bandwidth product
for a term that varies with source or load impedance. In actual practice, the
component values are usually such that the variation is slight. In the design
of amplifiers such a product appears to be a useful tool. In designing devices
other figures of merit have been proposed.* All of these involve operating the
transistor Under a particular set of matching conditions. Since an actual tran
sistor amplifier is rarely operated under these conditions, and since these ex
pressions really provide us with no more information than we already have,
we shall not pursue them further. In the vacuum-tube pentode the expression
g^/Cp-o is often used as a device figure of merit. In an actual R-C coupled
pentode circuit, gm is a function of the Q-point and the capacitance may easily
be more than doubled by the external circuits. For a given vacuum tube in a
given configuration, one fixes the Q-point and trades gain and bandwidth by
varying the load resistor. For a given transistor in a given configuration, one
may engage in the same trade by varying the Q-point.

If the special case Rl = R8 = R were considered, then one could find
an optimum R from the gain-bandwidth viewpoint. While such an ap
proach is unlikely to be of other than academic interest, it will be pursued
briefly as a means of gaining some insight into reasonable values for source
and load impedances. For the voltage-source or current-source case

* R. L. Pritchard, “High Frequency Power Gain of Junction Transistors,”
Proc. IRE, 43, 1075-1085, Sept., 1955.

I
8-1]

SINGLE-STAGE COMMON EMITTER AMPLIFIERS

251

,Cbre 4- gmRCb'c) (—ft-.),
R 4- fbb'/

so that if this expression is differentiated with respect to R and the result
equated to zero, then
d(A Af B^3db)

dR

= 0 = gm[(Cb'e 4- gmRCb'c)(R + rtf,')]
grr\_R{C b' e 4" Tbb'gmC b' c 4“ 2 Rg^Cb' c)]-

This expression simplifies to
R — "\/C b' e^bb'/C b' cgm

(8-4)

Since rbb' and Cb'e are independent of Ie while Cb'e and gm are directly
proportional to it, R is independent of Ie. An alloy transistor designed
for 455-kilocycle i-f service might have, at Ze = 1 milliamp and Vce =
6 volts, the following parameters:
Cb’e = 1600/z/ifd,

Cb'c = 10/x/xfd,

rbb' = 80 ohms,
gm = 40,000 micromhos,
0 = 50.

These would yield R = 570 ohms. For this value of R, C is dominated
by Cb'e, since gmRCb'C is only 216 micromicrofarads while Cb'e is 1600
micromicrofarads. This situation, where Cb'e dominates C, would seem
to be generally true for maximum gain-bandwidth to be obtained. With
this value of R
40,000 X 10 ■’ X go = 19.3 X 10°.
4-MB^3db =
1820 X IO-12

The maximum obtainable gain-bandwidth product from this circuit would
appear to be
= gm/Cb'« = 25 X 106. The practical circuit, with
Rl = Rs, has achieved 75% of tha ideal. The midband current gain for
the case just described is 15 and the 3-db frequency is 205 kilocycles.
A geometrically similar transistor, with the base formed by a diffusion
tech^que, might have the same 0 and gm and rbb' equal to 40 ohms, Cb'e
equal to 160 micromicrofarads and Cb'e equal to 2 micromicrofarads. Now
R = 283 ohms. The capacitance Cb'e> decreased more than Cb'e, while
rbb' was also reduced. The midband gain will be lower because of the
increased shunting of the input impedance by Ra; at the same time the
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3-db frequency will be much higher because of the reduced value of C.
Mathematically
40 X 10-3
A M flW3db =
185 X 10-i2

x ii = 190 x lo6-

A MB = 9,

/adb = 3.4 megacycles.

It should be pointed out that //?o for the latter transistor is only 0.8 mega
cycle, thus common emitter operation is clearly not limited to operation
at or below a>0O so long as gains below /3 are allowable.
Because the Miller capacitance is only a small part of the total ca
pacitance, Rl could be increased somewhat without reducing the band
width appreciably. This would leave the current gain unchanged, but
would increase somewhat the voltage gain and the voltage gain-bandwidth
product.

8-2 Cascaded stages. The gain of a single stage of the type discussed
in Section 8-1 is
Am b
A =
1 + jw/w3db

Thus the gain of a cascade of n identical stages is An, and the over-all
—3-db point is found by setting

1 + ^W3db

n

= V2,

which results in
Wo = W3db V/21/n — 1.

When n is large (within 6% when n > 3) this expression reduces to
w3db
Wo = ---------— •

1.2\/n

Thus the over-all bandwidth shrinks as the square root of n. In general
one can increase bandwidth in the individual stages, at the expense of
gain, in an effort to increase w3db and thereby achieve a desired wnIf the gain is reduced, then an extra stage may be required if the desired
gain is to be obtained. A point is eventually reached where the addition
of another stage causes a reduction of the bandwidth, no matter what
combinations of gain and bandwidth are tried. The maximum for wn,
as a function of n, may be found by writing

=

<^3db^.AfB

1.2|A0|1/nVn

1
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Now the single-stage gain-bandwidth product is a constant; hence maximiz
ing a)n is the same as minimizing |A0|1/nx/n. When this function is
differentiated with respect to n and the substitution
= |Ao|1/n is
made in the result, one finds

Am b = e1/2 = 1.65

or

4.3 db.

Therefore the maximum over-all bandwidth for n stages is, approxi
mately,
Single-stage gain-bandwidth product
2\/n
The gain obtainable from such a cascade is 4.3n db. As an example,
if a 25 db amplifier is required, then n = 6 and the maximum bandwidth
obtainable is |\/6 = | (single-stage gain-bandwidth product). If this
bandwidth is insufficient, then either a better transistor must be obtained
or some means must be found for increasing the gain-bandwidth product,
either of each stage or of some combination of stages. Even if the band
width is sufficient, it may still be desirable to increase the single-stage
gain-bandwidth product so that the number of stages may be reduced.
As a practical matter, since diffusion techniques have proved amenable
to mass production, small-signal transistors with common emitter gain
band with products of 10 X 109 rps have been constructed and transistors
with gain-bandwidth products of 2 X 109 often cost little if any more
than units with much lower values. Since such a unit would yield 20 db
of gain with /3db = 32 megacycles or 40 db of gain with /3db = 3.2
megacycles, one would often find oneself having to add circuit elements
to restrict rather than enlarge the bandwidth. However, because the
present high-frequency units often have severe voltage or power limita
tions, high-frequency techniques are not yet outmoded.

8-3 Use of Re and Ce in shaping the frequency characteristic. In
Section 8-2 we indicated that gain and bandwidth could be traded, without
affecting their product appreciably, by varying Ze. Another way to trade
Amb and o)3db is with an emitter resistor and its bypass capacitor. From
Chapter 4 we recall that the effect of Re and Ce is to produce a negative
real pole and a negative real zero. By varying Re and Ce we can manipu
late the pole and zero locations and hence control the transfer charac
teristic.
We shall first consider the use of an unbypassed emitter resistor as a
means of increasing the bandwidth. Figure 8-5 shows the simplified
hybrid-pi model, drawn for use with an emitter impedance Ze. We shall
initially assume Ze = Re. We may then replace Re by Ze to investigate
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Cb'c

gmVb'e

Cb'c

4

rbb'

B

J?'J

Cj

E

u

Tb'c

r

A lout

Ze

>RL

Fig. 8-5. Transistor amplifier with emitter impedance.

the general case.

Let us make the following reasonable assumptions:

1
CoCfc'c

» Rl,

1

wc =

Cb'cRL

it = Rais

Rs — Rs 4“ T'bb'i

R's

We shall now employ the generator splitting theorem of Fig. 2-16, and
write
Tb'e^Po
Zt — Re + ^1(1 + QmR^t
= P + Ufi0'
to obtain Fig. 8-6. Now

= — + pC' +
Ra

V

= Y.

n n

In deriving this modelI we have assumed that 1/wCb'c » Rl, so that
the direct transmission through Cb'c to the output could be ignored and
o

+

,:A

+

Zx

Vb'e
-o

C'

Re

ffniReZ J

C' = Cb'c

1 +

9mRlZ\
Zt ,

gmVb'e

T

Zt — Z\ + Re + gmReZ\

Fig. 8-6. Model of emitter degeneration case.
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the resistive component in series with C' could be ignored.
tion, 1/wC" » ZT » R'af then
tout
t;

Amb =

gmRaZ i _

Zt
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If, in addi

__________ g-nx Rs^b’__________
(p 44- 24(1 4- gmReW

PR'.

<*>3db =

Tb’e 4" -fte(l +

^b’e 4- (I 4~ &)Re
Re

and the gain-bandwidth product is
((3R',\
\Rt) u,° '

which decreases as Re is increased.
In the general case
fr‘out
gmZj 1
i' “ YZt ’

This expression may be written as
tout _ _______ gmR'sZ 1_______

i'.

Zr(l 4- pC'ZBJ) 4- R's

If pC’Rt «. 1 this reduces to the previous expressions, except for the
addition of Ra to the total circuit-resistance term and to Re in the denomi
nator of the expressions for w3db and gain-bandwidth, so that the gain
bandwidth product becomes

o-

R'a
Rs + Re

In actual practice it is often reasonable to consider Zt = gmRe%\When this is done

C' = Cyc

14-—
Y
Re/

This means that in these cases the effect of the collector junction capaci
tance has been increased by a factor of perhaps 2 instead of by the
(14- gmRh) factor in the case of the bypassed emitter resistance, which
is usually much larger than 2.
When Ra is large, one may write a complete gain expression:
^out
h

/ gm \

\Cb’e/
_________ _________________________ W2____________________________________ | f

P2 4-

4- «2 4~ W3 4- (1 4- /0«i] 4- [(1 4- X)wia>3 4- ^0(w2 4- ^3)]/
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where
<*>i =

1
R'Cb'e ’

Ci>2 —

1
ReC' ’

1

CO 3 — --------

K = gmRt-

R',C'

The mid-frequency gain expression is the same as before, when R, is
included :
_________ 0R',_________
Amb =
Tb'e + R'a + 7?e(l + 0)

One might factor the general expression to determine the pole locations;
however this hardly seems worthwhile for the general case. (Section 8-7
considers the pole locations for the emitter follower case.)
We shall conclude this discussion with a numerical example. Suppose
3 = 60,
Tb'e = IK ohms,
Rl = Re = IK ohms,

Cb'c = 20ppfd,
Cb> = 12,000 ppfd,
R'a = 13K ohms.
Then

a)3o = 83 X 103,

Amb = 10.4,
K = 60,
U)1 = O)^,

C'
2Cb'C,
w2 = 25 X 106
w3 = 1.925 X 106.
The denominator of the gain expression becomes

(p2 + 32 X 106p + 12 X 1012) = (p + 31.62 X 106)(p + 0.38 X 106).
The frequency response will be determined essentially by the low-frequency
pole, that is, by the (p 4- 0.38 X 106) term. For this case the simple
^3db expression
<*>3db =

pVe +
+ (1 4- fi)Re
L
Re + R's

yields w3db = 0.44 X 106. Hence, even when 1/wC" is not much larger
than R', the simple expression is still a fair approximation.
From the example we see that the bandwidth can be increased by using
an unbypassed emitter resistor. However, with small source impedances
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one will suffer a reduced gain-bandwidth product. The addition of a
small emitter bypass capacitor leaves the low-frequency gain unchanged,
but boosts the high-frequency gain, thereby allowing gain and bandwidth
control without loss in the gain-bandwidth product. We also see that,
unless Rl is large or the transistor is run with a very low back bias so that
Cb’c becomes large, one can normally ignore C' without undue effects.
If Ze = Re<j>e/(p 4~ o>e), where u>e = 1/ReCe, is substituted for Re in
the previous expression for toutA«, then the result can be written in the
form
fr'out
k(p 4- A)
(8-5)
p
2
4- PB + D
i’,

Now if R'a « 1/coC', as we assumed previously,
k = 9m
Cb'e

A

RjC. ’

“e

1 + — )>
R’J

B = U3p0

Tb’e 4~ -Rs + #e(l 4~ ff)
R'a

D =

Under these conditions Amb is kA/D, which is the same as before. One
possibility with the pole-zero pattern is to set B = A + (D/A), which
places the zero of Eq. (8-5) at the top of one of the poles and leaves the
remaining pole at —D/A. In this case,
D
W3db = ~A ’

= W«O-

Thus
^3db =

Tb'e 4~

4~ #e(l ~4~ 3)

i

R,

The gain-bandwidth product is

9m \
fib’e/

(8-6)

so that now it is independent of Ra and R6. If Ra = Re the bandwidth
is twice the unbypassed case, while the low-frequency gain is the same.
For R'a » Re the increase in the gain-bandwidth product over the
unbypassed case is small. If 7?e(l 4- 3) is much greater than (r6'e 4- R',),
then a>3db is directly proportional to Re. (If Ie is allowed to vary with
Re, then rb’C will vary, and its variation may have to be included in the
calculations.)
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8-4 Maximally flat response. There is no reason why the zero of
Eq. (8-5) should be restricted to resting on one of the pole positions.
By placing both poles beyond the zero, the amplitude curve may be
adjusted to have maximal flatness at the origin or to have a maximally
linear phase characteristic.
If a transfer function, H(p)t may be written as
k(p 4- A)
H(p) = p2 4- pB 4- D ’

then the condition for maximal flatness is that the first three derivatives
of the magnitude of H(p), with respect to frequency, be zero at w = 0.
Since the magnitude function is an even function, its odd derivatives will
all vanish at w = 0. Hence one needs the condition to make the second
derivative zero. If the equality |7/(o>)|2 =
is formed and
expanded as a Maclaurin series, then

k2A2
D2

B2 - 2D
(j32 4- Remainder •
D2

( 1

1 + \A2

However the coefficient of w2 is just <9|ZZ(co)|2/d(co2). Since this derivative
is equivalent to d2#(u>)/dw2, one finds that by setting

or

A2

or

= gy + 2D>

(8-7)

one has made the first three derivatives of the magnitude function zero
at the origin. In general, one can make the first (2n — 1) derivatives
zero, where n is the number of poles of H(p).
One can also show (see Reference 3 for this chapter) that if
0(co) — tan 1 (ajCd -f- a3co3 4~ G5U>°),

then the condition for a maximally linear phase response, in the neighbor
hood of o> = 0, is
a
a'
17a7
2a?
“3 “ 3"’
05 “ 15 ’
“7 - ‘315
One may solve for the half-power bandwidth (—3-db bandwidth) for
the maximally flat case by setting |//(cu)|2 = | and solving for w. When
this is done the half-power bandwidth is found to be

D
x/2 A

X Vl + Vl + 4A</Z)2 .

(8-8)

Since the midband gain is kA/D, the gain-bandwidth product for the
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maximally flat case is
k
2

(8-9)

Now one can derive the necessary relationships between the coefficients
so that one has simultaneously maximized the gain-bandwidth product
and obtained maximal flatness or a maximally linear phase function.
Since the derivation of these relations would be out of place in a tran
sistor circuits book we shall consider only the results for several specific
cases.
By adjusting the emitter impedance we may place both poles of
Eq. (8-5) at — \/2 A. This placement requires that

B = 2\/2 A

and

D = 2A2.

Examination of Eq. (8-7) indicates that these equalities cause Eq. (8-7)
to be satisfied; hence 'this particular pole-zero pattern results in the
maximally flat response for this configuration. To satisfy the given
equalities
k _ hmRe
2.2
w3db = V/4.828 A =
Amb = 2A
ReCe'
■A;VBU>3db = 1-1& = 1.10W0O —

l.lftn
Cb'e

When the necessary relationships are imposed between, A, B, and D and
when the substitutions for the circuit and transistor parameters are
introduced, one obtains
R'e -I-

Re =
Ce =

-i

/3 - 2x/2\

1 + 3 J\2V2 - 1/’
2

’_____________ R\_____________

OifioRc.

Jb'e + R's + /?e(l + 3)

'

(8-10)

(8-11)

Equation (8-10) contains the assumption that R't » Re; however, this
will be true for all practical cases. If tv* = IK ohms, R'a = 6K ohms,
3 = 49, and
= 0.6 X 106, then Re = 11.3 ohms, Ct = 0.23 micro
farad, and the 3-db bandwidth will be 0.85 X 106 rps, or only slightly
larger than the uncompensated case. Hence, although we have a gain
bandwidth product of l.lffm/Cb’e, the restriction of maximal flatness has
restricted the bandwidth of this circuit rather seriously.
In order to obtain higher gain-bandwidth products, one must consider
more sophisticated circuits. Several such circuits will be considered in
the following sections.
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8-5 Shunt peaking. If one desires to extend the gain to a larger band
width, then there are a great number of coupling networks that have
been examined and cataloged as to their gain-bandwidth and transient
response properties. The simplest of these consists of an inductance in
series with RL to yield the circuit of Fig. 8-7. In this model it has been
assumed that Cb'c can be either ignored or lumped (through the Miller
effect) with Cb'e to form C.
This network has a transmission containing two poles and one zero,
so that it may be written in the form of Eq. (8-5) with

j.
+ k = c’

rbb'
■O

A =

L
Tb'e

■Y

C

Rl

Vb'e

1
B = —
^ + Rl +L rb'b
Tb'eC
D =

Fig. 8-7. Shunt-peaking model.

L ’

=

Rl ~f~ ^bb’ 4~ T'b'e
Tb'cCL

1
Tb'eC

Normally one knows r^y, r^e, and C, and wishes to choose L and RlThese may be chosen in such a way that maximal flatness and maximum
gain-bandwidth product are achieved simultaneously. This requires that
[(B/A) — 1] be a minimum while the angle between the complex poles
and the negative real axis be the maximum allowable value. It can be
shown that for maximal flatness and with 4Z) > B2, so that the poles
are a complex pair, then the gain-bandwidth product lies between
and 1.098A:, and the poles make an angle, <p, of less than 39° with the nega
tive real axis. In practice gain-bandwidths of up to 1.6fc are probably
practical. This problem necessitates a graphical solution. The results
are shown in Table 8-1 and Fig. 8-8, with Tb'c/rbb' as the parameter.
As an example, assume rbb' = 50 ohms, rb'e = 2K ohms, and C = 250
micromicrofarads. Then
Tbb'

= 40,

Rl = 10.7 X 50 = 535 ohms,

O)b= 2 X 106,

L
L =
= ° —— = 30.8 microhenrys,

——■
------ = 0.414 volts/milliamp,
Rl + rbb’ + rb'e
^3db = 14.8 X 106 radians/sec.
In terms of current gain,
= 16-6, assuming gm = 40 X 10 3
A. MB =

8-5]
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Table 8-1

Maximum Gain-Bandwidth
Rl

rbb'

rbb>

200

22.8

1.64

169

21.0

140
100
79
60
40
30
20
15
10
7.5

19.1
16.4

1.63
1.625

10.7
9.30
7.80
6.94
5.90
5.28

Maximal Flatness

Gain X BW
k

rb'e

14.7
12.7

and

Tan <p
0.093
0.101
0.111
0.132
0.150
0.170
0.212
0.244
0.300
0.349
0.43
0.496

1.605

1.586
1.575
1.536
1.511
1.47
1.43
1.39
1.39

f

I

0.783
0.780
0.778
0.771
0.766
0.747
0.747
0.736
0.719
0.702
0.675
0.655

UbL
~R~l

0.049
0.053
0.058
0.071
0.082
0.091
0.115
0.136
0.172

0.205
0.261
0.307

o'

1.65

JE

1.60

J
2
a

1.55
■5

1.50

51 £
1.45
1.40

-u
-o

cS
X
.£
O

1.35
1 30

rbb'

Fig. 8-8. Conditions for simultaneous occurrence of maximum gain-band
width product and maximally flat conditions.
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Table 8-2

Maximal flatness
Maximally linear

B
y/D

A
y/D

<^3db

y/D

AmB
y/D

GBW
k

1.7
1.84

1.06
1.13

1.24
1.21

1.06&
1.13A

1.315

1.37

volts/milliamp. Without the inductance the midband gain would be the
same, but the 3-db frequency would be only about 60% of that achieved
here.
Maximally linear phase response can be obtained through the same
approach. In this case the relationship among the coefficients of Eq. (8-5)
is

% =

- 3D

1/3

£2

(8-12)

Since Eq. (8-7), for maximal flatness, could have been written as
2D\1/2
D
= 51A
52/

(8-13)

the results will not be drastically different. With maximal flatness the
angle of the poles was limited to 39°, so that B/2\/D > 0.778. With
linear phase the maximum angle is 27°, so that B/2y/T) > 0.89. A practi
cal maximal flatness amplifier might have 5/2y/7) = 0.85, while a prac
tical linear phase amplifier might have B/2\^D = 0.92.
Because both gain and bandwidth have been expressed in terms of
D/A in Eqs. (8-8) and (8-9), these two cases may be directly compared.
The results of this comparison are shown in Table 8-2. In making this
comparison it should be remembered that the 3-db bandwidth may not
really be a useful criterion for the bandwidth of the maximally linear
case.

8-6 Other inductive peaking circuits. There are a great variety of
other ways in which one or more inductances may be employed to boost
the high-frequency gain of a transistor circuit. If the fall-off in gain is
considered as an input circuit problem, one sees that Vb’e falls as frequency
increases. If the input were fed from a voltage source, then the addition
of a series inductance would cause ijn to rise with frequency and Vb'e
could be held constant until a higher frequency were reached. Figure 8-9
shows a simplified version of the input stage. Now
Vb'e = __________________ 1/LC___________________
e-io
p2 4+ (rty/L)] + [(rb'e
rbbf)/L]^b

-
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L

rbb'

<?in

b'

I

+

C

Cb'e + gmllLCb'c

ub=s™c

rye

C
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o

e

Fig. 8-9. Transistor input with series inductance.
For maximal flatness in this case the poles should be at 45° with respect
to the negative real axis. This would lead to
L = ^[1 ± Vl - (r^/r^)].
Wb

If rbb « rb-e, as will be true with good transistors and low-current opera
tion, then the square root might be approximated by the first two terms
of its binomial expansion. Making the approximation and choosing the
minus sign in the quadratic, since L should be zero when rbb> is zero,
we find
T ~ rbb'C

L~

2

This is the same value one would find if rb'e were assumed to be large
compared with 1 /wC and the resulting series R-L-C circuit were considered.
With this value for L the 3-db bandwidth is
111

|

&b (1 4- -— J ’
X

rbb’ /

and the over-all voltage gain-bandwidth product for the stage is

/(rbb> + 2rb e\ /
,
\C J \ rbb‘ + rb'C / \rbb'J ’

which may easily be much larger than gm/C.
Either the input of Fig. 8-9 must be fed from a low-impedance source
(an emitter follower), or an additional network must be shunted across
the input, so that the over-all network is essentially resistive over the
frequency band of interest.
It is also possible to insert the inductance in series with the bypass
capacitor in the emitter circuit. The emitter impedance then goes to
zero at the L-C resonant frequency. The complete expression can be ob
tained by substituting the emitter impedance expression for Rc in the
equations of Section 8-3.
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8-7 Emitter follower frequency response. Since the emitter follower
is often used as a driver in pulse or logical circuits, the frequency response
of this stage is of interest. In spite of its apparent simplicity, this stage
is susceptible to producing oscillations or ringing. Sometimes these
oscillations or overshoots result from some obscure parasitic element. Since
in these cases there is no real remedy except experimental work on the
particular circuit involved we shall not consider them further.
Our analysis will indicate several general lines of attack as well as cer
tain specific results. The basic circuit of an emitter follower with a ca
pacitive load is shown in Fig. 8-10(a). Either the hybrid-pi or the
modified Tee may be employed to determine the transfer function ezle0In either case we have neglected Cb'c to simplify the analysis. If the
collector is really at a-c ground, then no multiplication of Cb'c occurs,
so that this omission is normally justified. As we pointed out in Chapter 7,
much of the older literature uses the modified Tee model with Cb'e omitted.
The results for calculations using this model are the same at frequencies
of o)ao/4 or below, but differ somewhat near or above wa0. If

=

1
Re@e

= Nw,’ao,

— rt -|- (1

ao') Rg,

R'e = Re + Tbb'j

then

ReWeCp + <^ao)

=
eo

(8-14)

R»(p2 4- pB + Z>)

where
B =

n + N(R, +

D = N

.

R',
Re
R'e •

WaO(

2
C0aO.

A little manipulation will show that B and D are identical with these
same terms as used in Eq. (8-5). This is true because under our assump
tions, for either case, the pole positions are independent of the collector
load. What we should like to do is to examine the pole positions for
various values of equivalent source resistance, R,, as the normalized
emitter time constant is varied. As a variable we have used N = we/w«oFor most values of R', there is a range of values for N that lead to com
plex poles. When the poles are complex they move on a circular path
as y is varied. If B and D are rewritten as
B = (aN + tywao,

where

a = i _|_ Re f
R'e'

D = cNtoao,

t
bb =
= fi«(l — a«) -I- re
R'e

Re>
c = b, H,----R'e
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mi

Rs

+
e0

Re
Ce

I
(a)

rbb'

Rs

+

ib
e0

Cb'c

+

1

Re

o

c<

p —
a
— p
t*)Q°
- 1 — a
p + U0o

(b)

Rs

+

rw

-o

+

ib-

«1
e0

rb'e
Cb'e
-o

+
Re

*2

Ce

1
(c)

Fig. 8-10.
model.

(a) Emitter follower,

(b) Modified Tee model,

(c) Hybrid-pi
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then the circular path is centered on the negative real axis at — (cwo0/a)
and has a radius, r, given by
r = Wao

Normally one would plot the loci of pole movements on axes normalized
with respect to coao. For any given wao and Re one can easily find points
on the loci corresponding to a given Ce, since the radius of a circle through
the origin has a radius equal to
c
Woo
ReCewa.o
The intersection of such a circle with the pole loci for the same R't will
give the pole positions for the particular ReCe<jjao values.
Figure 8-11 shows plots of the loci of the upper pole of the pair of
complex poles for various values of R's for a circuit with Re = IK ohms,
re = 40 ohms, and a = 0.985. The circled point on each curve indicates
the actual pole locations for the given R's and a value of w^CeRc equal
Rs = Rs + rbb’

Re = IK Q, r, = 40 9, a0 = 0.985
The circled point on each curve
indicates the upper pole location
when oiaoCeRe = 30.

If &ao is

6 X 106 rps, this would be the
location for Ce = 5000 /xA*fd.
R's = 200 n
ft' = 100 9
fta = 500 Q

ft; = 50 n

- 0.5
- 0.4

ft; = 2K Q

(jiao

- 0.3
- 0.2

ft; = 5K Q

r 0.1

ft; = 10K P

I
1.0

I
0.9

I
0.8

0.7

I I
0.6

I
0.5

i/
0.4

V

R's = 50K Q

• •

0.3

0.2

11__ L

0.1

Uao

Fig. 8-11. Loci of pole positions for a capacitively loaded emitter follower.
Pole moves along a given path as Ce varies.
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Table 8-3

R'„
ohms

Qm

ReCao
(Value for QM)

Q when ReC^ao = 30
(From Fig. 8-11)

50
200
500
2K
5K
10K
50K

0.55
1.00
1.36
1.60
1.42
1.19
0.74

25.8
27.9
31.6
42.8
51.3
58
64.5

0.55
1.0
1.35
1.60
1.42
1.0
0.65

to 30. When uao = 6 X 106 rps, this would lead to Cc = 5000 micro
microfarads, since Re = 1K ohms.
A little study of the geometry involved will show that the maximum Q
for a given Ra circuit occurs when
a
ReCc^no
“ 6’

and has the value

Qm =

I c
4ab

Since Q varies quite slowly in the vicinity of its maximum, the value for
Qm may often be used instead of trying to determine the pole positions
graphically. Table 8-3 gives a comparison between graphical data from
Fig. 8-11 and maximum data from the above expressions.
Figure 8-11 shows that the complex region is minimized by using a
very large or a very small value for Ra. In actual practice the minimum
value for Ra is set by r^* and by the source impedance; hence the mini
mum-value approach is seldom of much practical value in removing the
effects of complex poles. (In fact, if the source impedance has any induc
tive component, reducing Ra may lead to actual oscillations instead of
just ringing. This effect will be discussed presently.)
As Table 8-3 indicates, increasing Ra may actually cause an increase
in the Q of the complex poles. If R'a is taken as the variable, then it can
be shown that Qm goes through a peak as R'a varies. Referring again to
Table 8-3, we see that this peak is quite broad. So long as Re » re, the
maximum Q occurs very close to

R'a = Vrb'eRe •
The maximum possible Q increases as a approaches unity; however,
it always reaches a finite upper limit as a equals unity.
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This limit is
1 ~T (Re/ft)

z

1 + (Re/R'a)

Thus in the previous example, if R'a = 2K ohms, then Qm could never
exceed 2.08 even if the transistor /3 went to infinity.
Since the ringing frequency is some function of a>a0, one will find that
using a transistor with a higher wao will increase the ringing frequency
and decrease the absolute time during which ringing persists. It may
also increase the magnitude of the initial overshoot. Since Q varies with
a)ao, the actual rise time for a step input may not increase nearly as fast
as u)ao. Problem 8-9 illustrates a case where a tenfold increase in a>a0
only reduces the “rise time” to 4 of its initial value.
The general problem with emitter followers is to avoid or minimize the
ringing effects. If one knows where the maximum Q’s occur, then one can
at least try to avoid these regions. Another solution that is sometimes
available is to insert another zero into the transfer function, e2/e<» in such
a way that it either prevents the complex poles or minimizes their effects.
If part of R'a is available (that is, not
or internal source impedances),
then this resistance may be bypassed with a capacitor to introduce such
a zero. The effect of this capacitor upon the over-all transfer function
is investigated much more easily experimentally than analytically.
If Fig. 8-10(b) is re-examined, one sees that if an inductor were con
nected from the left end of Ra to ground, the circuit would look much
like an oscillator. (See Chapter 16 for a general treatment of oscillators.)
One method for investigating the oscillation capabilities of a circuit is
to examine the real part of its impedance. This impedance may become
negative, and if so, then the over-all circuit poles will move toward the
yw axis. If a resonant circuit is involved, then when the net real part of
the impedance is zero, sinusoidal oscillations will result.
The input impedance of the circuit of Fig. 8-10(b) (with Cb'c re-inserted
in it) is
____ Z\ 4~ Ze(l
gmZ\)_____
R'a + 1 4- pCb'c[Zi + Ze(l + gmZi)]
where
Zr =

p + Wfio’

Ze =

Rc^e

P+

Now if we define

==

NRe \
NRe + rj ’

where N = &e/&a0, as before, then the second term of the input impedance
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may be shown to have a negative real part when
_

/

WzUeUfio

4-

4- who

This impedance is given by a rather long expression and will not be pre
sented here. Since the impedance has w as a variable in both the numer
ator and the denominator, the negative component first increases with
frequency, then eventually starts to decline. If the negative real part
equals or exceeds R'a at any frequency and if the source impedance has
any inductive component, then the circuit will oscillate. Even if the net
circuit resistance does not quite become zero, the circuit may not be
usable if the resultant poles are near the jw axis. The answer to these
difficulties is to increase R'a and to avoid drivers with inductive imped
ances for emitter followers driving capacitive loads.

8-8 Collector-base feedback circuits. When we biased amplifiers in
Chapter 3 we showed that the same results could be obtained with feed
back from the emitter or from the collector. Therefore it is perhaps
natural to expect that the results of Section 8-3 could be obtained by
using a feedback element from collector to base instead of the emitter
impedance employed previously.
Figure 8-12 shows the basic circuit model, together with a reduced
form in which Cbrc has been neglected. If
I'b'e^fio

Zi = P 4- ^no'

2*2 = rbb' 4“ Z\,

then
iL _ ______ Z2 4~ Z/gmZ\______ .
it
Z2 4" Zf 4- #l(1 4- QmZ\)

(8-15A)

For a first approach we shall simplify Eq. (8-15A) by assuming that
the Z2 = tw 4- Zx term is small compared with the other terms in both
numerator and denominator, and hence it may be neglected, This is
normally a good assumption. Making this assumption, then, we have

tL ~ ______ GmZ \Zf_______
it
Zf 4- /?l(1 4- gmZi)

(8-15B)

Now
folio f
OmZi — P + &(io '

P 4“ ^ao

(1 4- gmZi) = P 4- uno ’

and hence Eq. (8-15B) becomes
lL
ia

__________ fofioZ/______
Z/(p 44- Rl(p 4- Wao)
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is
o—

O

7

iL

ffmCb'e

5

.Rl

(a)
Zj

rbb'
is

-o

l+

) gmRLeb'e

+

eb'e

I-

(b)

Fig. 8-12.
part (a).

(a) Collector-base feedback circuit.

(b) Reduced model for

When Zf =

[l ~

(

Rf

\7?/ 4". Rl

P + Wao

1____________
Rl 4~ (1 — dp^Rf 11

Rl 4- Rl

JJ

which may be compared directly with the resistive emitter impedance
case of Section 8-3. Again, one will find that the gain-bandwidth product
will have been reduced from ftepo. As in the previous case the bandwidth
can be extended by removing the feedback at high frequencies. In this
case a series inductance will take the place of the shunt capacitance used
in the emitter resistance case. If
R
Rl
Zf — pL + R,
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then Eq. (8-15B) becomes

___________ p_±_u/___________
ia

p2 4- (a)/ -|- 0)3 4-

4- (<*)/<*)0O 4“ <*>ao<*7,)_

Now all the approaches of Section 8-3 or 8-4 may be employed. If 07 is
set equal to o)ao, then the zero cancels one of the poles and the 3-db band
width is
R/ 4~ #l(1 4~ ftp)
<*>3db —
Rf
which restores the gain-bandwidth product to /3o)0O. All the other sug
gested manipulations of the pole-zero pattern may also be accomplished
in this case. As a practical matter the series inductance will have some
shunt capacitance and the resultant parallel resonant circuit may cause
a kink in the amplifier response.

8-9 Two-stage feedback amplifiers. As we pointed out in Section 4-7,
it is often advantageous to combine several transistors into a circuit that
is considered as a unit. When feedback is employed this approach is a
necessity. The general circuit approach is the same for this case as for
any other. The difficulties that arise are mainly the result of the attendant
cumbersome algebraic expressions. We will make no attempt here to
discuss the various benefits that may arise through the use of feedback
or the various precautions that are necessary to keep it under control.
These subjects are touched on in Chapters 9 and 16.
As an example of a circuit which might be useful as a wideband, low
input-impedance amplifier, consider the circuit of Fig. 8-13 in which the
stages are separately biased. The interstage and feedback coupling ca
pacitors could be omitted if d-c feedback were also desired. At mid and
high frequencies all the coupling capacitors, C, are assumed to be a-c

C

C

I

Ift.,
Rb2

Re

Fig. 8-13. Two-stage feedback amplifier.
a

=
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e2Tbb'

Tbb'

o

\AA/V^-Q-

rb'e

z'l------ ►

is

Rs

rb'e

Cl

V

RLj

r2

I
Fig. 8-14. A-C model for two-stage feedback amplifier.
short circuits. The emitter of the first stage is assumed to be completely
bypassed. Resistors Rl, and Rb2 are combined into R2, and Rq and Rbl
are combined into Ra. In the first stage Cb'c is treated by adding the
capacitance (1 + gmR2)Cb'c in parallel with Cb'e to form C\. In the second
stage we assume, on the basis of Section 8-4, that normally we may ignore
Cb'c- With these assumptions the circuit of Fig. 8-13 reduces to the model
of Fig. 8-14. As a practical matter we shall often ignore rbb>. This neglect
should almost always be valid for the second stage, although it will be
misleading in the first stage when w > l/rbb>Ci.
Let us first present a method of approach for the midband case, where
all transistor capacitors may be neglected. An easy way to calculate
gains in a circuit such as this is through the use of superposition. With
this approach we make a number of simple calculations and combine the
results. While the results are straightforward, the equations are unwieldy
unless we combine various impedances as single terms. Thus
Zb =

Rahj
= Impedance seen by looking into base of Ti from Rf,
Ra 4“ hi

_____Re(R2 4~ hi)
- = Impedance seen by looking into emitter
R2 4" hi; + (1 + 0) R.
of T2 from Rf,
(1 4~ &2)RcZf
= Impedance seen by looking into emitter of T2
Re 4" Zf
from (R2 + hi),
Zj = Rf 4~ Zb.
Zo =

ze

In any given numerical situation these terms may be simplified con
siderably.
Normally Rf » Zb and Rf » Re, so that Zf = Rf and
Za = (1 + P)Re- It is also often true that (1 4~ ^2)Ra » (R2 +
so that Zg = (1 — a2)(R2 4- hi). We will also neglect rbb>, which is
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equivalent to setting hi = rb'e. Then eY = i\rb’e and gmei = /Sip A
further assumption which is often valid and which removes one more
multiplier from our equations is that Rf is large compared with Ra and
hi individually. Now by superposition
R,
Ra 4" rb'e

11 =

ia + Rf) '

Ci =

gmx R2Ze^l
e3 —

R2 4- 7b'c 4~ Ze

Tb’eRs
Tb'e 4- Rs

+ Zg +

C3 \

RfJ’

Rf

Normally the direct transmission term, Zgei/(Zg 4- Rf), in e3 is small
and may be neglected. Hence
Zbis____________

Ci =

1 4-

e2 =

Qmi R2ZeZb

Ze 4- R2 4-

[cZ9 + R2 4- ^b'e)Rf ]

^R^^bis__________

02gmxR2ei
— Qm2e2 —

Ze + R2 4" ^b'e

fQmx R2ZcZb ) 4- Zc 4" R2 4- Tb'e
\
Rf

„ _
—
______________ ^\^2R2Rf_____________
R.
is
Rs 4" Tb'e _(gmxZbR2Ze) 4" Rf(Ze 4- R2 4-

When Zt = (1 + 02)fle the first term in the denominator becomes
approximately
^\^2R2ReRs
Rs 4" ^b’e

Normally the /3i/32 product should make this term the dominant one in
the denominator, so that
io
is

Rf
Re ’

If the transistor capacitances cannot be neglected we would substitute
Zt =

Tb’e
prb'cCi 4- 1

Z2 =

rb’i
P^b'cCb’e 4“ 1

rb'e^l
P 4- Wi

for rb'ep

with wi =

1
ry€C 1

and
Tb'eW2
P 4" ^2

„

for rb'e2)

xv

with w2 = r

so that
io
is ~

(gmtZ2)(giniZ1)R2lRs/(Rs 4- ZJ]
(.gm.Z^Z,

+ z~

4~ R2 4" Z2

1

’
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Rf
ffm€3

C2

i _b

tf

z2

r2

Re

-io

Fig. 8-15. Another reduced model for Fig. 8-13.
where now

Ze =

ReZf
(1 + gm2Z2) = #e(l 4- ^2^2) •
Re+Zf

The resultant model is shown in Fig. 8-15. If Ra » Zif then the
Ra/(Ra 4- Zj) term may be ignored. Furthermore, if gm2Re
1, then
the 1 may be dropped from the single Ze term in the denominator. These
simplifications lead to

1______________
ta

\ C 1 / \C b'e/

4- w2 (1 4-

p2 + p[wi (1 4-

faR'\~\
R2 /1

fl/
1

[\

1

(^2^e\

1

/ 01Re\

I

/1

+ ^2[i + \-Rr) + \~RT) + \. Rf

n

When Re is small or Rf is large, then the amount of feedback will be
small and io/ia will have only negative real poles. As Re is increased or
Rf is decreased, eventually the two poles of io/ia will coalesce and then
leave the negative real axis as a complex conjugate pair. With complex
poles it will be possible to assign a condition for maximal flatness.
If a>i = o>2 and 3i = 02 and the highest-ordered term in fl in any
group is assumed to predominate, then the condition for maximal flat
ness is
/ Re _
/q f R^ I
\lRf ~ v \Rf
R2J’
which may be written as
Re — 2Rf

2

r2

R2 4~ R/J

For this case
R
<*>3db — ^1P

’

A
- R'
A MB =
’

and

A

~

^MB^3db = ^ao

[Rf
’
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Rise times = 2 >xsec

70% of
low-frequency
amplitude

I V

8 Msec
50 /xsec

(a)

Fig. 8-16. (a) No feedback, Rf = oo.

Rc
tic

12.5

(b)
(b) With feedback, Rf = 4K ohms.

For example, if R2 = IK ohms and Rf = 4K ohms, then Rc = 320 ohms
would yield maximal flatness. For this case Amb^ 3db = 3.5gm/Ci and the
3-db bandwidth is 0.285/3 times that of a single emitter coupled stage.
Figure 8-16 shows the effect of adding feedback to a circuit of the
type shown in Fig. 8-13 (and with the parameter values of the previous
example). The repetition rate of the square wave is 20 kilocycles and the
nominal value of a>i is approximately 10 kilocycles. With no feedback
this amplifier will handle only a 1.2-kilocycle square wave without increas
ing the rise time and the fall time to more than 5% of the period. The
gain is 235. With Rf = 4K ohms the amplifier will handle a 22-kilocycle
square wave before the rise and fall times are again each equal to 5%
of the period.
For large values of Rf/Re the experimental values for the gain will
lie below those calculated since as Rf approaches infinity the over-all
gain cannot exceed /32. For very small values of Rf/Re the approximations
again break down. In general, for values of Rf/Re between 2.5 and 25,
the simplified expressions should yield reasonable results.
A great variety of other feedback combinations are possible. Several
of these are indicated in Section 4-7 and others are outlined in several
of the references at the end of this chapter.

8-10 Distributed amplification. If gains are required over bandwidths
wider than those the techniques already outlined will supply, then the
possibility remains of building a transistor distributed amplifier. Actually,
as we have already pointed out, low-power and high-frequency diffused
base units should have such a large available bandwidth that, in the future,
only special applications will require such an approach.
A transistor distributed amplifier would be slightly more complicated
than the simple vacuum-tube version because of the presence of rw in
the input. The idea is essentially the same as in the tube case, that is,
to build two lumped-element transmission lines with equal velocities of
propagation. The transistor impedances are included as components of
these lines. The signal is fed into one end of the base-emitter line. The
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R
pA/V\A
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and auxiliary circuits^ R

9m

Lb

B

ein
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llI«1
I*

Cc
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Fig. 8-17.
sion line.

Lb

Lb

y

^Load R

I
I

e2

C

Transistor distributed amplifier.

I
I

en

C

Constant resistance transmis

other end is terminated in the characteristic impedance of the line to
prevent reflections. As the signal travels down the input line it excites
the various g'men generators located in the collector-emitter transmission
line. The output from these generators propagates in both directions
along the collector line. The input and output are again terminated in
the characteristic impedance of the output line. Now, however, one of
the terminations is the load of the amplifier. Since the outputs from each
transistor now add at the load, the gain may increase linearly with the
number of transistor amplifiers. The bandwidth is narrowed as stages
are added; however, the narrowing is slow enough so that a large number
of stages may be combined usefully. (Reference 4 at the end of the
chapter discusses the general theory of distributed amplification, as well
as the various second-order effects, in much greater detail than can be
done here).
Various approaches may be made to the transmission line-transistor
problem. We shall consider only a constant-resistance type of line, since
it avoids mismatching problems and is relatively easy to handle analyt
ically. Figure 8-17 shows a transistor distributed amplifier built up with
two constant-resistance lines. The problem is to reduce the transistor to
the form necessary if Fig. 8-17 is to be valid. Let us assume r = rwThe remaining input-impedance problem, then, is to reduce the rest of
the circuit to an equivalent capacitance, C. Figure 8-18 shows the circuit
for a transistor with RcCe for the emitter impedance and R/2 Iqt a load.

I
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C' = Cb'c

Zi<

+

QmRZ\
2Zt

Cb'e

Tb’c

C'

Cb'e

R
2

zt

I
z< s

gvnZyZe

Re

I

Ce

j
(b)

(a)

Fig. 8-18. (a) Transistor with emitter impedance of ReCe.
form of part (a).

(b) Reduced

Considering the left-hand branch, we find
Zt =

^PobJeRe
Reue
+
+
(P 4- W0)(p 4- We)
P 4" We
P + Wfio
Tb’e^Po

Now if a. » (j3po this expression reduces to

Zt

~

1

“ PCb'e.

+ P 4"1 We

P 4- wao

Again, if coc = a>a0 (This was just the condition in Section 8-3 that places
the zero at the top of one of the poles.), then

ZT =

1
pCb'e

Hence the total impedance from B' to ground is approximately the im
pedance of a capacitor, C, where

C =

Cb'eCe
Cb'e 4" Ce

+ C'.

(8-16)

We may write an expression for v^t in terms of the voltage ei across C.
Thus
Vb'e _ ________ \/pCb’e________ _
€i

(1/pCb'e) 4" (1/pCg)

Ce

Ce 4" Cb'e

__

.

Tb'e 4" &Re
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This term may be lumped with the transconductance to define an effective
transconductance, g'm:
or

ffmVb'e — 9m&l

9m —

Therefore
g'm =

9mVb’ e
ei

~ J_

0

(8-17)

Re

rb'e 4- 0Re

One may also use the expression Vb’e/ei = Zi/Zr to evaluate C':

C' = Cb’c 1 +
= Cb’c

1 +

= Cb’c 1 +

9mRzi
2zt

9mRCe
2(Ce + Cb'e).
0R
2(rt'e + /37?e)

If one goes to the region where co « u>0O, then the impedance becomes
a resistance, rb’e + (1 + 0)Re- The effective transconductance is now
9m =

9mTb'e

rb'e 4~ 7?c(l + 0)

_ ________ 0________ ~ 1

Tb'e + -Kc(l + 0)

Re

which is essentially the same as that when w >
In this case the model
of Fig. 8-17 must be redrawn with all inductors as short circuits and all
capacitors as open circuits. When this is done the inputs are all in parallel,
and ei = e2 = • • • = en = Cin/2. The outputs are also in parallel.
Since there are two parallel R’s across the output generators, the output
voltage is Ng'mR/2. The voltage gain is

7^
ein = (I)
\2/ \

2 /

As we shall see, this is exactly the low-frequency asymptote of the expres
sion we shall obtain for the w >
model.
Let us now consider the transmission lines. In the base-emitter line
r = Tbb' and C is given by Eq. (8-16). Now Lb is chosen so that the
input impedance to each (r + pLb) section in parallel with an (r + 1/pO
section is just r. This requires that Lb = r2C. The collector line is de
signed so that the contributions from each transistor to the load currents
will be equal and in phase. This means that LcCc = LbC, or Lc = LbC/Ce
and R = rC/Cc- Since the input capacitance, C, is normally somewhat
larger than the output capacitance, Cc, the collector line normally has a
somewhat higher impedance level than does the base line (3 to 10 times
higher).
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When the model of Fig. 8-17 is valid, then for l/wCc » R the current
from each generator splits in two equal parts, since the generator sees R
in either direction. The current into the load resistor is therefore
N

If 1/coC » r the controlling voltage for each section is exn/2. Therefore
the voltage gain is
Ng'mR
Ng'mrC
(8-18)
4
4Cc
In the general case, where both capacitances are considered, one must
engage in a little circuit analysis to write the complete gain expression.
Only the result will be presented here. The complete expression for the
voltage gain, eL/ein, is given by

^in

=

X NX

1

(1 + ju)/u>z)"(2 + ;W/wx)

(8-19)

Table 8-4 shows several values for high-frequency loss versus cu/cuz, where
= 1/rC = r/Lb = R/Lc = l/RCc. In general the response falls off
slowly so long as w < wz. If the (2 +
term is ignored, then
«3db

z------------------

^6db

.------------------

— = V2W* - 1,
(8-20)
— = y/4MN - 1.

For example, if 2V = 5 the 3-db bandwidth would be 0.38wz and the
6-db bandwidth 0.56cjz. This bandwidth is essentially the same as that
of five cascaded stages, each with an individual 3-db break point at a>z.
The difference between the cascaded and the distributed cases is to be
found in the behavior of the gain. In order to increase the bandwidth per
Table 8-4
co
cox

i
1
2
4

Loss per transistor,
in db
0.0675
0.26
0.97
3.0
7.0
12.3

Total loss,
in db
O.O6752V
0.262V
0.972V +
32V +
72V +
12.32V +

0.26
1
3
7

-

!

■
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section, we must reduce the gain. If the gain per section becomes unity
or less, then cascading results in less and less over-all gain. (Even with
gains less than 2, adding may be superior to multiplying.) In the distrib
uted case the gains add, so that an over-all gain exceeding unity is still
possible. For example, with five sections, each having a gain of J, the
cascaded gain would be
while the distributed amplifier gain would
be 2.5. Thus the over-all gain-bandwidth product for five distributed
stages would be 80 times that of the cascaded stages.
When
PRe » (rb'e + 2rbb'),
then

~ Rc

and

Ce + C'.

C

Now
Av =

rCN ~ Nrbb>
^ReCc~ 4R^aoCc

g'mRN
4

(8-21)

If the bandwidth is rather arbitrarily defined as Wz/2, then the gainbandwidth product is
rCN
N
(8-22)
4ReCc X 2rC
8ReCc

When N is very large, the bandwidth definition would be invalid, and
the linear increase of gain-bandwidth product with N would cease. In
practice N will never be too large, since the least number of transistors
for a given gain-bandwidth combination will result when the amplifier

80

Four cascaded stages

70

Three cascaded stages

i

60

I

40

50

Two cascaded stages

30

One stage

20
10
0

5

I
10

I
15

I
20

|
25

I
30

Number of transistors
Fig. 8-19. Over-all gain vs number of transistors for various cascading arrangements. Gain per transistor is
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is built up of a cascade of multisection distributed amplifiers rather than
as one large distributed amplifier.
Figure 8-19 shows plots of gain versus number of transistors for various
cascade arrangements, assuming a single-section gain of J. From this
illustration we see that 24 transistors would yield a gain of only 12 if used
directly in one large amplifier; however, the same number split into a
cascade of four 6-transistor amplifiers would yield a gain of 81, or almost
seven times as much.
Figure 8-20 shows a plot of the optimum number of cascaded stages
versus the desired over-all gain, for the general case. The maximum gain
(before one uses another stage) for a given number of stages, M, is

M + 1 \ Af(Af + l)

I

Since, with our distributed amplifier configuration, the bandwidth de
creases in essentially the same manner for cascaded or distributed ampli
fiers, the over-all bandwidth for any combination is obtainable from
Eqs. (8-20).
As an example, if we wanted an over-all gain of 100, we would need
a cascade of five stages, each with a gain of 2.51. Adjusting the indi
vidual transistors to have gains of J would necessitate 5 transistors per
cascaded stage, or 25 altogether. The w3db would be 0.167wx. However,
since for large Rc,
= Rc&a0/rbb' which might easily be 5wa0, one might
have a gain of 100 and a bandwidth of 0.8u>oo. The question remains as
to whether some other approach might not have been more economical.
Let us now consider an illustrative example of the design of a single
section of a distributed amplifier. For the transistor parameters, we take
3U)
V

■8
-u

645

i

5 -

*6

4

a>
£
c
c

S

s

I—
235
—I

6

I—
11.4

3
2

l-

I—
31.5
—I

87
-4

—I

4
1

o
0

i
4

i

I

11.4

31.5

E

i____________ i

87
235
Over-all gain

Fig. 8-20. Number of cascaded stages vs over-all gain.
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rbb> =190 ohms,
rb'e = 1700 ohms,
gm = 38.5 X IO-3,
= 75.5 X 103 rps,
o)aO = 5.05 X 106 rps.

Vce = 4.8 volts,
Ie = 1 milliamp,
3 = 65,
Cb'e = 7800 ppid,
Cb’e = 33 microfarads,

In order to proceed with calculations one needs a value for Re. This
should be chosen with gain, bandwidth, and d-c stability all in mind.
For our example let us choose IK ohms as a convenient value. The next
step is to calculate C = Ce>'c[l + (gmR/2)]. This requires that we know
Rl, which is as yet unknown. Since we hope C' will be small, we might
assume Rl = IK ohms and proceed. (If necessary, though it should
seldom be required in practice, one could use this assumed value to find R
and then make a second calculation for 6", using the new value.)
With Rl = IK ohms
65.5
C' = 33 1 + 2(1.7 + 65.5). =
: 49
Ce = 200 MMfd,
C = 195 4- 49 = 244 ggfd,
Lb = r2C = 8.8 microhenrys.

Now we require a value for the output capacitance. If we return to the
emitter impedance circuit of Fig. 8-5 and assume that
1

» 2rbb’,
pCb'c
uao » w,
Rc » 2r,

then we may write an approximate expression for the output capacitance as
Cc = Ch>c

1

I

^rbb’\

(8-23)

Re )

This expression is certainly not exact, but it yields an indication of the
output capacitance. With the values of our example

Cc = 1.38Cb'C =

Now C/Cc = 5.4 and
Le =

Cc

= 47.5 microhenrys

and

Cr
R .= %- = 1035 ohms.
Cc

I

■
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Corners
slightly more
rounded than
in input

(b)

1

-

4 V

(d)

(c)

Fig. 8-21. Input and output waveshapes for distributed amplifier. Fre
quency is 100 kilocycles. (a) Generator output, (b) Two-stage amplifier out
put. (c) Single-stage output, (d) Two-stage output, Ce = 400 /x^fd.

Suppose a two-stage amplifier is considered. Then
-^•voltage —

<*>3db =

1
= 10.8 X 106
2rC

Ng'mR
= 0.48,
4
or

Adb = 1-72 megacycles.

Figure 8-21 shows the input and output for one and for two stages of
an amplifier having the values calculated in the example. Figure 8-22
shows the actual circuit employed, with biasing circuits and blocking
capacitors. When considering these waveforms one should note that in
spite of the approximations involved, the measured gain is 0.25 per stage,
which is essentially the calculated value (0.24 per stage). The measured
value of w3db is approximately 2 megacycles. (Remember that the
transistors are in the common emitter configuration and fp0 = 12 kc.)
Figure 8-2(d) shows the effect of varying Cc so that the low-frequency
zero and pole do not quite cancel. In a practical amplifier this pole-zero
pair could be adjusted to obtain the squarest possible corner, or to com
pensate for some other pole-zero combination of the over-all system.
In a practical amplifier w3db will vary directly with Re over a reasonable
range. With small values of Re the gain does not increase as 1/R<. In
fact, the gain-bandwidth product appears reasonably independent of Re.
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^-6.8 v

50 pfd
200 Q I /
p‘.\ .■— b—

10K

Source,
20 Q

________

42 /ih

IK

47K

50 4d

IK n (load)

Output

IK Q

IK
200 Mpfd

IK Q

200 Wifd

8.4
8.4

200 Q
50

Fig. 8-22. Two-stage distributed amplifier.
8-11 Video output stages. The output of a video amplifier is often
essentially an impedance matching device, In the television receiver,
for example, the oscilloscope tube requires a high voltage output and
almost no current. In a transmitter the video amplifier may have to
drive a modulator or supply power to another unit through a coaxial line.
In either case a low impedance output is required.
When high voltage outputs are required, transistor voltage break
down must be avoided. When high current and high transistor voltages
occur, the collector junction power dissipation will be high, and the bias
stability, S, should be low. Problem 3-15 indicated an arrangement
allowing a low £ with a large voltage swing. The a-c circuit for such an
amplifier would completely bypass most of the emitter resistance and
might include R-C or R-L networks in either the base or collector circuits
to yield the desired frequency characteristic.
Problem 2-10 indicates another circuit that has been used as a high
voltage output stage. With equal values for Ry and R2 the stage voltage
gain is 2. Again, the main function may be considered to be one of im
pedance transformation from the low-impedance input circuit to a high-im
pedance output. For low-impedance outputs the emitter follower is the
obvious choice. The analysis is identical with the cases considered within
this chapter.
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Problems

8-1. An alloy transistor has the following hybrid-pi parameters at Vcb = 9
volts and Ie = 1 milliamp:

rbb'
rb’e
rce
Cb'e
Cb'c
Ta,'
gm

=
=
=
=
=
=
=

80 ohms,
1200 ohms,
100K ohms,
1600 wild,
10/x/xfd,
4M ohms,
39,000 micromhos.

Calculate the current gain, bandwidth, and gain-bandwidth product for the am
plifier shown in Fig. 8-23 (a-c circuit only). Calculate the new gain, bandwidth,
and gain-bandwidth product if Ie is first changed to 0.2 milliamp and then
changed to 5 milliamp {Vcb becoming 12 volts and 3 volts respectively).
U-

T

IK Q

4K Q

Figure 8-23
8-2. The transistor of Problem 8-1 is used in the configuration of Fig. 8-24,
with Ie = 1 milliamp and Vcb = 9 volts. Calculate the over-all current gain
in the midband and the 3-db bandwidth of the complete amplifier. Make
reasonable approximations.
■iL

4K 0

4K Q

Figure 8-24

4K n

ilK Q
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8-3. Use an emitter resistance-capacitance to increase the bandwidth of the
circuit of Problem 8-1 (at 1 ma and 9 volts). The resulting circuit should have
a single pole and should have w.3db =
At what frequency will this pole
be? What is the midband gain? What is the gain-bandwidth product? What
is the value of the emitter capacitance?
8-4. What values of emitter resistance and capacitance will produce maxi
mum flatness and, simultaneously, maximum gain-bandwidth in an amplifier
using the transistor of Problem 8-1 with a source resistance of 4K ohms (Ze =
1 ma and Veb = 9 volts)? What will be the bandwidth and the midband gain
for this case?
8-5. Suppose the transistor of Problem 8-1 is used at a Q-point of 0.2 milliamp
and 3 volts in a simple shunt-peaking circuit. Choose Rl and L so as to obtain
maximum gain-bandwidth and maximal flatness at the same time. What is
the resulting bandwidth, the resulting midband gain, and the gain-bandwidth
product?
8-6. Consider a two-stage feedback amplifier of the type shown in Fig. 8-13.
Assume identical transistors. If the feedback resistor is 5K ohms and the
combination of RLl and Rb2 is 2K ohms, then what emitter resistance in the
second stage will produce maximal flatness? Assume that rvt = IK ohms,
Cb'e = 200 micromicrofarads, Cbfc = 2 micromicrofarads, rw,' = 40 ohms, and
3 = 50. What is the midband gain, the o>3db, and the gain-bandwidth product
of this amplifier? Would you expect this amplifier to pass a 1-mcgacycle square
wave without undue distortion. Explain? What is the midband input im
pedance of this amplifier?
8-7. Derive Eq. (8-19) for the voltage gain of a distributed transistor am
plifier.
8-8. One desires an over-all gain of 200 from a distributed amplifier with a
3-db bandwidth of 15 megacycles. The transistor of Problem 8-6 is available
(bias it at the given Q-point). Is this design possible? If so design such an
amplifier; if not explain the limiting factors and what changes you would pro
pose to achieve such an amplifier.
8-9. Figure 8-25 shows the a-c configuration of a simple emitter follower
circuit. Assume that the transistor is biased so that r^- = 100 ohms, r« =
20 ohms, and a is 0.99. For this transistor, wa0 = 50 X 106.
(a) If i, produces a current step of 100 microamp, then show that 62 will
“ring” at an approximate frequency of 500 kilocycles. Show that the Q of the

■o

’2 k

Rs
62

Figure 8-25

Rs = 4.9K 12
Re = 2K 12
Ce = 1000 M^fd
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complex poles in 62/1. is about 2.3, and that therefore the time for 62 to initially
pass through its final “steady-state” value is about | microsec and that the
initial overshoot is up to 1.5 times the final “steady-state” value.
(b) Assume that the transistor is replaced by a unit that is identical except
that woo = 5 X 106. Now show that the ringing frequency is 162 kilocycles,
that the “rise time” is 2 microscc, and that the initial overshoot is up to about
1.35 of the final value.
(c) If the load capacitance, Ce, in part (a) could be reduced to 100 micromicro
farads, what would be the Q of the new poles? What is the new nominal ringing
frequency?

CHAPTER 9
TRANSISTOR BANDPASS AMPLIFIERS

We shall in this chapter consider the analysis of high-frequency band
pass amplifiers. In these amplifiers the load and the source are generally
some sort of tuned circuit that provides the spectrum-shaping properties
of the amplifier, while the transistor supplies power gain. Since we are
primarily interested in transistors, we shall not offer a detailed study of
the coupling networks and their filtering properties. What we shall do
is to consider the interaction between transistors and the tuned circuits,
the resulting problems, and their solutions. The general problems of
broadbanding, such as stagger tuning, are not peculiar to transistors and
will not be discussed in great length.
9-1 High-frequency effects. As frequency increases, the reactance of
Cb'c in the hybrid-pi model of Fig. 7-4 falls, causing a direct transmission
between the input and output of the unit. In addition, the combination
of the feedback path and the controlled source,
creates (1) a com
ponent in the input impedance that is a function of Cb'c, 9m, and the
load impedance, Zl, and (2) a component in the output impedance that
is a function of Cb'c, 9m, the source impedance, Za, and the other tran
sistor parameters.
In the video amplifier the load and source impedances are normally
small and resistive. Under these conditions we approximated the effect
of Cb'c by calculating an effective input and output capacitance and by
ignoring the direct transmission. In most cases we ignored the output
capacitance on the basis that the over-all frequency response was de
termined essentially by the input circuit. In tuned amplifiers the im
pedance which the transistor sees at its input and output may be neither
small nor resistive. Therefore we need to examine the more general case
in more detail.

At this point, we should like to digress for a moment from our main topic
to make a pertinent observation. As up0 increases, the various parasitic elements
and stray capacitances that are seldom shown in schematics may begin to
control the response. This is a general situation at high frequencies, that is, one
not restricted to transistor circuits. All this means is that our theoretical models
may be insufficient, and measurements may have to be made for the transistor
in the actual circuit configuration that one intends to employ. It is extremely
289
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hard to pin down the boundary of such a region. However, whenever the tran
sistor model capacitances or resistances become very small, one should begin
to question whether they accurately reflect the actual circuit.

There are three general approaches to the problem of internal transistor
feedback. The first, and most obvious, is to obtain a better transistor
with a smaller Cb’c and to forget the problem. The second is to supply
an external feedback from output to input in such a fashion that internal
and external feedback signals cancel (neutralize) each other. The third
possibility is to choose the load and source impedances so that while
feedback may occur, its effects are not too bothersome. The last approach
inevitably means operating the stage with mismatched load and source,
so that its maximum possible gain is not achieved. On the other hand,
it avoids the additional component (or components) used for neutralizing
and may lead to fewer adjustment problems with amplifiers produced on
an assembly-line basis. Since the first case may be handled on the basis
of prior chapters, we shall not discuss it further. The input impedances,
output impedances, and gains resulting from neutralized operation will
be discussed in Section 9-2, and the more general case of unneutralized
operation will be discussed in Section 9-3.
9-2 Neutralization. In this section we shall examine neutralization
techniques, and in the next section the approach to mismatched operation.
If a network is unilateralized,* then transmission occurs in only one direc
tion, and its input and output impedances are independent of the load
and source impedances respectively. While the literature abounds in
matrix approaches to this problem, the authors feel that in most cases
a direct circuit approach is more reasonable.
Figure 9-1 shows a hybrid-pi model augmented with a feedback net
work fed with a signal derived from the output voltage. If the output
is to have no effect upon the input, then Ci must be zero for any
Employing superposition we may write ei as the sum of two terms, one
from e2 and one from the yle2 generator. Letting
Zi =

______ f'b'e______

prb’eCb’e + 1

and

Z2 =

pC^cZt + 1 ’

* The use of “unilateralize” as a verb apparently became popular with early
transistor circuit designers who very commonly used a matrix approach to
problems. The older term of “neutralize” seems to be a more realistic descrip
tion of what is actually accomplished by most practical “unilateralization”
circuits. With neutralization one does not necessarily claim to have removed
all feedback, but merely to have reduced it sufficiently so that its effects may
be ignored.
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Zn

13

rbb'

Cb'c

B'.

■o

, + I—

+
ZL

gmVb't
<*1

rb'c
Cb'e

Fig. 9-1. Network for neutralizing calculations.
we find

(

zN

7 (zi + (i/pCb'c)
\Zn + Tbb' + Z2.

e2 — A

+ Z2
&N + Tbb' + Z2

C2 — Ci.

When we set ei = 0 and cancel the common terms, the resultant expres
sion for ZN is

Zy = Arbb' 1 +
L

Cft'cJ

+

A
pCb'c

1+^)Tb'e/

(9-D

The resulting neutralizing network consists of a series R-C combination.
The resistance is proportional to A, rbb', and the capacitance ratio, while
the resultant capacitance is approximately equal to Cb'c/A.
Manipulation of Zn will show that the frequency at which the resistance
equals the reactive term is approximately (rb'c/rbb'jupo, which is normally
about u>ao- Thus, under most circumstances when a transistor is used at
a frequency below cua0 the capacitive term alone will provide adequate
neutralization. In most practical circuits the resistive term is omitted.
If the resistive term is omitted and the 180° phase shift is not desired,
then approximate narrow band neutralization can be obtained with an
inductance of A/w2Cb'c henrys.
The out of phase voltage, — Ae2, for the capacitive case may be ob
tained from one end of a center-tapped collector tank circuit or from the
secondary of the output transformer. If the secondary is employed, then
matching considerations will normally lead to A being considerably less
than unity (£ to 7).
If the complete neutralizing network is employed then since e2 has no
effect upon ei one may set e2 equal to zero in order to show that the input
impedance of the transistor and neutralizing network combination is just
the parallel combination of Zn and
+ l/p(Cye + Cyc)]. Unless A is
much less than unity, (Cb'c/A) « (Cb'e + Cb'c), so that the shunting
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effect of the neutralizing network on the input signal should be small. (The
previous expression assumes that u> > ojpo so that rb'e may be ignored.)

An aside concerning the coupling transformers used with transistor i-f am
plifiers is pertinent at this point. With vacuum-tube i-f amplifiers one is con
cerned with voltage amplifiers that normally have large input and output
impedances. Under these conditions the transformer’s power-coupling efficiency
is ignored. Double-tuned circuits are inevitably employed with vacuum tubes
since they yield higher off-channel selectivity for a given number of stages.
The coupling between the primary and secondary of such double-tuned circuits
is often quite low (0.02 or less), and it is normally used as the manufacturing
adjustment of selectivity. That is, k is adjusted, by varying the distance between
the coils, to set Qk and hence the selectivity.
In the transistor case one has relatively low input and output impedances,
so that the loaded Q of the circuits is much lower than their own unloaded Q's.
Since the input and output impedances are quite different, it is natural to think
in terms of power amplifiers. From Chapter 4 we know that maximum gain
will occur when the load is matched to the source. Hence the coupling network
should not only provide the selectivity, but also match the input of one stage to
the output of the previous stage. In order that the coupling network be efficient
from a power viewpoint, it should have low internal losses (high unloaded Q)
and a high coefficient of coupling. The widespread availability of high-perme
ability ferrite materials has made possible small high-Q coils. By employing
these materials as cups surrounding the coils at low frequencies or as toroidal
cores at high frequencies, one also obtains coefficients of coupling that approach
very close to unity. While impedance matching does not require unity coupling,
the calculations are simplified by assuming that one does have it. Since this is
normally a very good practical assumption, we shall use it for the rest of this
chapter.
From the output impedance viewpoint the input may be shorted. The
exact impedance depends on the point examined. Figure 9-2 shows one
possibility. If the reactive parts of the transistor output are assumed to be
absorbed into the tuned circuit, then the load seen in the secondary that
originates in the transistor, or the coupling network, is

rorixN22
roN2 4- nN2. ’

where ro is the resistive portion of the transistor output impedance and
rix is the parallel loss resistor of the whole primary circuit. If the secondary
transformer loss, r/2, is not negligible, then it must be added in series
with the secondary load to produce the effective driving circuit of
Fig. 9-3.
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ZN

—o

A'

^otit

eo

I
I

Fig. 9-2. Transistor amplifier with a single-tuned circuit load and a neutral
ization network.

f r<>r/,/Vj
lr0.V2 + rilNl
I

r

5

e'\

Fig. 9-3. Output-impedance model for single-tuned stage.
Now since A = N2/Nt the resistive portion of Zn is approximately
N^bb'Cb'e

N.Cwc

while the series capacitive portion is Cb'cNi/N2. This means that in
practice the resistive portion might be 10r*y and the capacitance 10Cb'c.
This impedance should normally be large compared with the input im
pedance of the next stage and may often be ignored. If only a capacitor
is used in the neutralizing network, then Cb'cN\/N2 may be reflected
across the whole primary to become Cb’cN\N2/N2, which is normally quite
insignificant compared with C.
The transistor is applied to a tap on the primary winding for two
reasons. The first reason is that the high unloaded Q required for high
circuit efficiency and the loaded Q required for selectivity are unobtainable
simultaneously when the relatively low transistor output impedance is
connected across the whole primary. The other reason is that the output
impedance may be expected to vary with the Q-point and thus with
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t
I

*2

I

o

(a)

ZAr2

^.Vl

_k

zr

(b)

Fig. 9-4. (a) Common base r-f amplifier, (b) A-C model for transistor and
neutralizing network.
battery life, with avc, and with different transistors. The effects of these
changes on the tuning or on* the selectivity, or on both, are minimized
by stepping them up with a large (TV/AZ)2 ratio.
With present-day transistors, common base r-f amplifiers should seldom
be necessary. If they are used and if they require neutralization, then
they may be neutralized by considering the bridge circuit shown in Fig.
9-4. In this illustration the simplified high-frequency Tee model of
Fig. 7-6(b) has been employed. Because one is normally operating con
siderably below a)ao>
= it, or rt « l/a>Cb'e, and hence Cb'e may be
dropped from the circuit. If ei is to be unaffected by €2, for any source
impedance, then u must be zero for all cases and the ait generator may
be removed.- To balance the bridge that now remains, one has
rbb'

1/pCe

Zn2

%NX

If Zn2 = Rn and Znx = l/pC^, then the necessary condition is
RnCn = Tfrb'CcSince the input circuit must supply power to Rn, which is in series with
the transistor input, Rn should be small. On the other hand, Cn shunts
the output tuned circuit; hence it should be small. As a compromise
one might set Rn — th/ and Cc = CnWe shall compute the input and output impedances and gains for these
conditions. Normally re «. 1/vCb'c, ?bb' « l/wCc, and Rn <
hence the input impedance of the completely neutralized stage is that

■
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y«>.

Zin------- *-

Rn

•Zin = r( 4- Rtf 4- (1 — a)rbb'

Fig. 9-5. Input impedance of completely neutralized common base stage.
i«--------- ►

o

rt 4- RN

"'A

Cc

9b

C/f

o-

gb and (jy are parallel equivalent
conductances for rbb> and Rn respectively.
Fig. 9-6. Model for completely neutralized common base stage.

shown in Fig. 9-5. In the drawing of this illustration the 62 terminals
were shorted on the basis that ei is unaffected by €2- The equivalent shunt
capacitance of Zin should be on the order of Cn- The output impedance
with et = 0 is just the parallel combination of (Cc 4- n,y) and (Cn + Rn)When l/cdC// » Rn and l/coCc » rbb- the common base stage and its
output transformer may be represented by the circuit shown in Fig. 9-6.
If Cc, Cn, and the tank capacitance are combined into Ct, this total
capacitance must be resonated with L. Although it is desirable that
Ct » Cc, so that changes in Cc will not cause detuning, at high fre
quencies such a condition may not always be possible. We have assumed
that the rc of the transistor may be ignored, so that the total primary
loss consists of (gb 4- gp 4- gx)- Maximum power transfer will occur when
the load is matched to this primary resistance.
If one attempted to operate at 10 megacycles with a primary having
an unloaded Q of 100 and an inductance of 15 microhenrys, in conjunction
with a transistor having rt = 10 ohms, rbb = Rn = 50 ohms, and Cc =
Cn = 5 micromicrofarads, then assuming that unity coupling is possible
and that the secondary inductance is tuned out
Input power = i?(60) = i<(rt 4- Rn),

Ct = 17 ji/ifds

so that

gb = gN = 5 micromhos,

Ct = 5 /xgfds,

gp = 10.65 micromhos,

gr = 20.65 micromhos,
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■O

Zl
*in

I

It
O

-O

■=■

1
(a)

Fig. 9-7. (a) A-C circuit, (b) Model.
Output power = a2t$(——j ri
\9t 4- gi/

Power gain = 200

or

23 db.

From a practical circuit viewpoint, it seems much easier to use common
emitter stages and avoid the extreme turns-ratios, such as the 29 to 1
required in the example. In addition the common emitter stage gives more
power gain and is less likely to oscillate if neutralization is omitted.
Figure 9-7 shows another a-c arrangement that is sometimes used for
r-f amplifiers. This circuit also reduces to a bridge and may be handled
by techniques similar to those just utilized. In this case, balance of the
bridge would seem to be dependent upon the Q-point; hence one should
be careful when applying avc to such a circuit.

9-3 Mismatched transformer coupling. Figure 9-8(a) shows a common
emitter stage with load Zl- Figure 9-8(b) shows the equivalent circuit,
assuming that gmZL » 1. Now let us consider the practical case where
the load is a parallel tuned circuit, as shown in Fig. 9-9. The input
impedance to this circuit is given by
Zin =

__________ Ro__________
1 + 4a2(l — 6 + 62/4)

+3

Ro(2a — 6a)
•
1 + 4a2(l — 6 + 62/4)

(9-2)

Now close to resonance, 6 is small; thus as a reasonable approximation

J
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1
pCb’cQmZ I,

P<c>

rbb'

Ji'

rbb'

Ji'

rv<.

Zi.

rb'e

Cb'f

b'c

1

O-

(b)

(a)
Fig. 9-8.
viewpoint.

(a) Common emitter stage,

(b) Equivalent circuit from input
b = 1

o-

fo =

L

Ro.

-i

_ 1

2r\/ZC

Q =

o

a = Qb
Fig. 9-9. Parallel tuned circuit and related parameters.
all the terms containing 3 may be omitted, to obtain
Ro
. . 2aRo
Zin —
= 1 4- 4a2 “r 3 1 4- 4a2 ’

(9-3)

Below resonance the impedance of Eq. (9-3) looks like a series R-L
combination. If this impedance is substituted for Zl in the circuit of
Fig. 9-8 (b), and if W is defined as l/wCb'CRo> then Fig. 9-10 is the result.
pCVtdmZL
o

1_

Rp

Qin

o-

Zl =

Ro
1 + 4a2

ir
=

2a Ro
1 4- 4a2
__ 1_

CP
o-

uR0Cb:c

1

J_ piz2(4a2 + 1) - 4air + 1
2aW - 1
Qm

Cp = [

gmRcCvcW*
J4/2(4a2 + 1) - 4aW + 1

Fiq. 9-10. Equivalent circuit in parallel with
sistor load is a parallel tuned circuit.

and Cb>t when the tran-
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Table 9-1

\W\4a2 + 1) - 4aW 4- l]/(2aW - 1) Versus W
W

a = j

0
0.333
0.438
0.50
0.774
1.0
1.25
1.5
1.707
2.0
3.0
4.0
5.0
6.0
10.0

a = f

a = 1

—1
—0.83

—1

—1
00

—1

0.925 (min)
1.0

00

oo

6.5
5.0
4.82 (min)
5.0
6.5
8.3
10.4
12.2
20.2

1.64 (min)
2.0

2.5

3.12

4.15

4.33
6.8
9.3
11.8
14.3
24.3

5.8
9.11
12.45
15.8
19.1
32.5

The behavior of the coefficient of — \/gm in the equivalent parallel resistor
is shown for several values of a in Table 9-1 and in Fig. 9-11. Since
only the regions where this equivalent resistance may be negative are of
primary interest, only positive values of a (f below /0) are considered.
18
16

+

14

-?
I I

12
10

8
°C
■T

6
4

2

i
t

A

M
0.5

i
1.0

I
1.5

I
2

J__
3
IV

4

I
5

6

Fig. 9-11. Coefficient of the equivalent parallel resistor vs IV = X/wCvcRo
when a common emitter transistor amplifier has a tuned circuit load.
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Table 9-2
Input Impedances Versus Frequency

for a

Particular Case

W = 4

a

RP,
ohms

Cp,

0

486
—238
—266
—356
—460

2860
1955
746
356
202

I
1

3

2

2

^in,

Cin,

ohms

M/*fd

121
58
10
—9
— 140

4100
3470
2410
1770
1880

Normally 1/wCb'c > Ro, so that W > 1 values are of primary interest.
When the equivalent parallel resistance is combined with Tb'e, one finds
that the resultant can be negative only if the coefficient of — l/gm is less
than (3 in magnitude. Hence for values of W = 1/wCb'cRo greater than
10 to 15 there should be no difficulty. Since W can always be increased
by making Ro smaller, one approach to the problem is to reduce Ro and
hence the Q of the output tuned circuit. This will, of course, cause a loss
of gain as the transistor output-circuit power match is destroyed, and
perhaps cause a further loss in the tuned circuit.
Let us consider a numerical example. Consider a transistor used in
a 455-kilocycle i-f amplifier with an output circuit whose Ro is 10K ohms
(including the rcc of the transistor). The transistor has
Cb'c = 8.7 /xgfds,
rb>e = 1.5Kohms,

gm = 35,000 micromhos,
rbb> = 100 ohms,
Cb’c = 1000 /x/zfds.
Table 9-2 shows various numerical results as a is varied. The resistance,
rin, is the over-all equivalent series input resistance for the transistor and
its load (it includes rbb'}, while Cin is the corresponding capacitance.
Whether this stage would oscillate or not, as the output circuit is tuned,
would depend on the losses in the input circuit and the range of tuning
available for the output tuned circuit. (Chapter 16 discusses in some
detail the general criteria for oscillation.) Oscillation would be unlikely
unless the output circuit could be tuned to approximately 3/0/2Q cycles
above its normal resonance of 455 kilocycles.

L
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If Ro were reduced to 5K ohms, then at a

rin = —1-23 ohms

and

(chap. 9

=i

Cjn = 1230/xMfds,

and oscillation would not occur at this point (although it still might
occur if the output circuit could be tuned even further above its original
resonance). At Ro — 5K ohms and a — 0
Tin = 123 ohms

and

Cin = 2570 MMfd,

so that reducing Ro has not only reduced the possibility of oscillation
but has also considerably reduced the magnitudes of the changes in
input impedance with output circuit tuning. This reduction in the inter
action of the tuned circuits will ease the alignment problem. This magni
tude and variation of the input capacitance with output tuning again
points out the need for large step-up ratios between transistor inputs
and tuned circuits if a reasonable Q or tuning procedure is to be possible.
To summarize what we have learned, Cb’c feedback causes variations with
frequency in the input impedance and may cause negative input imped
ances and hence oscillation. We have also learned that by reducing Ro,
the resonant impedance at the transistor output, we may reduce the
variations in input impedance and remove the possibility of oscillation.
In an effort to simplify our calculations we might ignore rbb' (which
leads to conservative results), and then design our circuit so that if the
parallel combination of r^e and Rp is negative, then it must have a
magnitude of at least M times the equivalent parallel input resistance,
7?in. In this work, M will be a constant determined by the amount of
tuning interaction and loss of gain that one is willing to tolerate. Such
a restriction will certainly protect against oscillations, and it will also
insure, if M is large, that the variations of input impedance with fre
quency are small. A minimum value for a negative parallel resistance
combination imposes a limit on W. When this is worked out the result is
'W2(4a2 + 1) - 4aW + 1
2aW - 1

, MfiRjn

> Tb'e + M Rin

(9-4)

When W is large, as is normally true, and a is not too small, the left
side of the inequality may be reduced to approximately 2aW. Now
if the largest expected value of a is employed, one finds for the maximum
allowable value of Ro

Ro <

2Omax (fb'e ~f~
U)Cb' cM(3Rin

(9-5)

Equation (9-5) tells us that instead of neutralizing, or in addition to
partial neutralizing, we may reduce feedback problems by reducing Ro.
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Fig. 9-12. Simplified version of common emitter output circuit.
Since the transistor output impedance is essentially fixed, this means
mismatching the output and hence reducing the power gain of the stage.
The mismatching can be effected externally by adding an appropriate
resistor in the output circuit to reduce its Q, or, more reasonably, by
designing the tuned circuit or output matching network so that its losses
and “turns-ratios” serve the same purpose.
In the normal superhetrodyne receiver the i-f stages provide the bulk
of the selectivity. Therefore one normally chooses the number of stages
and the loaded Q of the over-all tank circuit of each stage with selectivity
as the main criterion. Figure 9-12 shows a simplified version of the circuit
of Fig. 9-2 (with neutralization omitted). The conductance g2 is the
input impedance of the following stage reflected through the NJN2 turnsratio. The loaded Q of the tank is governed by wCt/gt- 'The total conduct
ance, gt, consists of gi, g2t and go, where g'o is the output conductance of
the stage in question reflected through the N/Ni turns-ratio, and gi is
the loss associated with the tuned circuit. The load Ro seen by the gmei
generator at resonance is N2/N2gt. Thus for a given Ct and a given loaded
Q, we have a given gt. We may now select N\ and N in such a manner
that N2/N2gt is smaller than the Ro of Eq. (9-5). We may also choose
N2 and N so that N2/N2gt is at least as large as the parallel resistance
7?in that was assumed to be present across the input of the following stage.
To summarize:
1. N2/N2gt < Ro2. N22/N2gt > Rin.
3. N/Ni and N/N2 should be as large as possible so that changes in
the input and output impedances with avc power supply variations, or
other stage tuning, will not cause detuning.
4. In adjusting the two turns-ratios, one should not make the insertion
loss of the coupling circuit larger than necessary. The insertion loss is
defined as the maximum power available from the transistor output to
the actual power delivered to the next input. In terms of the conductances,
the insertion loss is pf/4^2-
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The insertion loss will be minimized when g'o = ^2, or when N2/Ni =
V HnAo- We must now pick N so that the resulting inductance has an
unloaded Q that is considerably above the loaded value. The resulting
inductance must also have a value that can be resonated at the desired
frequency with a reasonable value of the tuning capacitor. Consider an
illustrative example for which the following data are given:
fo = 455 kilocycles,

gm = 40 X 10“3 micromhos,
ro = 20K ohms,

2?in = IK ohms,

Cb'c = 4/z/zfds,

M = 4,
rb'e = IK ohms,
^max = 1 •

From Eq. (9-5) we find that Ro < 5.5K ohms. Suppose that Ct = 175
micromicrofarads; then Lt = 700 microhenrys. Now it should be pos
sible to wind a coil (with Litz wire and a ferrite cup) having this inductance
and an unloaded Q of at least 75. Such a coil might have about 150 turns.
Assume that we desire a loaded Q of 36; then rt = 72K ohms while
ri = 150K ohms (^ = 6.6 micromhos and gt = 13.9 micromhos). Now
N./N2 = x/20. For NJN <

NJN < x/0.0695

0.264,

= 40 turns,

N2 = 9 turns.

With these turns-ratios and ro = 20K ohms and 7?jn = IK ohms we
would find Qi = 36. The insertion loss would be 13.92/(4 X 3.592) = 3.8
or 5.8 db.
We have deliberately mismatched the transistor and its load so as to
reduce the gain and avoid neutralization. If the feedback capacitance,
Cb'c, can be made small enough and if a certain number of stages are in
any case necessary in order to meet selectivity requirements, so that
maximum gain per stage is not necessary, then this approach is reasonable.

9—4 Automatic-gain-control circuits. In most receivers it is necessary
to vary the gain of the early stages if saturation of the output stages is
to be avoided when input signals exceed a certain level. A great number
of schemes have been suggested. The two most reasonable gain-control
circuits appear to depend on emitter current control. Since power must
be supplied to control a bias circuit, a sophisticated receiver normally
requires a separate emitter follower to drive the avc circuit. In most home
receivers such refinements are sacrificed and a circuit such as that of
Fig. 9-13 is employed.

9-4]
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Fig. 9-13. Simple avc circuit.

The most common avc approach depends on the fact that at low fre
quencies (compared with a>0O) the internal transfer from tin to fout is es
sentially independent of Ie. The gain falls as Ie is reduced because of
the increase in the input impedance as re increases with decreasing Ie.
A second approach to avc in high-frequency circuits utilizes the fact
that in diffused base transistors with very small emitter currents, Ct
may be much larger than Cb'e, and r&'e may be much larger than 1/wCrOver the region where this is true, the input impedance will be independent
of Ze and equal to (rbb’ -T l/wCr) while gm will still be varying directly
with Ic. Under these conditions gain-control action will result from con
trolling Ic and hence gm. Such a system will saturate above about half
a milliampere or so when Cb'e becomes appreciable, and the voltage across
the total capacitance (Cb'e + Ct) falls as rapidly as gm increases. In Fig.
9-13 a small initial bias is applied to the diode from the power supply by
the a-f filter. This bias may allow the small-signal detection characteristic
to be slightly improved over the no-bias case.
Another possible avc circuit is obtained by controlling the second base
current in a tetrode transistor (see Section 7-6). Since increasing the
transverse field across the base tends to sweep the emitted carriers side
ways into the signal-base connection, it reduces the effective a. In a
typical unit, one might find a varying from 0.952 at I b2 = 0-2 milliamp
to 0.50 at Ib2 = 2 milliamp. This is a 20 to 1 variation of for a 10 to
1 variation in the control current.
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9-5 Practical i-f circuits. A great variety of practical i-f circuits have
been devised by the numerous workers in this field. When double-tuned
circuits are employed, one often uses a series resonant circuit with the
low transistor input impedance serving as the series element of the second
circuit. Another possibility that has been suggested is to use R-C coupled
stages with series L-C emitter impedances in shunt with Re. (See Fig. 8-5
for an example. In this case Ze would be Re in parallel with a series L-C
combination tuned to the i-f frequency.) A cascade of such amplifiers
would have a very low gain except at the frequency where all the emitter
impedances became essentially short circuits.
In theory, all the techniques that have been developed for broadbanding
vacuum-tube amplifiers may be applied to transistor amplifiers. The
impedance levels are different, but the essential ideas are the same.
Tuning of stagger-tuned stages may be difficult unless either neutraliza
tion or low load impedances are employed. Power gain, rather than
voltage gain, is normally considered. Gains of 10 db or more over a band
width as great as 20 megacycles are claimed for a number of present
transistors.
9-6 R-F stages. In the superheterodyne receiver the first stage (or stages)
has the functions (1) of introducing enough selectivity so that adjacentstrong signals do not cause cross-modulation (2) of reducing image signals
(signals differing from the desired signal by twice the i-f frequency) to
a sufficiently low value and (3) of determining the noise performance of
the receiver. Since several variable circuits must be tuned simultaneously
over a band, the circuit Q’s should not be too high or tracking difficulties
may arise.
The majority of simple receivers have the first stage arranged as a
single-tuned circuit coupled through a step-down turns-ratio to the input
impedance of the transformer. The primary inductance is wound on a
pencil-shaped ferrite core and serves as the antenna. The turns-ratio is
often picked at a slightly higher step-down than would be dictated by
minimum insertion loss in order to increase the loaded Q and hence in
crease the rejection by the circuit of image and strong off-channel signals.
As mentioned previously, tracking problems will probably set a limit to
the allowable Q in the tunable stages. Figure 9-14 shows the equivalent
input circuit for such a stage.
The induced voltage will depend on the size of the ferrite core and the
number of turns in L. A typical value for a small broadcast-type antenna
might be about 5 millivolts per volt per meter of field strength. Normally
this coil is mounted clear of the chassis and the case, so that its unloaded
Q may be quite high. The turns-ratio N2/N is selected with three con
siderations in mind: The first is to obtain the highest Q which can be
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Fig. 9-14. (a) R-F stage, (b) Model for r-f stage.

tracked and does not limit the signal bandwidth; the second is to have
minimum allowable insertion loss; and the third is to minimize the noise
figure by optimizing the source impedance by which the transistor is
driven. [See Eq. (7-5).] In a broadcast receiver the noise figure is nor
mally unimportant, since the signal-to-noise ratio is set by the external
noise level.
Suggested Reading
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Problems
9-1. Derive Eq. (9-1) by writing the appropriate expressions and combining
them.
9-2. Show that the value of inductance necessary to neutralize a narrow
band, common emitter stage is approximately A/u2Cb'e9-3. Given a transistor with
Tbb' = 80 ohms,
rye = IK ohms,
Cbre = 1500 mm^s,

rd = 40K ohms,

Cb'c = IOmmMs,
gm = 40,000 micromhos.

Calculate the complete R-C neutralizing network, assuming a common emitter
configuration and a 5 to 1 voltage step-down across the output circuit. (The
feedback is from the secondary of the output transformer.) Calculate the
transistor input and output impedances with the neutralizing network in place.
Can the resistive portion of the feedback network be omitted if the amplifier
operates at 455 kilocycles? Explain.
9-4. Suppose that the transistor of Problem 9-3 is used as a 455-kilocycle
i-f amplifier. The i-f transformer employed will tune over the range/0(l + 1/Q)»
that is, over ±15 kilocycles. If the impedance seen by looking into the output
circuit at resonance is UK ohms, then what is the minimum equivalent series
input resistance of the transistor and its load. Assume that no neutralization
is employed. Is this circuit likely to oscillate? Explain.
9-5. What turns-ratio will be necessary from the complete tank to the tran
sistor input circuit if the allowable variation of the capacitance seen by the
whole tank must be less than 10 micromicrofarads. Assume the conditions of
Problem 9-4 and that the output tank is tuned from f0 to /0(l + 1/Q).
9-6. A 2-mcgacycle amplifier is shown in Fig. 9-15. The transistor has the
following parameters at Ie = 1 milliamp and Vce = 10 volts.

rbb' = 30 ohms,

Cb'c = I.OmmM,
gm = 39,000 micromhos.

Tb’e = 1200 ohms,
Cb'e = 200 g/ifds,
£1
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The output tank appears like 7.5K ohms at resonance. The other circuit
parameters are: Lz = 100 microhenrys, Cz = 30 to 70 micromicrofarads, Li =
| microhenry, and Lq = 100 microhenrys. If one does not neutralize, what
value of Co will be necessary to tune the input tank to resonance? Assume that
unity coupling exists between the coils. In terms of it calculate the voltage
across the primary of the output tank at resonance.
9-7. A diode detector requires at least several hundred millivolts of peak-topeak (unmodulated) signal if it is to yield reasonably linear performance. Sup
pose one has a radio receiver with a 455-kilocycle i-f amplifier. The r-f and
converter stages have a combined gain of 40 db. The power available from the
antenna is 2 X 10-12 watt. How many stages, using the transistor of Prob
lem 9-3, should the i-f amplifier contain if one is to produce a 500-milliwatt
RMS signal across the iK-ohm equivalent diode load? Lay out one stage of
your i-f amplifier. Consider both neutralized and mismatched operation. Which
would you recommend? Why?
9-8. Figure 9-16 shows one stage of a common base 150-megacyclc amplifier.
At the Q-point the transistor parameters are:
Cbfc =

Cb'e = 5 pipifds,
Tb'e = 600 ohms,

rw = 20 ohms,
rc = 2M ohms,
a = 0.96.

Assume that the output tuned circuit and load appear like 900 ohms to the
collector at resonance, and calculate the impedance seen by looking into the
emitter. Assume that the input tuned circuit and source look like 30 ohms to
the emitter, and calculate the output impedance. What is the power gain from
the assumed 30-ohm source to the assumed 900-ohm load?
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CHAPTER 10
TRANSISTORS AS SWITCHES

In this chapter we shall examine various aspects of the behavior of
the transistor as a switch. Small-signal transient calculations will come
naturally from the models of Chapters 7 and 8. After making these
calculations we shall undertake yet another excursion into model formula
tion in order to obtain a model that not only yields ordinary transient
information but also allows us to calculate storage-time delays, onimpedances, off-impedances, and other useful switching-circuit parameters.
Certain circuits, notably bistable multivibrators, are then considered as
examples of the use of the methods of analysis. The chapter concludes
with a section on thermal and voltage breakdown problems in switches
and in pulse circuits.

10-1 Small-signal transient analysis. The hybrid-pi model of Chapter 7
is directly applicable in small-signal transient calculations. All the simpli
fications that were worked out in Sections 8-1 and 8-3 may be applied
directly. The basic model is repeated in Fig. 10-1. In the normal case
1/wCb'c » Rl for all frequencies of interest. This implies that the direct
effect of Cb’c on the output can be ignored. The effect of Cb'c on the input
circuit is to increase the capacitance from B' to ground. When Ze is ab
sent, the total capacitance, C, from B' to ground is

Ct + Cb'e + (1 + Qm^L^Cb'c,
and

R> + w \:P + <*>z.

X

B

G/r

B'\
,rb'c

Rs

Ct

Cb'c

(10-1)

I

E
Zc

Fig. 10-1. Hybrid-pi model with load, source, and emitter impedance.
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where

Rs 4~ rbb' 4~ Tb'e e
Tb'e(Rs + Tbb'jC

When Ze is an unbypassed emitter resistor, Re, then the Miller effect
of Cb'c at B' is reduced from (1 + gmRi^Cb'c to the shunting of approxi
mately Cb'C(l -F Rl/Rs} farads from B' to ground. The circuit now has
two time constants, and it is therefore somewhat tedious to calculate its
exact response. It is often convenient to obtain a reasonable idea of the
transient behavior by neglecting Cb'c(l + Rl/Rc} completely. When
this approximation is made

ik = (f
is

Ra

\(

\C2) \R' + Tbb' 4- Re) \;.P 4" <*>Vl

(10-2)

where

C2 = Cb’e + Ct,
COy

- ( 1 A fl -4\Tb'eC2) V

Tb'e + ^Re
Re 4" Rs 4" rbb'.

(10-3)

In both cases, at least to a first approximation, iijis has a single pole.
This means that the rise time to 90% of the final value, or the time to
fall to 10% of the initial value, when a current step is applied, will be
2.3/wx or 2.3/o>J/ respectively. Any device, such as emitter-impedance
shunt peaking, multistage feedback, or distributed amplification, that
extends the 3-db bandwidth will generally improve the pulse response.
In circuits with complex poles or multiple poles, the phase response is
more important than the amplitude response, so that two circuits with
identical 3-db amplitude responses may not have equally good transient
behavior. One should also remember that the actual transistor exhibits
more phase shift than the simple model indicates (see Section 7-7); hence
the actual pulse response may be somewhat worse than simple calcula
tions imply.

10-2 Transistor characteristics. With a conventional alloyed junction
transistor, the gain expressions, Eqs. (10-1) and (10-2), are reasonably
independent of the Q-point. This is true in spite of the variation with Ie
of the various parameters of the model, since the variable parameters
occur in pairs in such a manner that the variations tend to cancel.
With the various graded-resistivity-base type of transistors; one needs
to re-examine the physics and the derivation of the model. In the graded
base transistor the base conductivity varies through the base from a very
high value at the emitter side to a very low value near the collector side.
If such a transistor is operated as a small-signal amplifier at a fixed, or
reasonably fixed, Q-point, then one can guarantee a minimum collector-
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base back bias at all times. Under these conditions the conductivity at
the collector side of the base region may be allowed to become the intrinsic
value for an appreciable distance. Such a procedure places an intrinsic
layer between base and collector and results in what is often called a
PNIP or NPIN transistor. This wide depletion layer results in a low
value of Cb'c and requires a high minimum collector-base voltage. The
minimum junction bias is required so that the depletion layer will reach
far enough into the region of the base where the conductivity is appre
ciable, so that Cb'c and ro will be only slowly varying functions of Pcy,
and so that the charge carriers will be moved rapidly through the intrinsic
region by an electric field rather than slowly by diffusion.
Under small-signal amplifier bias conditions the conductivity at the
emitter side of the base of the transistor may be allowed to become quite
high, since this reduces Cb'e and r^-. It also increases Ct and reduces a.
But since a reasonably high operating Ie may be specified for a small
signal amplifier, Cb’e may exceed Ct, and a lower a may not be too much
of a drawback, since the maximum gain without alignment problems is
at any rate limited.
With large-signal switching operation one may wish to turn the unit
on hard, that is, to have a low’ value for VCb, and also to turn the unit off,
that is to have a very low value for Ie. Under these conditions the tran
sient behavior of the diffused base amplifier transistor may be seriously
degraded. In fact, one will have to undertake the analysis on the basis
of several regions, each having essentially a different model. It would
appear, therefore, that the same transistor would not be the optimum
one for switching and for amplifier service.
For the switching unit one should somewhat reduce the conductivity
at the emitter side. This would lead to a lower Ct, which would minimize
turn-on delays. The reduction will also increase Tbb' so that some com
promise must be reached. Another reason for reducing the base con
ductivity at the emitter side is to increase the reverse breakdown voltage
of this junction. (In many diffused base amplifier units the emitter-base
breakdown voltage is only about 1 volt.) The conductivity at the col
lector side of the base should be kept far enough above the intrinsic
value so that only a small value of VCb is necessary to place the base width
at essentially its constant value.
In order that the voltage drop across the on-switch be low, switching
transistors should have high conductivities within their emitter and
collector materials. Some grown-junction and diffused-base units make
poor switches because of their high collector-body resistances.
In order that the current through the off-switch be low, the surface
leakage currents and saturation currents of switching transistors should
be as small as possible.
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10-3 Large-signal transient analysis. One approach to the large-signal
step response of a transistor is to extend the small-signal results by break
ing the switching interval into several regions. Suppose that one starts
with the unit off, that is, with both junctions back biased, and then
drives it toward the on condition. The initial problem is to discharge Ct
through rbb> and the emitter bulk resistance, so that carriers may be
injected into the base. Once carrier injection starts, an additional delay
should be added to allow their passage through the base. Normally this
delay is ignored and the rise time is calculated from a simplified version
of Fig. 10-1.
If the circuit is being driven on with a current IB, then rbb> and R,
may be ignored. If it is being driven toward saturation*, then the rise
time may be taken as the time for the collector current to reach 0.9Zcs.
Under these conditions
0.9Zc, = ZB0(1 - e
1 „, i

-7’r-z)j

(IB\

Tr = — X In

(10-4)

<*>z

where Tr is the rise time, coz is l/r^-eC, and Ic» is the saturation value of
the collector current. In a circuit with no emitter impedance Ica = Ecc/Rl.
When the driving current, Is, is sufficient to barely saturate the unit,
that is, if

B = I

then

Tr = 2.3
o>z

If the unit is turned off, either from the active region or from the edge
of saturation, then the same model holds. If the fall time, Tf, is taken
as the time to reach one-tenth of the on value of the collector current,
ZCp then
ZC| ~ Ib2P \ }
(10-5)
Tr = — X In P-l/ci — Ib2&)
Wz

where I b2 is the drive current applied during the turn-off period. Normally
Ib2 will have a sign opposite to that of ZCl, so that the terms will add
numerically. If (5Ib2 = ~Icv then Tf = 0.6/wz.
If the turn-Oii drive current is greater than that necessary to just
saturate the unit and if it is applied longer than the time necessary to
just barely reach saturation, then excess charge storage will occur in the
base region. When a switch is turned on, this charge storage produces
no noticeable effects in the output circuit. However, when a turn-off
* A saturated transistor has both the emitter-base junction and the collector
base junction in a zero or forward biased condition.

312

[chap. 10

TRANSISTORS AS SWITCHES
Turn-off current
Base current

IB > Etr/fiRL

125 Msec

= 0 volts

Collector voltage

Storage time

\ i /

-Etc
Fig. 10-2. P-N-P transistor with large storage time.
drive is applied to a saturated unit, a delay occurs before one enters the
active region. Figure 10-2 shows an extreme example of storage-time
delay.

10-4 An excess minority charge density model. Before proceeding
further with the discussion of storage time, we shall reformulate our
transistor model. With this new model, in addition to being able to make
active-region transient calculations, one can make storage-time calcula
tions and also static calculations in both the saturated and off states of
the transistor. Various forms of this model have been presented explicitly
and implicitly in a number of publications. (See particularly the references
at the end of this chapter to Cobbold, Linvill, Mead, and Ebers and Moll.)
As we shall present it the charge-density model will be completely
concerned with action within the active region of the base. (The basic
physics necessary for the charge-density model has already been outlined
in Chapter 1.) This means that effects such as collector multiplication
or emitter efficiency (which are junction or transition region effects) or
voltage drops in r6y, rCC', etc., are not included and must be handled
separately.
Figure 10-3 shows a P-N-P transistor with a nonuniform base resis
tivity. The internal lines represent majority and minority charge-carrier
N

P

P

Pc

rte

Emitter

Pc

Pt,

Base

Pb?

”c

Collector.

Fig. 10-3. Equilibrium charge carrier densities. Nonuniform base resistivity.
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equilibrium densities, that is, the densities that would be present if there
were no junctions in the vicinity. If transition region effects are ignored,
then from Eq. (1-12) the excess hole density at the emitter end of the
base,
is
= Pbi [exp (Vebq/kT) — 1],
while the excess hole density at the collector end of the base, Apj>2, is

&Pb2 = Pb2 [exp (Vcbq/kT) — 1].

In normal operation (of a P-N-P transistor), Vcb is large and negative,
so that Apb2 = —pb2 and the total hole density at the collector junction
is pb2 minus pb2 or zero.
Once a hole is emitted into the base by a junction, there are several
possibilities
1. The hole may recombine with an electron. This loss of holes in
the base makes up the transport factor portion of the total a. (See
Section 1-8.)
2. The hole may leave the junction region either by diffusion or under
the influence of an electric field.
3. The hole may be stored in the region, that is, stay in the vicinity
of the junction without recombining.

On the basis of these possibilities and the physical behavior of the
minority carriers, one can set up an excess-charge-carrier current model
for the base region. In this model, excess charge density is analogous to
voltage. In addition, the type of charge carrier for a given current may
be different on opposite ends of the “resistive” elements, that is, a hole
entering one end may cause an electron to enter the other end. In Fig. 10-4
= Drift field current

Ic

"T—
Recombination,
emitter end

+
—1

Storage

'"X

element

?>6,(<?xp (W^) - 1]

Ic

Diffusion

Storage -. I

+

+

clement

+

±Pb3

Recombination,
collector end

J

1

-

7>62[exp (Ktf/*0 -

Fig. 10-4. Excess minority charge model for the base of a P-N-P transistor.
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“capacitors” are used to represent storage elements, while boxes are used
to represent “resistive” elements. What is referred to as a “resistive”
element in Fig. 10-4 is a term analogous to resistance when Ap is con
sidered as analogous to voltage, that is, when Ap = IR.
The recombination phenomenon may be handled as a “resistance,”
since the number of recombinations taking place is proportional to the
number of excess minority carriers, Ap, which are present. The recombi
nation current is proportional to the number of recombinations; hence
Ir = &p/Rr = bpGr.
The diffusion of carriers through the base is. also “resistive,” since the
diffusion across a region is proportional to the change in charge density
across the region. The diffusion current is therefore proportional to
(Api — Ap2); hence Id = (Api — Ap2)6rz>.
If storage of charge is occurring within a given region, then the charge
density (“voltage”) will be changing with time at a rate dependent on
the current (charge per unit time) entering the region. Since d (bp)/dl =
7/C, it appears proper to treat the storage constant, C, as a term analogous
to capacitance.
The drift current leaving a given region will be proportional to the
electric field as well as to the excess charge density available in the region.
If the electric field is uniform across the base (Section 1-8 illustrates a
conductivity distribution that will produce such a field) and is directed
from the emitter toward the collector, then the drift current component
may be represented by the current generator k bp, as shown in Fig. 10-4.
If the field is nonuniform, then as an approximation the base might be
split into several sections and a uniform field assumed across each section.
Even with a uniform field, the two-section model is still only a gross
approximation, since recombination and storage are continuous rather
than lumped phenomena. This is exactly the problem we met in Chapter 7
when we used a lumped model for a distributed phenomenon. Fortunately,

Ic

+

+

Rx

Rd

Ap|

Ic

+l

&P2

R2

c.
Pfclexp (V,hq/kl) — 1]

I

Ptlexp (Vebq/kl) - 1]

Fig. 10-5. Relabeled version of Fig. 10-4 for the P-N-P transistor (pt, = Ph
is assumed).
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it turns out that the two-section model is normally sufficient for engineer
ing calculations.
In order to simplify our subsequent manipulations, Fig. 10-4 is redrawn
and relabeled as shown in Fig. 10-5. In this illustration it has also been
assumed that pbx = Pb2 — Pb, so that there is no built-in electric field.
To become familiar with this model, we will consider it first under steady
state conditions. We will find that these considerations allow us to calcu
late on and off voltages and currents in transistors used as switches.
After the steady-state cases have been explored, we shall add the storage
elements and make transient calculations.
10-5 Steady-state and transient calculations. Steady-state conditions.
Current calculations. The “resistive” model parameters may be easily
related to externally measurable quantities through various manipulations.
Suppose the collector junction is shorted, that is, Vcb = 0- In this case
Ap2 = 0 and R2 may be neglected. Therefore
_ AZ1

7

c

• Rd ’

lb =

Api
e ~ Rd

Api
Ri
P '

Api
Ri ’

Therefore

h

a/ =

Rd

Ri
Ri

Rd

(10-6A)

If the transistor is reversed and the emitter junction is shorted, then

Ze =

Ap2
Rd

Ze _ R2 _ R
Ib
Rd
Pr’

T
Ap2
/6 = "R"’

ar =

R2
R2 4- Rd

(10-6B)

The subscript f is used for the forward or normal connection of the tran
sistor, while the subscript r is used for the reverse connection.

It should be borne in mind that these alphas and betas really include only the
transport factor portion of the normally measured alpha or beta. If they are
measured as defined, then the output junction voltage will be zero and no
multiplication will occur. On the other hand, the “emitter” efficiency may be
more important than the transport factor in the alphas of some transistors.
This will be particularly true in the reverse connection if the collector material
conductivity is small compared to the base conductivity. The next section sug
gests a method of measuring a/ and ar which avoids the emitter efficiency problem.
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If the collector junction is back biased and the emitter is open-circuited
Ico

_ Pb(.R\ 4- R2 4 7?£>) .
R2(Ri 4 Rd)

(10-7A)

On the other hand, if the emitter junction is back biased and the collector
is open-circuited
Ico

_ Pb(R\ 4~ R2 4- Rd) .
^1(^2 4 Rd)

(10-7B)

It is convenient to note from Eqs. (10-6) and (10-7) that
dflco — Ico^t'j

hence only three of these quantities need be specified or measured.
In the general case where either junction may have any bias

Ic = (Api — Ap2)Gn — &p2G2,
(10-8)

Ie = (Api — &p2)Gd 4- ApiGi,

lb = &P1G1 4- Ap2G2.
If the emitter is forward biased and the collector is reverse biased, then

Api = Pfc[exp (Vebq/kT) — 1],

Ap2 = — pb,

(Ap! — Ap2) = pb exp (Vebq/kT),
so that
Ic = PbGD exp (Vebq/kT) 4- PbG2,

Ic = PbGD exp (Vebq/kT) 4 pbGx [exp (Vcbq/kT) — 1].
If the expression for Ie is multiplied by a/ from Eq. (10-6A) and if let
from Eq. (10-7A) is added, we obtain the expression, Ic = a/Ic 4 Ao,
which we expect for this set of assumed bias conditions.
If both junctions are back biased, then
Api = — Pb = Ap2,

Api — Ap2 = 0,

and Eqs. (10-8) reduce to
Ic = PbG2,

Ic = —PbG\,

lb = — Pb(Gi 4 G2),

which may be manipulated into
Ic =

Ri 4 Rd
Ri 4 Rd 4 R2.

I CO)

Ic =

= -Ze(l + ^f)-

#2 j

Ri

e’
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Now from Eqs. (10-6)
Ic =

= - £0/ Ic’

T-214+
) I co,
1 + 0r + 0//

/e = -

Ic,

\

+ £)
Pf/ ’

It is often true that 0/ » 0r. For example, one might have 0/ = 99 while
0r = 2. In this case
I =

/
102 co'

Ib = -l.OOZc,

Ie = —0.02ZCO,

Thus, in general, if 0r < 0/ one should use the emitter connection for
switches in which the off-current should be low. When both junctions
are back biased and 0/ » 0r the emitter current will be approximately
— (Prlco/Pf), while the base and collector currents will each be approxi
mately Ico in magnitude.
If instead of being back biased the emitter base junction is shortcircuited, so that Veb = 0 while the collector is still back biased, then
Api = 0

and

Ap2 = — Pb-

Now
Ic = PbGj),

Ic = Pb(Go + G2),

Ib = ~PbG2-

These expressions may also be written as
Ib= ~
Ic =

1 + 0/
A
I co,
1 + 0r + 0//

1+

Ie = -(irIb,

0r0/
Ic.
1 + 0r + 0/.

A further manipulation will show that

0r0/

1 + 1 + 0r + 0Z.

1
1 — ara/

so that the current expressions may also be written as
Ic =

Ico
1 — araj

O-rl co

Ie = 1 — ara/

Ib =

— (1 — ar) I co
1
flfGy

In this case if 0r = 2 and 0/ = 99, then one would find
Ib —

Ico,

Ic

2Zeo,

Ic = 3ZC<>.

The implication of these results is clear. The emitter current is gen
erally lower than the collector current in an off transistor in which
0/ > 0r; however, adding enough back bias to make exp (Vitq/kT) « 1
may reduce the off emitter current by a factor of as much as 100. There

1
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is in fact a particular back bias that would in theory make the off emitter
current zero. One could calculate this value from Eq. (10-10) if desired.
In general, it dops not seem worthwhile to make calculations of this type
that depend on the difference of two almost equal numbers for their
results.
Steady-state conditions. Voltage calculations. Equations (10-8) can be
rearranged so that
and Ap2 are presented as functions of Ic, /«> and
It>. These expressions can then be converted into junction-voltage ex
pressions, since
and Ap2 are directly related to Veb and VCb (at least
in the ideal case). The results of the manipulations are

v
kT\In I
Veb = —
Q

X
co - Ic

^ = Tln('

(10-9)

■o

From Eqs. (10-9) one can calculate junction voltages for given currents.
For example, if Ie = 0 and the collector-base junction is back biased,
then Ic = Ico and
ir

&T.

z,

\

Veb = — In (1 — a/).

This means that in a P-N-P transistor, an open-circuited emitter will
float at (kT/q) In (1 4~ £/) volts negative with respect to the base. This
result suggests a simple way to measure a/ and ar (or 0/ and 0r). All
one needs to do is to apply a back bias to one junction and measure the
floating potential with respect to the base of the remaining element, which
is open-circuited. Then

0X = exp [\Vx\q/kT] - 1.
As another example assume that Z& = 0; then Ic = Zc and if the
collector junction is reverse biased
Q/(l — ar)

Veb = — 1In 11
1 4- qr(l — a/)_

T,

In this case if a/ = 0.99 and ar = 0.50, then
Veb = 4.6

— 120 millivolts at 300°K.

Note that in this case Ic = ICo/(l — a/) =(14- Pf}Ico'> hence to leave
the base floating is not a good way to turn off a transistor.
If both junctions are forward biased, as they are in the on position of
a saturated transistor switch, then one would like to know the drop
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across the transistor from emitter to collector (or collector to emitter).
Thus

Vic = V'„ - Vcb =

q

In 17+)
(4r+ + arIIjCc.
LV eo/ \qfle 1 I co

This expression may be written in terms of Ic, Ib, and Ico only by sub
stituting Ie = Ic
Ib and afIeo = arIeo'.

kT. f /F /c4~ (14- Pr)Ib 4~ (firlco/a-j)
Vec = — In IVJL Mb 4- (1 4- (Wco - Ic
q
If a transistor is turned on hard enough, so that Ib = Ic — 1000ZCO,
and if
= 99 and (3r = 2, then at 300°K

F/99W 1000 4- 3000 + 2

Vec = — In L\ 2 / \99000 + 100 - 1000.
q
= 18 millivolts.

= (26 mv)(0.7)

The voltage Vcc is positive in a P-N-P transistor. In an N-P-N transistor
the same expression would yield a positive VceTransient calculations. No saturation occurs. From Fig. 10-5 we see
that when the collector junction is back biased, Ap2 = ~Pb- The con
tribution of the — pb generator to the model is to produce Zco. In normal
operation Ico is small compared with the total collector current, and it
is normally reasonable to neglect it in making transient calculations.
Setting Ico = 0 is equivalent to setting Ap2 = 0. Now setting Ap2 = 0
shorts out R2 and C2 and effectively removes them from further con
sideration. Making this assumption, one then writes the current expres
sions directly from the simplified form of Fig. 10-5:

{G\ + pC\)ie
Gd + G\ + pC\

ic =

_____ Gpie_____
Gp 4- Gi + pC\

h_

Gp
_
Gp/C\
_
pC\ 4- (?i
p 4~ (l/7?iCi)
1 4- pR\C\

ib =

Therefore
ib

u
ic

_ ______Gp/C\______ __ _________ df_________
P 4- [(1 4- Pf)/R\C\]
1 4- [pftiCxAl 4- £/)]

From these expressions it is plain that 1/R\C\ is the same as the
(l/ryeCb'e) =
term of the models used in Chapters 7 and 8.
If the transistor is reversed and the emitter is used as the collector,
then one finds
1
(1 + &)
Zt2'-/ 2

War =

R2G2
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Ic
lb
o-

7c

d^ECC
Fig. 10-6. Basic common emitter switching circuit (P-N-P transistor).

Now, within the limitations of this model, all the transient calculations
of Section 10-1 or 10-3 may be made from the excess density model.
Transient calculations. Saturation effects. If the collector-base junction
has been forward biased in a circuit of the type shown in Fig. 10-6, then
a finite time will elapse between the application of a turn-off voltage or
current and the start of the turn-off of the collector current, as illustrated
in Fig. 10-2. This storage-time delay results from the fact that it takes
a finite time to reduce Ap2 of Fig- 10-5 to zero once the collector junction
has been turned on and C2 has a “charge.” Until Ap2 is reduced to zero,
the junction is forward biased and Ic = 7C« = Ecc/RlAs Fig. 10-5 stands, it has two R-C combinations; hence the transient
response will contain two time constants, and the calculation will be some
what complicated. It turns out that in many practical cases the circuit
may be simplified before calculation, so that only a single-time-constant
circuit results.
Assume that the transistor is saturated with a current lb flowing in
the positive direction, as indicated in Fig. 10-6. Now Ic = IC8 = EcJRl
and is independent of the transistor. Assume a current source drive for
Ibv By writing Ic as a current generator and then splitting both the Ie
and Igenerators appropriately, one obtains Fig. 10-7(a). Note that
the left-hand section of this illustration can not supply current to the
right-hand section; hence the left-hand section may be ignored. The
problem is how to simplify the two-time-constant circuit into a single
R-C circuit. Now P/Rd = Ri and (3tRd = R2 ', hence if both /3’s were
large, then Rd would be small compared with either R\ or ft2. Even
though this assumption is not always particularly valid in the case of &ri
we shall assume Rd « Ri and Rdi
R2 in order to obtain usable
results in a simple fashion. With this assumption the circuit may be
treated as two separate and simpler circuits. Initially, R\ and Rz are
ignored and the charge readjusts between C\ and C2 with a time constant
of C1C2«d/(Ci 4- C2). In a symmetrical transistor the resultant pole
is at — 2wa/. After this initial adjustment, Rd may be considered to be a
short circuit, for time-constant purposes, and the two excess densities
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I
i
i

+

+
*2
I cs

^P2

C2

Pfclexp (Vtbq/kl) — 1]

(a)
IcRd

+o-

+
7?2

Ap2

C2

(b)
Fig. 10-7. (a) Simplification of Fig. 10-5 for saturation calculations,
(b) Single-time-constant version of part (a).

vary with a single time constant of
R1R2
(Ci 4- C2).
Ri 4- R2
In a symmetrical transistor the resultant pole is at — l/R^Ci = —up/.
Since these two time constants are often so widely different, their circuit
separation leads to quite good results.
Figure 10-7(b) shows a simplified version of Fig. 10-7(a) which can
be used in making final calculations. The transient calculation now
consists of two parts. The first part is to determine the initial conditions
of the storage elements for the second or storage-delay part. If
is
applied to the circuit for 4[#iR2/(Ri 4- #2)](Ci + C2) seconds or more
after saturation begins, then equilibrium will have been reached and the
storage-delay time will be independent of the length of the turn-on pulse.
In terms of u/s and 0’s this equilibrium time constant is
Ri R2
Ri 4“ R2

(Ci + C2) =

1
<*W(1 4“ fy/Pr)

_1__________ --------------

0)^(1 + 0r/0/)

1
7
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If equilibrium is reached, then

^P20 — (IbxR\ — IcsR-d}

r2
Ri + R2

&P10 ~ &P20 + IcsRdIf the base current is reversed to produce an Ib2 in the opposite direction,
then one need only calculate Ap2 as a function of time. When Ap2 = 0,
the transistor enters the active region, C2 and R2 are essentially shorted,
and the previous active region transient calculations apply. We have

Ap2 = Ap2oe yt ~

R2 - (Ib2Rt + Ic.RdHI ~ e-7')Ri -J- R 2

Setting Ap2 — 0 and solving for the storage time, Ttf

T, = i In
7

I bx + Ib2

Jb2 +

*
(10-10)

As a practical matter, one may measure the time constant 1/7 by apply
ing known base drives to the transistor and noting the storage-delay time
on an oscilloscope. For example, if Ib2 = 0 and Z^ = 2Zc«/0/, or twice
the value which is necessary to just saturate the transistor, then
Ta = 0.693/7, or [Z?ift2/(«i + «2)](Ci + C2) = 1.45T,. Once the time
constant is known, the storage time for any other set of conditions may
be calculated. For low-frequency transistors, values of 1/7 of from 1 to 10
microsec are common. For high-frequency switching units, values may
be smaller by as much as a factor of 100 or more.
As an example of the type of calculations that are possible using this
model consider the following example. A transistor, in a circuit similar
to Fig. 10-6, has Ibx applied while the collector circuit is opened by a
switch (Zc = 0). The current Ibx is large enough to cause saturation if
the collector switch were closed, that is, Ibx > ECc/^/Rl- After Ibx has
been applied long enough to allow saturation equilibrium to be reached,
it is suddenly removed (Zb2 = 0). After a delay period, Td, the collector
switch is suddenly closed. If the transistor is still saturated, then the
current Ic = Icb = EcJRl will start to flow and will continue until
the collector junction becomes reverse biased. It is desired to calculate
the value of Td such that the transistor will just be ready to leave satura
tion at the instant the collector switch is closed. At equilibrium (Zc = 0

* The currents Ibx and Ib2 have been assumed in opposite directions in deriving
Eq. (10-10). If Ib2 is in the same direction as Ibl, but small enough so that the
transistor can still come out of saturation, then a negative sign must be added
to Zft2.
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and Ib — Zbl)
^P20 — &P1O —

IbiR\R2
R\ 4- R2

When Ibl is removed Ap starts to decay with the time constant 1/V.
When Ic is suddenly applied, we assume that Rd is small enough compared
with Ri and R2 so that the “charge” is redistributed in an insignificant
time to the state where
= ICsRd 4- Ap2- This means that we assume
that most of the “charge” that was in Ci and C2 just before switching is
transferred to C\ almost immediately after switching. To solve for T d,
we set the redistributed, decayed “voltage” equal to ItlRD,
IcsRd =

IblR\ R2
Ri 4- R2

and find that

The reader will realize that- we have only indicated a few of the calcu
lations that are possible with this model, or with more sophisticated ver
sions that include other effects, such as built-in electric fields, transition
region recombination, or voltage drops in rbb> or rcc>.
10-6 Simple switching circuits. We shall reserve the discussion of
various complete switching systems for later chapters. What we shall
do here is to consolidate the models of this chapter by considering several
simple applications of the transistor as a switch. Figure 10-8 shows a
very simple gate (AND) circuit. In its simplest version the bases of Ta
and Tb might .be returned to ground as shown in the illustration. Then,
a variation in e2 will occur only when both ea and eb are driven negative.
If Rl is small (several kilohms), then the several microamperes of off
o

o

4

<R
e2

o
Cn

I

Fig. 10-8. Gate (AND) circuit.
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-E(C
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-o
oCa

f

I
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eb

e2

Fig. 10-9. OR circuit.

collector current that would flow in small germanium transistors at room
temperature would cause no noticeable effect. If R were on the order of
10K ohms to 20K ohms, then with no base input voltages and small
germanium transistors one might realistically expect
= Vbci = Veb2 = 10 millivolts,

Ic = 10 microamp.

If one base is returned to Ecc, then Ic would increase slightly, perhaps
by 50%, but would still be very small compared with the on value of
Ecc/Rl- One might use Eqs. (10-8) and (10-9) to calculate voltages and
currents; however, measurements are so simple that calculations often
seem somewhat beside the point.
An OR circuit may be made by arranging the transistors in parallel
instead of in series, as shown in Fig. 10-9. If R is small, Veb' = 0 and,
from Section 10-5 (current calculations in the steady state), Ic for each
transistor is Zco/(1 — a Rap). If
| and ap = 1, then in the rest
state the total current through Rl will be 4ZC0. With either base reduced
to minus several hundred millivolts, one transistor will be saturated with
Ic = EcJRlObviously, at temperatures high enough so that 4ZC0 approaches the
saturation value of collector current, these simple circuits will fail. In
practice this is remedied by switching to silicon transistors (which require
a larger driving signal, perhaps 700 millivolts) or by applying a reverse
bias so that the collector current per transistor is approximately Zc0
when ap = 1. If appreciable noise voltages are present in the circuit,
then the reverse biases may be necessary to prevent these stray signals
from operating the circuits.
Since a germanium transistor is nominally off when the emitter-base
voltage is less than perhaps 50 millivolts, and since the drop across a
saturated transistor is often only 20 to 30 millivolts, one has a class of
switching circuits that have no vacuum-tube analogy. These are the
DCTL and RCTL circuits. The abbreviation “DCTL” means directly

10-7J
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Fig. 10-10. DCTL circuits.

coupled transistor logic; the abbreviation “RCTL” means resistance coupled
transistor logic. Several basic DCTL circuits are illustrated in Fig. 10-10.
Here, if T\ of the bistable is on, then the drop across Tv is small enough
so that T2 is off. Transistor T\ is held on because its base is returned
to Ecc through R. A negative pulse on the base of the trigger unit for T2
reduces the collector voltage of T2 (and the base voltage of T\) and
causes switching. Problems inherent in DCTL circuits are (1) the suscep
tibility to noise, since the difference between the on and off states may be
only 150 to 200 millivolts (2) the piling up of Zco’s through a circuit, with
their attendant temperature problems and (3) the fact that the on tran
sistor is driven a long way into saturation, so that unless the saturation
constant is small the storage delay may be excessive. Since Ib2 = 0 and
= Zcs, Eq. (10-10) indicates that T, = (1/7) In 3/; thus for operation
at 1 megacycle, with
= 50, one requires a storage-time constant on
the order of 0.1 microsec or smaller.
With RCTL circuits one adds resistances in series between collectors
and bases. This reduces the turn-on currents flowing in the bases, so that
the storage time is reduced. At the same time, the series resistance com
bines with the input capacitance of the driven stage to form an integrating
(delay) circuit which reduces rise and fall times. This R-C attenuator
may be compensated in the classic fashion by including a speedup ca
pacitor in parallel with the coupling resistor, so that the time constant
of the coupling circuit is equal to the time constant of the transistor
input circuit.
10-7 Transistor choppers and modulators. In many applications, a
d-c amplifier is avoided by sampling a slowly varying signal, amplifying
the resulting carrier and its modulation in an a-c amplifier, and then
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JUL? Sampling
signal

Rs

0000

Sampled output
t2

Input
ct signal

77

Cz

Fig. 10-11. Transistor modulator (chopper).
demodulating the signal. The sampling is often accomplished by alter
nately connecting the input signal to the amplifier and then shorting the
input. The switching necessary to accomplish this may be performed by
transistors. They have the advantage over the mechanical vibrators that
have often been used for this purpose of much better frequency response
and longer lifetimes. On the other hand, transistors suffer from temper
ature effects and the fact that neither their on voltages nor their off
currents are quite zero.
Figure 10-11 shows a possible sampling arrangement. With a square
wave sampling signal, then on one half-cycle the collector-base diode of
T2 is forward biased while the corresponding diode of
is reverse biased.
Since there is no external bias supply for the emitter of T2, the emitterbase junction of T2 is also forward biased and hence T2 is saturated,
When T2 is saturated then the emitter-base diode of Ti will have a
minimum reverse bias of ex — |ea|. Therefore as long as |ex| > le«l
all times
will have both junctions back biased during alternate half
cycles of the sampling signal. From Section 10-5 we know that when
both junctions are back biased then the emitter current is —(5rIco/fyDuring this half-cycle the output will be very nearly zero, since T\ is
almost an open circuit, while T2 is essentially a short circuit. During
the other half of the sampling cycle, the positions of the transistors are
reversed so that T\ is saturated while both junctions of T2 are reverse
biased. Thus on this half-cycle one finds that ea is essentially connected
directly across the output.
If the transistors were absolutely identical and if a resistance equal to
Ra were inserted in series with the emitter of T2, then the reverse cur
rents and the saturation voltages would have absolutely no effect on the
output. This is true because if the transistors are identical and if switch
ing from one to the other takes place almost instantaneously, then both
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the reverse current and the saturation voltage produce continuous voltage
or current at the output. This de is not transmitted by the transformer.
If accurate operation of such a circuit is desired over a wide temperature
range, then the various parameters of the transistors must be measured
and units selected which will track each other over the desired tempera
ture variations. Sets of matched pairs, specially selected for chopper
service, are now available commercially.

10-8 Transistor bistable circuits. By definition, the bistable circuit is
a circuit that has two stable states. It remains in one of these states until
forced by an external stimulus to change its state. The circuit is normally
designed so that during the switching interval it has regenerative loop
gain. This means that the external trigger need only initiate the switch
ing action; the circuit will carry the action through to completion.
Such circuits are of great practical importance. They are widely used
as storage elements in binary memories and in counting circuits. In the
section on DCTL circuits we encountered a simple bistable circuit. In
this section we should like to consider a version with a larger output
swing and with more immunity to spurious signals.
Figure 10-12 shows two possible bistable circuits. In the normal opera
tion of both these circuits one transistor is on, and the other has its base
emitter diode biased beyond cutoff. During the switching interval both
units are on, and the resultant loop has positive feedback (that is, the
poles are in the right half-plane) so that rapid switching occurs. The
normal design problems are:
1. The variation of voltage swing with transistors and with temperature.
2. The triggering requirements.
3. The switching time.
4. The selection of the components to yield the desired operation.

The two initial decisions concern what type of circuit to use and whether
or not the on transistor should be saturated. The two-power-supply cir
cuit yields a larger output voltage swing for a given Ecc, but requires
the additional supply. If Ecc is increased, then the single-supply circuit
will yield the same voltage swing.
The only reason for not saturating the on transistor is to avoid storage
time delay during switching of the bistable. In the early days of
transistor circuit design, a great deal of effort was expended on making
nonsaturating circuits. At the present time, the widespread availability
of transistors with small storage time constants would seem to render
these designs obsolete for all but high-frequency switching circuits. The
definition of high frequency will vary with the switched power require
ments. since most high-power transistors still have rather poor high-
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Fig. 10-12. (a) Two-power-supply bistable circuit, (b) Single-power-supply
bistable circuit.

frequency performance. Saturating the on unit makes the voltage swing
independent of the transistors and thus of temperature. It would seem
therefore that, unless switching time is really crucial and low storage-timeconstant transistors are not available, one should always design for
saturation.
Suppose that a saturated version of the circuit of Fig. 10-12(b) is
considered as an example. The output voltage will swing approximately

10-8]

329

TRANSISTOR BISTABLE CIRCUITS

+

vtb
/ co

Ro =
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minus for maximum ICo-

R2Ecc

R\ + R2 + El
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Fig. 10-13. (a) On transistor, (b) Off (P-N-P) transistor.

between Ecc and ReEcc/(Re 4- RlY The back bias on the off transistor
will be approximately
RtEcc
Ri
- X
Re 4" Rl
Ri 4- R.2
Many of the diffused base germanium units and most silicon units have
low emitter-base back bias breakdown voltages (1 to 2 volts). Therefore
either the back bias must be limited or (1) external diodes must be in
cluded in the emitter or base leads or (2) the parallel combination of Ri
and R2 must be large enough so that the current flowing through the
broken-down junction is limited to a safe value.
In addition to these considerations, the resistors must be chosen so
that the transistor with the lowest 3 is saturated at the lowest possible
temperature, and the transistor with the highest Ico is off at the highest
possible temperature. These points are illustrated in Fig. 10-13. In
part (a) we have made an equivalent circuit assuming that one transistor
is completely open and the other is on. To insure saturation
Eo — IbR0 = Ecc — IcRl,

Ic = 3A-

When these equations are combined with the approximate Ic at the edge
of saturation, the result is
(3 + l)7?e(/2i + Rl)

(3 “ W7?2 -

(10-11)

Equation (10-11) may be solved for any one resistor in terms of the
minimum (3 and the other resistors. Note that Ecc has vanished, so that

t
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to a first approximation saturation is not a function of Ecc. The equality
leads to the just saturated condition.
In Fig. 10-13(b) we are determining the effect of Ico in turning on the
normally off unit. If both junctions are back biased, then from Section 10-5
(current calculations in the steady state) we know that if 0/ » 1
I co-

lb ==

This current flows into the base of a P-N-P transistor; hence it tries
to turn the transistor on. This is the approximation that we have em
ployed in Fig. 10-13(b). The minimum allowable back bias is subject
to some argument, since the Ic that flows for a given Veb also increases
with temperature.
If Veb = 0 is taken as the limit, then
IC0R2 <

from which

ReEcc
Re + Rl

Re \ (Ecc\
Re + Rl) \Ico)

R2 <

If Eq. (10-11) is solved for R2, we obtain
Z?2 >

(3

l)(7?e)(7?i 4~ Rl)
(P - l)RL - Ri
1

which requires that (/3 — 1)Rl > RiIf we have the data

Consider a numerical example.

^min — 20,
comax

Re
Rl
Ecc
721

= 100 microamp,
= IK ohms,
= 2K ohms,
=12 volts,
= 20K ohms,

then

40K ohms > R2 > 25.6K ohms.

If £min fell to 15.6, then a design would just barely be possible. (Resistance
tolerances would make it highly suspect.) For this example the output
voltage swing would be approximately 8 volts at either collector.
10-9 Switching speeds and capacitance values. There are several
possible approaches to the switching or transition interval. The basic
mechanism is that the trigger raises the off unit from the nonconducting
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state at least to a point where the over-all loop gain exceeds unity. Once
this point is reached, the loop transmission has right half-plane poles,
and the resultant rising exponential causes rapid switching to the other
state. From this viewpoint Ci bypasses R\ and Ce bypasses Re, so that
the loop gain during switching is high.
The C\-Ri combination may also be considered in conjunction with
Tb'e and the input capacitance as a compensated attenuator. From this
viewpoint, R\C\ should be equal to r&'eCin if a square wave is to be passed
without distortion. Since Tb'eC\n = ^Bo, one might take Cj = WfiO/Ri.
Increasing Ci above this value by a factor of 2 or 3 will supply an over
shoot on the square wave and will help the rise time slightly. (It will
also recognize that the transistor input capacitance may be somewhat
larger than Cb'e because of the Miller effect.) From the compensated
attenuator viewpoint, increasing Ci beyond this value will just result in
the on-going transistor being driven a long way into saturation and will
serve essentially no useful purpose. In the actual circuit increasing Ci
may actually slow down the rise time, as is indicated in following cal
culations.
If rbb' is included in the analysis and R\Ci = l/vpo, then the output
current response (ignoring output capacitance) to a voltage step input
for the circuit of Fig. 10-14 will be

i2«) =

___ w___ Mi

Tbb’ 4 R\ 4- Tb'J (

— exp

Tbb' 4~ #1 4~ Tb'e
rbb'RiCi

■)']}

When R\ » Tb-e » rbb' the time constant in the exponential will reduce
to 1/rbb'Ci. At the start of the switching cycle, one transistor will have
this situation while the other, which is just coming on, may have Ri ~ r^e
and Ri » rbb'. In this case the time constant reduces to 2/rbb'Ci. Here
the tentative final value of the amplitude is smaller by a factor of |,
so that for calculation of the switching time the first case alone should
be sufficient.

Ci

Fig. 10-14. Model for switching analysis of one stage of a bistable circuit.
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In actual practice it is not reasonable to ignore the output capacitance
as in the analysis. This is true not only because C^cRl may be of the
same order of magnitude as Cirfeb-, but also because the external load
that the bistable is driving and the circuit mechanism that triggers the
bistable will both normally add capacitive loading to the collector.
A complete switching-time calculation for this circuit is seldom a
worthwhile endeavor. This is true not only because of the four time
constants involved (this assumes ReCe may be ignored), but also because
the results depend very strongly on the trigger waveshape and amplitude.
The switching time is the time necessary to drive the originally off unit
into saturation and the originally on unit to cutoff. Normally, cutoff
and saturation are not reached simultaneously, which further complicates
an attempt at calculation. Furthermore, since the units are normally
being driven beyond cutoff and beyond the edge of saturation, the time
constants are not simply converted into rise and fall times.
With diffused base units one should always bear in mind that the on
coming unit may have an appreciable Ct, initially, and may not reach its
nominal value of
until the switching has made substantial progress.
The ReCe time constant should be at least four times the switching time,
so that the emitter voltage will be constant during this interval. With
saturated operation and equal transistor loads, there appears to be no
reason why Ce could not be increased appreciably above the minimum
value. If the transistors are not saturated, then the ReCe time constant
should be short compared with the minimum time between switching in
tervals, so that equilibrium can be reached between each switching. (If
Cc is too large in this case, then the interaction of the R\C\ and CeRe time
constants may allow free-running operation.) As a practical matter ex
periment shows that the relationship Ce ~ 2/Rcfa0 normally works very
nicely.
10-10 Triggering methods and requirements. The external trigger
must get the on unit out of saturation and the off unit far enough into the
on state so that the loop gain exceeds unity. From this point on, the cir
cuit will switch itself. However, if the trigger amplitude is just sufficient
to cause switching, then there will be an appreciable delay between the
amplification of the trigger and the start of switching, followed by a
relatively long switching time. On the other hand, if the trigger drives
the circuit beyond the bare minimum, then both the delay and the switch
ing time may be appreciably reduced.
If the trigger reaches the minimum amplitude necessary for switching
and if it has sharp leading and trailing edges, then to the extent that
the trigger width can be increased without overlapping the next trigger,
it would appear that trigger amplitude and duration can be traded. That
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Fig. 10-15. Bistable circuit.

is, both a large narrow pulse and a small wide pulse of equal area will
cause triggering. The large narrow pulse would normally be preferred,
since it should lead to faster rise times and less delay between the trigger
and the switching.
Triggering may be accomplished through resistive, capacitive, or diode
coupling circuits. Figure 10-15 shows a commonly used diode coupling
circuit. Here a positive trigger will pass through the diode connected to
the off collector. It will be coupled through Ci to the on base. The on
unit will amplify the result and couple it back to the off base. So long as
the trigger amplitude is less than the voltage swing at the on collector,
no triggers will be applied to the on.collector. Thus the diodes not only
disconnect the triggering circuit, except when it is actually firing the cir
cuit, but also steer the trigger pulses to the proper point in the circuit.
10-11 Nonsaturating bistables. The circuit of Fig. 10-15 is also amen
able to nonsaturated operation. As pointed out earlier, saturated operation
is to be preferred whenever it is possible. With nonsaturated operation Re
should be as large as the voltage swing, power supply, and nonsaturation
conditions will allow, in order to reduce the bias stability, *S, and mini
mize temperature and transistor changes.
This problem has more variables than the saturated case, which means
that some of them must be set arbitrarily. If the collector voltage swing
is taken as £*cc/2 and the minimum value of Vce is taken as 1 volt (to in
sure nonsaturation), then the inequality feRe < (Eec —
holds for
the worst case. At a high temperature the transistor will be on harder
than at normal room temperature. A reasonable £, together with a rea
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sonable margin for increases in the voltage swing without saturation,
would seem to result if Re = (Ecc — 2)/4Zc.
The current Ie should be much greater than ZCOinax. However, increasing
Ie unnecessarily increases dissipation and power supply demands. A
reasonable value often appears to be Ie = 2 milliamp. With the normal
voltage swing, V8, set and Ie fixed, then Rl is fixed. If the maximum allow
able *S is fixed, then one relationship is imposed on Ri and #2- Two more
relationships follow when one remembers that the on unit must be on and
the off unit must be off. These expressions are obtained by substituting
a simple d-c model for the transistor. For the off unit we obtain
1 - YRl
1 + (R1/R2) + (R/iM

YRC,

(10-12)

1
> YRC,
1 + (R1/R2) + (RL/R2)

(10-13)

and for the on unit we obtain

where in both equations Y = Ie/Ecc. When R1JR2 « (1 + R\/R2)
term may be dropped, and Eqs. (10-12) and (10-13) may be combined to
yield
1 - Y(Re + Rl)
1 - YRe
(10-14)
YRe
YRe
R2
In addition, for small values of 5
R i R2
< (S - V)R,
R\ + R2

Consider a numerical example. Assume that we have the following data:
Ecc = 11.6 volts,

Vb

_ Ecc
2

a = 0.95,

Rc =

ale

Ie = 2.2 milliamp,

= 5,

= 2.78K ohms = 2.7K ohms,

Ece - 2
= 1.09K ohms = IK ohms,
4Ze
R1R2
< 4Z?e = 4K ohms.
R\ 4- R2
Re =

Now Y = 0.19, so that from Eq. (10-14)
E>

4.25 >

> 1.58.
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The values R2 = 5K ohms and R\ = 15K ohms will satisfy all require
ments. Such circuits have been built and have been operated in the non
saturated mode from 0°C to 80°C with a wide variety of transistors. Figure
10-16 shows various waveforms obtained with the values just calculated
(except for ECCi which was varied as indicated).
Figure 10-16(a). For this circuit
u;a0 = 310 X 106 rps.

Ce = 100

Ecc = 15.7 volts,

a

J
j\._______ A.

b

|* 2.1 M-secH

l

'<x-

b
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c
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Fig. 10-16. Transistor bistable waveforms, (a) C\ variation,
variation, (c) Ce and Ci variation, (d) C9 and Ci variation.

(b) Eee
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Table 10-1

Collector
voltage
swing,
volts

Ecc,

Trace

volts

a
b
c
e

7.4
5.0
3.7
3.0
2.0

21
15.7
10
8.5
5.5

f

Traces a and c show the collector waveform going from on to off to on.
The collector voltage swing is 5 volts. Capacitance C\ equals 30 micro
microfarads. The trigger at the input to the trigger diode is shown by
trace b. The trigger peak is 2 volts, and the leading edges are 2.1 microsec
apart. The overshoot occurring when the unit goes on is the result of Cj.
Traces d and f show the results of increasing Ci to 80 micromicrofarads
and trace e shows the trigger. The on-going unit is now driven into satura
tion, as evidenced by the flat tops of the overshoot. The amplitude of the
overshoot is about 2 volts and the duration of the saturation about 0.45
microsec.

Figure 10-16(b). Here we have the same transistor as in Fig. 10—16(a)
with Ct = 100 micromicrofarads and Ci = 30 micromicrofarads and with
Ecc as the variable. The trigger amplitude, about 2.2 volts, is shown for
the case of Ecc = 10 volts. The pertinent data are tabulated in Table 10-1.
Figure 10-16(c). These waveforms are for a drift transistor with

Ecc = 15.7 volts

and

wa0 = 190 X 106 rps.

The data from the waveforms are given in Table 10-2.
Trace f of Fig. 10-16(a) and trace e of this illustration are directly com
parable from the circuit viewpoint.
Table 10-2

Trace
a
b and d
e

Ci,
M/xfd

Ce,
MMfd

30
30
80

Approximately zero
100
100
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Table 10-3

Trace
a

b
d

Ce,
MMfd

Ci,
M/ifd

0
100

30
30
30
30
(Initial overshoot,
rapid decay)
80
(Initial overshoot,
slow decay)

ei

100
500

e2,f

100

Figure 10-16(d). We have here the same transistor as in Fig. 10-16(c),
with Ecc = 15.7 volts and with a pulse spacing of 1.1 microsec. The data
are given in Table 10-3.
10-12 Schmitt triggers. If the Ri-Ci~R2 combination in the base
circuit of T\ in Fig. 10-12(b) is removed, and if this base is fed by an ex
ternal voltage source while the output is taken from the opposite collector,
then the circuit is in the form commonly known as a Schmitt trigger (nor
mally, Ce would also be removed).
The output transistor, T2, may again be operated in a saturated or
nonsaturated fashion. This circuit functions as a voltage comparator,
or a sampling or squaring circuit, by causing T2 to change states as the
base voltage of Ti is raised and lowered. When T2 is on, reducing Ebx
(for a P-N-P germanium transistor) to 150 millivolts below the emitter
voltage will cause switching and the turn-off of T2. If Ebx is now raised
toward zero, a point will be reached where T2 will come on again, return
ing the circuit to its original state.
The calculations of the turn-on and turn-off points are identical with
those just outlined for the ordinary emitter coupled bistable. The differ
ence between the turn-on and turn-off voltages (the hysteresis effect)
may be reduced, at the expense of an increase in the switching time, by
adding a separate resistor, RC2, in series with the emitter of T2. This re
sistor causes the negative turn-on voltage for Ti to be reduced from Eez
to ReEt2/(Re -|- Re2). This second value is then made very close to the
turn-on value for T2. The optimum values of Re2 for minimum hysteresis,
and of Ci for low hysteresis and rapid switching, will depend somewhat
on the type of input signal; hence if a narrow switching range is desired,
the final adjustments should be made experimentally.
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10-13 Transient breakdown and thermal overload phenomena. At
several points during our discussion thus far the question has arisen con
cerning the determination of the maximum allowable junction voltage,
collector current, or junction temperature. Until now we have presumed
that one had reached steady-state operating conditions before these max
ima were calculated. In practice, transient situations may arise where
destructive voltages or temperatures result. In some circuits transients
are a desirable part of the operation and the circuit must be designed so
that they are not destructive. In other circuits one does not deliberately
plan on their occurrence, but the circuit arrangement is such that they
may be possible.
As we have pointed out previously, excess current alone is seldom
destructive in a transistor. We shall therefore concentrate on temperature
and voltage problems. In Section 5-2 we pointed out that the thermal
circuit of the transistor could be considered as an equivalent R-C circuit.
When considering the application of a short pulse of energy, one can apply
the analogy of the initial rise in voltage when a current step is applied to
an R-C combination to note, from Fig. 5-5, that when I « 0Cj the tem
perature rise, AT,, may be written as

(10-15A)

Thus if the transient lasts for a period that is short compared with the
equivalent thermal time constant of the transistor, the temperature rise
at the junction may be considered to be equal to the product of collector
power, Pc, and time, which is equivalent to the energy delivered to the
transistor by the transient divided by the junction thermal capacity.*
One should also note that Eq. (10-15A) can be written as
AT, =

C j&rnb

,
Energy X 0mb
Thermal time constant

(10-15B)

In practice, this form might be more useful in that the thermal time con
stant and thermal resistance are more likely to be directly measurable
(or supplied by the device manufacturer) than is the thermal capacity.
One must bear in mind that any externally measured capacity or time
constant is some sort of average over the whole junction. This means that
if the junction is nonhomogeneous, so that the energy is concentrated
* Only the first section of Fig. 5-5 has been considered. Normally the heat
sink capacity is much larger than the transistor capacity, so that, if no insulating
washer is used, this is certainly valid. If the washer capacity is small, then the
main effect of the washer is to increase slightly the effective mounting-base
thermal resistance.
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Fig. 10-17. (a) Common emitter amplifier, (b) Simplified model for common
emitter amplifier.
in one region, then the actual capacity there may be much smaller than
the average value, and thus a value of energy lower than that indicated
by Eqs. (10-15) may result in damage.
For present-day transistors, thermal time constants on the order of
5 to 100 millisec seem common. If the time constant were 10 millisec and
6 were 2°C/watt, then Cj would be 0.005 joule/°C. Now 5 watts for 5
millisec would produce 0.025 joule, but this would lead to AT = 5°C,
which will certainly cause no harm. If the time constant remained the
same, but 0 were increased to 40°C/watt, then Cj would be 250 X 10-6
joule/°C. Now 5 watts for 5 millisec would lead to AT = 100°C, which
might very well be destructive.
A great many possible transient situations may arise. We shall consider
only two reasonably common ones. Figure 10-17(a) shows a transistor
with a switch and a resistance in the collector circuit. Figure 10-17(b)
shows a model for this circuit. In making the model, we have assumed
that ReCt is long compared with the transient, so that when the switch
is first closed the emitter is held at zero volts and ReCe may be ignored.
The bias and source resistance have been combined into R'. If R' is large
compared with rw then
may be ignored; if it is not, then R' and
may still be combined in series. The resultant of R' and rw may now be
combined with
to make an equivalent resistance R. (Some question
will obviously arise as to the values to use for the model parameters. At
the end of the calculation, when the significant quantities are more ap
parent, this point will be considered briefly.)
Figure 10-18 shows the resultant model, looking in from the output, for
the transistor alone. Now the impedance looking into the transistor is
found by writing an expression for i0 in terms of eo. Let us make the rea
sonable assumption that the current through the gmey9 generator is large
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Fig. 10-18. Model for transistor and source (viewed from the output).
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Fig. 10-19. Equivalent output impedance of Fig. 10-18.
compared with the current through the other branch. Then

yRCb'c
e0.
pR^Cwc + 0 + 1.

io — Qm

(10-16)

This is equivalent to a resistance in series with a capacitor, as shown in
Fig. 10-19. When the switch in Fig. 10-17 is closed, the collector current
will decay exponentially, while the collector voltage builds up. The inte
grated product of vce and ic will result in a certain amount of energy being
delivered to the collector. Normally, the electrical time constant is small
compared with the thermal time constants, so that the integration may be
simplified by extending it to infinity. Now
Eee
e~yt.
ro + Rl

ic =

where
7 =

1
Co(ro 4- Rl)

1
RCb>c{gmRL + [14- (C/C^c)]} ’

Also
vce = Ecc — IcRl = Ecc(l — Ae yt),

where
A =

Rl
r0 + Rl

Integration yields
f icvce dt = AE2
cc
Rl
0
- AE “ (Q

~ 27Rl

e~y‘(1 - Ae~y‘) dt
A\

A)

Ecc (-<

2 C°

2r0 + Rl
Jo + Rl .
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When Rl » ro this expression simplifies to

E2cC„ = (ElX

(10-17)

{QmRCb'cY

On the other hand, when r0 » Rl it becomes

E2cCo = {gmRCb'C)E2cc.

(10-18)

If rb'e were small compared to the bias and source impedances then
R ~ Tb'c and gmR = fi, so that in this case the maximum energy deliv
ered by the initial transient would be &Cb'CE*c. As a first approximation,
for low voltages, one might consider /3 as independent of the Q-point.
The capacitance Cb'c will decrease as the junction bias builds up; however,
the maximum energy will be contributed by the region where both ic and
vce are appreciable. Hence the use of a normal Q-point value for Cb'c is
not too unreasonable.
It should be pointed out that while the apparent difference in the ener
gies of Eqs. (10-17) and (10-18) is only a factor of 2, the addition of suf
ficient external resistance (that is, the increasing of Rl) will certainly
protect the transistor. This increase in resistance will increase the elec
trical time constant and hence invalidate the integration to infinity that
was used to calculate the energy in Eq. (10-17).
In transistors that exhibit appreciable avalanche multiplication at the
collector (this includes a fair percentage of present-day transistors), /3
increases with junction voltage. Figure 10-20 shows the collector characIc

K®

I
l
I
I

J
/fc = — 4z

ib =^57

Ib = +4z

Ib = -2x
Ib = —x '

/fe = +3x

ib = <>C
»

1

1

-i——1—1----- 1--------- 1------ -- Vci;

Fig. 10-20. Collector characteristic of a transistor.
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teristic of such a transistor. The general theory of the curves to the left
of Ta, was discussed in Section 5-3. The reader will recall from that sec
tion that in such a .transistor
Qo_____________ Vo

~ (V/VB)n

1 - (V/VJn’

(10-19)

where VB is the junction-body breakdown voltage and a0 is the a of the
transistor for small voltages. The voltage V„ is that at which a is unity
or 0 is infinite. From Eq. (10-19) we see that U- = Vr(1 — a0)1/n.
The parameter n depends on the semiconductor, the resistivity, and the
type of the base material. (This assumes that pb » pc, which is normally
true.) For TV-type bases the constant for germanium is often on the order
of 3 while for P-type base material it is often about 5.
If ao = 0.98 and n = 4, then Vx = 0.375Tb. If in such a transistor
/3O = 49, then when V/VB = 0.315, /3 will have doubled its low-voltage
value. In terms of Eq. (10-17) or (10-18) this increase in 0 (or gm) with
voltage means that if the peak voltage approaches 7®, then the transient
energy at the collector may be very high. The problem is now a non
linear one, since /3 is a function of voltage. It would appear that with a
reasonable transistor and with Ecc < 0.8Too,, one should not encounter
damage from a transient in a resistive circuit.
If the emitter-base diode of a transistor exhibiting the collector multi
plication effect is back biased, then the collector current should theoreti
cally follow the Ico curve for low collector voltages. As Vce increases,
the curves generally take the form indicated by the lb = +4x and lb =
+3x curves of Fig. 10-20. In the normal switching circuit one does not
have a current drive but a turn-off generator with a finite, and often low,
output impedance. Even under these circumstances the curves often
look quite similar to the current-controlled case. Figure 10-21 indicates
an idealization of such a case as well as indicating another phenomenon
that may be important in designing switching circuits. References 14
and 15 discuss the theoretical background for the left-hand portion of
such a curve in some detail. It suffices here to say that this sudden drop
to a low-voltage condition (perhaps 5 to 10 volts) seems to occur in
many transistors. It occurs because at high current densities the nominally
ohmic connection between the collector and its external connection be
gins to act like an emitter. Under these circumstances a normal PNP
transistor behaves like an NPN-PNP combination of the type discussed
in Sections 5-7 and 15-5. When the sum of the normal alpha and the
extra alpha exceeds unity, then the unit breaks over to the low-voltage
mode of operation.
Switching circuits with inductive loads. When a transistor with an in
ductive load is suddenly back biased, the characteristic of Fig. 10-21

10-13]

TRANSIENT BREAKDOWN AND THERMAL OVERLOAD

le

343

i

iVoo
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Ecc

Ez

Fig. 10-21. Idealized version of
a reverse biased characteristic.

Vcc

may lead to several results depending upon the Q-point just before switch
ing and the type of turn-off bias employed.
Case 1. For this case

Iq < Im,

Eq

V
' ao,

Rl > |-7?|.

When the transistor is suddenly back biased Iq will be maintained by
the inductance, but the Vce value will increase from Eq to the intersection
with the reverse biased characteristic, which will occur in the negative
resistance segment. If there were no capacitance present and if | — 7?| is
less than the equivalent series resistance of the inductive load, then the
operating point would move down the characteristic to Ecc. Within the
negative-resistance segment, one would have

i = IQe-‘RzlL -

(Ex - Ecc) (1 - e~tR*IL),

Rz

so that the time for i to reach approximately zero would be
L i

7?z n

1+

IqRz
Ex — Ecc,

where Rz = Rl — R-

During this period Vce is high and the energy delivered to the transistor
may be sufficient to permanently damage it. In actual practice stray
capacitance and transistor output capacitance are present and ringing
may take place during this decay.
Case 2. Here
Et
Em
Iq > Im,

In this case when the transistor is suddenly back biased the operating
point shifts from (/q, Eq) to the vertical section of the back biased
characteristic. Now since Em < Ecc

i = IQe~tR^L + (Ecc - Em) (1 - e-'Rs/i),
Rz
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which will tend toward a final value of (Ecc — Em}/R-% amperes. If
this value is larger than Im, as it may well be, then Ic will increase to this
value. In this case the transistor has not been turned off by the turn
off signal but has had its operating point shifted from (7q, Eq) to
[(Ecc - Em)/Rz> EmV
If ImR-% > (Ecc — Em), then the transistor will eventually go off;
however it may remain in the high dissipation region for so long that
thermal damage results.
From the device viewpoint one desires units with non-emitting collector
junctions and with low values for rbb'- The low rbb' is important since
when the transistor is back biased a large Ib flows in the reverse direc
tion. When this current flows through rbb' it biases on the center of the
emitter region, which increases the current density there and increases
the likelihood of excessive dissipation in a small region, and hence of
destruction.
From the circuit viewpoint, reducing the turn-off bias increases Im
and decreases Ex and | — 7?|, all of which are desirable. Thus if an appreci
able back bias is applied initially, say to help remove a transistor from
saturation, then one should supply it from an R-C circuit so that as the
collector comes out of saturation the turn-off bias falls sufficiently so that
the low-voltage and negative-resistance regions are avoided. If a large
back bias is not required initially, as it is not in the normal amplifier
circuit with a transformer load, then the maximum reverse bias may be
limited by connecting a diode in the base-emitter circuit. The diode
should conduct when a back bias is applied to the transistor. In a pushpull or complementary symmetry output stage one of the two transistors
is always on; this should load down the driver sufficiently to prevent ex
cessive reverse bias being applied to the off unit.
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Problems

10-1. At the Q-point of the circuit of Fig. 10-22
rbb' = 70 ohms,

Cb’c — 8 Mpfd,

Tb'e = 700 ohms,

Cb’e = 1500/zMfd,

gm = 60,000 micromhos,

Jco = 2 microamp.

Calculate the output voltage response when the source is a current generator
that produces a positive-going pulse of 10 microamp at t = 0. The pulse dura
tion is 50 microsec. What is the maximum amplitude of a positive-going pulse
that will not cause outoff? What is the maximum amplitude of a negative-going
pulse that will not cause saturation? What is the maximum pulse duration
that this amplifier will handle before the droop caused by the 25-microfarad
emitter capacitor exceeds 5%? (Assume that low-frequency calculations may
neglect internal transistor capacitances.) Would this amplifier be satisfactory
for amplifying a 5-kilocycle square wave? Explain.

£2
2.2K R

47K R

10 Mfd

0.10 Mfd

Source Q----- r—
IM a.
iok r

IK R

eoul

25 Mfd

5
Figure 10-22

10-2. Figure 10-23 shows the results obtained for a given P-N-P transistor
used in a circuit similar to that of Fig. 10-6. Calculate the equivalent storage
time constant for this transistor.
80 fia

/b

0

240

h------

100 inv

0 v_[

30 inv

♦
♦

i

I______ j_

0 v_[

~ 200 mv
i/

Vce

-3 v

Vce

(a)

/—3 v

• 1.6
Msec

(b)
Figure 10-23
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10-3. Assume a transistor with characteristics similar to those of Problem
10-1 and with a storage time constant of 2.5 microsec. This transistor is used
in the circuit of Fig. 10-24. Calculate the output waveshapes for the three dif
ferent input waveshapes.
+1 V

(a)

(b)

(c)

0 v

rl^£f+3 v
^-^+3 v

^400 I)

10K Q

0 v
0 v

20 pscc

T3 v
(b)

(a)
Figure 10-24

10-4. Assume that a transistor with a/ = 0.98, ar = 0.4, and /«, = 5 micro
amp is used as a switch. Calculate the currents into all terminals of the transistor
when
(a) Both junctions are back biased.
(b) Emitter and base arc shorted together and the collector-base junction is
back biased.
(c) Collector and base are shorted together and the emitter-base junction is
back biased.
(d) The base is open-circuited and the collector is considerably positive with
respect to the emitter (an N-P-N transistor is assumed). What is V& in this
case?
10-5. Figure 10-25 shows two stages of a nonsaturating current switching
circuit that has been used in various logic and computer operations. The inputs
consist of a +2-volt or +3-volt signal at the bases of T2, T3, and other transistors
that may be in parallel with them. When both T2 and T3 have base voltages of

T2

51I

A o2oo

JL2.5 v
<10K fi

^52.o v

3 v

Figure 10-25

^■■52.5 v
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+3 volts T\ is on. When either T2 or T3 has a base voltage of 4-2 volts then T\
is off and output B shifts from —3 volts to —2 volts. Output B forms the base
signal for the similar N-P-N circuit of T$ and T5. This block may drive another
P-N-P block, and so on. The output at A also shifts between —2 volts and
—3 volts, being at the higher voltage when both T2 and T3 are at 4-3 volts. The
circuit thus serves either as an OR circuit or as an AND circuit. What is the
bias stability of each stage? Assume that the bases of T2 and T3 are at 4-3 volts
and the base of T3 drops suddenly to 4-2 volts. Calculate the waveshape at
point C, assuming that transistors having characteristics similar to those of
Problem 10-1 are used throughout. What transistor capacitances will limit the
rise times? Will an inductance in series with the 200-ohm load resistors improve
the transient response?
10-6. Design a bistable circuit similar to the circuit of Fig. 10-12(a). The
two power supplies each have magnitudes of 10 volts. The load resistors are
each 2.5K ohms. The transistor a’s may be expected to vary from 0.96 to 0.99.
Ic0 < 5 microamp at 25°C and u>ao = 25 X 106 rps. The maximum back voltage
across the base-emitter junction should not exceed 1.5 volts. The on transistor
should be saturated. What voltage swing does your design provide? How would
you trigger your circuit? What is the minimum amplitude for your triggers?
If Ic0 doubles every 10°C will your circuit operate satisfactorily at 80°C?
10-7. Repeat the design of Problem 10-6 with the exceptions that the cir
cuit should be of the type shown in Fig. 10-12(b) and that now Ecc should have
a magnitude of 20 volts.
10-8. Repeat the design of Problem 10-7 with the exception that the on
transistor should always be kept at least 2 volts away from saturation. The on
transistor collector current should be 3 milliamp.
10-9. Calculate the approximate transient energy supplied to the collector of
the transistor of the circuit of Fig. 10-17(a) when the switch is closed. Assume that
Ecc — 20 volts,
Rl = 1.2Kohms,
Re = IK ohms,
Ce = 50 microfarads,
Ri = 47K ohms,
R2 = 10K ohms,
Ra — 20K ohms,
ru> = 100 ohms,
C'u =* 2000 mmM,
CTbc
100 MMfd,
r'be = 1K ohms,
00 = 50,
n = 3.
Vao = 25 volts,
As a conservative estimate use the maximum 0 as if it were a constant and always
present value. If the thermal time constant is 5 millisec while 0 = 750°C/watt,
will damage be likely to occur to this transistor during the switching?

CHAPTER 11

COLLECTOR-TO-BASE R-C COUPLED ASTABLE AND
MONOSTABLE MULTIVIBRATORS
The bistable circuit of Section 10-8 may be converted to a monostable
circuit by replacing one of the Rit Ci, R2, and Ebb coupling combinations
by a single R-C combination, as demonstrated in Fig. 11-1 (a). If both
the coupling circuits are replaced then an astable, or free-running, mul
tivibrator results. Such a circuit is shown in Fig. ll-l(b).
In this chapter we shall consider the analysis of these two circuits.
Since they have many points in common we shall examine the mono
stable in some detail and then add the points peculiar to the free-running
circuit.

11-1 Basic monostable operation and calculations. In the normal mode
of operation X2 of Fig. ll-l(a) is normally on and saturated, while Ax
is normally cut off. The circuit is triggered by driving Xi far enough on
so that the loop gain exceeds unity and switching occurs. One then has a
quasistable state with Xi on and X2 cutoff. Eventually, C charges through
R, Xy and RLv and X2 comes back into conduction. Switching occurs
again and the circuit returns to its original state and awaits the next
triggering pulse. One can see that a great number of possible modes of
-Ecc

Rlx

-Efr
Rl.

R

RLl

R2

1<l3

\fC2

Ci I
R.

X2

*1

X2

Xi

^Ebb

(a)

(b)

Fig. 11-1. (a) Monostabic multivibrator, (b) Astablc multivibrator.
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Table 11-1

Several Possible Monostable Modes
Xi

Mode number
I
II
III
IV
V
VI

X2

Normal

Pulse

Normal

Pulse

Off
Off
Off
Off
Active
Active

Saturated
Active
Saturated
Active
Saturated
Active

Saturated
Saturated
Active
Active
Saturated
Saturated

Off
Off
Off
Off
Off
Off

operation are theoretically possible. Several of these modes are listed in
Table 11-1.
In this chapter we shall consider only Mode I. In this mode the transis
tors provide regenerative switching, but are otherwise either cutoff or
saturated, so that the operation of the circuit is essentially independent of
the transistor parameters. As we pointed out in Chapter 10, the only
reason for avoiding this mode would be if the storage-time delays accom
panying saturation were unacceptable. As has been pointed out previously,
this problem should not arise below 10 megacycles. In Chapter 12 we will
consider several modes of an emitter coupled monostable in some detail,
so that the analysis can be carried over to the other modes of Table 11-1,
if this be desired. (The numbering of the modes is different in the two
chapters.)
In the normal, or resting, state X2 is saturated; thus any positive Ebb
and any Rx-R2 combination will keep Xx cutoff. (Remember, we are
considering operation in Mode I.) Limitations on the maximum value of
Ri#2/(^1 + #2) are imposed by the maximum Ic0 that can be expected
from Xi; limitations on the maximum value of RxEbb/{R\ + #2) are im
posed by the breakdown voltage of the base emitter diode of Xb as well
as by the triggering requirements. (The larger the back bias, the larger
will be the trigger necessary to cause firing.)
Let us calculate the timing cycle, assuming initially that the desired
operation has been obtained. In the rest state X2 is on and Xi is off, so
that C is charged to approximately Ecc- When switching occurs, the left
hand terminal of capacitor C is essentially grounded, since Xi is saturated.
Figure 11-2 shows the resulting circuit that controls the base of X2 during
the pulse interval.
Since the base voltage passes through zero with a reasonable slope, it
is usually quite reasonable to calculate the time for the capacitor voltage
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+
Ecc

Fig. 11-2. Timing circuit of monostable multivibrator in Mode I.
to reach zero as the pulse width, T. With this assumption
0 = Ecce~TIRC — Ece(l — e ~TIRC\

(11-1)

from which

eTIRC = 2

and

T = 0.G93RC.

Note that under these assumptions the period is independent not only of
the transistor but also of the supply voltage.
When X2 comes on again, sufficient time must be allowed to elapse be
fore the circuit is retriggered to allow C to recharge to Ecc- Unless this
is done the pulse width will not be constant. With X2 on, the right-hand
end of C is essentially grounded. Because capacitor C must charge through
Rlu four (Z^LjC) time constants must be allowed between the end of the
pulse and the next trigger.
The recovery time could be shortened by catching the collector of
at some voltage below Ecc- (This would, of course, also change the pulse
period 71.) One such catching arrangement, which employs an avalanche
diode, is shown in Fig. 11-3. The diode breakdown might realistically be
chosen as ECc/^- In this case
T

0.405/ZC,

.______ ,

,_______ .

R

o

I

RLz

C

n
Avalanche diode. Diode
breakdown voltage is less
than | ECc |.

Fig. 11-3. Collector catching circuit.
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while the recovery time is 0.693RliC. Since
may be small compared
with R, the recovery time in this case may be very short compared with
the pulse width.
For small values of Ecc the approximations that Vc = Ecc and that X2
comes on at zero will no longer be valid. Generally, for Ecc above 3 volts
they are rather good for germanium units. With silicon units a more real
istic value would perhaps be 6 volts.

11-2 Temperature effects. Increasing the temperature increases Ieo
and Ieo and reduces the emitter base voltage necessary to turn the unit on.
Decreasing the temperature may reduce /?, which might cause the on unit
to fail to saturate, and increase the drop across the emitter base diode for
a given collector current. If the circuit is designed so that saturation is
achieved at the lowest expected temperature, then the main effect of tem
perature would appear to be a decrease in the pulse period, T, as tempera
ture increases.
The phenomenon is similar to that discussed in connection with Fig.
10-13(b). We showed there that for many practical transistors the appli
cation of back bias to both junctions resulted in a base current of approxi
mately Ico. This bias would be added to the timing circuit of Fig. 11-2
as shown in Fig. 11-4. Equation (11-1) now becomes
0 = Ecce-TIRC — (Ecc 4" /C0«)(l — 6 -T/RCj

(H-2)

from which
tirc

_ 2 4- (IcoR/Ect?)
1 + (JcoR/EcJ

For example, if (ICOR/ECC') = 0.25, one finds a 15% decrease in the
pulse width. If Ecc = 10 volts and ZCOmax = 100 microamp, then R =
25K ohms would yield this value. A small value of R will reduce tempera
ture effects, as will a small Ico. Making R too small drives X2 excessively
into saturation and will eventually cause storage-delay problems.
Ico

C

+

£

-o
C +
Z^ECC

Eec

Icoli

Fig. 11-4. Addition of Ie0 to the timing circuit (P-N-P transistor).
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11-3 Calculation of other parameters. In Section 11-2 we found
that the pulse width was proportional to the product RC and that R
should be small enough so that Ecc » It9muR- Resistor R must also be
small enough so that X2 is saturated in the normal or resting state. If
one examines the circuit at a time long enough after the decay of a pulse
so that all capacitors may be ignored, then the condition imposed on R for
saturation is
0Rl2
R <
(11-3)
[1 - RL2/(Ri + RrMEhb/EcJ - (IcoR2/Ecc)]

Often (7?i 4- R2) » Rl2 and Eq. (11-3) reduces to R < &Rl2.
When X2 is saturated, Xi should be off. This requires that
Ri(Ebb — IC0R2)

R\ + R2

> ^off,

(H-4)

where Eoh is the desired back bias in the off condition. When X2 is off,
Xi should be saturated. At the start of the pulse interval the voltage
across Ci will drive X! further into saturation than it will be near the end
of the interval when the capacitor voltage may have reached a new equi
librium value. If Ci and the Ico from X2 are ignored in the base circuit of
Xi and if the circuit in the collector of Xj consisting of C, R, and Ecc is
ignored (this is normally justified if R » RlJ, then the condition for
saturation becomes
(Ri + Rl^Em/Ecc}
(U-5)
R2

1 - [(fli + RlJ/?Rlx]

If

» Rl2 and Ebb = Ecc, then Eq. (11-4) becomes
R2

0R}Rli
(SRli — R\

which requires that R\ < QRli- If 0 = 50, Rlx = IK ohms, and
Ri = 10K ohms, then R2 > 12.5K ohms. If R2 = 20K ohms and
Ebb = 6 volts, then, from Eq. (11-4), at low temperatures
Eoli = 2 volts.
If

= 100 microamp, then at high temperatures
Eoil

1.33 volts.

Trigger requirements will vary with temperature. Making R2 smaller
would reduce the effects of Ic0, but would increase the back bias on Xi.

X
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11-4 Triggering and Ci considerations. Theoretically the circuit of
Fig. 11-1 (a) may be triggered by a negative pulse at the base of Xj (or
the collector of X2) or by a positive pulse at the base of X2 (or the collector
of Xj). In practice the desirable triggering point would seem to be the
base of Xp Since X2 is normally on, attempting to turn it off means that
the triggering source works into a very low impedance. This is countered
somewhat by the fact that once X2 comes out of saturation it will amplify
the signal. The trigger at the base of Xi must be large enough to turn
Xi on. However, if Ci is small it works into a high impedance.
The choice of Ci involves a compromise among several conflicting
objectives. One might normally take the output pulse at the collector of
X2 so as to avoid the trailing-edge recovery caused by Rlx and C at the
collector of Xp A large C\ will delay the recovery of the collector of X2;
hence it will degrade the trailing edge of the output. A large C\ will also
make it difficult for a high-impedance trigger generator to trigger the
circuit. On the other hand, if Ci is omitted or made too small, the loop
gain during switching will be reduced and both edges of the output pulse
may suffer. In practice, the trailing-edge rise time may show the most
detrimental effect, since it has no trigger to get it started. For low-fre
quency operation, C\ may often be omitted. When it is included, making
R\C \ = l/(*)0o provides a starting point for the experimental determination
of the optimum value.
Since the X2 collector rise time will be partially governed by Rl2, it
should not be made too large. On the other hand, as the loads are reduced
the currents required for saturation increase. This increases both the power
supply drain and the transistor dissipation. Values of several thousand
ohms would often appear quite reasonable.
As was pointed out in Chapter 10, switching-time calculations are com
plicated. Experimentally, one can usually obtain switching times of 10/wao
or less without undue complication. This means that if fa0 = 1 megacycle,
then a pulse with a rise and a fall time of 1.6 microsec should be obtainable.
In actual practice the positive feedback present during the switching
cycle speeds up the switching time considerably, so that a fao = 1 mega
cycle transistor circuit may yield an over-all switching time of as low as
0.4 microsec instead of 1.6 microsec.
If a variable delay is required, then C can be varied. In Chapter 12 we
shall consider the emitter-coupled monostable. In this circuit variation
of the delay is accomplished by varying a voltage or a potentiometer.

11-5 Astable multivibrator. The circuit of Fig. 11—1(b) is a freerunning square- or rectangular-wave oscillator. It may also be syn
chronized, either directly or at a submultiple of the synchronizing fre
quency, and used as a frequency divider. Resistors RY and R2 are normally

11-5)
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R

R

-X—
~^E

Fig. ll-'S. Symmetrical astable multivibrator.
returned to Ecc, although they may just as well be returned to a separate
fixed or variable supply. If they are returned to a variable supply, then
this voltage may be used to control the frequency of operation. Since
this is a general case, we shall use it in setting up our frequency calculation.
First, let us redraw Fig. 11—1(b) as shown in Fig. 11-5. Here, we have
assumed a symmetrical circuit. The modifications necessary for nonsymmetrical operation will be discussed briefly in the next section.
The circuit has one transistor off and one saturated. Switching occurs
when the base of the off unit goes far enough above cutoff so that the loop
gain exceeds unity. Then, the transistor that was on is driven off, while
the transistor that was off is saturated. Just before switching, the capacitor
connected to the on-coming base has a voltage of essentially zero, while
the other capacitor has a voltage of Ecc- (This assumes that 4RlC is less
than the period during which either unit is off.) The controlling circuit
for the off transistor, just after switching, is shown in Fig. 11-6.
From this circuit we see that if switching is assumed to occur when
Vbe = 0, then
eT/«c = 1 + ^£,

from which
T = RC In

1+ Et

(H-6)

Examining Eq. (11-6) we see that if E = Ecc, then T will be essentially
independent of Ecc- (This assumes that Ecc is large compared with the
saturated transistor drop and with the base-emitter voltage necessary
to have the loop gain exceed unity, greater, say, than 3 to 5 volts.)
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+

Fig. 11-6. Timing circuit in
an astable multivibrator.

o—
On transistor
base-emitter
junction

—o—
<7?

1.

cout

Fig. 11-7. Circuit at the off collector.

According to Eq. (11-6), one would expect that when E is varied from
Ecc/2 to 2.52?cc, a 3 to 1 variation in the period would be obtained. Ex
perimental results confirm the predictions arising from Eq. (11-6).
The current Ico affects the astable circuit in the same manner that it
affects the monostable. That is, a voltage ICoR must be added in series
with E. This voltage tends to shorten the period, or increase the frequency.
To minimize this effect E » ICOR must be maintained for the maximum
Zco-

11-6 Collector recovery times. The off collector and its associated
circuits are shown in Fig. 11-7. The initial voltage on C is essentially zero.
Now eout can reach Ecc only as fast as C can be charged through Rl and
the transistor input impedance. Initially, the input impedance is low,
since the Ecc, Rl, and C combination drives the on unit far into saturation.
As C charges, the drive is reduced and the input impedance increases. As
a minimum, C can not recharge in an interval less than 4RlC. This means
that if a square output pulse is desired, then Rl must be small or the out
put must be caught before it reaches Ecc. Figure 11-3 illustrates one pos
sible catching arrangement. Aside from the rounding of the output pulse
in symmetrical circuits, the collector recovery may be bothersome in
highly asymmetrical circuits, where the recovery time may be longer than
the short period. The circuit will operate, but simple calculations will no
longer be sufficient.
11-7 Breakdown prevention diodes. It has been pointed out in Chap
ter 10 and in this chapter that many practical transistors have very low
breakdown voltages for their emitter-base diodes. When such a transistor
is employed in either of the circuits of Fig. 11-1, the bias applied to this
diode is on the order of Ecc- In order to prevent breakdown, which would
destroy the validity of all timing calculations, one must insert an external
diode in series with the transistor diode. This diode may be placed either
in the base or in the emitter lead.
If the diode is placed in the base lead, then it may appreciably slow down
the collector recovery time, because now C must charge through Rl>
T’diode, and rinpUt. Since the only current through the diode near the end

357

PROBLEMS

of the charging cycle is ib, its impedance may become large. By placing
it in the emitter lead the diode impedance is reduced, since now it carries
the full transistor current. Of course, the transistor input impedance is
increased by (/? 4- 1) times the emitter impedance. The on transistor
drop must now include the diode. The period will also be reduced because
the initial capacitor voltage will be reduced by the on-diode drop. With
low values for Ecc and with silicon diodes, this change in period can easily
exceed 10%. Either position may be used, although the base probably
offers less complications.
Problems

11-1. Design a monostable circuit of the type shown in Fig. 11-8. It should
operate in Mode I (see Table 11-1) and have a pulse width of 25 microsec.
Draw the waveshapes at both bases and both collectors, assuming a 1-microsec,
2-volt positive-going trigger. The current Ico doubles every 9°C. Calculate
Rb so that while saturation of the second stage is assured it is not excessive. How
much will the pulse width vary as the temperature varies from 25°C to 75°C
if Ico = 4 microamp at 25°C?
50 > 0 > 25
Ico < 5 pa at 25°C
Circuit should
2.7K 9. operate to 75°C

| +9 v

2.7K fi

ir«

Rb

Trigger

*2

fii

7?2
10K Q

~ 1.5 v

1.5 v
Figure 11-8

11-2. Calculate the base and collector waveshapes for Fig. 11—1(b) when
Rl2 = 2.7K ohms,
Rli
39K ohms,
R\. = R2
fi > 20,
Ico < 2 microamp,

Ece
Ci
C2
T

=
=
=
<

—12 volts,
0.02 microfarad,
0.01 microfarad,
25°C.

11-3. Repeat Problem 11-2 if a 6-volt Zener (avalanche) diode were returned
from each collector to ground (see Fig. 11-3).
6 volts.
11-4. Design a circuit of the type shown in Fig. 11-5 with Eec
The output should be a 1-kilocycle square wave. Voltage E is to be derived
from a well-filtered variable bleeder fed from
and is to have a nominal value
of 0.75 ECC‘ This control will allow a small frequency adjustment.

CHAPTER 12

TRANSISTOR EMITTER-COUPLED
MONOSTABLE MULTIVIBRATORS
In this chapter we shall examine one particular circuit in some detail.
It so happens that this circuit is both useful and interesting; however, it
does not warrent so much attention in its own right. A detailed examina
tion is justified because the circuit serves as an example of various ways
of analysis and of the perturbations caused in circuit operation by several
important second-order effects.

12-1 General operation. Figure 12-1 shows the transistor circuit to
which this chapter is devoted. In the normal resting state X2 is on and
Xi is either off or in the active region. A negative trigger inserted into
the base of X2 turns X2 off. This reduces the current flowing in the
emitter resistor, Re, and thus the emitter-to-ground voltage, Ve, drops,
turning Xi on and thereby causing more current to flow in Rlv Increased
current in Rl{ causes the collector-to-ground voltage of Xi to drop, and
this drop in voltage is coupled to the base of X2 through C, causing X2
to turn completely off. Thus, there is positive feedback from X2 through
Rc to Xi, and back through C to X2 again.
The base voltage of X2 then drifts back up toward the supply voltage,
Eec, with a time constant largely determined by C and Rb- When the
X2 base-to-ground voltage, Vb2, reaches the new emitter-to-ground volt-

+ F<rc

Rl2

Rl>

Rb

c

T~
Trigger

Ai

in

ft
Fig. 12-1. Emitter-coupled monostable multivibrator.
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age, Ve, X2 starts to go on again. This raises Vc and turns Xi off, causing
the collector voltage of Xi to rise. The rise in the Xi collector voltage
turns X2 completely on, completing the cycle.
An output pulse may be taken from either collector, a positive pulse
appearing at the collector of X2, and a negative pulse at Xp The pulse
at X2 is more nearly rectangular and would be preferred if polarity were
not a consideration. The beginning of the pulse coincides very closely
with the input trigger, and the height and width of the pulse are deter
mined by the circuit. The duration of this pulse can be varied linearly
by varying the d-c voltage,
from the base of Xi to ground. The
circuit is thus useful in generating pulses or “gates” of variable width
and lends itself to pulse-width modulation. The output pulse from X2
can be differentiated by a high-pass R-C network to give a negative
output trigger delayed from the negative input trigger by the time of
the pulse width, T. Long trigger delays are much more easily obtained
in this way than with delay lines, and so the one-shot multivibrator is
sometimes called a delay multivibrator.
If, as in Fig. 12-1, a negative trigger is inserted into the base of X2,
an isolating diode or very small input capacitor should be used to keep
the source impedance from shunting Rlx and affecting the timing. In
Fig. 12-1 the diode is on only during the trigger interval; hence the
source is isolated from the circuit. The resistance Rlx must be kept much
smaller than the back resistance of the diode to avoid shunting by this
back resistance.
The magnitude of the trigger necessary for reliable triggering depends
on the trigger width, the supply voltage Ecc, whether or not X2 is in
saturation, how far X2 is in saturation (if it normally is), the frequency
response of X2, and the rise time of the trigger. The triggering problem
is nonlinear and complicated, and it is difficult to make generalizations
about it. Nevertheless, a large fast-rising trigger always gives the most
reliable operation, and the trigger must be long enough to start regenera
tion in the circuit. A trigger with a fast fall time is sometimes a disad
vantage, since the fast fall can turn the circuit off. Depending on the cir
cuit, triggers between a few tenths of a volt and 5 or 6 volts will be needed.
Trigger widths can be as small as 0.1 microsecond, even with audio
transistors.
Since the transistor X2 is normally saturated when it is on, the trigger
may also be inserted at the base of Xi (it would now be positive-going
for Fig. 12-1). In this case the impedance level may be somewhat higher,
and the trigger amplitude must be sufficient to drive Xi at least to the
edge of conduction.
There are several different modes in which the circuit of Fig. 12-1 can
be operated, each requiring a different analysis. Only four of these modes
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Table 12-1

Modes of Operation
Pulse state

Rest state

Mode number
I
II
III
IV

Xi

X2

Xi

X2

Off
Active
Off
Off

Saturation
Saturation
Active
Saturation

Active
Saturation
Active
Saturation

Off
Off
Off
Off

will be considered here. They are listed in Table 12-1. Modes I and III
give very similar operation, except that Mode III has a very long recovery
time after the pulse. On the other hand, since neither transistor is biased
to saturation in Mode III, there is no problem with delays due to minority
carrier storage. This is an advantage only in very fast pulse circuits.
Mode III also has the disadvantage that the pulse width is very sensitive
to changes in the current gain of the transistor.
Mode II has a recovery time similar to Mode I, but is very insensitive
to changes in pulse width with supply voltage. In Mode II, pulse width
decreases as R2/(Ri + R2) is increased, whereas in Modes I and III
the reverse is true. By making Rlx = Rl2 it is possible to make a smooth
transition from Mode I to Mode II by increasing R2/(Ri + R2Y This
will cause the pulse width to increase to a maximum and then to decrease.
In Mode II the circuit sometimes has a tendency to free-run, especially
if Re is large or Ecc is small. Usually, free-running can be avoided by
making Rc/Rlx < 1- The circuit can always be made to free-run by
increasing
+ #2) above the point where Mode III operation ends
and into the region where Xi and X2 are both biased in the active region.
Pulse period, T

Mode IV
Mode II

Mode I

0.1

0.2

0.3

0.4

Ri + ^2

Fig. 12-2. Possible variation of monostable pulse period T vs R2/(Ri 4" &)
for the case where Rn = 2Rl2.
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In Mode IV both transistors are always either off or saturated. There
fore, the pulse width tends to be independent of the transistor parameters,
of RY and R2, and of the supply voltage.
To summarize, one uses Mode I or II or both when a controllable pulse
width is desired. One uses Mode III when storage-time delays are un
acceptable. For a mass-produced circuit one would certainly try to
avoid Mode III by getting a transistor with a lower storage time constant.
This leaves the bulk of the applications to be covered by Mode IV.
Figure 12-2 indicates the type of variation of period T versus
^2/(^1 + ^2) that can be expected from the circuit of Fig. 12-1 when
Rlx = %Rl2- If Rlx = Rl2, then Mode IV vanishes and Modes I and II
meet in a point.

12-2 Operation in Mode I. The initial results desired for any mode
are the relationships between parameters that will insure operation
within the mode. The next consideration is the approximate value of the
pulse width and of the necessary recovery time between pulses. Since
this circuit is being used as an example, we shall also obtain results for
variations in pulse period with Ecc and Ico- Also, as an example, we shall
calculate the expected linearity of the variation of T with R2/(Ri + #2),
which is indicated in Fig. 12-2 for Mode I.
The conditions necessary for operation in Mode I are listed in Table 12-1.
If base-emitter voltage drops and Ico are ignored and if (0 + l)#e »
R\ ^2/(^1 + 7?2) is assumed (the voltage divider is assumed not to be
loaded appreciably by Xi, although this may not always be a particularly
good assumption), then, with the very reasonable restriction that Rlx >
Rl2, the conditions for operation in Mode I are

Rc
Rlx

Rz
Ri

Rc
Rl1 4- Rl2 ■+■ (RlxRl2/Re)

(12-1)

The waveshapes characteristic of operation in Mode I for N-P-N tran
sistors are shown in Fig. 12-3. Various voltages that will be discussed
later are also shown in these illustrations.
All the static voltages may be calculated as bias problems. Their
calculation is similar to the calculations illustrated in Section 10-8 and
in Chapter 11. To calculate the period, one needs the initial value of
the capacitor voltage as well as the equivalent circuit for A4 during
the pulse. The initial value of the capacitor voltage is (Ecc — Vi).
When Xi is on, it is in the active region; hence the emitter voltage may
be calculated as IeRe, while the collector may be represented as a current
generator removing the current ale from the Xi collector node. (The
calculation of Zei is again a simple bias problem.) As the capacitor
charges toward ECC) Vb2 rises and VCl falls. When Vb2 reaches Ve, tran-
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Trigger
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1

Tr

Trigger

Ecc

1
Vl

V2

Vc.

tI (Fee -I v2)

Tr

Ve

—T—

FT

«2

F

+ R2 “

n,

L

r

Ic.Rc

Fig. 12-3. Mode I waveforms (N-P-N transistors).

sistor X2 comes on, and switching to the rest state occurs. The recovery
time results from the necessity of restoring the charge on C to its original
value.
The period is determined by writing the equation for Vb2 and by finding
the time, T, for which it equals IeiRc- Thus
T = (Rb + Rl^C In

Ecc
cc — Vi + al^Ri^
.
Ecc — IeiRe

(12-2)

The recovery time constant is approximately
Rli +

RcRl2
C.
Re + Rl2

At least four time constants must be allowed between pulses to assure
that the pulse width does not depend on the time of occurrence of the
trigger.
12-3 The linearity of changes in pulse width with changes in
+ R2Y It is somewhat difficult to see from Eq. (12-12) that the
pulse width varies approximately linearly with Vbi, or with R2/(R\ + #2)However, this can be shown by expanding T. At very low values of
T and R2/(R\ + #2), the linearity is poor due to second-order effects,
such as base-to-emitter voltage drops, which will be ignored here. There
fore, when calculating linearity it is best to expand T about some point
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in the middle of the Mode I range, since this is the region of interest.
The results obtained should be relied on only to show the order of magni
tude of the nonlinearity.
If we define
A2
aRLi
1
7 =
X =
1 + Re
R\ + R2
Rl2
Re .
r = (ftL1 + 7?b)C,
then Eq. (12-2) may be written as
T = rln

1 + 7x

(RsX
RbJ\aRLJ

—t In

1 — X

(12-3)

We are interested in the variation of T with changes in x. The second
term in Eq. (12-3) is a constant with respect to x; hence we need con
sider only the first term. We wish to expand In [(1 + 7x)/(l — x)]
about a point x0. Making the Taylor series expansion and dropping all
(x — x0)3 and higher-order terms, we obtain

In

1 + yx

1 +y

x — Xp

1 — X

L —

1 + 7X0,

1 +

X

xq

;)MI

7

1
— Xq

1 + yxQ

2

If the percent nonlinearity is defined as one hundred times the ratio
of the (x — x0)2 term to the (x — x0) term, then
% nonlinearity =

X — Xp

2

1
1 — XO

7

1 + yx$

(12-4)

At this point a numerical example would be useful to show the validity
of the various expressions that have been obtained. Assume that

R\ + R2
RLl
Rl2
Re
Rb
C
Ecc
a
The calculated values for

=
=
=
=
=
=
—
—

6.9K ohms,
3.4K ohms,
2.7K ohms,
2.62K ohms,
33.5K ohms,
0.158 microfarad,
15.7 volts,
0.985.
+ #2) for the inode boundaries, from
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Eq. (12-1), would be

0.435

R2
Ri 4- R2

0.215.

An experimental check, using the values assumed above, yielded limits
of 0.46 and 0.26 as the edges of the mode.
To calculate the linearity we might assume x0 = 0.36 and let (x — x0) =
0.1, so that the nonlinearity is calculated as x = R2/(Ri + R2) is varied
over the entire allowable range for the mode. The parameter V is found
to be 2.62, so that from Eq. (12-4) the % nonlinearity is 1.05%. This
is too small a nonlinearity to be checked very easily, and in an experi
mental check, using an oscilloscope with a well-calibrated sweep, the
linearity was found to be perfect, to within the instrument calibration,
from R2/(Ri + #2) = 0.3 to 0.46. In the very low range, from 0.26 to
0.3, the nonlinearity was poor. This is to be expected since as T —> 0
the base voltage of X2 moves only a very short way between cutoff and
turn-on, and the small base-to-emitter voltages which have been neglected
here become important.
The linearity calculated here is about the same as the best linearity
that can be obtained with the vacuum-tube cathode-coupled circuit.*
Thus, the transistor circuit can replace the vacuum-tube circuit in the
many applications where a variable linear pulse or trigger delay is
required.
12-4 Variation of pulse width with supply voltage in Mode I. So far,
no account has been taken of the base-to-emitter voltage drop of the
transistor. This has led to a formula for pulse width, Eq. (12-2), that
is independent of supply voltage. This is indeed true for supply voltages
between 20 and 45 volts. So long as collector breakdown voltage is not
approached, the pulse width in Mode I may only vary a few percent as
Ecc varies from 20 to 45 volts. This is truly phenomenal when compared
with vacuum-tube multivibrator operation, where a 10% change in supply
voltage is likely to give a 5% change in pulse width.f Even the stable
vacuum-tube phantastron exhibits about a 1% change in pulse width
for a 10% power supply change. J
Often, for reasons of power supply economy, or because transistors
with low collector breakdown voltages must be used, the power supply
must be kept well below 20 volts. In this region the small base-to-emitter

* J. Millman and H. Taub, Pulse and Digital Circuits, McGraw-Hill, New
York, 1956.
t Ibid, p. 194.
j Ibid, p. 224.
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voltage drops begin to become important and the pulse width decreases
as the supply voltage decreases. If supply voltages as low as 2 or 3
volts are used, a 10% change in supply voltage can cause a 10% change
in pulse width in a circuit using germanium transistors. For silicon
transistors, with their larger base-to-emitter voltages, the situation is
worse and pulse-width variation begins at a higher supply voltage.
In order to make calculations we have made several simplifying assump
tions. To begin with, we restrict ourselves to germanium transistors. We
then assume that the emitter-base characteristic has a sharp corner rather
than its actual exponential shape. Under this assumption the emitter
base voltage for normal ambient temperatures is assumed to be 0.2 volt
in the active and saturated regions. For voltages below this value the
transistor is off. When the transistor is saturated we ignore the 10 to
30 millivolt drop which is present between collector and emitter. For
very high or very low temperatures the 0.2-volt term may be adjusted
appropriately.
Another second-order effect which influences pulse widths is the presence
of reverse currents across the collector and emitter junctions. From
Section 10-5 we might expect the reverse current that flows in the base
for low back biases to be approximately IcoFor large back biases the current may increase in an unpredictable
manner. Since the actual back bias varies throughout the cycle, the
calculation of a more “exact” value for the reverse current would appear
unnecessary. With most silicon and many diffused base germanium units,
one must insert an additional diode in series with the base-emitter diode
to prevent its breakdown, if reverse biases larger than several volts are
applied.
Since the collector and emitter load resistors are normally quite small,
it is usual to ignore any effects caused by Ico or Ieo in flowing through
them. Reverse currents are also present in transistor Xj, in the active
and cut-off regions, but can be ignored, because again the impedance levels
in emitter, base, and collector of XY are all quite low.
If the emitter-base drop is included in the calculations of the initial
capacitor voltage, of Iei and alev and of the point of turn-on of X2 and
if the effect of Ico in recharging C during the pulse period is added, then
Eq. (12-2) may be expanded and written as
T = rln

N — (Q.2/ECc)kik2 ~h (I coRb/E Cc)ki

1

(/coRb/Ecc)ki

where
ki =

R2

Re + Rl\
Re
Ecc - V\ + al'^RLi
N =
Ece-I^R.
Ri

Ri

k2 =

>

(12-5)
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The expression for N, evaluated when it is assumed that Veb — 0 and
Ico = 0, is originally the term whose log is taken in Eq. (12-2). Equation
(12-5) shows that the base-emitter voltage drop decreases the pulse width,
and that this effect is most pronounced at low supply voltages. The
effect of Ico is also to decrease the pulse width. (The term in the denomi
nator is more important than the one in the numerator since N > 1.)
It is difficult to make generalizations about the values of Ecc necessary
to make T insensitive to Ecc- However, for the usual 1 to 3 microamp
range of Ico and with lib in the range of 50K ohms, T becomes practically
constant and independent of Ecc for Ecc greater than about 15 volts.
It is usually also true that N, the major term in the pulse width equa
tion, decreases faster with a decrease in R2/R} than do the correction terms.
Thus, percentagewise, the correction terms will be largest for small T,
or small movement of Vb2, as is expected. Since a large R2/R\ gives
not only the best sensitivity of changes in pulse width with supply voltage,
but also the smallest recovery time relative to the pulse width, it is wise
to run a constant-pulse-width monostable near the top of Mode I, at a
large R2/R\.
Figure 12-4 shows a plot of period T versus supply voltage Ecc for
three sets of transistors. The Ico for transistor X2 was 0.5 microamp for
the 2N123, 3.1 microamp for the 2N43, and 2.6 microamp for the 2N109.
In each case the two transistors happened to be fairly well matched, with
grounded-emitter current gains running between 50 and 70. The theo
retical expression is also plotted for 7C0 = 2.5 microamp. It is seen that
the agreement is fair.
Transistor
Theoretical
2N123
2N43
2N109

7 co
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7', microsec
3200 3000 -

Theoretical curve [Eq. (12-5)]
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Table 12-2

Mode I Sensitivities

+ 10% change in
parameter

Rli
Rl2
Re
Rb

C
Vbi or

R2
Ri + R2

% change in T

+ 8
+ 8
— 17
+ 14
+10
+39

Expressions for sensitivities of change in pulse width to change in
circuit parameters could be obtained from Eq. (12-5), but they would
be too complicated to be worth while for design. To give some idea of
the magnitude of typical sensitivities, experimental data has been taken
and is tabulated in Table 12-2. In all cases the variation in pulse width
was linear with a change in the parameter over the 20% to 30% range
tested. For this reason percent changes in T are given for standard 10%
changes in parameter. Changes in T for other percent parameter changes
can be scaled directly from Table 12-2. These changes were made on a
circuit with.
Rlx
Re
Rb
C

=
=
=
=

Rl2 — 2.25K ohms,
2.65K ohms,
27K ohms,
0.156 microfarad,

Ri = R2 = 5K ohms,
Ecc = 22.5 volts,
T = 2000 microsec.

12-5 Operation in Mode II. In Mode II the transistor Xi is in its
active region, and X2 is saturated during the rest state. During the pulse
interval X] is saturated and X2 is cut off. This means that during the
pulse interval the voltage at the emitter and collector of Xi may be
calculated by assuming that Xj has a short circuit between all elements.
The complicating factor in the mode is that the voltage across the ca
pacitor at the beginning of the pulse is essentially the voltage across Xi
when Xi is in its active state. The result of this is that the pulse period
is sensitive to changes in (3 and hence to changes in transistors. The
pulse width decreases as Rz/tRi + R2) increases, since this increase
reduces the active-state drop across X\ and hence the initial capacitor
voltage. The effects of the emitter-base drops and of Ico tend to cancel;
thus the pulse width is usually independent of Ecc over a wider range than
in Mode I.
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Fig. 12-5. Mode II waveforms (N-P-N transistors).
As in Mode I the requirement that X2 be biased to saturation requires
Rb < VRbr

For Xi to be in the active region before triggering requires
R2
Rl + ^2

Re
Re 4" Rl2

(12-6)

while for Xi to be saturated during the pulse state requires
R2
>
Re
Ri 4- R2
Re 4- Rly

Normally Rlx > Rl„ so that the lower boundary of Mode II is given
by Eq. (12-5). The upper boundary does not seem to lend itself to a
simple expression.

4
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Figure 12-5 shows the waveshapes to be expected with N-P-N tran
sistors operating in Mode II. Notice particularly that the collector
voltage recovery time is shorter than it is in Mode I. This is so because
the capacitor voltage is not allowed to continue charging until it reaches
its driving voltage.
The voltages are again calculated by straightforward bias-type analysis.
The complete expressions will not be presented here, since in symbolic
form they become unwieldy. The time constant during the pulse consists
of C multiplied by Rb plus the parallel combination of Rlx, Re, Ri, and
Since Xj is saturated during the pulse, the pulse width can be de
termined by calculating the time for the capacitor voltage to reach zero.
The expression is cumbersome and hence will not be presented here.
During recovery Xi is initially cutoff as X2 is driven into saturation.
As C charges through Rl{ and the combination of all resistors impinging
upon X2, the emitter voltage reaches R2ECC/{R\ + #2) and Xi comes on,
which catches the capacitor voltage and shortens the recovery. In prac
tice, recovery normally occurs in a period of less than 2RlxC. When the
complete timing expression is written out in a form similar to Eq. (12-5)
one finds that the base voltage terms tend to increase the pulse width,
whereas the Ico term tends to decrease the pulse width. Thus the two
effects tend to cancel. This can result in a pulse width which is almost
independent of supply voltage. As before, all the second-order terms
become more important at low values of Ecc.
Figure 12-6 shows plots of T versus Ecc for two different pairs of tran
sistors. In one pair, the 2N123’s, 7CO was small, 0.5 microamp. The
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Fig. 12-6. Pulse width vs supply voltage for Mode II.
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voltage Vbe was the dominant correction term here and so T increased
as Ecc was lowered. The 2N43 used for transistor X2 had a larger Ico,
3.1 microamp. Thus the Ico was the dominant correction term, and T
decreased as Ecc was lowered. In both cases, however, T is remarkably
constant as supply voltage varies. Normally there is no change in T with
Ecc in Mode II, for Ecc is greater than about 6 volts.
One disadvantage of Mode II is that free-running occurs at times.
The conditions for free-running are somewhat obscure and tied up with
the frequency response of the transistor. Normally, at the end of recovery,
when Xx turns on, nothing happens because all the voltages have recovered
to very near their equilibrium values. If there were a delay in turn-on,
however, VCl could rise to above its equilibrium value (Vo in Fig. 12-5)
before turn-on. Turn-on would then cause a drop in VC1 which would
turn X2 off, starting the pulse cycle again. This would result in freerunning, or astable, operation.
When free-running occurs in a Mode II circuit, it can normally be
eliminated by changing to higher-frequency transistors. As a matter of
experience, free-running usually occurs in circuits with small Ecc, large Rb
and small Rc. Free-running can usually be easily eliminated by lowering
Vt|, which means reducing R2/Rx.
Sensitivities of pulse width to parameter change are listed in Table 12-3
for a typical Mode II circuit with
Ri = 3.4K ohms,
R2 = 6.6K ohms,

Rlx = Rl2 — 2.25K ohms,
Re = 2.65K ohms,
C = 0.156 microfarad,

Rb = 27K ohms.

The sensitivities were obtained experimentally by varying one parameter
at a time. All sensitivities are normalized to a 4-10% parameter change.
Table 12-3

Mode II Sensitivities

4-10% change in
parameter

% change in T

Rlx
Rl2
R<
Rb
C

— 15
—21
4-15
4- 9
4-10

Vbx or

R2
Ri 4- R2

—53

L
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12-6 Operation in Mode III. In this mode neither transistor is satu
rated. The only advantage of this would be the avoidance of storage-delay
times. The disadvantages of the extreme dependence of the pulse width
on the transistor parameters, and its long recovery time would seem to
preclude its use for all but special, hand-tailored applications where
selected transistors may be employed and where the ambient temperature
may be controlled.
Mode III operation is similar to Mode I in sensitivity to changes of
pulse width with supply voltage, and, like Mode I, it also exhibits a
linearly increasing pulse width as R2/(Ri + R2) is increased.
Mode III will not be considered further, since the algebra is involved
and it provides no additional insight into the analysis of the circuit.
In practice, Mode I will provide the same pulse-width variation with
control voltage [or with R2/(R\ +. #2)] and if Mode I is properly designed
the storage time may be reduced to the point where it will not be bother
some.

12-7 Operation in Mode IV. In Mode IV, Xi is cutoff and X2 is in
saturation before and after the pulse. During the pulse XL is in saturation
and X2 is cutoff. Thus both transistors are psed only as switches. Pulse
duration in this mode is fairly insensitive to changes in circuit parameters,
and recovery time is fairly short. Pulse width increases as 1% is increased.
To bias the circuit for Mode IV operation, transistor X2 must be
saturated before and after the pulse. This requires that
&Rl2 > RbWhen X2 is saturated, Xi is cutoff, which means that

vb; < V„

or
Rcc X

from which

Re
R2
< Rcc x
Re + Rb II Rl2
Ri + R2

R±

Rb II

R2

R<

(12-7)

During the pulse, with X2 off, Xi must be saturated. Thus the collectorto-emitter voltage of Xi is zero, which requires that

Ri
R2

Rli
Re

(12-8)

Actually, if Eq. (12-8) were just barely satisfied and if the resistance Rb
loaded Rlx appreciably, it would be possible for Xi first to turn on in
the active region and then to drift into saturation during the pulse. We
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Trigger
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r
E2
Hi + R2

vbl

v0
Vi

Ecc

K,
Vc2
^0

Vi

Vc

rK

V2

t'<

Fig. 12-7. Mode IV waveforms (N-P-N transistors).

wish to exclude this possibility and require Xi to switch immedi'ately
into saturation. This means that Rl/R2 must actually be slightly smaller
than the value specified by Eq. (12-8). This fact and the inequality of
Eq. (12-7) then require that Rlv > Rl2 for Mode IV to exist.
Waveforms are shown in Fig. 12-7 for Mode IV. Since the transistors
are either saturated or cutoff, the calculations become essentially just
voltage-divider problems and will not be repeated here. Again, the effects
of the base-emitter voltages and of Ic0 are to reduce the pulse width, so
that IcoRb and Veb should be small with respect to Ecc in order to mini
mize their effects. It is also true that T is usually independent not only
T, microscc

2700
2N123

2600

‘O'

—o

2500

-A------- A-----

Theoretical

2400 Rb

2300 - Dp ^2N43

/
220oJ— o

? ,
4

Fig. 12-8.
Mode IV.

= 26K Q, Re = 2.3K Q, RLt = 2.25K 0

Rl2 = 1.5K fi, Ri = 5.IK Q, R2 = 6.9K 0
C = 0.156 Mfd

1,11111
8
12
16
20
24
28
32

-J___ I___ L
36

40

44

Ecc, volts

Period T vs supply voltage Ece for two pairs of transistors in
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of Ecc but also of 7?2/(#i 4- #2), so that the only simple way to control
the pulse width in this mode is to vary Rb or C.
Figure 12-8 shows curves of T versus Ece for two pairs of transistors.
The curve for the 2N43’s shows a larger drop in T at low values of Ecc
than does the curve for the 2N123’s. This is due to the larger Ico of the
2N43’s. Calculated values of T generally agree with measured values to
within experimental error, that is, within 5 to 10%.
Sensitivities of T to parameter changes are quite good in this mode.
Since the transistors are used as switches, sensitivity to /3 is zero. Voltages
are mostly set by parallel combinations of resistors, and so a change in
any one resistor does not affect the circuit too much.
Percent changes in T for a typical Mode IV circuit are given in
Table 12-4 for a 4-10% change in circuit parameter. Here, one parameter
is varied at a time while the others remain fixed. The circuit had param
eters of
Rlx = 2.25K ohms,
Rl2 = 1.5Kohms,

C = 0.156 microfarad,

Ecc = 22.5 volts.
From Table 12-4 it is seen that Mode IV has the best sensitivity of T
to parameter changes of all the modes. Since this mode also has a short
recovery time and very low transistor dissipation, it is perhaps the most
useful of all the modes discussed in this chapter.
Finally, it would be well to go over some of the approximations that
have been made throughout this chapter. The transistor has been taken
as ideal, with re = 0, rb = 0, rc = oc, and & assumed to be constant.
The reverse rc has also been assumed infinite, and the collector-saturation
resistance has been taken as zero. A constant 0.2-volt base-to-emitter
voltage has been assumed, as well as a base current for the off transistor
of Ico- Both of these assumptions are approximations, although the latter
Table 12-4

Mode IV Sensitivities

4-10% change in
parameter

% change in T

Rli
Rl2
R<

— 2
+ 4
— 4
4-10
4-10

Rb

C
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is fairly accurate. Collector capacitance, stray capacitance, fall-off of a
with frequency, and minority carrier storage have also been neglected.
Thus, no attempt has been made to describe high-frequency effects.
Despite the many approximations made, general agreement between
theoretical and experimental results is good, and it is felt that more
detailed analyses would generally be too unwieldy to be worthwhile.

Problems
12-1. In Fig. 12-1
when
Rl2
Rli =
Rt, =
Re =
C =

calculate the waveshapes at the collector and base of X2
2.2K ohms,
5.6K ohms,
39K ohms,
IK ohms,
0.01 microfarad,

3
Eee
R2
Ri

=
=
=
=

50,
12 volts,
5K ohms,
15K ohms.

What is the minimum triggering interval between pulses?
12-2. Assuming that (Ri + R2~) = 20K ohms, calculate the value of
Rz/^Ri + R2) required to place the circuit of Problem 12-1 at the boundary
between Modes I and IV, and the value to place it at the boundary between
Modes II and IV. (See Table 12-1 for mode definitions.)
12-3. Figure 12-9 shows a circuit designed to produce a controllable delay
variable from 50 to 1000 microsec. The variation of C is to provide the major
steps in the delaj’. A capacitor with 100-At/xfd variable steps is available. Resis
tors R\, R\, R2, and R2 arc to be arranged so that while a consistent fine delay
width control is obtained, the circuit is not to cease operation for any setting
of the control. Choose R\, R2, and (R{ 4- R2) and calculate all waveshapes.
-9 v

Trigger
input
I/

4.7K fi

10K Q

15K fi

39K Q

2.7K n

‘"Hr200 M^fd

500

mmM

Output pulse with
controllable delay
^2K n
(7?i + R'2)

7?2

Figure 12-9

3

10
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PROBLEMS

12-4. Assume that Ie0 varies from 1 to 50 microamp in each transistor of
Problem 12-1. What will be the effects on the waveshapes? Would increasing
Re to 2K ohms be beneficial? Would this change have any effect on the mode
of operation? If so what is the effect?
12-5. Figure 12-10 shows one type of NPN — PNP type monostable cir
cuit. In this circuit both Xi and X2 are on during the rest state and off during
the pulse state. 0 > 15 is for both transistors. Calculate the voltages at all tran
sistor connections during the rest state. If the input triggers have a 2-volt (nega
tive-going) amplitude and occur every 5000 microsec, calculate the waveshapes
at each collector when C = 0.10 microfarad and then for the case when C = 0.30
microfarad. The catching diode (a back biased avalanche diode would work
just as well) is not necessary for proper operation, but it removes the corner on
the positive-going output. At the periods postulated here, no speed-up capacitor
is necessary. If one is employed it should not be any larger than necessary, since
it loads the trigger source.

Trigger
input
/
o—

Positive-going
output

len

0

4-9 v

15

4.7K Q

y —13 v
47K Q

4.7K n

C

f
1.5 v

X2

Tv
15K 0

Figure 12-10

-------- o
Negative
going
output

CHAPTER 13
BLOCKING OSCILLATORS AND TRANSFORMER-COUPLED
SQUARE-WAVE OSCILLATORS

Several important types of circuits with a common feature will have
our attention in this chapter. Their common feature is the combination
of an iron-core transformer (or transformers) with one or more tran
sistors whose primary functions are to act as switches. In general, the
operation of these circuits is tied directly to the properties of the trans
former. Since we do not propose to become involved in a detailed study
of transformer characteristics, our consideration of these circuits will be
somewhat restricted. In actual practice special transformers are manu
factured for use in these circuits. The specifications for these transformers
include the results to be expected when they are used in a specified circuit.
That is, if one desires a blocking ocsillator with a 1-microsec pulse width,
one purchases a blocking-oscillator transformer that will provide this
pulse width (with a specified rise time) when used in the circuit specified
by the transformer manufacturer. References 1 and 2 provide specific
information about pulse transformers, as well as additional references to
the subject.
The circuits to be discussed may be divided into two broad classes,
depending on whether or not the transformer is allowed to saturate during
the cycle. Within these general classes the circuits may be classified by
circuit names, such as blocking oscillator, square-wave oscillator, etc.
They may also be classed according to a broad circuit use, such as pulse
generator, clock generator, dc-dc converter, etc.
13-1 Blocking oscillators. The transistor blocking oscillator is similar
in outline to the well known, but usually incompletely analyzed, vacuum
tube circuit. In its basic form it consists of one transistor and one (twowinding) transformer. The transformer is used to couple two of the
transistor elements. Reference 3 contains a discussion of the relative
merits of collector-to-base and collector-to-emitter coupling circuits. Ref
erence 4 contains discussions of all three couplings for the vacuum-tube
case. As an example we have chosen collector-to-emitter coupling, as
shown in Fig. 13-1. If desired an additional off bias, Ebb, could be
included in series with Rb- When the transistor is turned on, a regenera
tive loop is set up, provided aN > 1. The right half-plane poles that are
produced cause rapid switching of the transistor to the saturated state.
The switching time is a function of the transformer leakage reactance and
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I

A':l

Re

Transistor alpha = a

Damping diode to prevent
backswing and ringing

Negative trigger
Rb

Fig. 13-1. Monostable blocking oscillator with collector-emitter coupling
and base circuit triggering.
capacitances, as well as of the transistor frequency response. The calcula
tion of the switching time is generally difficult, so that in practice one falls
back on measurements or such rules of thumb as that the transistor switch
ing time is roughly l/(3/a0). (Reference 11 contains switching-time cal
culations for certain cases.) We shall indicate a simple analysis for the
pulse width, since it may be of interest to have some idea of the effects
of parameter changes on this period.
The resistors Re and
include the transformer losses and any external
resistance which may havO been inserted into the circuit to serve as, or
to account for, a load. Resistor Rb may be small (in the 100 to 500 ohm
range), in which case it may generally be ignored in making calculations.
If the transformer leakage reactance is assumed to be negligible, the
transistor is saturated, and Rb and r«>' are ignored, then the result is
the circuit of Fig. 13-2(a).
Ic

Ideal

Ri

AT:1
Y—/r2

Re

I

ib

I

f

ic

ie

Z<3

IF—►

■ ■ Ebb

Reverse bias vcb

Forward bias

(a)

(b)

Fig. 13-2. (a) Circuit during pulse (on transistor assumed to be a short
circuit), (b) Ideal transistor characteristic.
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Figure 13-2(b) shows a set of idealized transistor characteristics to be
used with Fig. 13-2(a). If Ebb is zero then

=
ie =

Eec _
R\ -I - R

Eec H
(1 NEec
Ri + R2

e-tRnlL

e-tRnlL

where
R2 =

and

R\ R2

= R\ + R2

Now when (TRu/L) « 1, as will generally be true, we may expand -he
exponentials and retain only the linear term. The end of the period is
assumed to occur when aie = ic. Making the expansion and utilizing
the equality we obtain
L
1 + X \
T =
(aN - 1) 1 + aNx) '
(13-1)
N2Re

where x = Rx/N2Re. Physically, what we are saying is that the emitter
current remains essentially constant, while the collector current builds
up as current builds up in the transformer primary inductance. Thus the
period starts at point W of Fig. 13-2(b) and proceeds until point Y is
reached and the transistor comes out of saturation. Figure 13-3 shows
the approximate current waveshapes (for the case 7?i = 0).
When point Y is reached the collector current is limited by the transistor.
This limiting causes a reverse voltage to appear across the transformer
primary. This voltage is coupled to the secondary, and regenerative
switching occurs, which drives the transistor rapidly off. The damping
diode (or a loading resistor) reduces or prevents both ringing and large
voltage backswings. As pointed out previously (Section 10-13) a large
negative bias may drive the transistor into the negative-resistance region,
resulting in excessive dissipation. (In the case of low-voltage-breakdown

Ecc

NRC
ic

------- aEcc
NRe

E"
N2Re

ic

------------------ 1

ib = ie — i-

Fig. 13-3. Current waveshapes for circuit of Fig. 13-1.
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emitter-base diodes, such a bias may also break down this junction.) Even
without these transistor difficulties, excess ringing may cause the circuit
to free-run and it certainly deteriorates the output waveshape; hence it
is normally to be avoided.
Equation (13-1) indicates that the pulse duration is proportional to L,
inversely proportional to Re, and independent of Ecc. The situation is
complicated by the fact that the a at the end of the pulse is a function
of Ie and tends to decrease as Ie (and hence Ecc/NRe) increases. In
addition, if L is increased by increasing the primary turns, then changes
in L, N, and a must all be accounted for.
The value for L should be measured under pulse conditions (by means
of a time-constant measurement) and will normally be considerably smaller
(as much as a factor of 10) than the small-signal sine-wave value.
In general, Eq. (13-1) is verified experimentally. Increasing Re reduces
the period. Increasing L increases the period slowly (increasing N by a
factor of 2 and L by a factor of 4 increases T by perhaps 25%). Increasing
Ecc reduces the period, but only slowly once Ecc exceeds several volts.
If a were constant, then [from Eq. (13-1)] increasing R\ would reduce
T. In practice increasing Rx increases a at the pulse end (by decreasing
Ze); hence T may increase slowly with R^.
Making the turns-ratio, N, large increases the loop gain and hence
should reduce the switching time. However, large N’s normally lead to
increased leakage inductance, which reduces the switching time. An N
of 2 to 4 would appear reasonable for use with this configuration.
If the additional bias source Ebb is included, and if R i is assumed to
be zero to simplify the algebra, then
T =

L
NEbb
(aN - 1) ( 1 Ecc + Ebb,
N2Re

(13-2)

Hence the period is shortened by increasing Ebb from zero. The necessary
trigger amplitude is increased directly as EbbIf low-frequency transistors are employed in short-pulse-length circuits,
then the transistor storage-delay time may exceed the desired pulse
width. The delay time is reduced by a large turn-off pulse (the damping
diode may be omitted if other conditions permit); however, the only real
remedies are better transistors or prevention of saturation. A circuit
similar to that of Fig. 12-10 may be used to prevent saturation. When
this is done and when Ebb is assumed to be zero, and the catching voltage
is Ed, a simple analysis yields
L
T =
7 (aN - 1),
N2R.

which is the same as Eq. (13-1) with Ri equal to zero. Again T seems to
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be independent of both Ecc and Ed- In practice as Ed increases, the
pulse width tends to increase. If the transformer losses are small and if
no (or only a small) physical Re is inserted, then the transistor input
impedance may need to be included as part of Re.
The output pulse may be taken from an additional winding of the
transformer. This approach provides d-c isolation and, within limits,
allows the output impedance to be adjusted to a convenient level. The
only disadvantage of this type of output occurs if the load is not constant.
In this case, varying the load will effectively vary Re and hence the
period. With a varying load the obvious remedy is a buffer stage. If the
buffer transistor has an adequate high-frequency response and if it is
driven between cutoff and saturation, then not only will it remove the
effects of the load variation on the period but it will also remove any
droops, overshoots, or high-frequency ringing effects from the output
pulse.
A buffer stage could be added to the circuit of Fig. 13-2(a) by returning
the secondary of the transformer to the base of a common emitter stage,
instead of to ground. Then the secondary voltage would drive on hard
both the switching transistor and the buffer stage. If Re is large compared
with the buffer input impedance, then the period will be essentially the
same as that calculated in Eq. (13-1).
The discussion up to this point has implied that the transformer has
not saturated. As the current through the primary inductance, Im,
increases, the ampere-turns applied to the transformer increases. If the
transformer saturates before point Y is reached, then switching occurs.
Figure 13-4 illustrates an ideal version of a </> versus
(or B versus H)
curve for the core material of a transformer. When reaches i8, the rate
of growth of flux linkages tries to remain the same; however, d<t>/di has
fallen, so di/dt increases. This causes a sudden jump in ic to its maximum
value at point Y. Then ic, and hence i<t>, is limited by the transistor and
the rate of growth of flux linkages decreases.

</>

i

i
i
i

is

Fig. 13-4. Ideal characteristic curve for iron-core transformer.
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The decrease in the rate of growth of flux linkages causes a reduction
in the induced voltage in the secondary, which has been holding the
transistor on. As the transistor goes off, ic starts to fall, which, however,
reduces
Now the negative slope of the </> versus characteristic will
induce an opposite voltage in the secondary that will drive the transistor
off hard. The stored energy in the transformer will go into the damping
diode.
When transformer saturation limits the pulse duration, and assuming
time constants short compared with periods, we obtain

(l+»Ecc

13-2 Astable blocking oscillators. If the transistor is biased so that it
would be on if no oscillations occurred, then an astable circuit results.
Figure 13-5 shows a possible circuit. The on period here will normally
be radically affected by Cb. The end of the pulse may be governed either
by the increase of the current through the primary inductance or by the
completion of charging of Cb. If Cb governs, then T = ±RCby where R
is the parallel combination of Rb and the sum of rbb- and the effective
resistance in the transformer secondary. For this case, the calculation
of the period between pulses is straightforward.
When the transistor is on, Cb charges to

1^4 + \Ebb\ volts.
When the capacitor voltage falls to essentially |E'bbl,. then the transistor
comes on and a pulse occurs. Therefore, the period between pulses is
E.
Tbp = RbCb\n(l +thF)NEbb,
1W

■pErc

Fig. 13-5. Astable blocking oscillator with collector-base coupling.
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When N = 1 and Ebb = Ecc, we have

Tbp = 0.693RbCb.
The pulse spacing may be varied by varying Rb, Cb, or Ebb. As with
multivibrators, the astable circuit may be synchronized directly or on
every nth trigger so as to act as a frequency divider. Also, as in a multi
vibrator, the effect of Ico will be to reduce the pulse spacing; hence a
small Rb is required if high-temperature operation is necessary.
When L is small it will govern the pulse period, and Cb will charge only
partially during the pulse period. In these cases, Cb and Rb will still govern
the period between pulses; however, calculations become so complicated
that they hardly appear to be worthwhile.

13-3 Two-transistor transformer-coupled square-wave oscillators. In
Chapter 11 we examined an R^C- coupled square-wave oscillator. In this
section we should like to consider a transformer-coupled circuit yielding
the same output. The main practical use for such circuits has been in
dc-dc power converters, where the transformer provides d-c isolation and
a voltage step-up. (The output of an R-C coupled circuit could be trans
former-coupled to a rectifier, but efficiency is normally higher if the
transformer is incorporated directly into the circuit.)
The basic circuit as originally outlined by Uchrin and Taylor* consists
of two coupled collector-emitter blocking oscillator circuits arranged in
push-pull, as shown in Fig. 13-6. If
is on, then Ecc is across the upper
primary. This induces a voltage in the upper secondary that keeps Xi
o

• o°

HIM
Ecc

2

Rectifier
and
load

o

o
o
o

Fig. 13-6. Square-wave oscillator.

* G. C. Uchrin and W. 0. Taylor, “A New Self-Excited Square Wave Transis
tor Power Oscillator,” Proc. IRE, 43, 99, Jan. 1955.
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saturated, and a voltage in the lower secondary that keeps X2 off. Uchrin
and Taylor’s circuit was controlled by transformer saturation. When the
upper primary saturates, the cycle outlined in Section 13-2 occurs, but
now the reversed induced voltage not only drives Xx off but also drives
X2 on. The output is a square wave with a peak-to-peak output of 2Ece
multiplied by the turns-ratio between the primary and the load windings.
If the switching time is very small compared with the top of the pulse,
then the transistor is always either saturated or off, so that the transistor
efficiency is very high (see Section 5-6).
If the transistor switching and storage times may be neglected, then
the half period is the time required for the transformer flux to be changed
from positive saturation to negative saturation. If the maximum flux is
(f>m and if Nx is the number of turns in half the primary circuit, then
Eec

2Af i0max

T/2

from which

f=

Eec
4 V i </>max

As the operating frequency is increased, the sizes of the transformer
core and the filter components decrease. On the other hand, the core losses
increase and the transistor switching time may become an appreciable
part of the cycle, so that the transistor efficiency falls sharply. For small
amounts of power (say up to 20 watts), one can probably employ fre
quencies up to 10 kilocycles without undue difficulty. For larger amounts
of power, a frequency below 1 kilocycle may be more reasonable.
Various modifications of this circuit have been suggested. Among the
more practical would appear to be the idea of splitting the transformer
into two units. One small unit consists of the expensive, square-hysteresisloop material and is used as the transistor coupling element; the other is
a normal, nonsaturating transformer used to supply the output circuit.
Figure 13-7 shows a version of Jensen’s circuit* to effect this modi
fication. When T2 saturates, Rfb prevents a large increase in
hence
the on transistor starts to go off. Once started, switching is regenerative
and continues until the other transistor is on hard.
This circuit would appear to be particularly useful with variable loads,
since its efficiency should be essentially independent of the load. This
is so, because the peak magnetizing current is now limited by Rfb,
instead of by point Y of Fig. 13-2. This means that for light loads the
large current spike at the end of each on cycle is avoided. Since, with

* J. L. Jensen, “An Improved Square-Wave Oscillator Circuit,” IRE Trans,
on Circuit Theory, CT-4, 276-279, Sept. 1957.
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_____ r
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Fig. 13-7. Square-wave oscillator with two transformers and collector-base
coupling.
light loads, this current spike contributes a large portion of the transistor
dissipation, its removal considerably increases transistor efficiency.
In actual practice the loaded oscillator may not start unless a small
forward bias is supplied to at least one transistor. Also, in actual practice
the waveforms and efficiency will depend on the rectifier and load em
ployed; hence one should design the whole power converter as one over-all
unit.
For low-input-voltage and low-power applications, where a half-wave
rectifier is satisfactory and slightly reduced efficiency is allowable, one
may use an unsymmetrical version of Fig. 13-6. In this version Xj is a
power transistor and the half-wave rectifier is arranged so that power is
drawn from the transformer only when
is on. During the other half
cycle the current through X2 is only
since it merely returns the core
to the lower saturation region. The transformer need no longer be sym
metrical, because the bottom half of the primary does not carry the load
current. The waveshape need not be symmetrical either, because the reset
and power cycles need not be of equal length. If the transistor saturation
voltage is taken as zero, then, defining 7\ as the period when Xj is on,
we have

T2
Since output power occurs only during Ti, a first approximation to the
output power is
ECc^ maxT i

T2 4- 7\
This result assumes a constant output current, Zmax, during Tif which
in turn implies a resistive load and a load current large compared with
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The back bias across the power transistor, during the reset cycle,
is NiEcc/N2- If the transistor characteristic will permit some back bias
without danger of a negative-resistance region, then the inverse peak
voltage may exceed the
of Section 10-13. The largest safe N\/N2
should be used, since this leads to a large T\/T2 and hence a larger power
cycle.
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Problems
13-1. Derive Eq. (13-1) from the basic equations.
13-2. Derive Eq. (13-2) from the model.
13-3. Calculate the pulse period for the circuit of Fig. 13-8. Assume Rt =
500 ohms, Ri = 50 ohms, L = 50 millihenrys, and that a at the end of the
period is 0.75. Resistor Re (not shown in the schematic as a distinct element)
includes transformer losses and both transistor input imepdances.

4:1
o

10 v

<>
-

~

T
10K I?

'200 o

Figure 13-8
13-4. Calculate the pulse period for the circuit of Fig. 13-9. Assume Ri = 0,
L = 0.1 henry, and that/3 at the end of the period is 5. The transformer core
saturates at 12 ma.
1:1

5000 Mfd

<10K fi <10K Q

Figure 13-9

13-5. Assume that Cb governs the pulse period in a circuit similar to that of
Fig. 13-5. If R = IK ohms, Cb = 0.05 microfarad, Rb = 47K ohms, N = 1,
and Eht> = Ecc = 10 volts, calculate both the pulse period and the spacing be
tween pulses.

CHAPTER 14
TRANSISTOR SWEEP CIRCUITS

There are a number of applications where a voltage or a current that
varies linearly with time is required. In principle, a linear voltage sweep
is obtained when a constant current is supplied to a capacitor, and a
linear current sweep is obtained when a constant voltage is applied to
an inductor.
The practical problems connected with designing a sweep may be split
into several groups. Among them is the design of the voltage or current
generator. This may be complicated, especially in the current-sweep case,
by the lack of a physically available pure inductor. After the sweep
itself is generated one still has the problem of removing the stored energy
from the sweep reactance so that the cycle may be repeated. In many
cases this flyback or resetting portion of the cycle is complicated by the
requirement that it be short compared with the normal sweep time.
A great number of vacuum-tube sweeps have been invented. Most
of these may be transistorized. We shall make no attempt to outline all
these circuits, but rather shall concentrate on the analysis of several
circuits that seem particularly suited for use with transistors.
14-1 Current sweeps. The most straightforward transistor current
sweep would appear to be one in which the transistor is used simply as
a switch. Figure 14-1 shows the basic circuit. When switch £ closed,
may be calculated. Normally capacitor C may be neglected in this
calculation. On this basis the resulting expression for the current is

=

E^(1 -e-^+n/L)
T -j- K

R

iL

L

1

C

— Ecc

Fig. 14-1. Basic current sweep.
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When T(R 4- r)/L is small compared with unity, the exponential may
be expanded, to obtain
Ecct
At time T in this equation, the current is Im = ECCT/L. If 5 is then
opened the energy stored in the inductor, (|)(LZ5/)> will start to transfer
to the capacitor and will then return to the inductor. Upon the start
of its return, the direction of the current will be reversed, and the energy
will be diminished by the losses in r. The period that it takes to accomplish
the current reversal will be the half-period of the ringing circuit formed by
the L-C combination. If the flyback time is defined as Tfb> then

(14-2)

Tfb = tiVLC.

If after the time Tfb the switch is reclosed, then the current Tm =
Imc~',2Q will be flowing upward through L. If the circuit Q is high,
then this current will be essentially equal to Im- The current through
the inductance is now (again ignoring C)
^down

Ecc

r+ R

(1 - e

When Im = I'm and 2T(R + r)/L « 1 the current zl will rise from
==
Im at t = 0 to i’l = 4-Zm at t = 2T, so that a current sweep
of 2Im has been obtained.
The peak voltage during the flyback is easily obtained from an energy
consideration. Thus
1
2
&
from which

Vm =

==

1

(14-3)
fb

Since the LIm product is normally set by the deflection requirements of
the tube being swept, the only direct way to reduce Vm is by increasing
T fbThe ideal circuit is transistorized by replacing the switch with a tran
sistor, as shown in Fig. 14-2. During the first half of each sweep, the
current x’l must flow upward through L; hence the collector of the on
transistor must act as the emitter. With some transistors, especially
small units, the collector may be a rather inefficient emitter and the
diode D may be necessary. (The diode will also carry the current if the
t'l reversal and the transistor drive temporarily fall out of synchronization.)

14-1]
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1

1.
C

e, .

ii\ •=» r -i-’
Transformer damping resistor

‘==r

Fig. 14-2. Transistor sweep circuit.

Alloy transistors with low body resistances should be used so as to
minimize T(R + r)/L and to increase the sweep linearity. The driving
signal should supply an initial large back bias so as to remove the tran
sistor from saturation rapidly. The back bias should fall before the peak
voltage is reached in order that negative-resistance oscillations (see
Section 10-13) may be avoided. If the transistors have an adequate highvoltage rating, then any desired drive may be used. With transformer
coupling, failure of the driver will leave the switch off, preventing the
output transistor or the deflection yoke, or both, from being damaged.
If heavy currents are to be switched, then storage time may be a problem.
If the over-all deflection system has a “phase shifting” feedback system
that prevents time discrepancies between the sweep and the initial trig
gers, and if the transistor on-impedance remains close to zero during the
storage time, then it will not be bothersome. Since most power transistors
have low cutoff frequencies, the active turn-off time may be appreciable.
In calculating the transistor dissipation, the turn-off period may turn
out to contribute the most significant portion of the power loss. The
deflection yoke is often either transformer- or capacitor-coupled (a shunt
inductor must also be provided) to the transistor. If transformer coupling
is used, then the maximum transistor voltage and current ratings may
often be utilized more fully than the direct connection would allow.
The peak voltage of the flyback pulse is often reduced by connecting
an additional parallel tuned circuit (tuned to the third harmonic of the
L-C combination) across L. The third harmonic voltage subtracts from
the peak voltage across C and reduces the peak back bias applied to the
transistor by perhaps 25%. This third harmonic circuit may have a reason
ably low Q because only its second peak is of interest. It may be coupled
across* L with a series capacitance, which also serves as the primary
resonating capacitor for L.
In the horizontal sweep of a television set, one normally obtains the
very high voltage supply from an additional winding on the yoke trans
former. In such cases, capacitance is added to the transformer winding
so that its leakage reactance will resonate at the third harmonic of the
flyback frequency, and a separate third-harmonic circuit is not required.
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The linearity obtained will increase with the L/(R + r) and L/r ratios.
In a practical circuit, neither of these ratios is accurately known. How
ever, with a transistor having a low saturation resistance and low-loss
ferrite cores for the deflection yoke, one should be able to restrict over-all
nonlinearities to 5% or less.
If the sweep is being used to deflect a beam of electrons in a cathode-ray
oscilloscope, then a linear movement of the beam does not necessarily
imply a linear sweep. The tailoring of a particular waveshape to produce
a constant beam velocity is not a problem peculiar to transistors; hence
we-shall not consider it further.
14-2 Linear voltage sweeps. The obvious voltage sweep is a constant
current flowing into or out of a capacitor. The first approximation to a
constant current source is normally a large resistor in series with a power
supply. We shall consider two more sophisticated circuits in some detail.
As in the current sweep, one has a sweep cycle and a reset or flyback cycle.
In both sweeps we may assume that we have two transistors: one that
functions as an amplifier or current source during the sweep, and one that
serves as a switch during the reset cycle.
14-3 Constant-current charging or discharging sweeps.
Since
Ic = alt is normally a reasonably good approximation, a simple tran
sistor may be used as a constant-current device to charge or discharge a
capacitor. Figure 14-3 shows a simple circuit. A pulse of charge is stored
in C, and then allowed to flow out through the transistor. The value of Ie
is variable, by means of Rit and thus the sweep rate is variable. If Vi
is the capacitor voltage at the start of the sweep, then

ViC
(14-4)
Ic
At the end of the discharge, the output will reach zero and remain
there until C is recharged. The diode and pulse shown in Fig. 14-3 could
Tmax

9 Output

Reset pulse

1

C

Rt

+

Bypass capacitor
Fig. 14-3. Constant-current capacitor discharge.
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be replaced by a power supply and a switching transistor. The output
sampling of such a sweep must be done by a high-impedance circuit such
as an emitter follower. The power requirements of the transistor are
easily obtairtcd as the average collector power over the active period, or
VxIc/2. (If there is a waiting period between pulses or if the sweep
voltage does not reach zero before the flyback, then this expression must
be adjusted appropriately.) The peak junction power occurs at the start
of the sweep and is Vilc. If the sweep is slow and the junction is
physically small, so that it has a small thermal time constant, then the
peak power should be used in calculating thermal effects.

14—4 Bootstrap circuits. The basic bootstrap circuit is a modification
of the simple R-C charging circuit in which the effective charging voltage
rises as the capacitor voltage rises, so that a constant current into the
capacitor may be maintained. Figure 14-4 shows the prototype circuit.
In this circuit

I =

E + Aec — ec
R

(14-5)

From Equation (14-5) it can be seen that when A approaches unity,
I = E/R, which is a constant and therefore results in ec increasing
linearly with time.
Figure 14-5 shows a transistorized version of Fig. 14-4. Between sweeps
Xi is on and C is shorted. To initiate a sweep, Xi is driven off. (The
R

+
E

Fig. 14-4. Prototype bootstrap circuit.

Sweep o

0 v-TTT_TT

Reset pulse
Fig. 14-5. Bootstrap circuit.
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Cs

R

If
mAh

Sweep
0 v- Reset

f tr o
Rc

Fig. 14-6. Bootstrap circuit.

storage time of Xi should be small if it has been appreciably saturated
during its on period.) Capacitor C then charges through R from E and
the voltage across Rc. However, as ec rises, eRe rises and bootstrap action
results. Since the sweep must end when the collector-base junction of X2
becomes forward biased, the maximum period is approximately

RC.

In actual practice the additional power supply E may be a nuisance,
and may be replaced by a large capacitor if some provision is made for
recharging the capacitor after each cycle. Figure 14-6 shows a circuit
with such a storage capacitor, Ca, and a diode for recharging it to ap
proximately Ecc during the reset cycle. During the rundown, Ca discharges
into C and the diode is off. When the switching transistor XY is on, then
X2 is off and Ca recharges through Re. If rapid flyback is desired, then
this situation may be untenable, since Ca and Re should both be large.
Capacitor Ca must equal 100C if the voltage change across Ca during the
sweep is to be 1% of the sweep voltage.
Resistor Re cannot be too small or the linearity will suffer. The result
ing CaRe combination could easily require half a second to reach equilib
rium. When this time is not allowed, then the diode will not go off at the
beginning of the sweep cycle, since Ca will no longer be charged to Ecc
but only to some fraction of it, say AECC. The transistor X2 is now biased
off until the timing-capacitor voltage builds up to AECC. Therefore, this
initial sweep is not linearized by bootstrap action. During this period
ec = (Ecc - ED)(1 - e
If the output is taken at the emitter of the emitter-follower, then no
sweep appears until ec = AECC- Then the transistor comes on, and the
remainder of the sweep (often only | to f of the sweep drive period)
appears at the output. Normally, one wishes to avoid this condition.

i
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One straightforward way is to include another switching transistor, X3,
in parallel with Re. This transistor is driven in parallel with Xif and thus
when C is shorted, Re is shorted and Ca may charge through the saturation
resistance of the switching transistor. There is now no reason to retain
Re, and it may be removed from the circuit.
Another way to speed up the recharging of Ca is to return the lower
end of Re to a positive voltage, Eee- (This polarity assumes that all
transistors are of the P-N-P type.) Now Ca will be trying to charge to
(Ecc + Eee), but will be caught at essentially Ecc by the base-emitt'er
diode of X2.
Under these conditions the recovery time, Tr, from (Ecc — A) to ECCt
where A may be approximated by EccTa/RCa, is given by

Tr = ReC. In

1+

EecTa
EeeRCa,

(14-6A)

Normally the logarithm may be expanded, so that
(14-6B)
Thus when Ecc and Eee have equal magnitudes and when Re = R,
Tr = Ta; hence a square-wave drive should allow complete recovery.
(One assumes that the half-period of the square wave is long enough to
allow the complete sweep to occur.) In practice Eee must be somewhat
larger than Ecc to allow complete recovery with a square-wave drive.
Figure 14-7 shows the basic circuit during the sweep, and also the
model representation. The case illustrated is one in which a switching
transistor, X3, is used in the emitter of the “emitter follower,” Xi, and
Re is omitted. In this circuit Ca is assumed to be much larger than C,
say C, > 100C. With this assumption the voltage E across C, may be

lp-r
&

x2
—1

\ V . ’ ■—|

EfC

Cs

C

R ~E +

Ro.\

(a)

(b)

Fig. 14-7. (a) Basic model for Fig. 14-5 during the sweep cycle, (b) Reduced
model for part (a).
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considered to be a constant.

From Fig. 14-7(b) we obtain

I'2 =

E — Veb {
R

— ^2^ c2

I CO\

Ico2

_ g2(E - Vg6)
R

03’

I co$

(14-7 A)

I COj,

and
ec =

ict ~ a2(E — Veb)t
~C —
RC

+ <Jco2 c

JCOi)t

(14-7B)

From Eqs. (14-7) we see that to minimize temperature effects one should
make E » Veb and (E/R) » Net Ico. From the bias viewpoint the
transistor is being operated in the common base mode; therefore, = 1
and no Ico multiplication occurs.
If the Zco’s are neglected and if the sweep is assumed to end when
|ec| = \ECC + Vbc|, where Vbc is the turn-on bias of the collector-base
diode of X2, then
RC(Ecc + Vbc)
(14-8)
Ta =
a2{E - Veb)

With germanium transistors and diodes, turn-on biases are small and
hence
Ta
RC.
With silicon transistors and diodes, these biases may not be negligible.
Here E will be less than Ecc by the 0.5 to 0.6 volt drop across the re
charging diode. In this case, with Ecc = 6 volts, one might find
Ta

1ARC.

The transient response requirements imposed on the various transistors
are as follows:
1. Xi and X3—The active switching times should be short compared
with the sweep time, since the sweep cannot start until these units are
off, and the discharge of C and recharging of Ca cannot occur until they
are on. The storage times should be small to avoid a delay between the
application of the drive and the beginning of the sweep.
2. X2—If Xi and X3 operated in zero time, the beginning of the sweep
would still be limited by the time necessary to turn X2 on. Since this
stage is operated in a common base fashion, the switching time constant
will be approximately l/wa0. For example, if one desired that X2 be
95% on before 1% of the sweep has occurred, then coQO > 300/T«. This
would require wa0 > 3 X 106 rps for a 100-microsec sweep. If the initial
delay is unimportant, then such a requirement is much too strict.

1
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14-5 Monostable bootstrap circuit. If one desires a circuit which may
be triggered with a pulse, rather than driven with a gate, then one must
provide an additional internal feedback path to hold the switching tran
sistors off for the duration of the sweep.
If the circuit of Fig. 14-6 is considered (with X3 and without 7?e),
one sees that X2 comes on as soon as A4 and X3 are driven off; hence if
a resistor is included in the collector of X2, then one would obtain a-posi
tive-going gate (for P-N-P transistors) when X2 comes on. This gate
could be capacitively coupled back to the bases of Xi and X3 to hold
them on until the sweep was completed. Figure 14-8 shows such a circuit
for -P-N-P transistors. The trigger-source impedance must be reasonably
low, since the trigger must turn off
and X3, which are initially
saturated.
Figure 14-9 shows the circuit that holds Xi and X3 off during the
sweep. From the circuit we obtain
tb = —Ecc 4-

Rb

Rb 4- R

(Ecc + aIe2Rc) exp [—t/(Rb + Rc)Ch\-

(14-9)

Ch

+ I/
Trigger
2

>4

o-

,Rt
Rb

Tri

cs

!

I/ +

'CC

o

r*3

Et<^

Fig. 14-8. Monostable bootstrap circuit (P-N-P transistors).
Ecc

+ 1/
cn

A'
^Rb
eb

JLEcc

Fig. 14-9. Holding circuit for a monostable bootstrap sweep circuit.
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Several different events may end the sweep. Capacitor C may charge to
Ecc and saturate X2, or Ch may discharge sufficiently to allow Xr and
X3 to go on. If
and X3 go on when eb = 0 (for germanium transistors),
then Eq. (14-9) may be solved for the minimum Ch necessary to allow
the full sweep to occur. Resistor Rc may normally be quite small (200 to
500 ohms), so that Rb » Rc- If, in addition, one assumes that alt2 =
Ecc/R, then when eb = 0, Eq. (14-9) reduces to
erlRbCH = j

R

If R » Rc, then

T

RbCnRc
R

When the period is set equal to Ta and then approximated by RC,
we find that the condition necessary for Ch not to limit the sweep period is

Ch >

A2£

RbRc

Having R = 5K ohms, Rb = 15K ohms, and Rc = 200 ohms, would lead
to Ch > 8C. In actual practice a smaller value of C-h is often possible.
In general, Ch should not be larger than necessary, since a large value will
increase the time to recharge it at the end of the cycle. If C charges before
Xi and X3 come on, then X2 saturates, and the sweep bottoms. The
bottoming continues until Xr and X3 come on. As they come on, X2 is
driven off, C is discharged, Ca is recharged, and Ch may recharge to its
initial value.

Suggested Reading
1. K. P. P. Nambiar and A. R. Boothroyd, “Junction Transistor Bootstrap
Linear Sweep Circuits,” Proc. Inst, of Elec. Eng., Part B, 104, 293-306 (1957).
A very complete study of the bootstrap circuit. Contains experimental results.
2. L. E. Flory, G. W. Gray, J. M. Morgan, and W. S. Pike, “Transistorized
Television Cameras using The Miniature Vidicon,” RCA Review, XVII, 469-502,
Dec. 1956. This article presents several horizontal and vertical deflection sys
tems. It also provides some insight into an over-all television system.
3. H. C. Goodrich, “A Transistorized Horizontal Deflection System,”
RCA Review, 'XNTH., 293-321, Sept. 1957.
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Problems
14-1. Consider the circuit of Fig. 14-10. If T, is 200 microsec, T?B = 35
microsec, C = 200 ppifd, and the total series resistance during the sweep cycle is
10 ohms, then calculate the sweep amplitude (the current through L) and the
required transistor collector breakdown voltage. How much capacitance would
have to be added externally to reduce the collector backswing to 100 volts?
What would be the flyback time for this case? Will the stated flyback pulse
period, Tfb, be adequate with this new capacitance? Is the sweep linear?

,im

I

r~

TFB — Ta —

1

;c
----- E

L = 50 mh
E = 10 v

Figure 14-10

14-2. In the circuit of Fig. 14-11 assume that all transistors are identical and
have the following parameters: Ico < 5 pamp, Veb = 200 mv, Vcb = 180 mv,
a > 0.97, wao = 5 X 106 rps, and a saturation time (with the given driving
signal) of 1 Msec or less. Make any other necessary assumptions and calculate
the output waveshape.

1500
Msec

n

2 pfd
, .
12 v

50 ^ec

-6 v

|(10 Mfd

T 12 v
Source has
100-Q output
impedance

|gk n
-ei2 v
Figure 14-11
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CHAPTER 15

NEGATIVE-RESISTANCE DEVICES IN SWITCHING CIRCUITS

In this chapter we shall examine several negative-resistance devices
and circuits which may be used as elements in switching circuits. While
several specific devices will be discussed, emphasis will be placed on the
employment of the device characteristics in circuit design, rather than
on the devices themselves.
15-1 General negative-resistance characteristics. One of the easiest
ways to visualize a current-controlled negative-resistance device or circuit
is shown in Fig. 15-1. The switch selects the position dictated by the
value of In flowing at any instant. If a load is connected, then either
a graphical approach on the characteristic or a loop equation with the
circuit will yield the operating point. The graphical approach is demon
strated in Fig. 15-2 for three load resistors. In this example we have
Vn

Vp, Ip

Va

< IP

In

Vc

Iv > In > Ip

Vv, Iv
----- ^In

Rc

In > Iv

Fig. 15-1. Characteristic and representation of a current-controlled negative
resistance device.

VN

VL

Rlx

Rl2

Rl3

Yiq. 15-2. Graphical construction.
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vN
Vl
Rl

In

Fig. 15-3. Load line for bistable operation.

In. =

Vl ~ Vc
Rc + Rl.

In2 =

Vc ~ Va
Rl2 — Ra

In3 =

Vc+ V.
Rl3 + Rs

A bistable device may be constructed from the characteristic of Fig. 15-1
or Fig. 15-2 by using a load having multiple intersections, as shown in
Fig. 15-3. During the normal operation of such a device, it is switched
between the stable Points I and III. Point II is normally unstable. This
point will be considered in detail in Section 15-7. Triggering may be
accomplished from the left-hand region by momentarily raising the voltage
beyond the peak value, Vp. The operation will shift to the Ra segment
and decay to Point III as fast as the terminal capacitance can be charged
through the resultant Th6venin equivalent circuit. A monostable circuit
is constructed by employing a load such as Vl~Rl. or Vl~Rl3 of Fig. 15-2,
together with a terminal capacitance, to control the time the circuit takes
to recover to its stable point after it is triggered. An astable circuit
results if a load such as Vl~Rl2 of Fig. 15-2 is employed with a terminal
capacitance. In order to represent a voltage-controlled negative-resistance
device, one merely takes the dual of Fig. 15-1. That is, one interchanges
V’s and Z’s on the graph, and converts the series resistance-voltage source
combinations into parallel conductance-current source combinations.
15-2 Emitter-coupled monostable circuit from a negative-resistance
viewpoint. As an initial circuit for investigation, let us examine the
emitter-coupled monostable circuit of Chapter 12. The circuit is con
sidered for the case where in the rest state T. is saturated and T2 is off,
and in the pulse state Ti is off and T2 is saturated. The circuit is redrawn
in Fig. 15-4 with the capacitor terminals emphasized. In the rest state
T\ is saturated and T2 is off; thus the circuit reduces to the form shown
in Fig. 15-5(a). In the pulse state Ti is off and T2 is saturated, and so
the circuit reduces to the form shown in Fig. 15-5(b).
In the active region both transistors are on, and a negative resistance
will be seen from terminals 1-2. The approximate circuit is shown in
Fig. 15-6.
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In

I

2

ff
T Ecc

_JL
T*

7’2

<Rb

He

Ecc

Ecc

Fig. 15-4. Emitter-coupled monostable.
Er
InVN

VN

E«

Rr =

_______ RtRbRhi________
ReRb 4- RcRlx 4- RbRbx

Rp =

ReRRi.2
ReR 4- RcRl2 4- RRl2

Er =

ReEcc(Rb 4~ RLi)
ReRb 4- RcRlx + RbRi.i

Ep =

RcRlJZ + ReREcc
ReR 4- RcRl2 4- RRi.2

(a)

(b)

Fig. 15-5. (a) Equivalent circuit for Fig. 15-4 during the rest state, (b) Equiv
alent circuit for Fig. 15-4 during the pulse state.
hi
lb——

Rb
In

1)
4-

IF

Vn
Rl2

Ecc

2

-<—
a2(! +

Fig. 15-6. Active-region model for Fig. 15-4.
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Kv

------------------------------- ►

T2 off} Recovery period

Pulse |T2 on
period fZ*! off

Stable point (Zjv = 0, capacitor charged)

Fig. 15-7. Emitter-coupled monostable.

As a rough approximation

hi = rbi 4- (1 4" 3i)[rei 4- r«2 4- (1 — a2)(rb2 4- 2?)].
When Rb » hi
Vn = ibthi 4- Eec 4- [Z^r — a2(l 4- 3i)uJ2?l^,
Ui =

Rb
Rb 4- hi

Kb /

Therefore
VN =

+
vN

Rbhj

Rb + hi

1+

4- Rl2 —

hi

Rb 4~ hi

^2(1 4~ fi\)RL2Rb
In
Rb 4- hi

Rl2<12(1 4- 3i)
Rb 4- hi

= [/it- + Rl2 — (1 + &\)Rl^In +

= —{^Rl2 — hi) In —

Ecc,

1 -

R22&1

Rb

Ecc

3
Rl2-^-]E
cc.
Rb.

If the characteristic is drawn from these segments, the result is Fig. 15-7.
The path of operation is shown by the arrows and broken lines. This analy
sis has been at least as much work as that of Chapter 12 and has not
yielded a significant increase in our understanding of the circuit. The
purpose of the analysis is to demonstrate that a familiar circuit can be
analyzed on a negative-resistance basis, if it is so desired.

15-3 General observations on negative-impedance devices. Devices
that exhibit negative-resistance regions may be either current-controlled
(that is, single-valued with respect to current, as in Fig. 15-7) or voltagecontrolled (that is, single-valued with respect to voltage, as in Fig. 15-16).
They may be built up out of individual components that do not by them-
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selves exhibit a negative-resistance behavior. Figure 15-4 is an illustration
of such a case. On the other hand, various devices exist which intrinsically
have negative-resistance characteristics. In the next several sections we
shall discuss the basic characteristics of several negative-impedance de
vices. Then we shall proceed to examine various circuits employing them.
15-4 Negative-impedance converter.
If a P-N-P and an N-P-N
transistor are connected as shown in Fig. 15-8, a negative-resistance
characteristic can be generated. One sees here that since the collectors
and bases of I\ and T2 are cross-connected, they must both come on and
both saturate together. Hence the three regions will be: both active,
both off, and both saturated. In the last two regions the transistors are
not in the circuit except as open or short circuits; hence the input re
sistance must be positive. In the active region the voltage across R5 is
approximately V^, since the emitter-base drop of
is small. The current
through R5 may be approximately —In, so that the input resistance is
approximately — R5. (For this condition to exist, Vi = V3, R2 = #3,
Ri = R4) and /32 » 1.) The small-signal behavior of this circuit, while in
the active state, will be considered in Chapter 16.

In
o—

+

' 11 '------ '—

J

</?2

VN

Ty'
Fig. 15-8. Negative-impedance converter.

Vn

Rc

Vi
Ry

Ra = -r3

Rs =

______ RyRyRs______
R^Ro 4+ 2R^R^

XF,
Fig. 15-9. Negative-impedance converter characteristic when Vi = Fa,
R4, and
= Rt‘
Ri
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15-5 PNPN (four-layer) diodes and controlled rectifiers. If the two
transistors of Fig. 15-8 are considered as one unit, then the unit might
be drawn as shown in Fig. 15-10(a). From a simple d-c model for each
transistor, one can write
Z/V = (O-\In + Acoj) +

+ ZCO2)

Zco\ “b Zc02
1 — ai — a2

When the device is constructed as a single unit, as shown in Fig. 15-10(b),
then the Zco’s merge into a single leakage current. Normally, the device
consists of silicon, so that this leakage (or off) current will be small. As
Vw goes positive, the two outer junctions are forward biased, while the
center junction is back biased. As Vn and In increase, the two alphas
increase as a result of either or both of two reasons. From Fig. 1-7 we
recall that for very low emitter currents alpha may fall off substantially.
Thus as In increases the alphas increase. In addition as Vn increases,
avalanche multiplication occurs at the center junction. This effectively
increases both ax and a2. When (ai + a2) reaches unity, In is no longer
controlled by the device and must be limited externally, or by the satura
tion resistance of the two forward biased, saturated transistors. A sample
characteristic is shown in Fig. 15-11.
To make a controlled rectifier, one adds a third connection, shown as G
in Fig. 15-10. This connection allows one to back bias the right-hand
junction so .that a value of Vn which previously would have fired the
device no longer does so. By varying this bias, the device may be either
fired or prevented from firing, so that the single characteristic of Fig. 15-11
now becomes a family of curves. Devices of this type have been constructed
to control currents up to the hundred-ampere range. The control signal
works into what is effectively a transistor input impedance, and hence
it must be able to supply turn-on power as well as turn-on voltage.

+
Z.v—(1

+

Kv

G

(a)

2

Vn

Av---- -

(b)

Fig. 15-10. (a) Two transistors connected to form a PNPN unit, (b) PNPN
or four-layer diode.
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VN, volts

30-

1-

Fig. 15-11. Idealized four-layer diode characteristic.

15-6 Unijunction transistors (double-base diodes). Another device
that lends itself to calculation on a negative-impedance basis is the uni
junction transistor, illustrated in Fig. 15-12. This is a bar of N-type
semiconductor material with connections at each end, and with a P-N
junction situated more than half of the way from base 1 to base 2.
If the base material is N-type, then the device is biased with base 2
positive with respect to base 1 by Vbb volts. The emitter junction is
back biased so that Ve.bl < vVbb, where i] = RbJ(Rbx + Rb^) and Rb{
and Rb2 are the resistances of the semiconductor bar on either side of
the junction.
When the emitter diode is forward biased, the conductivity of the
material between the emitter and base 1 is increased by the injected
Emitter
P-N junction
Base 2

Base 1
(a)

Fig. 15-12.
I(a) Unijunction transistor construction.
transistor symbol.

(b)

(b) Unijunction

I
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Vt

11 v -

-1.3K n

Ra
Rc = 1M - -------

3 v

i
i
i

'

I
10 Ma

______ ___ Vbb = 20 V

Rs = 15 n
Ic

10 ma

Fig. 15-13. Unijunction characteristic.

Rj'

Idea! diode
le

Rr

r

Vd

Rb,

71
vt/

’.Rbt >

Vc

IX

Switch closes when
Vt becomes zero
(saturation)

ra

Fig. 15-14. Unijunction model.

carriers, since

o' = q[pPP + pnn],

A<7 = 9MpAP(1 + ^).

When p increases, n must increase the same amount to maintain charge
neutrality; hence Ap = An. Since c is increasing with Ie, the voltage
from emitter to base 1 is falling and a negative resistance results. The
end of this negative-resistance region occurs when saturation is reached.
Saturation occurs here since the mobility decreases as the charge carrier
concentration increases. For small changes in the concentration, one
normally ignores these changes in the mobility; however, here they are
important as a limiting process. For currents above saturation, the volt
age again increases but only slowly, since saturation resistances of 10 to
20 ohms are possible. The firing voltage, which is essentially (i)Vbb + Vd),
is varied by varying Vbb- In this expression Vp is the voltage required to
turn on the emitter diode (150 millivolts for germanium and 600 to 700
millivolts for silicon).
A typical characteristic is shown in Fig. 15-13. For purposes of cal
culation one might replace the characteristic by a piecewise linear model,
as shown in Fig. 15-14. If the peak point is designated as (Zp, Vp) and

406

[chap. 15

NEGATIVE-RESISTANCE DEVICES
Vr
*11 =

Vp "A

Rrf\

RblRb2
Rbt 4- Rb2

v.
h>

le

lu

Fig. 15-15. Piecewise linear representation of a unijunction transistor.

the valley as (Z„, Vv) and rj = Rbx/{Rbx + RbJ, then the model yields
the approximate piecewise linear characteristic of Fig. 15-15, for which
the following relationships hold:
Vp = rjVbb + Vd,
Rbb_____

Iv^ Rb2(7 - 1)’

h=

Rr ’

Vv = -rr
vD +i
pr

7Pa

Rb,(7 - 1)'

The model is not really a good representation in the region of the valley,
since in that area the actual characteristic is quite curved. This corre
sponds to a decrease of V from a value on the order of 3 near the peak
towards unity as saturation is approached. The maximum value for 7
in an N-type-base unijunction would be (1 + fjLn/p.p), or 3.8 for silicon
and 3 for germanium. In making the model one might choose 7 = 2
as a compromise. Such a selection would lead to values for Iv and Vv
that would tend to be smaller by a factor of about 2 than those observed.
With 7 = 2 the negative resistance in the active region is approximately
— (RbiRb2}/(Rbi + Rb2)> which is the same as — i]Rb2- With present
devices this leads to values of 1 to 2 kilohms. In actual practice, for
small-signal operation, values from 2K ohms to several hundred ohms
are obtainable as the slope of the curve decreases from the peak toward
the valley point. In the active region, the relationship between Ib2 and Ie
can be shown to be
Vbb
— 1)Z«,
a2 = Rbi + Rb2 +

so that with 7=2 and v = 0.6 the current gain from Ie to Ib2 is 0.6.
(Measured values tend to fall between 0.5 and 0.8.)
15-7 Esaki or tunnel diodes. An example of a voltage-controlled
semiconductor device is the Esaki or tunnel diode. It has been found that
a negative-resistance region occurs for small forward biases in very narrow

I
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In, milliamp

150 -

20
100

500

Vn, millivolts

Fig. 15-16. Esaki (tunnel) diode characteristic.

P-N junctions with nearly equal dopings on the two sides of the junction.
Figure 15-16 shows an idealized characteristic. The right-hand rising,
portion of Fig. 15-16 is the normal forward biased diode region of the
device. The current variation in the vicinity of the origin is due to the
quantum mechanical tunneling of electrons through the narrow (100
angstroms or less) space-charge region of the junction. As the applied
voltage is increased from zero, tunneling (and current) first increases and
then decreases toward zero. This decrease in current with increasing
voltage results in a negative-resistance region.
The slope of the negative-resistance region for this device is very low
(approximately 3 ohms for Fig. 15-16), so that difficulties are encountered
in combining it with other circuits. On the other hand, the device possesses
extremely good high-frequency characteristics. The references concerning
the device at the end of this chapter report oscillations at frequencies
of 4000 megacycles and switching times of 2 millimicroseconds. This
means that in spite of the low impedance levels, one should expect to
find tunnel diodes as switching or memory elements in high-speed com
puters and as active elements in high-frequency oscillators.
In addition to their desirable high-frequency properties, tunnel diodes
would appear to offer possibilities as simple and accurate reference devices.
By controlled manufacture and selection, manufacturers have been able
to offer devices in which the peak current (the left-hand peak) is con
sistent to within 2% or less of a given value. In addition, the peak current
is reasonably unaffected by temperature, say perhaps a 5% change in
current value for a 150°C change in temperature. Section 15-12 contains
several circuits illustrating this usage.
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15-8 Capacitor discharge circuits. The current-controlled negative
resistance characteristic may be used in a manner analogous to the gas
tube as a self-firing switch to discharge a capacitor. For this purpose
one desires a low current in the cutoff region and a high current in the
saturation region. To obtain a large output swing, Vp/Vv must be large,
since the swing will be
Vp - Vv = Vp

i

vj

^5>
In the circuit of Fig. 15-8, Vp is controlled by R4, R
5, and V3l while
the charging time is controlled by Ri, Vlf Vp, and Vv. Thus to some
extent independent control of amplitude and frequency are possible.
The analytical expressions for charge and discharge time are

Tcharge

= T^iCln

^discharge — R$C In

Vi - F?\
Vi - VPJ ’

V. - M

V, - Vj ’

where the voltages must have their proper signs for the circuit in question.
Since the circuit of Fig. 15-8 already has Ri and Fi in its input, only
the capacitor need be added to it.
To make a sweep from the double-base diode (unijunction) or fourlayer diode, one must add a separate charging resistor, Rlt and a charging
battery, Fi. With the four-layer diode, Vp and Vv are device constants,
so that the amplitude is fixed but the charging time may be adjusted.
Since Ra may be very low, the flyback may be short. If Vv is taken as
approximately zero, then
^charge

= 2?lCln

V1
Vi - Vp.

^discharge = ZR»C.

With the unijunction diode the peak voltage is (V d + ijVbb)', hence
it may be controlled by setting Vbb- The saturation resistance is low
compared with that normally obtained from Fig. 15-8, but higher than
the four-layer diode values. If Vp » Vv, then charging and discharging
times will be the same as those for the four-layer diode. However, if Vv
is comparable with Vp, then it must be included in both calculations.
A narrow pulse of current (or voltage) can be obtained from any of
these circuits during the discharge interval, since during this interval In
will initially be large. The operating path on the Vn~In characteristic
will be as shown in Fig. 15-17. As the frequency of operation increases,
the capacitor will discharge appreciably during the upper switching in
terval, and charge appreciably during the lower switching interval. As
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VN

I

Charging

Switching

Discharging

---Fig. 15-17. Ideal Vn~In characteristic.

this happens the corners of the sweep will become rounded, and eventually
the output will be essentially sinusoidal. In Section 15-11 we shall con
sider the frequency response in more detail.
15-9 Astable multivibrators. In Section 15-8 the ratio between the
charge and discharge times of the circuit was made large. In this section
we wish to consider circuits with more nearly equal charge and discharge
periods. Since both the double-base diode and the four-layer diode have
low saturation resistances, one must normally employ an additional
charging path and switching element (a diode) to obtain equal periods.
Such a circuit is shown in Fig. 15-18.
In this circuit VXR2/{R\ + R2} must exceed Vp, and Rx should exceed
Initially, capacitor C charges toward F17?2/(^i + ^2) and diode D
is on. When Vc = VP the transistor fires and the diode goes off. The emit
ter reaches a stable point, Vea, at the intersection of the Ri~Vi load line
and the negative-resistance characteristic as rapidly as the stray capaci
tance and device characteristics will allow. The capacitor now discharges
through R2 until its voltage is slightly below Vea. At this point the diode
comes on and connects the capacitor to the emitter. The connection of
the capacitor to the negative-impedance region makes the point unstable,
and operation shifts to the cutoff characteristic; that is, the unijunction
or four-layer diode goes off and C recharges toward
+ #2) as
the cycle repeats. The timing of the periods depends on Vp, which is
adjustable with Vt>b> and on the intersection of the R\-VY load line with

+
I:

C

1

Tr‘

Fig. 15-18. Circuit permitting triangular or rectangular outputs from a
unijunction transistor or four-layer diode.
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the device curve. If the unijunction is represented by the V = 2 model,
then the negative resistance is — t)R2 and the In = 0 intersection is
at Vp. Thus

RlVp - VR2 - V1
Ri
yRbz

Vea

and
Tcharge

= TiiC In

Vf - Ves
V ~ Vp.

where
R i -Rg
Ri + R2

V' =

Ri + R2

Also
^discharge = R2C In

In actual practice the Vn~In curve will tend to lie above the piecewise
curve, so that Ves will be larger than calculated. This will reduce the
voltage swing across the capacitor, as well as the charge and discharge
periods as calculated above. For an example, consider a silicon unijunction
with 77 = 0.59, Rbi = 3.3K ohms, and Rb2 — 2.3K ohms which was
employed in a circuit with

Vi = Vbb = 9.5 volts,
Ri = 4K ohms,

R 2 = 22K ohms,
C — 2 microfarads.
The calculated values were

Vp = 6.3 volts,
Vea = 4.6 volts,
7 charge

7'discharge

= 4650 microsec,
13,900 miCTOSCC,

and there was an emitter swing of 1.7 volts. The measured values were

Vp = 6.4 volts,
Vea = 5.1 volts,
Tcharge

= 3000 microsec,

TdiBcharge = 8800 microsec,

15-9]
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Table 15-1

V,
volts

'charge

^discharge,

millisec

12
19.5
26
33.5

14.3
20
25.4
33.4

so that the actual periods were only about two-thirds of the calculated
periods. By varying R2 or RXi the relative on and off periods may be
varied (together with amplitudes). If a square output is desired, it may
be obtained across a small resistor in series with base 1 or base 2. A
triangular wave may be obtained across the capacitor.
If all the voltages are derived from a common power supply, V, then
one might expect V to cancel out except for certain Vd/V terms. This
is true, but it turns out that often the Vd/V terms are not insignificant,
and the periods are still dependent on V. For example, with the circuit
of the previous example, we obtained the data of Table 15-1.
Figure 15-19 shows a variation of the astable circuit. Basically this
circuit is similar to that of Fig. 15-18, in that when the diode is on the
unijunction is off, and when the unijunction fires the diode goes off.
When the transistor is on, C charges through R2 toward (V2 — Yes').
When the transistor is off the capacitor charges through Ri toward V
Switching takes place when the left side reaches zero (the diode comes on),
and when the right side reaches Vp (the unijunction comes on).
Figure 15-20 shows a modification of Fig. 15-19 that allows a large
square wave to be derived from the circuit. In this modified circuit, the
diode is replaced by the base of a switching transistor. Resistor RL
should be made large enough so that the transistor is saturated when
it is on, in order that an output swing of V3 volts can be obtained. The
minimum base current for the transistor occurs at the end of its conduc-

1

/?2

c

T f

Tv«

Fig. 15-19. Astable circuit.
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Output

"j" Vu,
X

Fig. 15-20. Astable circuit with large square-wave output.

tion period, and is (Fi — Vp)/7?i.
Rl is

Rl >

Therefore, the minimum value for
V3R1

- vp)

Another reason for saturating the transistor is to have its input impedance,
which is in series with R\, at a low value during the transistor conduction
period.
Reasonably symmetrical operation of the impedance-converter circuit
of Fig. 15-8 can be secured directly, since R\ and 2?sat can be within
an order of magnitude of each other, and the differences can be adjusted
by varying the values of Vi, V3, R4t and 2?5.

15-10 Monostable operation.
The impedance-converter circuit of
Fig. 15-8 may be operated in a monostable fashion by biasing for a stable
point in either the left-hand (cutoff) or right-hand (saturation) region.
If it is desired, the load resistor and biasing source may then be com
bined with 7?i and Vit while R4, R5, and V3 are also combined. (See
Problem 15-2 for an example.)
The unijunction can be built into several monostable circuits. One
that appears practical is a modification of the circuit of Fig. 15-20 for
monostable action. This may be done in several ways. One method would
be to reduce V\ so that it is below Vp, while increasing Ri above RaThe unijunction will normally be off when the transistor is on and satu
rated if Rl > Rz/fi (V2 = V3 is implied here). The circuit can be
triggered by a positive pulse at the unijunction emitter (which will work
into the low impedance of the on transistor base), or by inserting a 500-ohm
or iK-ohm resistor between Vbb and base 2 and applying a negative trigger
to reduce the firing point to the Q-point.
The new peak point, V'P; must take into account the triggering resistor.
After the trigger occurs, the unijunction emitter voltage drops. This
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Trigger

o-

Vi
| ~F~

IK Q

I

I1' T1

Fig. 15-21. Unijunction monostable during pulse period.

drop is transmitted through C to the base of the transistor, thereby cutting
it off and yielding an output pulse at its collector. With the transistor
off, the unijunction emitter circuit is as shown in Fig. 15-21. To the extent
that the resultant unijunction emitter input impedance is small compared
with 72i and with 722, the period required by the transistor base to return
to zero may be calculated from 722, 72, C, and the initial voltage on C.
Thus
0 = - yie-T/*2C + 72(1 - e,-tir2c^

T = R2C In

V2 + M

V2

J

If Ui = V2/2, which would lead to small triggering requirements, then
T = 0.405722C.
Since the actual input impedance is negative, the time constant will
be reduced. At the same time, V2 will be reduced by Vca, which will
increase the multiplier. The net result is that T = QA3R2C appears
reasonable for Vi = V2/2 and a small Vca. When the transistor comes
on, the low input impedance of its base-emitter diode shorts R2, and the
previously stable point becomes unstable, shifting the operation back to
the cutoff characteristic. Recovery to the rest state occurs as C charges
back to 7i, through 721 and the transistor input impedance. If the tran
sistor is saturated, only 721 should need to be considered. The initial
voltage on the capacitor will be Vca, so that
^recovery — 472\C.

Another mode of operation is possible for this same circuit configuration,
if instead of biasing the unijunction off in the rest state, it is biased on
and near the valley point. Under these conditions a positive trigger will
raise the characteristic so that the Q-point becomes unstable and the
unijunction goes off. The unijunction emitter now rises toward Vp as
C charges through Ri. When the unijunction fires, its emitter drops and
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cuts off the transistor base. The transistor remains off until its base
returns to zero as C charges through R2 from V2. Thus the circuit yields
an output pulse delayed by the period that the unijunction is off.
If the transistor input is taken as a short circuit, then
Tdclny = R1C In

Vi - ve9
Vi - V'p.

This expression will give values that are slightly high, since the on tran
sistor voltage has been ignored. If the input resistance of the on unijunc
tion is ignored, then
^puisc — R2C In

V2 + V'p - Ves
V2

Again, this expression yields results which are slightly high, since the
initial capacitor voltage is not V'P but (V'P — Ftrangj8tor base)- The main
point is that within limits the delay and the pulse width are independently
adjustable. Resistor Ri must not be too high, or the resting Q-point will
shift sufficiently up the negative-resistance characteristic to permit astable
operation to occur.

15—11 Negative-resistance circuits from the pole-zero viewpoint. As
an example of this technique, let us calculate the input impedance of the
circuit of Fig. 15-8 using a more sophisticated model than the simple
current generators of Section 15-3. When this has been done, we can
combine the resultant impedance with the load impedance, and from the
pole-zero pattern of the resultant determine whether a given load will
result in a stable point, in sinusoidal oscillation, or in square-wave oscil
lation. The ideas explored in this example will turn out to be applicable
in the cases of other negative-resistance devices, since the devices have
similar frequency characteristics.
If 7?i and V i are considered as part of the external load and are ignored
for the present, and if the transistors are replaced by simplified Tee

rbb'

Cb'c

#4^5
Qm^a

V 9meb'e2

“

I

Fig. 15-22. A model for the circuit of Fig. 15-8.
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o

H
<

I

Qm^b'c2

Ro

Umefc'e,

Fig. 15-23. Model for calculating eye2.

models with Cc ignored, then Fig. 15-8 may be redrawn as shown in Fig.
15-22. We point out that voltage-controlled current sources are used in
the model.
To calculate et,'e2 we draw the circuit of Fig. 15-23 from the circuit
for transistor T2 of Fig. 15-8. To simplify matters we have assumed
that R2 = R3. From Fig. 15-23 we see that
C’b' e2

_ _________ #
2 #2 4“ rbb' 4“ Z2 4" QmR 2% 2

If R2 » rbb’ and gmR2 » 1, this expression reduces to

_
R2Z2gm^a
_
Z2gmea
eb'‘* ~ 2R2 + gmR2Z2 ~ 2 + g„Z2

Now if
QmZ 2 —

p 4~

is much greater than 2, as it will be for low frequencies and large /3’s
then
^b'e2 — &a-

We can now return to Fig. 15-22. If Ro » Tbb', the circuit reduces
to that of Fig. 15-24. The input impedance here is

Z'm = Zi 4- Ro — 2gmRcZ\
_ Rop 4- c*>a0(ft0 4- re — 2gmr(Ro)
P 4“ <*>ao

~ Rop
~ P + Mao

P + <*)ao’

which is a representation of the circuit shown in Fig. 15-25.
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r<

IL

z} =

«1

Ro

2<7fN<’o

TtCOaO

]} + Uao

Fig. 15-24. Reduced form of Fig. 15-22.
L =

1

=
COao

[C

(Jlaotio

I

HF
Ro

-Ro

Fig. 15-25. Input impedance of Fig. 15-22.

\L
Rl
-Ro

Fig. 15-26. External load
on negative-impedance device.

If cu « u>ao one might contend that in the second term the capacitance
term could be ignored. In like manner, in the first term only the induct
ance term would be significant, so that the impedance would reduce to
an inductance in series with a negative resistance. That is

7. _ PRo _ p

"in —

where

T _

R°

Lj —

-------Wao

If an external load Rl (including R^ is connected in parallel, the composite
impedance is
p

Rl(p — Ro/L)
+ 1(Rl- Ro)/L] ’

which has poles in the right half-plane when Rl < |ZCO|. This can be
interpreted in terms of Fig. 15-3. Point II of this illustration has
Rl < I-^ol and hence it is unstable. If the external load consists of Rl
in parallel with r and C, as shown in Fig. 15-26, then the poles of the
composite expression for the impedance are the solutions of the following
expression:
P2 + P

L -{- RltC — RoC(t

.

LC(r + RL)

Rl)

Rl — Ro
+ LC{r
+ Rl)

= 0.

For a stable point, the poles must both be in the left-hand plane. For
sine-wave oscillation the coefficient of p is zero, while for square-wave
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oscillation one might postulate poles on the positive real axis. The result
ant conditions for a stable point are

r

\Rq\[Rl - (l/<*aOC)]
Rl — Ro

and

Rl > \Ro\-

Assuming r = 0 for sine-wave and square-wave oscillations, we find for
sine-wave oscillation
1
C = and
Rl > l-Rol,
Wa0 Rl
and for square-wave oscillation

V8
c > 3 R+L^ao

and

Rl

Experimentally one learns that these results are reasonable. As C is
decreased the waveform loses its square corners, eventually becomes
sinusoidal, and then ceases. For a given capacitance C, a transistor with a
higher alpha cutoff will put the important pole further into the right
half-plane and reduce the switching time.
15-12 Voltage-controlled negative-resistance devices, circuits, and
calculations. Simple circuits for voltage-controlled devices may be derived
as the duals of those already developed for the current-controlled devices,
or they may be set up directly. In the voltage case it is natural to think
of biasing and signal-input sources as current generators, although in
practice the actual power or signal source may be a voltage source.
Figure 15-27 indicates a simple circuit that may be used as a bistable
circuit, an AND circuit, or an OR circuit. If the device is assumed to
have the characteristic of Fig. 15-16, then with a bias current and a reset
current of 100 milliamp several actions are possible.
If the circuit is set to 100 milliamp and 66 millivolts by applying the
reset current temporarily, then an A current pulse of 51 milliamp or
more will cause switching to 100 milliamp and 561.5 millivolts. A negative
B current pulse of 81 milliamp or more will now cause switching to the
original point, and bistable action will result.

Reset
Device

A

B

Bias

Fig. 15—27. Simple circuit for voltage-controlled negative-resistance devices.
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Iv

Esaki
(tunnel)
diode
Fig. 15-28.
characteristic.

E

Em

EP

Ed

(b)
(a)
(a) Switching comparator circuit.

(b) Ideal tunnel diode

If the circuit is set to 100 milliamp and 66 millivolts, and both the A
and B generators produce positive pulses greater than 25 milliamp, but
less than 50 milliamp, then switching will occur only when A and B are
present. If both the A and B generators produce pulses of 50 milliamp
or more, then switching will occur for A or B. In both these cases the
reset generator will be required to return the device to its original state.
Bistables can also be formed by combining two devices in series across
a power-supply voltage so small that only one of them may be in the
“high” voltage condition. (Problem 15-4 illustrates such a circuit.)
A tunnel diode may be combined with a switching transistor to make
an accurate current or voltage comparator. Figure 15-28(a) indicates a
circuit of this type. The accuracy of this circuit depends on the accuracy
with which the manufacturer is able to specify Ip. It seems economically
feasible to make this specification to within several percent. By adding
a shunting resistance, one can always adjust the firing current so that
it occurs at a composite current higher than Zp; hence, if individual ad
justment of units is possible it should be possible to specify firing current
to within |%.
The transistor-diode combination is chosen so that with Ed < Ep the
transistor is off, and with Ed > Em the transistor is on hard. If E and
Rc are chosen so that Em saturates the transistor, then Ic = 0 when
I < Ip and Ic = E/Rc when I exceeds Ip. To reset the circuit, one
must reduce I below Iv, either directly by reducing its amplitude or by
supplying a reset current pulse.
By stacking a number of these circuits, one can obtain an analog-todigital, or a continuous-to-stepwise, converter, as shown in Fig. 15-29.
For this circuit one might assume that ZP1 = 2 milliamp, IP2 = 4 milli
amp, and IP3 = 6 milliamp. Then the resistances could be arranged to
yield 1-volt steps in the output voltage as I exceeded 2-milliamp incre
ments. By combining the tunnel diode of Fig. 15-28 with series and
shunt resistors, one can also make the final peak current very nearly equal

15-12]
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I

D3
«2

O2
1*3

Di

F

Fig. 15-29. Analog-to-digital converter.

to the valley current Iv. Under these circumstances the circuit of Fig.
15-28 would operate as a current-controlled Schmitt trigger. Since Ip
is relatively insensitive to temperature, circuits of this type should be
less prone to shift their operating points than circuits using Zener or
transistor diodes as references.
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Problems

15-1. A sweep circuit is to be constructed by connecting a 0.10 microfarad
capacitor across the Vn terminals of Figure 15-8. Calculate the waveshape
across the capacitor for the values given below:
Ri = 100K ohms,
Vi = V3 = 6 volts,

R4 = Rs = 5K ohms,
R2 = R3 = 20K ohms,
V2 = 16 volts,
01 = 02 = 50.

15-2. The circuit shown in Fig. 15 -30 is a monostable version of that in
Fig. 15-8, with certain elements of Fig. 15-8 combined to reduce conponents.
It is triggered by a negative pulse applied through the triggering diode, which
turns on the normally off transistors. Calculate the period of the output and
the minimum trigger requirement.
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Figure 15-30

15-3. Draw a four-part voltage-controlled switch-type model for the ideal
Esaki diode characteristic given in Fig. 15-31.

I, milliamp

E, millivolts

Figure 15—31

15-4. Assume that two devices (Esaki diodes) having the characteristic of
Problem 15-3 are connected in series as shown in Fig. 15-32. Calculate Eout
supposing that Di is in the low-voltage state and that I, is zero. Now suppose
It supplies a positive pulse of 3.0 milliamp. Explain the switching action and
calculate the new output voltage.
O2

I,

r

eOut

L

j
Figure 15-32
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CHAPTER 16

SINE-WAVE OSCILLATORS AND ACTIVE NETWORKS

Essentially, all the conventional vacuum-tube sine-wave oscillator cir
cuits may be transistorized. If the transistor is biased properly and if
the current amplifying properties and the impedance levels of the tran
sistor amplifier are taken into account, then the transistorization is straight
forward. We do not propose to catalog here the various possible circuits.
What we shall do is first to examine one general case and then to consider
certain other circuits where the poles are stabilized in the left half of the
complex plane instead of along the jw axis.

16-1 General sine-wave oscillator. Figure 16-1 shows the general
circuit for an oscillator employing a voltage-controlled current generator.
The single loop equation resulting from this circuit is
^mZiZ3 — —Zj — Z2 — Z3.

(16-1A)

If
and Z3‘have reactive components of one sign when Z2 has the op
posite sign and if gm is large enough, then this circuit will always produce
sine-wave oscillations.

z2

I

Zx

z3

_ T

I

«i

Fig. 16-1. General oscillator circuit.

If gm is larger than the exact value necessary for sinusoidal oscillation, then
some of the waveshapes may depart considerably from the sinusoidal. When
this happens the value of gm and of the transistor impedances will vary during
the cycle, and simple linear analyses will fail. If the circuit is to be operated in
a linear manner, then thermistors, or other long-time-constant nonlinear devices,
may be used in the bias circuit so that the output amplitude and the Q-point
interact to produce linear operation. With any particular active element, the
values of Zi, Z2, and Z3 may be adjusted so that under operating conditions the
422
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required gm is only slightly below the expected value. In this case very nearly
linear operation will result. When extremely nonlinear operation of the active
device occurs, one would expect the general Class C vacuum-tube approach to
be useful. References 5 and 6 discuss the amplitude-stability problem in some
detail.
As an example of a particular case, let

Zx = JwLi,

Zz =

r+

Z2 =

1
jwC 2

Then, the conditions for the poles to lie on the jw axis are

gmr =

r2
(j)2LiLz

(L3/L1) 4~ 1 ,
(L3/r2C2) - 1 ’

2 _ __________ 1__________
° ~ C2[L3 + L,(l + Pmr)] ■

Normally, gmr will be small compared with unity and Lz/t2C2 will be
very large compared with unity, so that
9m =

Lz 4~ Li
<

^1-^3

rC2,

2

_____ 1_____
C2(^l + ^3)

A little reflection will show that the case just dicussed is a Hartley
oscillator with no mutual coupling between the coils. If a common emitter
configuration were employed at a frequency below a)po, then the circuit
model might be that shown in Fig. 16-2. The simple way to calculate
would be to write
Tb'egm
,
g'm = 1’b‘e + Tbb’

and to lump
+ rw>') and the bias resistors together as q.
writes Eq. (16-1 A) in its admittance form,

(16-1B)

y2(gm 4- y i + E3) = — FiFa,

c

B
Bias
resistors

9m'b't

rW

Li

■ -o +

Tvt T _

—®Fig. 16-2. Hartley oscillator model.

If one

93
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then one may solve to find
2
Wo =

___________1__________
C2(Li + L3) + L\Lz9\93

= _________________________ 1________________________
^2(^1 + -£>3) {1 + [(■^l-^3fir1^3)/C'2(-C'l + £3)]}
9rn = 9\ ( '___ 1

\<•.WoZ/sC^

—1
ju>oL iC 2

If frequency stability is of interest, then 9\gzL\\/C2 should be small
compared with unity. When this is true the expression for w0 may be
written as
~
1______
9\93^\ 1
1
y/C2(Li + L3)
2C2

= woo(l — A),
where
A =

9193^11

2C2

Woo

1_______

+ Z/2)

T

__

Z/1L2

L11 “ L. +L2

Hence the change in wo is directly proportional to the g^g^ product.
Now gx includes the transistor input impedance and p3 includes the
transistor output impedance and the load. The effect of changes in the
load are reduced by coupling it through a stage with a high input im
pedance, that is, an emitter follower. Changes in the transistor parameters
would be reduced by biasing the circuit so that 5 approached unity.
If in Fig. 16-1 one makes Zi and Z3 capacitances and Z2 an inductance,
then a Colpitts oscillator results. Problem 16-1 illustrates three different
bias configurations for this circuit. Normally C\ should be on the order
of ten times C3, so that relatively small transistor input impedance will
not load the tuned circuit excessively. The controlling equation for this
circuit may be written either in terms of ib or in terms of ic, as one chooses.
As in the Hartley circuit the effects of the load on the oscillator should be
reduced by coupling to it through an emitter follower. At higher frequen
cies where the transistor reactances can no longer be ignored, one might
use the partially bypassed emitter-resistor techniques of Chapter 8 to
simplify design procedures. For example, if ReCe = l/wao and if Cb’e » Ce,
then the transistor input impedance will be an R-C combination that is
relatively independent of the Q-point. The transistor output impedance
will also be capacitive. Now the addition of an inductive feedback ele
ment between collector and base will again result in a Colpitts circuit.
Problem 16-2 provides an example of such a circuit.
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16-2 Negative-resistance approach. Instead of calculating the loop
equation for Fig. 16-1, we might have considered the circuit consisting
of Z2, Z3, and gme\. When one takes this approach, one finds that the
input impedance is equal to

Z2 + Z3
1 + Pm^3
When Z2 and Z3 have reactances of opposite signs, this impedance has
a negative real part. If this net negative resistance is equal to the positive
resistance portion of Zn then oscillation will occur. (The problem of
avoiding oscillation was examined from this viewpoint in Chapter 9.)

16-3 Specific active circuit. With the previous examples we have
considered only the case of sine-wave oscillation. We have as yet no
information as to the action of the circuit if gm or g'm is less than the
value necessary for oscillation. To consider a more general case, let us
replace the circuit of Fig. 16-1 with that of Fig. 16-3. Here a general
network replaces Zi, Z2 and Z3 of Fig. 16-1. In addition, there is an
external input. Now if

0 =

Zout
4- ^ut

and

7?i ^i> Zout,

then
£2 =
ei

0
1 + AT(p)

(16-2A)

Note that in this section a and /3 have nothing to do with the current gain
of a transistor.
In general Zout will be reactive, so that 3 will introduce singularities
into e2/ei; however, since these will be independent of A, we shall ignore
them for the present. The zeros of [1 4- AT(p)] are the interesting poles
of e2/ei. When A is zero, they will lie at the poles of T(p), and when A
approaches infinity, the zeros of [1 4- AT(p)] will approach the zeros of

+
*i (

--6 +

+
e3

-'•■ft

T(p)

«2
'*~Zout

Fig. 15-3. General feedback case.
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Fig. 16-4. R-C network.

1.173a
—X----

-X—
9.467a

Three zeros at
^/the origin

0.360a

Fig. 16-5. Pole-zero pattern for the network of Fig. 16-4.

A = 40.25
A = 1.3

*

Complex plane is normalized
with respect to a.

X _

Fig. 16-6. Root loci for Fig. 16-3 when T(p) is given by Eq. (16-3).

Table 16-1

Pole Locations Normalized
A

0
1.3
2

3
9
39
40
40.25
99

with

Respect

Pl

P2

-0.36
—0.355
—0.35
—0.34
-0.32
—0.27
—0.267
—0.266
—0.226

— 1.173
—2.22
— 1.66 4-J0.942
— 1.20 4- J1-22
—0.39 4- j 1.05
—0.0025 4- J0.611
—0.0006 4- j’0.604
0.0000 4- j‘0.603
4-0.058 4- j'0.415

to

Alpha

P3
—9.462
—2.22
— 1.66
— 1.2
—3.9
—0.0025
—0.0006
0.0000
4-0.058

— j'0.942
— jl.22
—j 1.05
— J0.611
— J0.604
— j'0.603
— J0.415
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T(p). As A increases the poles will trace out what are known as the
root loci.*
Let us consider a specific example for the network with transmission
T(p). Figure 16-4 shows a particular R-C network. In calculating ej>/ea,
Ri is included as part of R/2. It can be shown that for this particular
network
3
_ _______________ P_________________

T7 \

ea

(16-3)

P3 + Hap2 + 15a2p + 4a3 ’

where a = 1/RC. The pole-zero pattern for this T(p) is shown in Fig.
16-5. As A is increased from zero, the poles of e2Ai trace out the paths
shown in Fig. 16-6. Table 16-1 gives the approximate pole locations
for several values of A.
Thus, if A could be reliably stabilized at A = 40, we would have a
network that would act like a single tuned circuit with a Q of about 500
and with a resonant frequency of approximately 0.6/RC. At most fre
quencies, such a tuned circuit would be very difficult to achieve with
passive components alone. At low frequencies, an inductance that would
offer just a possibility of achieving this Q would be very large and heavy
compared with the R-C components.
If A were adjusted to 40.25, then no input would be necessary, since
the circuit would oscillate at 0.603a. The circuit would then be a version
of the popular R-C phase-shift sinusoidal oscillator. If this circuit were
to be built with transistors, then R/2 would have to include the input
impedance and the bias resistors. We shall not attempt to write a general
expression for the variation of frequency with input impedance and gm
for this case. It is evident again, however, that bias stability will be
important if frequency stability is to be achieved. An emitter follower
could be used to couple the output of the network to the base of the
amplifier. This would reduce the problem of input impedance changes
considerably.

16-4 General active circuit. Consider the general case shown in Fig. 16-7
where the variables are shown as e’s, although there is no necessity that
they be voltages. If tab is defined as the transmission from terminals a to
terminals b, with the other sources appropriately opened or shorted (open
for current sources and shorted for voltage sources), then one finds by
superposition that
62 = ^12®1 + £42(^3),

€3 — £13el 4- £43(^3) —

*1301

1 - kt43

* For those unfamiliar with root-locus techniques, Chapter 4 of Truxal’s
Control System Synthesis, McGraw-Hill, 1955, provides an excellent introduction.
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e3 = control

Passive
e1 = input R-C network
o-

-tr

62 = Output

e4 = ke3
Controlled source

Fig. 16-7. R-C network and active element
and

^42*13

62 =

(16-4)

1 — ^43

For i43 to exist, there must be feedback from the controlled source
output, 64, to the controlling variable, 63. For the example of the R-C
network of Section 16-3
G2 — P,

^42 = ^43 — ^(P)>

k = — A,

^13 — &■

Therefore

AT(p)0 =
0
= 0 - AT(p)3
1 + A?(p)
1 4- AT(p)

(16-2B)

In this case, as in all cases where the passive networks are R-C or
R-L combinations, the transmissions tab can never contain complex poles;
however, (1 — fc£43) can contribute such poles to 62/61- Therefore, given
an 62/6i, one may realize it by using only R-C networks and active ele
ments (transistors) if the zeros of (1 — JcZ43) are placed at the poles of
the desired function.
Two broad classes of active circuits appear. In one, kt 43 is positive
and we speak of positive feedback; in the other, kt 43 is negative and
we speak of negative feedback. Perhaps a more useful classification of
circuits is to divide them into a group that requires a certain amount of
intuitive background for successful design, and into a group in which the
network synthesis proceeds in a formal manner, and the resulting net
works are combined through the active portion of the circuit, which is
treated as essentially a separate unit.
The circuits discussed so far in this chapter have all been of the first
type. These circuits are very useful and when applicable are usually more
economical of components than the more formal circuits of the second
type. Since their design is essentially a feedback rather than a transistor
amplifier problem, we shall not pursue it further here.

16-5]
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16-5 Impedance conversion synthesis. A possible formal synthesis
procedure is to consider the expression (1 — /cl43) in the expanded form:
1 — ^43

= 1 —

kZ1
21 + Z2

Z2 — (fc — l)Zi
■21 + 22

This expansion is equivalent to setting up the circuit for “terminals” 3
and 4, as shown in Fig. 16-8. It has been shown (see Linviil,* for example)
that when
and Z2 are R-C impedances and when k is positive and
greater than 1, it is always possible to choose Zx and Z2 so that the zeros
of [Z2 — (k — l)Zi] may be anywhere in the complex plane. Since the
zeros of [Z2 — (k — l)Zj] are now the poles of e2/i’i, one is able to
synthesize any desired pole pattern with this method. The zeros of the
over-all transmission remain to be discussed.
Figure 16-9 shows a complete circuit that incorporates the circuit of
Fig. 16-8. If in Fig. 16-9 k = 2, then a particularly useful case results.
For this condition the left-hand network sees —Z\ as its termination.
One then calls the connecting circuit a negative impedance converter.
A transistor negative impedance converter, with a resistance load, was
considered in Chapter 15 as a switching element. In this chapter we are
interested in the small-signal or linear applications of such a device.
Now if the first network in Fig. 16-9 is called a and the second is called
6, then by using the partitioning theorem, or merely making a Th6venin
(or Norton) equivalent circuit, one can show that
£2 =
11

r
z2

(16-5)

*3

I

T
Fig. 16—8.
source.

—22iqZ2i&
222o — 2ut>

1

i4 = ki3

Zi

Z43

T

2|
2i + ^2

Portion of Fig. 16-7 redrawn with a current-controlled current

o

■o

R-C
network
■o

—2>

E

o

O

R-C .
network

21—

c2

■o

Fig. 16-9. Over-all active network.

* J. G. Linviil, “RC Active Filters,” Proc. IRE, 42, 555-564, March 1954.
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Therefore, the realization of a complex pattern of transmission poles and
zeros requires the synthesis of two R-C networks, given Z22 and Z12 of
one and Zu and Z12 of the other.
While we can not become too involved in the network synthesis prob
lem, we shall outline the method of choosing these networks so as simul
taneously to obtain the desired pattern and to minimize the effects of
changes in either active or passive elements. We shall consider only the
case where k = 2. What one does is to consider first the poles of e2/t‘i,
that is, to consider

Z2 — (k — l)Zi — Z2 — Zi — Z22a — ZubWe let
Z 22a — Zub

= 2(p) = ! + y
</(p)

That is

^22a = 1 + 22

Aj
p + di

and

Aj
P + di

-s

Zub — 22

Aj
P + dj

Aj
P + <*i ’

where D(jp} is the polynomial whose zeros are the poles of e2/i\. The
polynomial d(p) is one of the same degree as D(p) and has negative, real
(separate) roots. The roots of d(p) may be chosen at random. However,
if Z22a = n2/d2 and Zub = n^/di, then

D(p)
d(p)

n2 _ ni _
d2
di

?i2di — d2Ti\
d\d2

Hence we may write
Z)(p) = n2di — ^2^1,
d(p) = d2d\.

Now the sensitivity of the poles of e2/i‘i [the zeros of Z)(p)J to changes
in k or in circuit elements is minimized by minimizing both n2di and
d2nY. Since we wish both Z22a and Zub to be realizable as R-C circuits,
this minimization must cease when the roots of n2di or d2ni become com
plex. If Z)(p) is a second-order polynomial, then the minimum values
result when
and
n2 — d\
d2 = p.
Thus if we have the expression

D(p) = p2 + Ap 4- Bt

we should rewrite it as

(p2 + A'p + B) - (A"p),

16-6]
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impedance
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o

K = 2(x/10 - 1)

Kb =

t

Co

2(vT0 - 1)

I

ohms

\/To
1
fd
Cb =
2(x/W - 1)

Fig. 16-10. Realization of —pK/(p2 4~ 2p -f- 10).

where A' is chosen so that (p2 4- Ap + B) has two coincident roots,
that is, so that A' = 2\/B. Then
2VB - A
= 1+^,
%llb —
d(p) = p(p -f- y/B),
Z22a
p
p 4- x/B

For B(p)’s of higher order than 2, one splits B(p) so that all the zeros
of 71^2 and n2di occur in coincident pairs except for one zero of ^2^1,
which is always at the origin. After Z22a and Zm have been realized,
one must realize the desired zeros of the transmission. These zeros may
be split between the a and b networks in a convenient manner. For the
detailed synthesis of such R-C networks, the reader may consult one of
the several references listed at the end of the chapter. Here we shall
illustrate the method by a simple example. If
62 =
P2

~PK
2p -f- 10 ’

then
^22a

= 1 + ^°,

Z \ lb —

^21a

=

Z21b —

p

P

2(x/10 - 1)

p 4- x/To
K
—
4x/T0
p

The resultant network might be as shown in Fig. 16-10. The remainder
of this chapter will be concerned with the design and small-signal analysis
of various impedance-converter circuits.

16-6 Negative-impedance converters. There are two general philoso
phies of impedance-converter design. In the first, one tries to design
the converter as a complete unit, independent of the external circuits.
With this approach the synthesis is simplified, but inevitably the over-all
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Fig. 16-11. Negative-impedance-converter circuits.
oo-

III
o-

Fig. 16-12. Balanced a-c negative
impedance converter.

o-

-o

Fig. 16-13. Unbalanced negative
impedance converter.

circuit contains more components than it would have if the converter
and the networks had been allowed to merge. These additional compo
nents normally mean increased sensitivities and more critical adjustments.
We shall discuss several circuits and leave the reader to decide whether
he wishes a separate unit or whether he is willing to incorporate the
biasing resistors, etc., at least partially into the impedance networks.
Figure 16-11 shows three ideal impedance-converter circuits. All these
circuits have input impedances of — Z, and may be approximated by
easily constructed transistor circuits. Figure 16-12 shows a transistorized
a-c version of the balanced circuit of Fig. 16-11(a). This circuit would
operate down to d-c if the coupling capacitors were replaced by Zener
(avalanche) diodes or by batteries. The circuit would be ideal if the a-c
base-emitter voltages were zero and the a-c collector and emitter currents
were equal.
Figure 16-13 shows a transistorized version of Fig. 16-11(b). If
#2/(^2 + ^in2) = (2 —
and if the a-c base-emitter voltage of
transistor 1 were zero, then to the extent that simple models are valid
this circuit would be ideal. The circuit of Fig. 15-8 may be considered
one of this type; it may also be considered as a variation of Fig. 16-11(c),
in which the first stage acts as the current generator and the second stage
provides the phase inversion.
In Chapter 15 we considered the impedance converter only from the
viewpoint of its input terminals, that is as a one-port device. Now we

I
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Fig. 16-14. Ideal unbalanced impedance converter, k = 2.
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Fig. 16-15. Model for circuit of Fig. 16-13.

are interested in transmission through the device, that is, in considering
it as a two-port device. Therefore, while previously we were only interested
in its input impedance properties, we are now interested in a more com
plete characterization of its properties. The ideal unbalanced converter
with k = 2 has equal currents flowing into both leads, and zero voltage
between the two active terminals, as shown in Fig. 16-14.
We may characterize the departures from the ideal condition by
calculating

and

Az = iz — iv

Ai/ix

or

and

ezvlezz.

Figure 16-15 shows a low-frequency a-c model for Fig. 16-13.
model, rd and rc have been neglected. Now
&),

^xy — 'i-e'f'e 4“

ib =

o,zc 7? 2
R2 4- rb2 4- #3(1 4- £)

where
#3 — ^3 4“ 7*e2

and

i'v = &ib — (1 — a)ic.

One might make iRl = ir4 by making

R< = Ri (1+

In this
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Then, the difference between ix and iy would be the difference between
ie and iy. Thus
Az = ie — iy = ie — &ib 4- (1 — a)ze
= (2 — a)ze — 3*6,

from which
Az
________ a&R2_________
= (2 - a) ie
R2 4- r b2
^3(1 + 3)
The term Az* can be adjusted to zero by making
R2 —

(2 - q)[rfe2 4- /?'3(1 + 3)]
a(3 4- 1) - 2

which will lead to R2 being slightly larger than R3.
a = 0.98,

r&3 = 200 ohms,

For example, with

R3 = 10K ohms,

3 = 49,

we would obtain R2 = 10,660 ohms. For exact compensation, a and 3
must be known exactly, since a 1% change in alpha can cause a 2% change
in R2. That is
d R2
— 2R'3
and
R2 = R'zda

Actually the fact that exy # 0 should not bother one, since if
[r€ 4- (1 — a)n>] is added in series with the input of the b network, then
the impedance across terminals x-z will be —Zm while Z2i6 remains
unchanged. Therefore, to the extent that the approximate models are
valid and the parameters are known, we may construct an ideal converter.

16-7 High-frequency effects. In theory any of the circuits can have
complete high-frequency models substituted for the transistors, and the
appropriate calculations can then be made. In practice the over-all
circuits rapidly become rather complicated. The necessity for knowing
the parameters accurately probably will restrict calculations to presenting
approximate values that can be given a final experimental adjustment.
In the general case, one can expect R2 to be replaced by an impedance
Z2 and the resistance in series with the b network to become an impedance.
Since the main applications for high-Q active circuits should be at low
frequencies, the availability of transistors with/*, > 10 megacycles should
reduce the necessity for these calculations rather drastically. If highfrequency effects are troublesome, the compensation schemes of Chapter 8
will allow simplification of the circuits to the point where calculations are
possible without excessive labor.
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1. J. G. Linvill, “RC Active Filters,” Proc. IRE, 42, 555-564, March 1954.
One of the basic articles in the field.
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and'on root-locus methods.
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worth and All-Pass transfer functions.
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Much of the discussion is applicable to transistors if the models are changed
and if the different impedance levels involved are considered.
6. L. Strauss, Wave Generation'and Shaping, McGraw-Hill, New York, 1960.
Chapter 14 contains discussions of amplitude and frequency stability problems
for “almost” sinusoidal oscillators.
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Problems
16-1. Figure 16-16 shows three different bias arrangements for a Colpitts
oscillator. Show that if all three circuits are biased to the same Q-point and if
the following assumptions are valid, then all three circuits will have the same
frequency of oscillation. Assume that (1) the a-c load, R, is much larger than
the loss term for the inductance, r, (2) Re is much larger than A,-e and may always
be ignored, (3) a simple low-frequency transistor model is valid and that the
feedback term in this model may be ignored, (4) the transistor output impedance
is much larger than its input impedance, and (5) R is the same order of magnitude
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as the transistor output impedance. Under these conditions show that the fre
quency of oscillation, u0, is given by

0)0

/Ci + C3
XQ9+2)
y LC1C3 1 + 27?Ate(Ci + C3)J’

when [L(/3 + 2)/Zt?Aje(Ci 4- C3)] « 1, as it normally is.
Since
decreases as Ie increases, the oscillator frequency will increase as the
emitter current is increased. At the same time the reduction in the input im
pedance as Ie increases will increase the current gain of the system and result
in larger collector output swings. The bias stability of the two-power-supply
circuit is unity; hence it would be preferred if the second supply were available.
The stability 5 for the other two circuits can easily be reduced to between 2 and
3, so that the advantage is not really large from the bias viewpoint.
16-2. When the transistor reactances may not be ignored, we might insert an
R'-Ce combination in the emitter circuit of a Colpitts oscillator and remove CbIf ReCt = l/coao, then the model reduces to the circuit of Fig. 16-17. (The new
terms of this illustration are defined in Section 8-8.) Assume that
Cb'e = 7800/x/xfd,
Cb'c = 33 /x/Lzfd,
rbb' = 130 ohms,
Wao = 5 X 106 rps,
Re = IK ohms,
Rb = 5K ohms,

&
We
Ce
L
r

=
=
=
=
=

65,
1700 ohms,
200
500 Mh,
100 ohms.

Calculate Ci and C3 to yield ‘'linear” operation at a frequency of 500 kilocycles.
Note that many numerical calculations from Section 8-8 are directly applicable
here. Note also that since 1/wC » r»', it is valid to turn the r«,'-C combination
into an equivalent parallel combination and to consider ei as occurring across
this combination. When this is done, the model reduces to the low-frequency
form of Problem 16-1.
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16-3. Design a network of the type shown in Fig. 16-10 in which 62/1'1 has a
pair of poles at —2 ± J2, and these are no finite zeroes.
16—4. Assume that one has two transistors of opposite types (N-P-N and
P-N-P) but having identical small-signa) characteristics. If

a = 0.97,
rb = 100 ohms,
re = 30 ohms,
2?3 = 4970 ohms,
Ri = 2,000 ohms,

calculate the values of the other components of Fig. 16-13 to cause the circuit
to act as an ideal negative-impedance converter. Assume that bias voltages
have been properly set.

NOTE CONCERNING BIBLIOGRAPHIES
We have not included a bibliography with this book other than the
references and suggested readings at the ends of the various chapters.
Some of these references contain exhaustive bibliographies. In addition,
we list below two books that contain extensive lists of articles for the period
before 1956. Since 1955 so many articles have been published in this
general field that any listing of them becomes large and unwieldy to the
extent of being almost useless. The normal approach to more information
on a particular subject is to scan the current literature and then to work
backwards from there. For this purpose one does not need a bibliography.
In addition to the normal sources for such a search, such as the indexes
of the various periodicals and the conventional abstract services, many of
the publications devoted to semiconductor devices publish lists of patents
and of recent articles in the field. One such source is listed below.

1. W. A. Kalenich, “Bibliography on Transistors, Semiconductors, and
Rectifiers,” contained at the end of Handbook of Semiconductor Electronics,
edited by L. P. Hunter, McGraw-Hill, New York, 1956. This is a 68-page
bibliography covering the period from 1940 through 1955. For each year, the
articles are arranged alphabetically by author.

2. R. F. Shea, Transistor Circuit Engineering, John Wiley & Sons, New
York, 1957. This book contains a 13-page bibliography covering the period
from 1951 through 1956. It is arranged in the same manner as Reference 1.
3. Semiconductor Products, Cowan Publishers, New York. This is a monthly
publication containing a running patent review and a monthly semiconductor
and solid-state bibliography. The bibliography has about a six-month time
delay and arranges articles by titles grouped together according to the publica
tion in which each was originally published.
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ANSWERS TO SELECTED PROBLEMS
CHAPTER 1
1-1. (a) 0.97
(b) 1.62 ma
(c) I co = 0.043 /xa. More than 98% of this current originated as elec
trons that were thermally generated within the base region.
(d) 385 millivolts

1-2.
Silicon
Germanium

1-3.

“Exact”

Approximate

430
40

1200
74

100 mho/cm material

27°C
77°C
127°C

Silicon

Germanium

100
68 mho/cm
49

100 | mho/cm
77

1 mho/cm material

27°C
77°C
127°C

Silicon

Germanium

1
0.68 mho/cm
0.80

1 | mho/cm
2.6

CHAPTER 2
2-1.
2-2.
2-3.
2-4.
2-5.
2-6.
2-7.

rt = 2000 ohms, hr = 0.001, hf = 50, r0 = 33.3K ohms.
r« = 33.3 ohms, rb = 300 ohms, r<i = 33.3K ohms, /3 = 50.
Zin = 1380 ohms, Ecc = 52 yolts.
Current gain is 24.5. Power gain is 41.5 db.
(c) Current gain is 40. ZlD = 2920 ohms.
(c) Current gain is 0.98. Zia = 60 ohms.
When Rl = IK ohms
Zout = 327 ohms,
current gain = 24,
power gain = 44.6.
443
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(b) Zout = 4.2 ohms,
= 2 X IO-3.
(c) Zout = 1.6 ohms, a/eu = 4 X 10“4.
2-10. e2/ei = 1.96.
2-11. Zin = 750K ohms. Voltage gain = 5.

2-8.

CHAPTER 3

3-1.

3-2.

3-3.
3-5.
3-8.
3-9.
3-10.
3-11.
3-12.
3-14.
3-15.
3-16.

(a) Rl = 5K ohms,
= 607K ohms.
(b) Rl = 3K ohms, R\ = 50K ohms.
(c) Rl = 3.9K ohms, Ri = 59K ohms.
(a) 5 = 65.6
(b) S = 7.3
(c) S = 8.5
(a) Transistor is saturated.
Ri = 64.5K ohms
Current gain is 4.2 when Re is not bypassed. Current gain is 34 when
Re is bypassed.
Ri = 590K ohms. Current gain is 17.4.
Ie = 1.45 ma if Veb = 150 millivolts is assumed. Impedances are
96K ohms and 11K ohms.
(d) 16.
Stabilities: (a) 1
(b) 21
(c) 23
Ie = 0.67 ma, S = 3.5.
Ri = 197K ohms, 5
20. In the second case ZC1 = 2.9 ma, Ie2 =
1.45 ma.
I, = 7.7 ma, Vce = 71 volts, S
3.5, AT s 27°C.
Voltage gain is 60 in first case.

CHAPTER 4
Ri = 15K ohms, R2 = 46K ohms, Cc = 10.6 Add.
400 rps and at 14.3 rps.
4-2. (a) 790 Add
4-3. 1.45 Add
4-4. 1.8 Add
4-5. (b) N = 10.1. Current gain is 860.
4-7. (b) 857 ohms
(c) 39.5K ohms
(d) 5.2 X 103
(e) 0.076 ;dd
4-9. 575K ohms. AZCO1 = 34 /xa for cutoff.
4-10. 5 = 3.4, Z^ = 78K ohms. Current gain is 39.

4-1.

Breakpoints at

CHAPTER 5

5-1. (a) Rl = 7.4, ti = 48%, Zc = 1.96 amp, Eee = 15.3 volts.
(b) ri = 95.5%
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5-2. (a)

10 Mfd

3 Q

o

3900 12
3912<
200

6 v ——
P 470 12

Load power is 16.5 mw. Driving power is 7.8 /xw. Collector output
power is 24 mw. Over-all efficiency (including bias losses) is 22%.
Stability is 10.5 with a = 0.99.
5-3. Power gain of the last stage is 11 db. Circuit is thermally stable both
with and without signal input. (Remember that maximum collector
dissipation does not occur at maximum audio output.)

CHAPTER 6

6-1.

Rl,
ohms

El,
volts

49
19.4
9.5
4.6

9.8
9.7
9.5
9.2

Tj = 25°C 4- 30°C = 55°C

6-2. 7? = 19 ohms, Pc (max) = 5 watts.
6-3. Value of R and RD are related. D-C output impedance is approximately
| ohm. Load variation is approximately 0.45 volt for the stated 8-volt
source variation.
6-5. For E, = 25 volts, Rl = 20 ohms, 4 volts peak-to-peak of input ripple,
and the other stated conditions
El = 9.7 volts

and

ez, = J2.5 mv (peak-to-peak).

6-7. With potentiometer set at its center position
El = 10.3 volts,
= 280 ma,
Zout = 0.95 ohms.
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CHAPTER 7
E
(C - Ci)
7-1. eo(0 = — |(r0 — Tbb')u(t) +
te~Uxt
R
CC1
+ (rl — r6'e)[l — (1 —Wxi)c

where

7-2.

C = Cb'e “F Cb'c,

~
Z

~

1
riCl

Ze,

Vce,

fb'e,

volts

ohms

Cb'e,
M/xfd

Cb'c,

ma

0.1

1
6
6
18

15,000
3000
150Q
750

100
500
1000
2000

36.7
15
15
8.7

i
i
2

1
Tb’eC

9m,

/xmhos
3500
17,500
35,000
70,000

7-3. i2
N = 110 X 10-18 amp-squared.
Output noise level is 100 db below 1 mw.
F = 1.43 db.
7-4. F = 12.9 db, F = 22 db.

CHAPTER 8
8-1.

Ie
Vcb
Ze
Vcb
Ic
Vcb

=
=
=
=
=
=

1 ma
9 volts
0.2 ma
12 volts
5 ma
3 volts

Amb
u>3 db
Amb
w3db

—
=
=
=

35.5
537 X 103 rps
18.5
1.030 X 103 rps

Amb = 43.5
w3 db = 388 X 103 rps

8-2. Aover-.n = 45 X 103, w3 db = 270 X 103 rps.
8-3. Re = 60 ohms, C« = 665MMfd.
■4 MB = 23, c*>3 db = 1.05 X 106 rps.
8-4. Re = 10.5 ohms, Ce = 0.26/xfd.
Amb = 33,
db = 0.82 X 106.
8-5. Rl = 1160 ohms, L = 304/xh, c^3 db = 3.18 X 106 rps.
8-6. Re
815 ohms, A mb
6.1, «3 db = 64 X 106 rps.

CHAPTER 9

9-3. Rn = 2400 ohms, Cn = 46MAtfd.
.. A „ i..
i I Zin = (80 — J230) ohms,
At 455 kilocycles^
>H>(K)0) ohms

= 20 ohms in series with 3740/x/xfd.
9-6. Co = 61.2/z/xfd.
eout/i, = 0-18 volt/amp at resonance.
9-4. Zinmin
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9-8. Zin = (27 + j'7) ohms.
Zout = 14.6 ohms in series with 0.7 /x/xfd.
Power gain is approximately 23 db.
CHAPTER 10

10-1. Maximum duration without 5% or more droop is approximately
170 /xsec.
10-2. Storage time constant is 1.45 /xsec.
10-4. (a) Ic = 4.9/ia, Ie = —0.07/xa, h = —5/xa.
(b) Ic = 8.2 ga, Ie = 3.3 Ma, lb = 4.9
(c) Ie — 3.28 /xa, Ie = 3.35/xa, lb = 0.07 ^a.
(d) Veb = 111 mv (base is negative with respect to emitter).
10-6.
= 8K ohms, R2 = 45K ohms, Ci = 1500/i/rfd. Circuit will oper
ate at 80°C. Voltage swings at collectors are approximately 7 volts.
10-9. Energy is approximately 2.1 microjoules.

CHAPTER 11
11-1. Rb = 47K ohms, Ri = 10K ohms, R2 = 4.7K ohms, C = 765p/ffdPeriod is reduced to 14.9 /isec at 75°C. A smaller Rb would reduce this
effect.

CHAPTER 12
12-1. Pulse period is 236/xsec. Minimum trigger spacing for 236mscc pulse
outputs is approximately 500 jxsec.
12-2. 0.69 and 0.151.
12-5. With C = 0.10 mH a 1900-Msec pulse occurs after every trigger. The
collector swing is 7.5 volts for Xi and 11.2 volts for X2. With C = 0.30
pfd a 5700-/xsec pulse is followed by a 4300-Msec rest period.

CHAPTER 13
13-3. 12.3/xsec
13-4. 80/xsec

INDEX

INDEX

Abraham, R. P., 223, 243
Acceptor elements, 6
Active network
analysis, 425-428
synthesis, 429-431
Active region, 17, 312
AGC circuits, 302-303
Alloy junctions, 7
Alpha
components of, 14-15, 315
multiplication of, 165-167
variation with emitter current,
19-20, 164-168
variation with temperature, 20, 23
Alpha cutoff frequency, 227, 319
Altman, H., 305
Amplifiers, distributed, 275-284
Amplifiers, low-frequency
direct-coupled, 146-149
power, 158-203
R-C coupled, 121-137
servo, 187, 195-200
transformer-coupled, 137-146
Amplifiers, tuned,.293-307
Amplifiers, video, 247
bandwidth of cascaded stages, 252
feedback in, 271-275
optimum load for cascaded stages.
250
output stages, 284
Amplifier configurations
common base, 48-51
common collector, 52-57
common emitter, 43-48
composite connections, 57-61
AND circuits, 323-325, 417-418
Angell, J. B., 243, 345
Angelo, E. J., Jr., 146

Arguimbau, L. B., 200
Astable multivibrators, 354-357
negative-resistance devices as, 399,
408-412
Asymptotic plots
bias stability vs. Z?b/2?e, 81
collector dissipation vs. stability
voltage product, 114
gain vs. frequency, 124, 129-130, 136
low-frequency gains and imped
ances, 44-61
Avalanche diodes
as catching elements in;
blocking oscillators, 379
multivibrators, 351
as coupling elements, 149
properties, 205-206
as reference elements, 206-222
Avalanche multiplication, 24, 205-206
(see also: Collector multiplication)
AVC circuits, 302-303

Balanced pairs, 98-101
Bandwidth
cascaded stages, 252
distributed amplifier, 279
feedback amplifier, 274
single stage, R-C coupled, 249
Barrier voltage, 9
Base, 14
Base spreading resistance, 17, 20, 230,
344
Base widening, 17, 227
Beta (see also: Alpha)
definitions, 40-41, 315, 318
multiplication of, 165-167
variations with current, 162, 167-170
Beta cutoff frequency, 173, 232, 319
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INDEX

Biard, J. R., 152
Biasing
collector-base feedback, 82-93
compensation schemes, 93-100
effects of variation in alpha upon,
78-80
emitter resistance feedback, 72-81,
89-93
stability, 76
temperature effects upon, 74, 101
Bias compensation, 93-98, 147-152,
176
Bias stability, 76
(see also: Stability, bias)
Bistable multivibrator
DCTL, 325
negative-resistance, 398-399
nonsaturating, 327, 333-337
saturating, 327-333
tunnel diode, 417-418
Blecher, F. H., 152, 285
Blocking oscillators
astable, 381-382
monostable, 376-381
Boltzmann’s constant, 2, 235
Bonds, covalent, 1
Boothroyd, A. R., 396
Bootstrap circuits, 391-397
monostable bootstrap sweep, 395397
Breakdown prevention diodes, 356
Breakdown, voltage, 24, 162, 205, 342344
Broadband amplifiers, 247-287
(see also: Video amplifiers)
Bypass capacitors, 122’-136, 145
Capacitance
bypass, 122-136, 145
coupling, 121-137
depletion layer (transition), 224
diffusion, 225-227, 313, 321
input, 248, 254, 277
output, 282, 293
Carrier multiplication, 24-25
in diodes, 205-206
in transistors, 165-167, 341-342

Cascade amplifiers, 57-61, 149-151,
250-253
Chance, B., 385
Characteristic curves for transistors,
67-75
Charge carriers, 1
Charge density model (see.- Excess
minority charge density model)
Chen, K., 385
Chopper, 325-327
Clark, M. A., 161, 200, 345
Class A and B (see.- Power amplifiers)
Cobbold, R. S. C., 345
Collector
capacitance, 224-230
dissipation, 101-114, 161-165, 215,
338-344
resistance, 18, 38, 41
Collector-base feedback (external)
biasing circuits, 82-92
frequency response, 131-136, 269-271
(see also: Neutralization)
Collector multiplication, 15, 20, 165—
167, 341-342
Colpitts oscillator, 424-425, 436-437
Common base
low-frequency amplifier, 48-52
neutralization, 294-296
noise model, 246
power amplifier, 167-177, 203
Common collector (emitter follower)
frequency response, 264-269
low-frequency amplifier, 52-57
power amplifier, 167-177
Common emitter
low-frequency amplifier, 43-48, 121146
neutralization, 290-294
noise model, 233-239
power amplifier, 167-177
Compensation
biasing, 93-98, 147-152, 176
high frequency, 252-263
Complementary symmetry, 160, 197198, 202
Compound connection of transistors
(composite transistors), 57-61

INDEX

Conductivity of pure materials, 4
of semiconductors, 10, 27
Conductivity modulation, 21, 404-405
Controlled rectifiers, 198-201, 403-404
Conwell, E. M., 3, 26
Cooke, Harry, 305
Correlation of noise generators, 235238
Coupling capacitors, 122-131
Coupling
capacitance, 121-137
direct, 146-152
transformer, 137-146
Covalent bonds, 1
Crossover distortion, 174-177
Crow, R. P., 172, 200
Current amplifiers, general, 28-36
Current limitations, 162, 168-169, 215
Current source, ideal, 28
Current sweep circuits, 387-390
Cutoff frequency
alpha, 227, 319
beta, 173, 232, 319
DCTL, 324-325
D-C amplifiers, 100, 146-152, 215-219
DC-DC converters, 382-385
Davis, E. A., 285
Depletion (transition)
capacitance, 224-225, 303, 310
layer noise, 235
region, 9-14, 205
Dewitt, D., 26
Difference amplifier, 98-101
Diffused base transistor. 7, 16
as switches, 309-310
high-frequency effects in, 230-232,
251
Diffusion current, 4, 9-13
in excess minority charge density
model, 313-314
Diffused junctions, 7, 16, 232
Diffusion constant, 5
Diffusion length, 10-12
Diodes
avalanche (see: Avalanche diode)
breakdown prevention, 356
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catching, 351, 375, 379
double-base, 404-406
Esaki (tunnel), 406-407, 417-421
PN, 8-14
PNPN (four layer), 403
reverse bias prevention, 344
Zener (see: Avalanche diode)
Diode equation, 13
Diode detector, 303
Direct-couplcd circuits, 100, 146-152,
215-219
Direct-couplcd transistor logic, 324325
Dissipation (see also: Power amplifiers)
avalanche diode, 206-207
transistor, 101-114, 161-165, 338344
Distortion in power amplifiers, 169177
Distributed amplifiers, 275-284
bandwidth of, 279
gain of, 280
Ditrick, N. H., 243, 344
Dodge, P. A., 220
Donor elements, 6
Doping, 5-7
Double base diode (see: Unijunction
transistor)
Drift current, 2, 9, 16, 230-233
in excess minority charge density
model, 314
Drift field, 16, 231-233, 312-315
Drift transistors, 16, 230-233, 251
Drift velocity, 4
Driver stage, 170, 203
Early, J. M., 243
Ebers, J. J., 200, 344, 345
Edson, W. A., 435 *
Efficiency
emitter, 14
of power amplifiers (see: Power
amplifier)
of transistors as switches, 180-183
Einstein relationship, 5
Electric field in base, 16, 231-233, 312315
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Electron
charge of, 2
free, 1, 6
recombination of, 12, 235, 312-315
storage of, 312-315
Emeis, R., 25, 26, 345
Emitter, 14
Emitter-coupled bistable multivibra
tors
nonsaturated, 333-337
saturated, 327-332
Schmitt triggers, 337
Emitter-coupled monostable multivi
brator, 358-375
linearity of pulse width vs. voltage,
362-364
modes of, 360
from a negative-resistance view
point, 399-401
Emitter current gain control, 302
Emitter efficiency, 14, 19, 168, 315
Emitter follower (common collector)
in bootstrap sweep, 391-394
frequency and transient response,
264-269, 287
gain and impedances, 52-57
in oscillators, 424, 427
Emitter impedance
effect on low-frequency response,
122-130
gain-bandwidth control, 253-257,
277
tuned, 263, 304
Energy gap, 2
Enloe, L. H., 285
Equivalent circuits (see: Models)
Eriksen, B. K., 420
Esaki diode (tunnel diode)
characteristics, 406-407
circuits, 417-419
Excess phase shift in high-frequency
model, 231-233
Excess minority charge density model,
312-323
Extrinsic material, 6
Fall time, 309, 311, 335

Feedback amplifiers
bias stability in, 149-152
frequency response of, 271-275, 287
oscillations in, 427
Feedback
in current amplifiers, 31
general approach to, 427-428
neutralization, 289-296
Feedback within transistors
capacitive, 227-229, 289-296
resistive, 18, 31, 37, 41
Field in base of transistor, 16, 231—
233, 312-315
Flip flops (see: Multivibrators)
Flory, L. E., 285, 385, 396
Flyback time, 388
Fonger, W. H., 233, 243
Forward biased diode, 11, 14, 73
minority charge density in, 8-12
variation of voltage with tempera
ture, 22-23, 75, 94
Four-layer diodes, 198-200, 403-404
Freedman, L. A., 305
Frequency
alpha cutoff, 227, 319
beta cutoff, 232, 319
compensation, 252-263
Frequency dividers, 382
Frequency of oscillation
astable multivibrator, 355
blocking oscillator, 381
Colpitts oscillator, 437
DC-DC converters, 383-384
Hartley oscillator, 424
phase shift oscillator, 427
Frequency stability (in oscillators),
424, 437

Gain
current, 14, 30, 34, 139
power, 137, 292, 296
voltage, 83, 249
Gain-bandwidth product, 249-253, 271
distributed amplifier, 280
feedback amplifier, 274
maximally flat R-C coupled stage,
258-259
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shunt peaked stages, 260-261
Gain control, automatic, 302-303
Gariano, W. F., 344
Germanium
dielectric constant, 224
diffusion constant, 5
energy gap voltage, 2
Zco, 22

mobility, 3
resistivity, 27
Giacoletto, L. J., 243, 244
Gibbons, J. F., 420
Giguere, W. J., 305
Goldstein, J. L., 420
Goodrich, H. C., 396
Graded base transistor (see: Diffused
base transmitter)
Gray, G. W., 285, 385, 396
Greenwood, J. A., 219
Grinich, V. H., 344
Grounded base, collector or emitter
(see: Common base, collector,
emitter)
Grown junctions, 7
Grown-junction transistors, 7
as switches, 310

h parameters, 34, 35
Hall, R. N., 420
Hamilton, D. J., 385
Hanney, N. B., 26
Hartley oscillator, 422-423
Hasenberg, W., 200
Heatsinks, 101, 161-165
Herlet, A., 25, 26, 345
High frequency
compensation, 252-263
models, 223-233, 313-321
transistors, 230-233
High input-impedance circuits, 57-61,
157
Hilibrand, J., 201
Hinrichs, K., 242
Hirsch, P., 285
Hlavacek, A. R., 345
Holdam, J. V., 219
Hole, formation of, 1,6
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recombination of, 12, 235, 312-315
storage of, 312-315
Holmes, D. D., 305
Horowitz, I. M., 435
Hughes, V., 385
Hunter, L. P., 439
Hybrid model for a transistor, 31, 39
Hybrid-pi model for a transistor
high frequency, 223-228, 231-233
low frequency, 41
neutralization of, 290-296
noise, 233-238
switching analysis, 308, 319
Ico

in bistables, 330, 334
effect on biasing, 78, 102, 107, 113
effect on pulse width, 352, 365
in excess charge density model, 316
in regulated power supply, 219
temperature dependence of, 21-23,
75, 108
Ieo, 316
Ideal current generator, 28
Ideal voltage generator, 28
I-F amplifiers, 289-307
neutralization, 290-296
oscillations in, 298-300
Impurities, 5-7
Input impedance
high frequency, 276-277, 291-300
hybrid model, 32
low frequency, 32-61, 139, 169
neutralized amplifier, 291
power amplifiers, 169
tuned amplifier, 296-302
(see also: High input-impedance
circuits)
Insertion loss, 301-302
Instability, 427
in emitter followers, 264-267
in feedback amplifiers, 233
in tuned amplifiers, 296-300
Internal feedback (see: Feedback with
in transistors)
Intrinsic semiconductor, 1-5
Iwersen, J. E., 243
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Jenny, D. A., 3, 26
Jensen, J. L., 383, 385
Johnston, R. C., 345
Junction, P-N, 7-14
Junction temperature, 101-113, 161—
167, 215, 338-344
Kalcnich, W. A., 439
Keonjian, E., 152
Kestenbaum, A. L., 243, 344
Keywell, F., 243
Kidd, M. C., 200
Kirkpatrick, R. J., 223
Klein, M., 201
Kordalewski, A. P., 201

Laplace transform, 146
Large-signal amplifiers
pulse, 311-312
steady state, 158-203
Leakage current, 11-12, 22, 74-75, 164
noise from, 234
(see also: Ico)
Lesk, I. A., 201
Lifetime, 13
Lin, H. C., 200, 345
Linvill, J. G., 345, 429, 435
Littman, M. F., 385
Load line, 67, 72
Load resistance, optimum
in power amplifiers, 159
in transformer-coupled stages, 139
in video amplifiers, 250-251
Losco, E. F., 26
Low-frequency response
R-C stages, 122-136
transformer-coupled stages, 141-145
Lynch, W. A., 285

Mackintosh, I. M., 420
MacNichol, E. F., 385
MacRae, D., 219
Majority charge carriers, 9, 11
Matching in transformer-coupled
stages, 137-141, 292
Matzen, W. T., 152

Maximal flatness, 258-261, 275, 287
Maximally linear phase response, 258,
262
Mean free path, 2
Mesa transistor, 232
Middlebrook, R. D., 26, 219, 243
Mead, C. A., 345
Miller, S. L., 200, 345
Miller effect
in biasing design, 82-84
in hybrid-pi model, 237, 247-258
in switching circuits, 331
in tuned amplifiers, 290-296
Millman, J., 364, 385
Minority charge carrier, 9
(see also: Hole; Excess minority
charge carrier model)
Mismatched operation of tuned ampli
fiers, 296-302
Mismatched transistors
distortion effects in push-pull ampli
fiers, 172-174
Mobility of charge carriers
in various materials, 3
temperature dependence, 3
variation with current, 13, 405
Models
basic physical, 18
current amplifier, 30-32
D-C, 19, 73
Esaki diode, 407, 421
excess minority charge density, 312—
323
hybrid, 34-35, 39-41
hybrid-pi, 41-43, 227-228, 231
high frequency, 223-233
noise, 233-236
Tee, 37-39, 228-233
unijunction transistor, 405-406
voltage amplifier, 28
Mohler, R. D., 172, 200
Moll, J. L., 344
Monostable circuits
blocking oscillators, 376-381
bootstrap circuits, 395-397
negative resistance, 412-414
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Monostable multivibrators, 349-354,
357, 375
temperature effects upon, 352
(sec also: Emitter coupled mono
stable)
Morgan, J. M., 285, 385, 396
Mueller, C. W., 201
Multiplication
collector, 24, 165-167, 341-342
in diodes, 205-206
Multistage amplifiers
bandwidth, 252
direct-coupled, 149-152
feedback, 271-275
Multivibrators
astable, 354-357, 399, 408-412
bistable, 325, 327-337, 398, 417
monostable, 349-375

N-type, material, 6
Nambiar, K. P. P., 396
Nelson, J. T., 243
Network, active, 425-431
Network, phase shift, 426
Network synthesis, 429-431
Network, thermal, 101, 161-165, 338
Negative impedance converter
astable operation, 412
ideal, 432
monostable operation, 412
piecewise characteristics, 402, 420
practical circuits, 432-434
Negative resistance
approach to oscillators, 425
at emitter follower inputs, 268
at tuned amplifier inputs, 298-301
current-controlled devices, 398-417
region in power transistors, 342-344
voltage-controlled devices, 399, 407,
417
Neutralization, 290-296
narrow band, 291
Noise
1//, 233-234, 239-241
figure (see: Noise figure)
models, 233-246
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in r-f stages, 305
in resistors, 234
shot, 235
in silicon devices, 235
Noise figure
common base, 246
common emitter, 238-240
definition, 238
narrow band, 239
optimum source impedance, 239
Nonsaturating bistable multivibrator,
327, 333-337
Noyce, R. N., 11, 26, 344
Ohmic contacts, 11
One shot circuits (monostable)
blocking oscillators, 376-381
bootstrap circuits, 395-397
multivibrators, 349-354, 358-375
negative-resistance circuits, 412414
Operational amplifiers, 271-275
Operating point (see: Q-point)
OR circuits, 323-325, 417-418
Oscillations
in back biased transistors, 343
in emitter followers, 268
in i-f amplifiers, 298-300
in voltage regulators, 218, 222
Oscillators, sine wave, 422-427
Overshoot
in emitter follower, 288
in nonsaturated bistable, 335-337
Output impedance
common emitter stage, 47
emitter follower, 54, 58
hybrid model (low frequency), 32
neutralized amplifier, 292-293
regulated power supply, 212, 218
transformer-coupled stage, 139
P-type, material, 6
Parameter conversion in models
basic to hybrid-pi, 41-43
basic to Tee, 37-39
hybrid to Tee, 39-41
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Parameter variations of transistors
with Ze, 19-21, 228
with Vcb, 17, 165-167, 224, 228
with temperature, 21-24
Parasitic effects, 223, 264, 289
Partitioning theorem, 429
Paynter, D. A., 385
Paz, H. J., 200
Peak voltage, 24, 113-114, 162-167,
338-344
Pederson, D. O., 285
Period
astable multivibrator, 355
blocking oscillator, 378-381
bootstrap sweep, 392-394
collector-base coupled monostable,
351-353
DC-DC converter, 383-384
emitter-coupled monostable, 362-367
Periodic table, 5
Pettit, J. M., 285
Phase inverter, 155
Phase shift
distortion in power amplifiers, 173174
excess in high-frequency models,
231-233
in R-C coupled stages, 124-130
Phase shift oscillator, 425-427
Pike, W. S., 285, 385, 396
P-N junctions, manufacture, 7
at equilibrium, 8
PNIP (NPIN) transistors, 310
PNPN characteristics
general, 403-404
in power transistors, 342-344
PNPN diodes, 198-200, 403-404
Poles and zeros, 126, 146, 257-274
of an emitter follower, 264-269
Potential barrier, 9
Power amplifiers, 158-203
basic configurations, 167-177
class A, 161, 177-189
class B, 161, 189-195
class B servo, 195-197
complementary symmetry, 161,197—
198

efficiency, 178, 183, 189, 193-197
optimum loads for, 159
thyratron type, 198-200
thermal stability of, 106-113, 162—
165
transistor destruction in, 342-344
Power gain, 137, 158-159, 292, 296
Power limitations in transistors, 101 —
113, 161-165
Power supplies (.see: Regulated power
supplies)
Printon, J., 200
Pritchard, R. L., 26, 229, 243, 250
Punch-through, 24, 162
Push-pull
class A, 183-189
class B, 189-195
complementary symmetry, 197
servo amplifiers, 187, 195
with unfiltcred supply, 195-197

Q in emitter follower circuits, 266-268
Q in tuned amplifier loads, 293-302
Q-point, 16, 67-71, 182
shifts with temperature, 101-113
variation of model parameters with,
19-21, 228

R-C coupling, 121-137, 247-275
RCTL, 324-325
Recombination
effect upon forward characteristic,
15-17
effect upon noise, 235
effect upon reverse characteristic,
11-13
representation in excess charge den
sity model, 313
Regulated power supplies
avalanche diode regulators, 206
feedback regulators, 211-219
high power, 215-219
series emitter follower, 209-211
shunt regulators, 207-208
Resistance, base spreading—rbb>, 17
variation with emitter current, 20
variation with temperature, 23
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Resistance of forward biased diode
linear approximation for, 73
variation with emitter current, 17,
21, 169
variation with temperature, 24
Resistance, negative (see: Negative
resistance)
Resistance, output (see: Output im
pedance)
Resistance, thermal, 101-114, 163-165,
206, 215, 338-339
Reverse bias prevention diode, 344
R-F amplifiers, 289-307
neutralization, 290-296
oscillations in, 298-300
Rise time, 309, 311, 335
Rogers, P. H., 285
Root loci, 427
Rosoff, A. L., 26
Runaway, thermal, 103, 106-114, 162165
Rutz, R. F., 243, 420

S, definition of, 76
(see also: Stability)
Sah, C. T., 11, 26
Saturation, 234, 311, 320-323
in bistables, 328-333
Sayre, D., 385
Schiewe, A. J., 385
Schmitt trigger, 337
Schneider, B., 235, 244
Self heating, 101-106
Semiconductor
conductivity, 4, 15, 27, 405
extrinsic, 5-7
intrinsic, 1-4
resistivity, 4, 15, 27, 405
Selectivity
in i-f and r-f amplifiers, 293, 301, 304
Series compensation, 262
Servo amplifiers, 187-189, 195-200
Shea, R. F., 439
Shire, J. N.,-26
Shockley, W., 11, 26, 420
Shunt peaking, 260, 287
Signal-to-noisc ratio, 238
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Silicon transistors
biasing, 73-80
emitter-base breakdown voltage,
329, 356
noise in, 235
voltage breakdown, 25
Silicon
dielectric constant, 224
diffusion constant, 5
energy gap voltage, 2
Zc0, 22
mobility, 3
resistivity, 27
Silicon resistors, 27, 98
Simmons, C. D., 345
Singer, D. F., 243
Slade, B. N., 200
Sommers, H. S., 420
Source impedance, optimum for
gain-bandwidth, 250-251
maximum gain in matched stages,
138-140
noise figure reduction, 239
power amplifiers, 169-172
Speed up capacitor, 330-332, 354
“Squarved” circuit, 242
Stability, bias, 74-82, 84-106
asymptotic plots, 80-81
effect upon gain, 122, 128
effect upon Q-point shifts, 101-106
in high gain R-C circuits, 157
in multistage circuits, 149-152
in transformer-coupled stages, 137
variation with alpha, 79
versus collector power, 113-114
Stanley, T. O., 305
Storage time, 312, 320-323
Stored base charge, 311-323
Strauss, L., 385, 420, 435
Strickland, P. R., 200
Strutt, M. J., 235, 244
Suran, J. J., 420
Surface barrier transistor, 230
Surface leakage breakdown, 24
Surface recombination noise, 233
Switches
transistors as, 310, 315-319
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in sweep circuits, 388, 391
Switching time
bistable multivibrators, 330-332
monostable, 354
negative-resistance devices, 414-417

Tanenbaum, M., 20
Taub, H., 364, 385
Taylor, W. O., 382, 385
Tee model for a transistor
high frequency, 228-233
low frequency, 36
noise, 236, 246
Temperature effects upon parameters,
21-24
Temperature limitations
general, 106-114
power amplifiers, 162-165
switching circuits, 183, 338-344
Temperature rise
steady-state conditions, 101-113,
162-165, 215
transient conditions, 162-165, 338344
Tetrode transistor
in avc circuits, 303
data on, 305
operation of, 230-231
Thermal capacitance, 162-165, 338340
Thermal insulator, 163
Thermal resistance, 101-114, 163-165,
206, 215, 338-340
Thermal runaway, 103, 106-114, 162165
Thermal time constant, 338
Thermistors, use in bias circuits, 95-98
Thomas, D. E., 20, 305
Thornton, C. G., 243, 345
Time constant
thermal, 162, 338
saturation (storage), 321-322
Townsend discharge, 205
Transconductance, 41, 228, 231
Transformers,
audio, 141-144
blocking oscillator, 376

dc-dc converter, 382-385
i-f, 292, 302
pulse, 376-385
saturation in, 380-381
wideband, 247
Transformer coupling
audio amplifiers, 137-146, 178-200
mismatched stages, 296-302
narrow band stages, 292
Transistor characteristics
for high-frequency amplifiers, 223231, 245, 251-253, 286
measurement of, 36, 223, 244
as power amplifiers, 161-167
static, 66-74
as switches, 309-310, 342-344
typical small signal, 43, 62-64
Transition capacity, 224
use of in avc circuit, 303
in switching transistors, 310, 311
Transition region, 9
capacitance, 224
noise, 235
Transmission line
analogy for diffusion phenomena,
225
constant resistance, 276
Transient analysis
large-signal, 311-312, 319-323
small-signal, 308-310, 319-320
Transport factor, 15
measurement of, 315, 318
variation with emitter current, 19
Transistor models,
basic physical model, 16-19
(see also: Models)
Truxal, J. G., 201, 427, 435
Tuned amplifiers, 289-307
Tunnel diodes,
characteristics, 406-407
circuits, 417-419
Uchrin, G. C., 382, 385
Unijunction transistor
characteristics, 404-406
circuits, 408-414
Unilateralization (see: Neutralization)
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Van der Ziel, A., 236, 243, 244
Variations of model parameters (see:
Parameter variations of tran
sistors)
Vasseur, J. P., 152
Video amplifiers, 247-287
cascaded, 252-253
optimum load, 250-251
output stages, 284
Voltage amplifiers, general, 28-36
(see also: Gain, voltage)
Voltage breakdown, 24, 162, 205-206,
342-344
Voltage feedback circuits
biasing, 82-93
gain-bandwidth products, 269-271
low-frequency response, 131-137
Voltage regulators
automatic turn-off, 215-219
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emitter follower, 209-211
feedback, 211-221
shunt, 206-208
Voltage source, ideal, 28
Voltage sweeps, 390-397
Williams, R. C., 385
Waldhauer, F. D., 285
Webster, W. M., 200
Weekes, B. B., 242
White, B. H., 345

Yourke, H. S., 345
Zener breakdown, 24, 205-206
Zener diodes, 205-206
(see also: Avalanche diodes)
Zeros (see: Poles and zeros)

461

