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Preface

The purpose of the CRC RF & Microwave Semiconductor Device Handbook is to provide a single volume
comprehensive reference for high frequency semiconductor devices. It is intended to be a starting point
for programs involving development, technology comparison, or acquisition for RF and wireless semiconductor devices. The articles that comprise the handbook provide important information for practicing engineers in industry, government, and academia. The intended audience also includes microwave
and other electrical engineers requiring information outside of their area of expertise as well as managers,
marketers, and technical support workers who need better understanding of the fields driving their
decisions.
The book covers every aspect of semiconductor device technology including basic material characteristics, system level concerns and constraints, simulation and modeling of devices, packaging, as well as
detailed discussions of device operation. Individual chapters discuss details of the properties and characteristics of each semiconductor device type. Devices included in the text include: Varactors, Schottky
diodes, transit-time devices, BJTs, HBTs, MOSFETs, MESFETs, and HEMTs. Additional chapters also
examine wide bandgap devices as well as monolithic microwave integration. Finally, all of the articles
provide the reader with additional references to related expert literature.
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1.1 Introduction
A varactor is a nonlinear reactive device used for harmonic generation, parametric amplification, mixing,
detection, and voltage-variable tuning.1 However, present applications of varactors are mostly for harmonic generation at millimeter and submillimeter wave frequencies, and as tuning elements in various
microwave applications. Varactors normally exhibit a voltage-dependent capacitance and can be fabricated from a variety of semiconductor materials.2 A common varactor is the reverse biased Schottky
diode. Advantages of varactors are low loss and low noise. The maximum frequency of operation is
mainly limited by a parasitic series resistance (see Fig. 1.1).

1.2 Basic Concepts
Many frequencies may interact in a varactor, and of those, some may be useful inputs or outputs, while
the others are idlers that, although they are necessary for the operation of the device, are not part of any
input or output. For instance, to generate high harmonics in a frequency multiplier it is more or less
necessary to allow current at intermediate harmonics (idlers) to flow. Such idler circuits are usually
realized as short-circuit resonators, which maximize the current at idler frequencies.

1.2.1 Manley-Rowe Formulas
The Manley-Rowe formulas3 for lossless nonlinear reactances are useful for intuitive understanding of
multipliers, frequency converters, and dividers. Consider a varactor excited at two frequencies fp and fs ;
the corresponding general Manley-Rowe formulas are
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∞

∞

∑ ∑ nf

mPm ,n

m =1 n = − ∞
∞

∞

p

∑ ∑ nf

m = − ∞ n =1

+ mf s

nPm ,n
p

+ mf s

=0

=0

where m and n are integers representing different harmonics and Pm,n is the average power flowing into
the nonlinear reactance at the frequencies nfp and mfs .
• Frequency multiplier (m = 0): if the circuit is designed so that only real power can flow at the
input frequency, fp , and at the output frequency, nfp , the above equations predict a theoretical
efficiency of 100%. The Manley-Rowe equation is P1 + Pn = 0.
• Parametric amplifier and frequency converter: assume that the RF-signal at the frequency fs is
small compared to the pump signal at the frequency fp . Then, the powers exchanged at sidebands
of the frequencies nfp and mfs for m different from 1 and 0 are negligible. Furthermore, one of
the Manley-Rowe formulas only involves the small-signal power as
∞

∑ nf

n=−∞

P1,n
p

+ fs

=0

Hence, the nonlinear reactance can act as an amplifying upconverter for the input signal at
frequency fs and output signal extracted at fu = fs + fp with a gain of

⎛
f ⎞
Pu P1,1
f
=
= − ⎜1 + p ⎟ = − u
Ps P1,0
fs ⎠
fs
⎝

1.2.2 Varactor Model
The intrinsic varactor model in Fig. 1.1 has a constant series resistance, Rs, and a nonlinear differential
elastance, S(V) = dV/dQ = 1/C(V), where V is the voltage across the diode junction. This simple model
is used to describe the basic properties of a varactor and is adequate as long as the displacement current
is much larger than any conduction current across the junction. A rigorous analysis should also include
the effect of a frequency- and voltage-dependent series resistance, and the equivalent circuit of parasitic
elements due to packaging and contacting. The differential elastance is the slope of the voltage-charge
relation of the diode and the reciprocal of the differential capacitance, C(V). Since the standard varactor
model consists of a resistance in series with a nonlinear capacitance, the elastance is used rather than the
capacitance. This simplifies the analysis and gives, generally, a better understanding of the varactor. The
differential elastance can be measured directly and is used rather than the ratio of voltage to charge.
The elastance versus voltage for a conventional varactor and a symmetric varactor are shown in Fig. 1.2.
In both cases, the maximum available elastance is achieved at the breakdown voltage. The conventional
varactor is reverse biased in order to allow maximum elastance swing and avoid any forward conduction
current. A symmetric varactor will only produce odd harmonics when a sinusoidal signal is applied. This
means that a varactor frequency tripler can be realized without any second harmonic idler circuit or DC

FIGURE 1.1

Equivalent circuit of a pure varactor.4
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FIGURE 1.2

Elastance as a function of voltage for (top) one side junction diodes and (bottom) symmetric diodes.

bias. This simplifies the design of such circuits and, hence, many novel symmetric varactors have been
proposed. Among these, the Heterostructure Barrier Varactor (HBV)5 has so far shown the best performance.

1.2.3 Pumping
The pumping of a varactor is the process of passing a large current at frequency fp through the varactor.
The nonlinear varactor then behaves as a time-varying elastance, S(t), and the series resistance dissipates
power due to the large-signal current. The allowable swing in elastance is limited by the maximum
elastance of the device used. Hence, the time domain equation describing the varactor model in Fig. 1.1
is given by:

()

( ) ∫ ( )( )

V t = Rsi t + S t i t dt
The above equation, which describes the varactor in the time domain, must be solved together with
equations describing the termination of the varactor. How the varactor is terminated at the input, output,
and idler frequencies has a strong effect on the performance. The network has to terminate the varactor
at some frequencies and couple the varactor to sources and loads at other frequencies. Since this embedding circuit is best described in the frequency domain, the above time domain equation is converted to
the frequency domain. Moreover, the varactor is usually pumped strongly at one frequency, fp , by a local
oscillator. If there are, in addition, other small signals present, the varactor can be analyzed in two steps:
(1) a large signal simulation of the pumped varactor at the frequency fp , and (2) the varactor behaves

1-4

RF and Microwave Semiconductor Device Handbook

like a time-varying linear elastance at the signal frequency, fs . For the large signal analysis, the voltage,
current, and differential elastance can be written in the forms
∞

( ) ∑I e

it =

jkω pt

k

, I − k = I k∗

k =−∞
∞

( ) ∑V e

V t =

jkω pt

k

, V− k = Vk∗

k =−∞
∞

( ) ∑S e

St =

jkω pt

k

, S − k = S k∗

k =−∞

Hence, the time domain equation that governs the above varactor model can be converted to the
frequency domain and the relation between the Fourier coefficients, Ik , Vk , Sk , reads

Vk = Rs I k +

1
jkω p

∞

∑IS

l k −1

l=−∞

The above equation is the general starting point for analyzing varactors. Since there is a relation
between the Fourier coefficients Sk and Ik , the above equation is nonlinear and hard to solve for the
general case. Today, the large signal response is usually calculated with a technique called harmonic
balance.6 This type of nonlinear circuit solver is available in most commercial microwave CAD tools.
Assume that the varactor is fully pumped and terminated so that the voltage across the diode junction
becomes sinusoidal. The corresponding elastance waveforms for the conventional and symmetrical varactor in Fig. 1.2 are shown in Fig. 1.3. It is important to note that the fundamental frequency of the
symmetric elastance device is twice the pump frequency.
The nonlinear part of the elastance, S(t) – Smin, creates harmonics and its impedance should be large
compared to the series resistance, Rs, for a good varactor. The impedance ratio of the series resistance
and the nonlinear part of the elastance at the fundamental frequency can be written as

FIGURE 1.3

Elastance waveform S(t) during full pumping with a sinusoidal voltage across the diode junction.
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FIGURE 1.4
diodes.

Block scheme of nth-order frequency multiplier circuit with (a) shunt-mounted and (b) series-mounted

f
Rs
= p
Smax − Smin
fc
2πf p
and the dynamic cutoff frequency is introduced as

fc =

Smax − Smin
2πRs

The dynamic cutoff frequency is an important figure of merit for many varactor applications and a
typical value for a state-of-the-art varactor is more than 1 THz. The starting point for a varactor design
is, hence, to maximize the elastance swing, Smax – Smin, and minimize any losses, Rs. For semiconductor
varactors, the maximum elastance swing is limited by at least one of the following conditions:
• depletion layer punch-through,
• large electron conduction from impact ionization or forward conduction current,
• current saturation. The saturated electron velocity in the material determines the maximum length
an electron can travel during a quarter of a pump cycle.7
Increasing the pump power beyond any of the above conditions will result in reduced performance and
probably introduce extra noise.

1.3 Varactor Applications
1.3.1 Frequency Multipliers
Varactor frequency multipliers are extensively used to provide LO power to sensitive millimeter- and
submillimeter-wavelength receivers. Today, frequency multipliers are the main application of varactors.
Solid-state multipliers are relatively inexpensive, compact, lightweight, and reliable compared to vacuum
tube technology, which makes them suitable for space applications at these frequencies. State-of-the-art
balanced Schottky doublers can deliver 55 mW at 174 GHz8 and state-of-the-art four-barrier HBV triplers
deliver about 9 mW at 248 GHz.9
Frequency multiplication or harmonic generation in devices occur due to their nonlinearity. Based on
whether the multiplication is due to a nonlinear resistance or a nonlinear reactance, one can differentiate
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between the varistor and varactor type of multipliers. Varactor type multipliers have a high potential
conversion efficiency, but exhibit a narrow bandwidth and a high sensitivity to operating conditions.
According to the Page-Pantell inequality, multipliers that depend upon a nonlinear resistance have at
most an efficiency of 1/n2, where n is the order of multiplication.10,11 The absence of reactive energy
storage in varistor frequency multipliers ensures a large bandwidth. For the ideal varactor multiplier, i.e.,
a lossless nonlinear reactance, the theoretical limit is a conversion efficiency of 100% according to the
Manley-Rowe formula. However, real devices exhibit properties and parameters that are a mixture of the
ideal varistor and the ideal varactor multiplier (see Figure 1.4). The following set of parameters is used
to describe and compare properties of frequency multipliers:
• Conversion loss, Ln , is defined as the ratio of the available source power, PAVS , to the output
harmonic power, Pn , delivered to the load resistance. It is usually expressed in decibels. The inverted
value of Ln, i.e., the conversion efficiency, ηn, is often expressed as a percent.
• In order to minimize the conversion loss, the optimum source and load embedding impedances,
ZS and ZL, should be provided to the diode. Optimum source and load impedances are found
from maximizing, e.g., the conversion efficiency, and they depend on each other and on the input
signal level. In a nonlinear circuit, such as a multiplier, it is not possible to define a true impedance.
However, a “quasi-impedance”, Zn, can be defined for periodic signals as

Zn =

Vn
In

where Vn and In are the voltage and the current, respectively, at the nth harmonic.
Basic Principles of Single Diode Frequency Multipliers — Single diode frequency multipliers can
either be shunt or series mounted. In both cases the input and the output filter should provide optimum
embedding impedances at the input and output frequencies, respectively. The output filter should also
provide an open circuit for the shunt-mounted varactor and a short circuit for the series-mounted
varactor at the pump frequency. The same arguments apply to the input filter at the output frequency.
Analysis and design of conventional doublers and high order varactor multipliers are described well in
the book by Penfield et al.1 and in Reference 12.
In addition to the above conditions, the correct impedances must be provided at the idler frequencies
for a high order multiplier (e.g., a quintupler). In general, it is hard to achieve optimum impedances at
the different harmonics simultaneously. Therefore, a compromise has to be found.
Performance of Symmetric Varactor Frequency Multipliers — In Fig. 1.5 a calculation of the minimum
conversion loss for a tripler and a quintupler is shown. To systematically investigate how the tripler and
quintupler performance depends on the shape of the S-V characteristic, a fifth degree polynomial model was
employed by Dillner et al.13 The best efficiency is obtained for a S-V characteristic with a large nonlinearity
at zero volts or a large average elastance during a pump cycle. The optimum idler circuit for the quintupler
is an inductance in resonance with the diode capacitance (i.e., maximized third harmonic current).
Practical Multipliers — Since frequency multipliers find applications mostly as sources at higher
millimeter and submillimeter wave frequencies, they are often realized in waveguide mounts14,15 (see
Fig. 1.6). A classic design is the arrangement of crossed rectangular waveguides of widths specific for the
input and output frequency bands. The advantages are:
• The input signal does not excite the output waveguide, which is cut off at the input frequency.
• Low losses.
• The height of the waveguide in the diode mounting plane may be chosen to provide the electrical
matching conditions. Assuming a thin planar probe, the output embedding impedance is given
by analytical expressions.16
• Movable short circuits provide input/output tunability.
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FIGURE 1.5 The minimum conversion loss for a tripler and a quintupler for the symmetric S-V characteristic
shown in Fig. 1.2. The pump frequency is normalized to the dynamic cutoff frequency. For the quintupler case, the
idler circuit is an inductance in resonance with the diode capacitance.

FIGURE 1.6 Schematic diagram of a crossed waveguide frequency multiplier. The output signal is isolated from
the input waveguide with a low pass filter.

Today, whole waveguide mounts can be analyzed and designed using commercially available high
frequency electromagnetic CAD tools. They either solve Maxwell’s equations in the frequency domain
or in the time domain using the FDTD method.
The inherently limited bandwidth of varactors can be improved by employing a transmission line
periodically loaded with varactors.17,18 These NonLinear Transmission Lines (NLTLs) can currently provide the largest bandwidth and still achieve a reasonable conversion efficiency as a frequency multiplier.
Simultaneous effects of nonlinearity and dispersion may also be used for pulse compression (soliton
propagation).

1.3.2 Frequency Converters
The varactor is useful as a frequency converter because of its good noise properties, and because gain
can be achieved. The nonlinear reactance is pumped at a frequency fp , and a small signal is introduced
at a frequency fs. Power will exchange at frequencies of the form nfp + fs (n can be negative). If the output
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frequency is higher than the input frequency, the varactor acts as an upconverter, otherwise it is a
downconverter. Furthermore, one differ between lower (n = –1) and upper sideband (n = 1) converters,
and according to whether or not power is dissipated at any other sidebands (idlers).
Assume that the elastance is pumped sinusoidally (i.e., Sk = 0 for k > 1), the varactor is open-circuited
at all frequencies except fs , fp , fu = fp + fs , and that the varactor termination tunes out the average elastance.
The source resistance is then adjusted to give optimum gain or optimum noise temperature. For the
upper sideband upconverter, the minimal noise temperature is

Tmin = Td

⎡
2⎤
⎛ fs ⎞ ⎥
2fs ⎢ fs
+
1
+
⎜m f ⎟ ⎥
m1 f c ⎢ m1 f c
⎝ 1 c⎠ ⎥
⎢⎣
⎦

when the source resistance is

⎛m f ⎞
R = Rs 1 + ⎜ 1 c ⎟
⎝ fs ⎠

2

T
o

where Td is the diode temperature, fc is the dynamic cutoff frequency, and m1 is the modulation ratio
defined as

m1 =

S1
Smax − Smin

It can be shown that there is gain under optimum noise termination conditions only for signal
frequencies smaller than 0.455m1 fc .1 A different source resistance will result in maximum gain

RoG = Rs 1 +

m12 f c2
fs fu

The corresponding optimum gain is

G MAX

⎛
⎞
m1 f c
⎜
⎟
⎜
⎟
fs
=⎜
⎟
m12 f c2 ⎟
⎜
1
1
+
+
⎜
f s f u ⎟⎠
⎝

2

As predicted by the Manley-Rowe formula for a lossless varactor, the gain increases as the output
frequency, fu , increases. The effect of an idler termination at fI = fp – fs can further increase the gain and
reduce the noise temperature.
The above expressions for optimum noise and the corresponding source impedance are valid for the
lower sideband upconverter as well. However, the lower sideband upconverter may have negative input
and output resistances and an infinite gain causing stability problems and spurious oscillations. All
pumped varactors may have such problems. With a proper choice of source impedance and pump
frequency, it is possible to simultaneously minimize the noise and make the exchangeable gain infinite.
This occurs for an “optimum” pump frequency of fp = m 21 f c2 + f s2 or approximately m1 fc if the signal
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frequency is small. Further information on how to analyze, design, and optimize frequency converters
can be found in the book by Penfield et al.1

1.3.3 Parametric Amplifiers
The parametric amplifier is a varactor pumped strongly at frequency fp , with a signal introduced at
frequency fs . If the generated sidebands are terminated properly, the varactor can behave as a negative
resistance at fs . Especially the termination of the idler frequency, fp – fs, determines the real part of the
impedance at the signal frequency. Hence, the varactor can operate as a negative resistance amplifier at
the signal frequency, fs. The series resistance limits the frequencies fp and fc for which amplification can
be achieved and it also introduces noise.
The explanation of the effective negative resistance can be described as follows: The application of
signal plus pump power to the nonlinear capacitance causes frequency mixing to occur. When current
is allowed to flow at the idler frequency fp – fs , further frequency mixing occurs at the pump and idler
frequencies. This latter mixing creates harmonics of fp and fp – fs, and power at fs is generated. When the
power generated through mixing exceeds that being supplied at the signal frequency fs , the varactor
appears to have a negative resistance. If idler current is not allowed to flow, the negative resistance
vanishes. Assuming that the elastance is pumped sinusoidally (i.e., Sk = 0 for k > 1), and the varactor
is open circuited at all frequencies except fs , fp , fi = fp – fs , and that the varactor termination tunes out
the average elastance, gain can only be achieved if

(

)

f s f i Rs + Ri < Rsm12 f c2
where Ri is the idler resistance. By terminating the varactor reactively at the idler frequency, it can be
shown that a parametric amplifier attains a minimum noise temperature when pumped at the optimum
pump frequency, which is exactly the same as for the simple frequency converter. This is true for
nondegenerated amplifiers where the frequencies are well separated. The degenerate parametric amplifier
operates with fi close to fs , and can use the same physical circuit for idler and signal frequencies. The
degenerate amplifier is easier to build, but ordinary concepts of noise figure, noise temperature, and
noise measure do not apply.

1.3.4 Voltage Tuning
One important application of varactors is voltage tuning. The variable capacitance is used to tune a
resonant circuit with an externally applied voltage. This can be used to implement a Voltage Controlled
Oscillator (VCO), since changing the varactor capacitance changes the frequency of oscillation within a
certain range. As the bias is increased, the resonant frequency fo increases from fo,min to fo,max as the elastance
changes from Smin to Smax. If the present RF power is low, the main limitations are the finite tuning range
implied by the minimum and maximum elastance and the fact that the series resistance degrades the
quality factor, Q, of the tuned circuit. The ratio of the maximum and minimum resonant frequency gives
a good indication of the tunability

f o,max
f o,min

≤

Smax
Smin

However, if the present RF power level is large, the average elastance, which determines the resonant
frequency, depends upon drive level as well as bias. Second, the allowed variation of voltage is reduced
for large RF power levels.
Since the varactor elastance is nonlinear, quite steep at low voltages, and almost flat at high voltages,
the VCO tuning range is not naturally linear. However, an external bias circuit can improve the linearity
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of the VCO tuning range. It is also possible to optimize the doping profile of the varactor in terms of
linearity, Q-value, or elastance ratio.

1.4 Varactor Devices
1.4.1 Conventional Diodes
Common conventional varactors at lower frequencies are reverse biased semiconductor abrupt p+-n
junction diodes made from GaAs or silicon.2 However, metal-semiconductor junction diodes (Schottky
diodes) are superior at high frequencies since the carrier transport only relies on electrons (unipolar
device). The effective mass is lower and the mobility is higher for electrons compared to holes. Furthermore, the metal-semiconductor junction can be made very precisely even at a submicron level. A reverse
biased Schottky diode exhibits a nonlinear capacitance with a very low leakage current. High frequency
diodes are made from GaAs since the electron mobility is much higher than for silicon.
The hyperabrupt p+-n junction varactor diode has a nonuniform n-doping profile and is often used
for voltage tuning. The n-doping concentration is very high close to the junction and the doping profile
is tailored to improve elastance ratio and sensitivity. Such doping profiles can be achieved with epitaxial
growth or by ion implantation.

1.4.2 The Heterostructure Barrier Varactor Diode
The Heterostructure Barrier Varactor (HBV), first introduced in 1989 by Kollberg et al.,5 is a symmetric
varactor. The main advantage compared to the Schottky diode is that several barriers can be stacked
epitaxially. Hence, an HBV diode can be tailored for a certain application in terms of both frequency and
power handling capability. Moreover, the HBV operates unbiased and is a symmetric device, thus generating only odd harmonics. This greatly simplifies the design of high order and broadband multipliers.
The HBV diode is an unipolar device and consists of a symmetric layer structure. An undoped high
band gap material (barrier) is sandwiched between two moderately n-doped, low band gap materials.
The barrier prevents electron transport through the structure. Hence, the barrier should be undoped
(no carriers), high and thick enough to minimize thermionic emission and tunnelling of carriers. When
the diode is biased a depleted region builds up (Fig. 1.7), causing a nonlinear CV curve.
Contrary to the Schottky diode, where the barrier is formed at the interface between a metallic contact
and a semiconductor, the HBV uses a heterojunction as the blocking element. A heterojunction, i.e., two

FIGURE 1.7

Conduction band of a biased GaAs/Al0.7GaAs HBV.
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TABLE 1.1

Generic Layer Structure of an HBV
Thickness
[Å]

Layer
7
6
5
4
3
2
1
0

Contact
Modulation
Spacer
Barrier
Spacer
Modulation
Buffer
Substrate

~3000
l = 3000
s = 50
b ≥ 100
s = 50
l = 3000
—

Doping Level
[cm–3]
n++
Nd ~ 1017
undoped
undoped
undoped
Nd ~ 1017
n++
n++ or SI

⎪⎫
⎬
⎪⎭

xN

Note: For N epitaxially stacked barriers, the layer sequence 2–5
is repeated N times.

adjacent epitaxial semiconductor layers with different band gaps, exhibits band discontinuities both in
the valence and in the conduction band. Since the distance between the barriers (>1000 Å) is large
compared to the de Broglie wavelength of the electron, it is possible to understand the stacked barrier
structure as a series connection of N individual barriers. A generic layer structure of an HBV is shown
in Table 1.1.
The HBV Capacitance — The parallel plate capacitor model, where the plate separation should be
replaced with the sum of the barrier thickness, b, the spacer layer thickness, s, and the length of the
depleted region, w, is normally an adequate description of the (differential) capacitance. The depletion
length is bias dependent and the layer structure is symmetric, therefore the elastance is an even function
of applied voltage and is given by

S=

w=

s w⎞
1 N⎛ b
= ⎜ + + ⎟
C A ⎝ εb εd εd ⎠
2ε d Vd
qN d

where Vd is the voltage across the depleted region, Nd is the doping concentration in the modulation
layers, b is the barrier thickness, s is the undoped spacer layer thickness, A is the device area, and εb and
εd are the dielectric constants in the barrier material and modulation layers, respectively. The maximum
capacitance or the minimum elastance, Smin, occurs at zero bias. However, due to screening effects, the
minimum elastance, Smin, must include the extrinsic Debye length, LD , as:

Smin =
LD ≡

1
Cmax

=

N ⎛ b 2s 2LD ⎞
+ +
A ⎜⎝ ε b ε d ε d ⎟⎠

ε dkT
q2 N d

To achieve a high Cmax/Cmin ratio, the screening length can be minimized with a sheet doping, Ns, at
the spacer/depletion layer interface. The minimum capacitance, Cmin, is normally obtained for punch
through condition, i.e., w = l, or when the breakdown voltage, Vmax , is reached.
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Planar four-barrier HBV (37 µm2/CTH-NU2003J).

An accurate quasi-empirical expression for the C-V characteristic of homogeneously doped HBVs has
been derived by Dillner et al.19 The voltage across the nonlinear capacitor is expressed as a function of
its charge as

⎛
Q
⎛
⎛
⎞⎞⎞
bQ
sQ
Q2
4kT ⎜
2 LD AqNd ⎟ ⎟ ⎟
⎜
⎜
V Q =N
+2
+ Sign Q
+
1− e
⎜ε A
⎜⎜ 2qN ε A2
⎟ ⎟⎟ ⎟⎟
εd A
q ⎜
⎜ b
d d
⎝
⎠⎠⎠
⎝
⎝

()

()

where T is the device temperature, q is the elementary charge, and Q is the charge stored in the HBV.
The substrate is either highly doped or semi-insulating (SI), depending on how the device is intended
to be mounted. The contact layers (Nos. 1 and 7) should be optimized for low losses. Therefore, the buffer
layer (No. 1) must be relatively thick (δ ~ 3 µm) and highly doped for planar HBVs (see Fig. 1.8). The
barrier itself can consist of different layers to further improve the blocking characteristic. The spacer prevents
diffusion of dopants into the barrier layer and increases the effective barrier height. The thickness of the
barrier layer will not influence the cutoff frequency, but it has some influence on the optimum embedding
impedances. Hence, the thickness is chosen to be thick enough to avoid tunneling of carriers. Several III-V
semiconductor material systems have been employed for HBVs. The best choices to date for HBVs are the
lattice matched In0,53Ga0,47As/In0,52Al0,48As system grown on InP substrate and the lattice matched GaAs/
AlGaAs system grown on GaAs substrate. High dynamic cutoff frequencies are achieved in both systems.
However, the GaAs/AlGaAs system is well characterized and relatively easy to process, which increases the
probability of reproducible results. The In0,53GaAs/In0,52AlAs system exhibits a higher electron barrier and
is therefore advantageous from a leakage current point of view. The thickness and doping concentration of
the modulation layers should be optimized for maximal dynamic cutoff frequency.20
In the future, research on wide bandgap semiconductors (e.g., InGaN) could provide solutions for
very high power HBVs, a combination of a II-VI barrier for low leakage current and a III-V modulation
layer for high mobility and peak velocity. Today, narrow bandgap semiconductors from the III-V groups
(e.g., InxGa1–xAs) seem to be the most suitable for submillimeter wave applications.

1.4.3 The Si/SiO2 /Si Varactor
By bonding two thin silicon wafers, each with a thin layer of silicon dioxide, it is possible to form a
structure similar to HBV diodes from III-V compounds. The SiO2 layer blocks the conduction current
very efficiently, but the drawback is the relatively low mobility of silicon. If a method to stack several
barriers can be developed, this material system may be interesting for lower frequencies where the series
resistance is less critical.
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1.4.4 The Ferroelectric Varactor
Ferroelectrics are dielectric materials characterized by an electric field and temperature-dependent dielectric constant. Thin films of BaxSr1–xTiO3 have been proposed to be used for various microwave applications. Parallel plate capacitors made from such films can be used in varactor applications. However, the
loss mechanisms at strong pump levels and high frequencies have not yet been fully investigated.
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2.1 Introduction
Heterodyne receivers are an important component of most high frequency communications systems and
other receivers. In its simplest form a receiver consists of a mixer being pumped by a local oscillator. At
lower frequencies a variety of local oscillator sources are available, but as the desired frequency of
operation increases, the local oscillator source options become more limited. The “lower frequencies”
limit has increased with time. Early transistor oscillators were available in the MHz and low GHz range.
Two terminal transit time devices such as IMPATT and Gunn diodes were developed for operation in
X and Ka band in the early 1970s. However, higher frequency heterodyne receivers were needed for a
variety of communications and science applications, so alternative local oscillator sources were needed.
One option was vacuum tubes. A variety of vacuum tubes such as klystrons and backward wave oscillators
grew out of the radar effort during the Second World War. These devices were able to produce large
amounts of power over most of the desired frequency range. However, they were large, bulky, expensive,
and suffered from modest lifetimes. They were also difficult to use in small science packages.
An alternative solid state source was needed and the technology of the diode frequency multiplier was
developed beginning in the 1950s. These devices use the nonlinear reactance or resistance of a simple
semiconductor or diode to produce high frequency signals by frequency multiplication. These multipliers
have been a part of many high frequency communications and science applications since that time. As
time passed the operating frequencies of both transistors and two-terminal devices increased. Silicon and
GaAs transistors have been replaced by much higher frequency HFETs and HBTs with fmax values of
hundreds of GHz. Two-terminal IMPATT and Gunn diodes can produce more than 100 milliwatts at
frequencies above 100 GHz. However, the desired operating frequencies of communications and scientific
applications have also increased. The most pressing needs are for a variety of science applications in the
frequency range between several hundred GHz and several THz. Applications include space-based remote
sensing of the earth’s upper atmosphere to better understand the chemistry of ozone depletion and basic
astrophysics to investigate the early history of the universe. Both missions will require space-based
heterodyne receivers with near THz local oscillators. Size, weight, and prime power will be important
parameters. Alternative approaches include mixing of infrared lasers to produce the desired local oscillator
frequency from higher frequencies, and a multiplier chain to produce the desired frequency from lower
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FIGURE 2.1

Schottky diodes (a) structure, (b) electric field, (c) capacitance vs. voltage, and (d) equivalent circuit.

frequencies. Laser-based systems with the desired output frequencies and powers are available, but not
with the desired size and weight. Semiconductor diode-based frequency multipliers have the modest size
and weight needed, but as of now cannot supply the required powers, on the order of hundreds of
microwatts, needed for the missions. This is the subject of ongoing research.
The goal of this chapter is to briefly described the performance of diode frequency multipliers in order
to better understand their performance and limitations. The chapter is organized as follows. The next
section will describe the properties of Schottky barrier diodes, the most useful form of a varactor
multiplier. The following section will describe the analytic tools developed to predict multiplier operation.
Two limitations, the reactive multiplier described by Manley and Rowe and the resistive multiplier
discussed by Page will be discussed. The results of these two descriptions can be used to understand the
basic limits of multiplier operation. However, these analytic results do not provide enough information
to design operating circuits. A more realistic computer-based design approach is needed. This will be
discussed in the next section. Limitations on realistic devices and some alternative structures will then
be described followed by a look at one future application and a brief summary.

2.2 Schottky Diode Characteristics
Multiplier operation depends on the nonlinear properties of Schottky diodes. The diode has both a
capacitive and a resistive nonlinearity. Consider the simple representation of a uniformly Schottky diode
shown in Fig. 2.1. Figure 2.3(a) shows a semiconductor with a Schottky barrier contact on the right and
an ohmic contact on the left. The semiconductor has a depletion layer width w, with the remaining
portion of the structure undepleted. The depletion layer can be represented as a capacitor and the
undepleted portion can be represented as a resistor. The depletion layer will act as a parallel plate capacitor
with a capacitance of

C=

A
,
w

(2.1)

where C is the capacitance,  is the dielectric constant, A is the area, and W is the depletion width w
from Fig. 2.1(a). The electric field vs. distance for this structure is shown in Fig. 2.1(b). For reasonable
conditions the electric field in the undepleted region is small. The field in the depletion regions extends
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over the width of the depletion region and depends linearly on x. The area under the electric field curve
in Fig. 2.1(b) is the depletion layer voltage, the sum of the applied voltage Vb and the built-in potential
φbi . The resulting depletion width vs. applied reverse voltage is

w=

(

2 φ bi + Vbios
qN d

),

(2.2)

where φbi is the built-in potential of the metal semiconductor or junction, Vbios is the applied reverse bias,
q is the electronic charge, and Nd is the uniform semiconductor doping. This width vs. applied bias will
result in the capacitance vs. applied voltage of the form

( )

CV =

Ci 0

(2.3)

φbi + Vbios

where Ci0 is the capacitance at zero applied bias. The resulting capacitance vs. bias voltage is shown in
Fig. 2.1(c). This capacitance characteristic is the starting point for the analytic models in the next section.
However, other effects are also present. Under realistic pumping conditions, the diode can also be forward
biased allowing forward conduction current flow. This can be approximated with a nonlinear voltagedependent resistance. The resulting equivalent circuit then becomes the right 2 nonlinear elements in
Fig. 2.1(c). There are also parasitic elements. The undepleted region of the device and various contact
and package resistance will appear in series with the nonlinear junction. Although the undepleted region
width is voltage dependent, this series resistance is usually modeled with a constant value. However, at
very high frequencies the current through the undepleted region can crowd to the outside edge of the
material due to the skin effect, increasing the resistance. This frequency-dependent resistance is sometimes
included in multiplier simulations [9]. The varactor diode must be connected to the external circuit.
This resulting physical connection usually results in a parasitic shunt capacitance associated with the
connection and a parasitic series inductance associated with the current flow through the wire connection.
A major part of multiplier research over the past decade has involved attempts to reduce these parasitic
effects.
This nonlinear capacitance vs. voltage characteristic can be used as a frequency multiplier. Consider
the charge Q in the nonlinear capacitance as a function of voltage

()

(

)

Q v = a φbi − V ,

(2.4)

where a is a constant. This function can be expanded in a series

( )

Q V = a0 + a1V + a2V 2 + a 3V 3 +…,

(2.5)

The current I(t) is the time derivative of the charge,

()

It =

[

]

dQ
dV
= a1 + 2a2V + 3a 3V 2 +…
dt
dt

(2.6)

If V(t) is of the form Vrf sin ωt, then the higher order V terms will produce harmonics of the input
pump frequency.
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2.3 Analytic Descriptions of Diode Multipliers
Equation (2.6) shows that we can get higher order frequencies out of a nonlinear element. However, it
is not clear what the output power or efficiency will be. The earliest research on frequency multipliers
were based on closed form descriptions of multiplier operation to investigate this question. This section
will discuss the ideal performance of reactive and resistive frequency multipliers.
A nonlinear resistor or capacitor, when driven by a pump source, can generate a series of harmonic
frequencies. This is the basic form of a harmonic multiplier. The Manley-Rowe relations are a general
description of power and frequency conversion relations in nonlinear reactive elements [1, 2]. They
describe the properties of frequency conversion and general in nonlinear reactances. The earliest work
on these devices sometimes used nonlinear inductances, but all present work involves the nonlinear
capacitance vs. voltage characteristic of a reverse-biased Schottky barrier diode. Although the Manley
Rowe equations describe frequency multiplication, mixer operation, and parametric amplification, they
are also useful as an upper limit on multiplier operation. If an ideal nonlinear capacitance is a pump
with a local oscillator at frequency f0, and an embedding circuit allows power flow at harmonic frequencies, then the sum of the powers into and out of the capacitor is zero,
∞

∑P

m

= 0.

(2.7)

m =0

This expression shows that we can have an ideal frequency multiplier at 100% efficiency converting
input power to higher frequency output power if we properly terminate all the other frequencies.
Nonlinear resistors can also be used as frequency multipliers [3, 4]. For a nonlinear resistor pumped
with a local oscillator at frequency f0, the sum of the power is
∞

∑ m P ≥ 0.
2

m

(2.8)

m =0

For an mth order resistive harmonic generator with only an input and output signal, the efficiency is
1
at best ------2 , 25% for a doubler and 11% for a tripler.
m
Although Eqs. (2.7) and (2.8) give upper limits on the efficiency to be expected from a multiplier, they
provide little design information for real multipliers. The next step in multiplier development was the
development of closed form expressions for design based on varactor characteristics [5, 6]. Burckardt
[6] gives design tables for linear and abrupt junction multipliers based on closed form expressions for
the charge in the diode. These expressions form the starting point for waveform calculations. Computer
simulations based on the Fourier components of these waveforms give efficiency and impedance information from 2nd to 8th order. However, these approximations limit the amount of design information
available. A detailed set of information on multiplier design and optimization requires a computer-based
analysis.

2.4 Computer-Based Design Approaches
The analytic tools discussed in the last section are useful to predict the ideal performance of various
frequency multipliers. However, more exact techniques are needed for useful designs. Important information such as input and output impedances, the effects of series resistance, and the effect of harmonic
terminations at other harmonic frequencies are all important in multiplier design. This information
requires detailed knowledge of the current and voltage information at the nonlinear device. Computerbased simulations are needed to provide this information. The general problem can be described with
the help of Fig. 2.2. The multiplier consists of a nonlinear microwave diode, an embedding network that
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Multiple reflection circuit.

provides coupling between the local oscillator source and the output load, provisions for DC bias and
terminations for all other non-input or output frequencies. Looking toward the embedding network
from the diode, the device sees embedding impedances at the fundamental frequency and each of the
harmonic frequencies. The local oscillator power available is usually specified along with the load impedances and the other harmonic frequencies under consideration. The goal is to obtain the operating
conditions, the output power and efficiency, and the input and output impedances of the overall circuit.
The nonlinear nature of the problem makes the solution more difficult. Within the context of Fig. 2.2,
the current as a function of time is a nonlinear function of the voltage. Device impedances can be obtained
from ratios of the Fourier components of the voltage and current. The impedances of the diode must
match the embedding impedances at the corresponding frequency. A “harmonic balance” is required for
the correct situation. Many commercial software tools use nonlinear optimization techniques to solve
this “harmonic balance” optimization problem. An alternative approach is the multiple reflection algorithm. This solution has the advantage of a very physical representation of the actual transient response
of the circuit. This technique is discussed in References 7, 8, and 9 and will be described here.
The basic problem is to calculate the diode current and voltage waveforms when the device is embedded
in an external linear circuit. The diode waveforms are best represented in the time domain. However,
the embedding circuit consists of linear elements and is best represented in the frequency or impedance
domain. One approach is the multiple reflection technique [7, 8, 9]. This technique splits the simulation
into two parts, a nonlinear time domain description of the diode multiplier and a linear frequency domain
description of the embedding network. The solution goal is to match the frequency domain impedances
of the embedding circuit with the time domain impedances of the nonlinear device. The circuit is shown
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in Fig. 2.3. The initial circuit is modified by including a long transmission line with a length l equal to
an integral number of pump frequency wavelengths and an arbitrary characteristic impedance Z0 between
the diode and the embedding network. Waves will propagate in both directions on this transmission line
depending on the conditions at the ends. When steady-state conditions are reached, the waveforms at
the circuit and the diode will be the same, with or without the transmission line. This transmission line
allows us to determine the waveforms across the diode as a series of reflections from the circuit. The
signals on the transmission line are composed of left- and right-traveling current and voltage waves. The
voltage at the diode is the sum of the right- and left-traveling wave voltages,

() () ()

v x = vr x + vl x

(2.9)

and the current at the diode is the difference

v x −v x
( ) ( ) ( ) ( )Z ( )

i x = ir x − il x =

r

l

(2.10)

0

Since the transmission line is an integral number of pump frequency wavelengths long, the conditions
are the same at each end under steady-state conditions,

(

) ( )

(2.11)

(

) ( )

(2.12)

v x =0 =v x =l
i x =0 =i x =l

At the start of the simulation, we assume that there is a right-traveling wave associated with the DC
bias at frequency 0 and the pump at frequency 1. This wave with a DC component and a component at
the local oscillator frequency will arrive at the diode at x = 0 as a Vr(t). The resulting voltage across the
diode will produce a diode current. This current driving the transmission line will produce a first reflected
voltage,

(

() )

1
v1reflected = v1l = v1diode − idiode
t Z0

2

(2.13)

This time domain reflected or left-traveling wave will then propagate to the embedding network. Here
is can be converted into the frequency domain with a Fourier transform. The resulting signal will contain
harmonics of the local oscillator signal due to the nonlinear nature of the diode current vs. voltage and
charge vs. voltage characteristic. The resulting frequency domain information can then be used to
construct a new reflected voltage wave from the embedding network. This process of reflections from
the diode and the circuit or “multiple reflections” continues until a steady-state solution is reached.
This computer-based solution has several advantages over the simpler analysis-based solutions. It can
handle combinations of resistive and reactive nonlinearities. Most high-efficiency multipliers are pumped
into forward conduction during a portion of the RF cycle so this is an important advantage for accurate
performance predictions. In practice the varactor diode will also have series resistance, parasitic capacitances, and series inductances. These additional elements are easily included in the multiplier simulation.
At very high frequencies the series resistance can be frequency dependent, due to current crowding in
the semiconductor associated with the skin effect. This frequency dependence loss can also be included
in simulations. Computer programs with these features are widely used to design high performance
frequency multipliers.
An alternative solution technique is the fixed point method [10]. This technique uses a circuit similar
to Fig. 2.3, with a nonlinear device and an embedding network connected with a transmission line.
However, this approach uses a fixed point iteration to arrive at a converged solution. The solution starts
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with arbitrary voltages at the local oscillator frequency at the harmonics. With these starting conditions,
a new voltage is obtained from the existing conditions using

Vn,k +1 =

Z 0Vrf
Z + Z0
L
n

(

Z nL Vn,k − I n,k Z 0

+

Z + Z0

)

L
n

(2.14)

for the driven local oscillator frequency and

Vn,k +1 =

Z0
Z + Z0
L
n

(V

n ,k

− I n ,k Z 0

)

(2.15)

for the remaining frequencies, where ZnL are the embedding impedances at frequency n, Z0 is the same
NL
is the nonlinear device
line characteristic impedance used in the multiple reflection simulation, Z n,k
impedance at frequency n and iteration number k, Vn,k , and In,k are the frequency domain voltage and
current at iteration k, and V nS is the RF voltage at the pump source. These two equations provide an
iterative solution of the nonlinear problem. They are particularly useful when a simple equivalent circuit
for the nonlinear device is not available. We now have the numerical tools to investigate the nonlinear
operation of multipliers. However, there are some operating conditions where this equivalent circuit
approach breaks down. Some of these limitations will be discussed in the next section.

2.5 Device Limitations and Alternative Device Structures
The simulation tools and simple device model do a good job of predicting the performance of low
frequency diode multipliers. However, many multiplier applications require very high frequency output
signals with reasonable output power levels. Under these conditions, the output powers and efficiencies
predicted are always higher than the experimental results. There are several possible reasons. Circuit loss
increases with frequency, so the loss between the diode and the external connection should be higher.
Measurements are less accurate at these frequencies, so the differences between the desired designed
circuit embedding impedances and the actual values may be different. Parasitic effects are also more
important, degrading the performance. However, even when all these effects are taken into account, the
experimental powers and efficiencies are still low. The problem is with the equivalent circuit of the diode
in Fig. 2.1(d). It does not correctly represent the high frequency device physics [11]. The difficulty can
be explained by referring back to Fig. 2.1(a). The device is a series connection of the depletion layer
capacitance and a bulk series resistance. The displacement current flowing through the capacitor must
be equal to the conduction current flowing through the undepleted resistive region. The capacitor
displacement current is

()

It =

( ) ()

dC V V t
dt

(2.16)

If we approximate V(t) with Vrf cos (ωt), then the current becomes

()

( )

dC V
( ) dt( )

I t = Vrf ωC V sin ωt + V t

(2.17)

For a given device, the displacement current and the resulting current through the resistor increase
with the frequency and the RF voltage. At modest drive levels and frequencies the undepleted region can
support this current and the equivalent resistance remains constant. However, the current density through
the undepleted region is
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FIGURE 2.4 Alternative structures (a) hyperabrupt doping, (b) BNN energy, (c) hyperabrupt capacitance, and (d)
BNN capacitance.

()

J dep = qN dv E ,

(2.18)

where Jdep is the conduction current density in the undepleted region and v(E) is the carrier velocity vs.
electric field. At low electric fields the slope of the velocity field curve is constant with a value equal to
the carrier mobility µ. However at higher electric fields, the velocity begins to saturate at a constant value.
Additional increases in the electric field do not increase the conduction current through the varactor.
This current saturation is a fundamental limit on the multiplier performance. A more physical explanation
also uses Fig. 2.1(a). A nonlinear capacitor implies a change in the depletion layer width with voltage.
However, changing the depletion layer width involves moving electrons from the depletion layer edge.
These electrons are limited by their saturated velocity, so the time rate of change of the capacitance is
also unlimited.
This simple theory allows a modified device design. Equations (2.18) and (2.17) are the starting point.
Our goal is usually to optimize the power or efficiency available from a multiplier circuit. Clearly one
option is to increase the doping Nd in Eq. (2.18) to increase the available Jdep. However, increasing the
doping decreases the breakdown voltage and thus the maximum RF voltage that can be present across
the reverse biased depletion layer. The device doping design becomes a parameter in the overall multiplier
design. The optimum efficiency and optimum power operating points for the same input and output
frequency are usually different. Although this simple description provides useful information, a detailed
physical model is usually needed for best results [12].
The discussion so far has been based on a uniformly doped abrupt junction varactor. However, other
doping or material layer combinations are possible [13]. One option is to tailor the doping or material
profile to obtain a capacitance vs. voltage that is more nonlinear than the 1/ V bios dependence in Eq. (2.2).
Two options are the hyperabrupt varactor and the BNN structure. These devices are shown in Fig. 2.4.
The doping profile of a hyperabrupt varactor is shown in Fig. 2.4(a). Instead of a uniform doping, this
structure has a much smaller doping over most of the structure with a high doping or doping spike near
the metal semiconductor junction. The corresponding capacitance vs. voltage characteristic is shown in
Fig. 2.4(c). At modest reverse biases the depletion layer extends from the metal contact to the doping
spike. The resulting narrow depletion layer produces a high capacitance. Higher applied voltages begin
to deplete the charge in the doping spike. When the spike charge is depleted, there is a rapid increase in
the depletion layer width through the second lightly doped region and a corresponding decrease in the
capacitance. This structure can produce a more nonlinear capacitance variation than a uniformly doped
device. However, the structure combines both lightly doped and heavily doped regions, so saturation
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FIGURE 2.5
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Structure and associated capacitance voltage characteristic.

effects can occur in the lightly doped portion. An alternative structure is the BNN or BIN device. This
structure uses combinations of Barriers Intrinsic and N doped regions formed with combinations of
different epitaxial materials and doping to produce optimized capacitance structures. This structure can
have either ohmic or Schottky contacts. A typical structure is shown in Fig. 2.4(b). Notice that conduction
band energy rather than doping is being plotted. The structure consists of an n+ ohmic contact on the
right followed by an n region that can be depleted, a wide bandgap barrier region, and a second n+
ohmic contact on the left. This structure can have a highly nonlinear capacitance characteristics as shown
in Fig. 2.4(d), depending on the choice of layer doping and energy band offsets. These BNN structures
have potential advantages in monolithic integration and can be fabricated in a stacked or series configuration for higher output powers.
Since the major application of frequency multipliers is for high frequency local oscillator sources, it
would be reasonable to try to fabricate higher order multipliers, triplers for example, instead of doublers.
Although based on Eq. (2.7), this is possible, there are some problems. Efficient higher order multiplication requires currents and voltages at intermediate frequencies, at the second harmonic in a tripler for
example. This is an “idler” frequency or circuit. However, in order to avoid loss, this frequency must
have the correct reactive termination. This adds to the complexity of the circuit design. Some details of
doublers and triplers are given in Reference 14. An alternative that avoids the idlers is an even or
symmetrical capacitance voltage characteristic. One possibility is the single barrier or quantum barrier
varactor [15]. The structure and associated capacitance voltage characteristic are shown in Fig. 2.5. This
structure, shown in Fig. 2.5(a), is similar to the BNN expect the barrier is the middle with lightly doped
regions on either side. This will be a series connection of a depletion layer, a barrier and a depletion
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region, with ohmic contacts on each end. The capacitance is maximum at zero applied bias, with a builtin depletion layer on each side of the barrier. When a voltage is applied, one to the depletion layers will
become forward biased and shrink and the other one will be reverse biased and expand. The series
combination capacitance will become smaller. Reversing the applied voltage will produce the same
capacitance. The resulting symmetrical capacitance is shown in Fig. 2.5(b). This capacitance characteristic
is a useful starting point for odd order multipliers.

2.6 Summary and Conclusions
This chapter has briefly discussed the properties of Schottky barrier diodes that are useful for frequency
multipliers. Although a variety of other solid state sources are available for lower frequency sources, these
devices are a critical component of future space-based applications.
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3.1 Introduction
There are several types of active two-terminal diodes that can oscillate or supply gain at microwave and
millimeter-wave frequencies. These devices can be fabricated from a variety of semiconductor materials,
but Si, GaAs, and InP are generally used. The most common types of active diodes are the IMPATT (an
acronym for IMPact Avalanche Transit-Time) diode, and the Transferred Electron Device (generally called
a Gunn diode). Tunnel diodes are also capable of producing active characteristics at microwave and
millimeter-wave frequencies, but have been replaced in most applications by three-terminal transistors
(such as GaAs MESFETs and AlGaAs/GaAs HEMTs), which have superior RF and noise performance,
and are also much easier to use in systems applications. The IMPATT and Gunn diodes make use of a
combination of internal feedback mechanisms and transit-time effects to create a phase delay between
the RF current and voltage that is more than 90°, thereby generating active characteristics. These devices
have high frequency capability since the saturated velocity of an electron in a semiconductor is high
(generally on the order of ~107 cm/sec) and the transit time is short since the length of the region over
which the electron transits can be made on the order of a micron (i.e., 10–4 cm) or less. The ability to
fabricate devices with layer thicknesses on this scale permits these devices to operate at frequencies well
into the millimeter-wave region. Oscillation frequency on the order of 400 GHz has been achieved with
IMPATT diodes, and Gunn devices have produced oscillations up to about 150 GHz. These devices have
been in practical use since the 1960s and their availability enabled a wide variety of solid-state system
components to be designed and fabricated.

3.2 Semiconductor Material Properties
Active device operation is strongly dependent upon the charge transport, thermal, electronic breakdown,
and mechanical characteristics of the semiconductor material from which the device is fabricated. The
charge transport properties describe the ease with which free charge can flow through the material. This
is described by the charge velocity-electric field characteristic, as shown in Fig. 3.1 for several commonly
used semiconductors. At low values of electric field, the charge transport is ohmic and the charge velocity
is directly proportional to the magnitude of the electric field. The proportionality constant is called the
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mobility and has units of cm2/V-sec. Above a critical value for the electric field, the charge velocity (units
of cm/sec) saturates and either becomes constant (e.g., Si) or decreases with increasing field (e.g., GaAs).
Both of these behaviors have implications for device fabrication, especially for devices intended for high
frequency operation. Generally, for transit time devices, a high velocity is desired since current is directly
proportional to velocity. The greatest saturated velocity is demonstrated for electrons in the wide bandgap
semiconductors, SiC and GaN. Both of these materials have saturated electron velocities on the order of
vs ~ 2 × 107 cm/sec. This is one of the main reasons these materials are being developed for high frequency
electronic devices. Also, a low value for the magnitude of the electric field at which velocity saturation
occurs is desirable since this implies high charge mobility. High mobility produces low resistivity, and
therefore low values for parasitic and access resistances for semiconductor devices.
The decreasing electron velocity with electric field characteristic for compound semiconductors such
as GaAs and InP makes active two-terminal devices called Transferred Electron Devices (TED’s) or Gunn
diodes possible. The negative slope of the velocity versus electric field characteristic implies a decreasing
current with increasing voltage. That is, the device has a negative resistance. When a properly sized piece
of these materials is biased in the region of decreasing current with voltage, and placed in a resonant
cavity, the device will be unstable up to very high frequencies. By proper selection of embedding impedances, oscillators or amplifiers can be constructed.
Other semiconductor material parameters of interest include thermal conductivity, dielectric constant,
energy bandgap, electric breakdown critical field, and minority carrier lifetime. The thermal conductivity
of the material is important because it describes how easily heat can be extracted from the device. The
thermal conductivity has units of W/cm-°K, and in general, high thermal conductivity is desirable.
Compound semiconductors, such as GaAs and InP, have relatively poor thermal conductivity compared
to elemental semiconductors such as Si. Materials such as SiC have excellent thermal conductivity and
are used in high power electronic devices. The dielectric constant is important since it represents capacitive loading and, therefore, affects the size of the semiconductor device. Low values of dielectric constant
are desirable since this permits larger device area, which in turn results in increased RF current and
increased RF power that can be developed. Electric breakdown characteristics are important since electronic breakdown limits the magnitudes of the DC and RF voltages that can be applied to the device. A
low magnitude for electric field breakdown limits the DC bias that can be applied to a device, and thereby
limits the RF power that can be handled or generated by the device. The electric breakdown for the
material is generally described by the critical value of electric field that produces avalanche ionization.
Minority carrier lifetime is important for bipolar devices, such as pn junction diodes, rectifiers, and
bipolar junction transistors (BJTs). A low value for minority carrier lifetime is desirable for devices such
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TABLE 3.1

Material Parameters for Several Semiconductors

Material

Eg(eV)

εr

κ(W/K-cm) @ 300°K

Ec(V/cm)

τminority (sec)

Si
GaAs
InP
6H-SiC
4H-SiC
3C-SiC
GaN

1.12
1.42
1.34
2.86
3.2
2.2
3.4

11.9
12.5
12.4
10.0
10.0
9.7
9.5

1.5
0.54
0.67
4.9
4.9
3.3
1.3

3 × 105
4 × 105
4.5 × 105
3.8 × 106
3.5 × 106
(1–5) × 106
2 × 106

2.5 × 10–3
~10–8
~10–8
~(10–100) × 10–9
~(10–100) × 10–9
~(10–100) × 10–9
~(1–100) × 10–9

as diode temperature sensors and switches where low reverse bias leakage current is desirable. A long
minority carrier lifetime is desirable for devices such as bipolar transistors. For materials such as Si and
SiC the minority carrier lifetime can be varied by controlled impurity doping. A comparison of some of
the important material parameters for several common semiconductors is presented in Table 3.1. The
large variation for minority lifetime shown in Table 3.1 for SiC and GaN is due to relatively immature
materials growth technology for these wide bandgap semiconductors.

3.3 Two-Terminal Active Microwave Devices
The IMPATT diode, transferred electron device (often called a Gunn diode), and tunnel diode are the
most commonly used two-terminal active devices. These devices can operate from the low microwave
through high mm-wave frequencies, extending to several hundred GHz. They were the first semiconductor devices that could provide useful RF power levels at microwave and mm-wave frequencies and were
extensively used in early systems as solid-state replacements for vacuum tubes. The three devices are
similar in that they are fabricated from diode or diode-like semiconductor structures. DC bias is applied
through two metal contacts that form the anode and cathode electrodes. The same electrodes are used
for both the DC and RF ports and since only two electrodes are available, the devices must be operated
as a one-port RF network, as shown in Fig. 3.2. This causes little difficulty for oscillator circuits, but is
problematic for amplifiers since a means of separating the input RF signal from the output RF signal
must be devised. The use of a nonreciprocal device, such as a circulator can be used to accomplish the
task. Circulators, however, are large, bulky, and their performance is sensitive to thermal variations. In
general, circulators are difficult to use for integrated circuit applications. The one-port character of diodes
has limited their use in modern microwave systems, particularly for amplifiers, since transistors, which
have three terminals and are two-port networks, can be designed to operate with comparable RF performance, and are much easier to integrate. Diodes, however, are often used in oscillator circuits since
these components are by nature one-port networks.
IMPATT and Gunn diodes require a combination of charge injection and transit time effects to generate
active characteristics and they operate as negative immittance components (the term “immittance” is a
general reference that includes both “impedance” and “admittance”). When properly designed and biased,

FIGURE 3.2

One-port network.
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Complex impedance plane showing active characteristic.

the active characteristics of the diodes can be described as either a negative resistance or a negative
conductance. Which description to use is determined by the physical operating principles of the particular
device, and the two descriptions are, in general, not interchangeable. Bias and RF circuits for the two
active characteristics must satisfy different stability and impedance matching criteria.
Transit time effects alone cannot generate active characteristics. This is illustrated in Fig. 3.3, which
shows a general impedance plane. All passive circuits, no matter how complex or how many circuit
elements are included, when arranged into a one-port network as shown in Fig. 3.2, and viewed from
an external vantage point, will have an input impedance that lies in the right-hand plane of Fig. 3.3. The
network resistance will be positive and real, and the reactance will be inductive or capacitive. This type
of network is not capable of active performance and cannot add energy to a signal. Transit time effects
can only produce terminal impedances with inductive or capacitive reactive effects, depending upon the
magnitude of the delay relative to the RF period of the signal. In order to generate active characteristics
it is necessary to develop an additional delay that will result in a phase delay between the terminal RF
voltage and current that is greater than 90° and less than 270°. The additional delay can be generated by
feedback that can be developed by physical phenomena internal to the device structure, or created by
circuit design external to the device. The IMPATT and Gunn diodes make use of internal feedback
resulting from electronic charge transfer within the semiconductor structure. The internal feedback
generally produces a phase delay of ~90°, which when added to the transit time delay will produce a
negative real component to the terminal immittance.

3.3.1 Tunnel Diodes
Tunnel diodes [1] generate active characteristics by an internal feedback mechanism involving the physical
tunneling of electrons between energy bands in highly doped semiconductors, as illustrated in the energy
band diagram shown in Fig. 3.4. The illustration shows a p+n junction diode with heavily doped conduction and valence bands located in close proximity. When a bias is applied, charge carriers can tunnel
through the electrostatic barrier separating the p-type and n-type regions, rather than be thermionically
emitted over the barrier, as generally occurs in most diodes. When the diode is biased (either forward
or reverse bias) current immediately flows and ohmic conduction characteristics are obtained. In the
forward bias direction conduction occurs until the applied bias forces the conduction and valence bands
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Energy-band diagram for a p+n semiconductor junction showing electron tunneling behavior.

to separate. The tunnel current then decreases and normal, thermionic junction conduction occurs. In
the forward bias region where the tunnel current is decreasing with increasing bias voltage an N-type
negative immittance characteristic is generated, as shown in Fig. 3.5a. The immittance is called “N-type”
because the I-V characteristic looks like the letter N. This type of active element is current driven and is
short-circuit stable. It is described by a negative conductance in shunt with a capacitance, as shown in
Fig. 3.5b. Tunnel diodes are limited in operation frequency by the time it takes for charge carriers to
tunnel through the junction. Since this time is very short (on the order of 10–12 s) operation frequency
can be very high, approaching 1000 GHz.
Tunnel diodes have been operated at 100s of GHz, and are primarily limited in frequency response by
practical packaging and parasitic impedance considerations. The RF power available from a tunnel diode
is limited (~100s of mW level) since the maximum RF voltage swing that can be developed across the
junction is limited by the forward turn-on characteristics of the device (typically 0.6 to 0.9 v). Increased
RF power can only be obtained by increasing device area to increase RF current. However, increases in
diode area will limit operation frequency due to increased diode capacitance. Tunnel diodes have moderate DC-to-RF conversion efficiency (<10%) and very low noise figures and have been used in low noise
systems applications, such as microwave and mm-wave receivers used for radioastronomy.

3.3.2 Transferred Electron Devices
Transferred electron devices (i.e., Gunn diodes) [2] also have N-type active characteristics and can be
modeled as a negative conductance in parallel with a capacitance, as shown in Fig. 3.5b. Device operation,
however, is based upon a fundamentally different principle. The negative conductance derives from the
complex conduction band structure of certain compound semiconductors, such as GaAs and InP. In
these direct bandgap materials the lower valley central (or Γ) conduction band is in close energymomentum proximity to secondary, higher order conduction bands (i.e., the X and L) valleys (illustrated
schematically as the L upper valley in Fig. 3.6). The electron effective mass is determined by the shape
of the conduction bands and the effective mass is “light” in the Γ valley, but “heavy” in the higher order
X and L upper valleys. When the crystal is biased, current flow is initially due to electrons in the light
effective mass Γ valley and conduction is ohmic. However, as the bias field is increased, an increasing
proportion of the free electrons are transferred into the X and L valleys where the electrons have heavier
effective mass. The increased effective mass slows down the electrons, with a corresponding decrease in
conduction current through the crystal. The net result is that the crystal displays a region of applied bias
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FIGURE 3.5 (a) Current-voltage characteristic for an N-type active device. (b) Small-signal RF equivalent circuit
for an N-type active device.

voltages where current decreases with increasing voltage. That is, a negative resistance is generated. A
charge dipole domain is formed in the device, and this domain will travel through the device generating
a transit time effect. The combination of the transferred electron effect and the transit time delay will
produce a phase shift between the terminal RF current and voltage that is greater than 90°. The device
is unstable and when placed in an RF circuit or resonant cavity, oscillators or amplifiers can be fabricated.
The Gunn device is not actually a diode since no pn or Schottky junction is used. The transferred
electron phenomenon is a characteristic of the bulk material and the special structure of the conduction
bands in certain compound semiconductors. In order to generate a transferred electron effect, a semiconductor must have Γ, X, and L valleys in the conduction bands in close proximity so that charge can
be transferred from the lower Γ valley to the upper valleys at reasonable magnitude of applied electric
field. It is desirable that the charge transfer occur at low values of applied bias voltage in order for the
device to operate with good DC-to-RF conversion efficiency. Most semiconductors do not have the
conduction band structure necessary for the transferred electron effect, and in practical use, Gunn diodes
have only been fabricated from GaAs and InP. It should be noted that the name “Gunn diode” is actually
a misnomer since the device is not actually a diode, but rather a piece of bulk semiconductor.
TEDs are widely used in oscillators from the microwave through high mm-wave frequency bands.
They can be fabricated at low cost and provide an excellent price-to-performance ratio. They are, for
example, the most common oscillator device used in police automotive radars. They have good RF output
power capability (mW to W level), moderate efficiency (< 20%), and excellent noise and bandwidth
capability. Octave or multi-octave band tunable oscillators are easily fabricated using devices such as YIG
(yttrium iron garnet) resonators. High tuning speed can be achieved by using varactors as the tuning
element. Many commercially available solid-state sources for 60 to 100 GHz operation (for example,
automotive collision-avoidance radars) often use InP TEDs.
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FIGURE 3.6
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Energy band diagram for a semiconductor that demonstrates the transferred electron effect.

3.3.3 IMPATT Diodes
IMPATT (IMPact Avalanche Transit Time) diodes [3] are fabricated from pn or Schottky junctions. The
doping profile in the device is generally tailored for optimum performance and a typical p+nn+ junction
device structure as shown in Fig. 3.7. The diode is designed so that when it is reverse biased, the n-region
is depleted of free electrons. The electric field at the p+n junction exceeds the critical magnitude for
avalanche breakdown, and the electric field exceeds the magnitude required to maintain electron velocity
saturation throughout the n-region. Saturated charge carrier velocity must be maintained throughout
the RF cycle in order for the device to operate with maximum efficiency. In operation, the high electric
field region at the p+n interface will generate charge when the sum of the RF and DC bias voltage produces
an electric field that exceeds the critical value. A pulse of free charge (electrons and holes) will be
generated. The holes will be swept into the p+ region and the electrons will be injected into the depleted
n-region, where they will drift through the diode, inducing a current in the external circuit as shown in
Fig. 3.8. Due to the avalanche process, the RF current across the avalanche region lags the RF voltage by
90°. This inductive delay is not sufficient, by itself, to produce active characteristics. However, when the
90° phase shift is added to that arising from an additional inductive delay caused by the transit time of
the carriers drifting through the remainder of the diode external to the avalanche region, a phase shift
between the terminal RF voltage and current greater than 90° is obtained. A Fourier analysis of the
resulting waveforms reveals a device impedance with a negative real part. That is, the device is active and
can be used to generate or amplify RF signals. The device impedance has an “S-type” active i-v characteristic, as shown in Fig. 3.9a, and the device equivalent circuit consists of a negative resistance in series
with an inductor, as shown in Fig. 3.9b. An S-Type active device is voltage driven and is open-circuit
stable. For IMPATT diodes, the active characteristics only exist under RF conditions. That is, there is a
lower frequency below which the diode does not generate a negative resistance. Also, the negative
resistance is generally small in magnitude, and on the order of –1 Ω to –10 Ω. Therefore, it is necessary
to reduce all parasitic resistances in external circuits to the maximum extent possible since parasitic series
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Diode structure, doping profile, and internal electric field for a p+nn+ IMPATT diode.

resistance will degrade the device’s negative resistance, thereby limiting device performance. An IMPATT
diode has significant pn junction capacitance that must be considered and a complete equivalent circuit
includes the device capacitance in parallel with the series negative resistance-inductance elements, as
shown in Fig. 3.9b.
For optimum performance the drift region is designed so that the electric field throughout the RF
cycle is sufficiently high to produce velocity saturation for the charge carriers. In order to achieve this it
is common to design complex structures consisting of alternating layers of highly doped and lightly
doped semiconductor regions. These structures are called “high-low,” “low-high-low,” or “Read” diodes,
after the man who first proposed their use [1]. They can also be fabricated in a back-to-back arrangement
to form double-drift structures [4]. These devices are particularly attractive for mm-wave applications
since the back-to-back arrangement permits the device to generate RF power from series-connected
diodes, but each diode acts independently with regard to frequency response.
IMPATT diodes can be fabricated from most semiconductors, but are generally fabricated from Si or
GaAs. The devices are capable of good RF output power (mW to tens of W) and good DC-to-RF
conversion efficiency (~10 to 20%). They operate well into the mm-wave region and have been operated
at frequencies in excess of 400 GHz. They have moderate bandwidth capability, but have relatively poor
noise performance due to the impact ionization process associated with avalanche breakdown. The powerfrequency performance of IMPATT diodes fabricated from Si, GaAs, and SiC is shown in Fig. 3.10. The
Si and GaAs data are experimental, and the SiC data are predicted from simulation. The numbers
associated with the data points are the conversion efficiencies for each point.
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Terminal voltage, avalanche current, and induced current for an IMPATT oscillator.
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the DC operation point under RF conditions. (b) Small-signal RF equivalent circuit for an S-type active device.
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Defining Terms
Immittance: A general term that refers to both impedance and admittance.
Active device: A device that can convert energy from a DC bias source to a signal at an RF frequency.
Active devices are required in oscillators and amplifiers.
Two-terminal device: An electronic device, such as a diode, that has two contacts. The contacts are
usually termed the cathode and anode.
One-port network: An electrical network that has only one RF port. This port must be used as both
the input and output to the network. Two-terminal devices result in one-port networks.
Charge carriers: Units of electrical charge that produce current flow when moving. In a semiconductor
two types of charge carriers exist: electrons and holes. Electrons carry unit negative charge and
have an effective mass that is determined by the shape of the conduction band in energy-momentum space. The effective mass of an electron in a semiconductor is generally significantly less than
an electron in free space. Holes have unit positive charge. Holes have an effective mass that is
determined by the shape of the valence band in energy-momentum space. The effective mass of a
hole is generally significantly larger than that for an electron. For this reason electrons generally
move much faster than holes when an electric field is applied to the semiconductor.
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4.1 Introduction
The topic of bipolar junction transistors (BJTs) is obviously quite broad and a full treatment would
consume volumes. This work focuses on basic principles to develop an intuitive feel for the transistor
behavior and its application in contemporary high-speed integrated circuits (IC). The exponential growth
in high bandwidth wired, wireless, and fiber communication systems coupled with advanced IC technologies has created an interesting convergence of two disparate worlds: the microwave and analog
domains. The traditional microwave IC consists of a few transistors in discrete form or in low levels of
integration surrounded by a sea of transmission lines and passive components. The modern high-speed
analog IC usually involves 10s to 1000s of transistors with few passive components. The analog designer
finds it a more cost-effective solution to use extra transistors rather than passive components to resolve
performance issues. The microwave designer speaks in terms of noise figure, IP3, power gain, stability
factor, VSWR, and s-parameters while the analog designer prefers noise voltages, harmonic distortion,
voltage gain, phase margin, and impedance levels. Present BJT IC technologies fall exactly in this divide
and thus force the two worlds together. Since parasitics within an IC are significantly lower than those
associated with packages and external interconnects, analog techniques can be applied well into the
microwave region and traditional microwave techniques such as impedance matching are only necessary
when interfacing with the external world where reference impedances are the rule. This symbiosis has
evolved into what is now termed radio frequency IC (RFIC) design. With this in mind, both analog and
microwave aspects of bipolar transistors will be addressed. Throughout the discussion, the major differences between BJTs and field-effect transistors (FETs) will be mentioned.

4.1.1 A Brief History
The origin of the BJT was more a fortuitous discovery rather than an invention. The team of Shockley,
Brattain, and Bardeen at Bell Labs had been pursuing a field effect device in the 1940s to replace vacuum
tubes in telephony applications when they stumbled upon bipolar transistor action in their experimental
point-contact structure. The point contact transistor consisted of a slab of n-type germanium sitting on
a metal “base” with two metal contacts on either side. With proper applied bias, the “emitter” contact
would inject current into the bulk and then the “collector” contact would sweep it up. They announced
0-8493-1562-X/03/$0.00+$1.50
© 2003 by CRC Press LLC
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their discovery in 1948 for which they later received the Nobel Prize in 1956. At that point, the device
was described as a current-controlled voltage source. This misinterpretation of the device as a transresistor led to coining of the universal term transistor that today applies to both BJTs and their fieldeffect brethren.
Within a few years of the discovery of the transistor, its theory of operation was developed and refined.
The decade of the 1950s was a race toward the development of a practical technique to fabricate them.
Research into various aspects of the material sciences led to the development of the planar process with
silicon as the cornerstone element. Substrate and epitaxial growth, dopant diffusion, ion-implantation,
metalization, lithography, and oxidation had to be perfected and integrated into a manufacturable process
flow. These efforts culminated with Robert Noyce’s patent application for the planar silicon BJT IC
concept that he invented while at Fairchild. In the 1960s, the first commercial ICs appeared on the market,
launching the modern age of electronics. Since then, transistor performance and integration levels have
skyrocketed driven primarily by advances in materials, metrology, and process technology as well as
competition, cost, and opportunity.

4.2 Basic Operation
The basic structure of the bipolar transistor given in Fig. 4.1a consists of two back-to-back intimately
coupled p-n junctions. While the npn transistor will be chosen as the example, note that the pnp structure
operates identically, albeit in complementary fashion. Bipolar transistor action is based on the injection
of minority carrier electrons from the emitter into the base as dictated by the base-emitter voltage. These
carriers diffuse across the thin base region and are swept by the collector, which is normally reverse
biased. In high speed ICs, BJTs are nearly always biased in this way, which is known as the forward active
mode. The net effect is that an input signal voltage presented across the base-emitter terminals causes a
current to flow into the collector terminal. The relationship between collector current, Ic, and base-emitter
voltage, Vbe, originates from fundamental thermodynamic arguments via the statistical Boltzmann distribution of electrons and holes in solids. It is given by,

(

Ic = Is exp Vbe Vt

)

(4.1)

where Is is called the saturation current and Vt is Boltzmann’s thermal voltage kT/q, which is 26 mV at
room temperature (RT). This expression plotted in Fig. 4.1b is valid over many decades of current and
its implications are far reaching in BJT IC design. Consider the small-signal transfer characteristics
relating the output current to input voltage at a given bias current, Ic, i.e., the transconductance, gm. It
is given by the remarkably simple expression,

δIc δVbe Ic = g m = Ic Vt .

(4.2)

The notion that transconductance is precisely and linearly proportional to the bias current, Ic and
inversely proportional to temperature through Vt is known as translinearity. Notice that Is, which has a
strong dependence on temperature, base-width, and other physical device parameters, has dropped out
of the picture. This view of bipolar transistors as a voltage-controlled current source suggests that it
should have been named the transductor rather than the transistor. Although bipolar transistors are
usually considered hopelessly nonlinear because of the exponential law in Eq. (4.1), extremely precise
and robust linear and nonlinear functions can be realized at very high frequencies by proper circuit
techniques that exploit the translinear property embodied in Eq. (4.2).
The intrinsic bandwidth of high frequency BJTs is ultimately limited by minority carrier storage
primarily in the base region. Current is conveyed from the emitter to the collector by the relatively slow
process of diffusion resulting from the gradient in the distribution of stored minority carriers in the base.
In contrast, current in FETs is transported by the faster process of majority carrier drift in response to
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FIGURE 4.1 (a) BJT action involves carrier injection across the base from emitter to collector; (b) the ideal BJT
exhibits a perfectly exponential input-output transfer function.

an electric field. By invoking the quasi-static approximation, which assumes that signals of interest change
on a much longer time scale than the device time constants, carrier storage can be modeled as a lumped
diffusion capacitance, Cd given by,

( )

C d = δQ d δVbe = δ Ic τ f

δVbe = g m τ f

(4.3)

where Qd is the stored charge and τf is the forward transit time. The parameter τf can be viewed as the
average time an electron spends diffusing across the base and can be expressed as a function of basic
material and device parameters,

τ f = WB2 2η Dn

(4.4)

where WB is the physical base width, Dn is the electron diffusion coefficient, and η is a dimensionless
factor that accounts for any aiding fields in the base. Despite the limitations associated with carrier storage
and diffusion, BJTs have demonstrated excellent high frequency performance. This is partly due to their
vertical nature where dimensions such as WB can be significantly less than 100 nm. In contrast, FETs are
laterally arranged devices where the critical dimension through which carriers drift is determined by
lithography and is typically larger than 100 nm even in the most advanced technologies. Furthermore,
the fundamental limit contained in τf is never achieved in practice since other factors, both device and
circuit-related, conspire to reduce the actual bandwidth.
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First order BJT model includes the nonlinear carrier injection and storage.

A first order model of BJTs is illustrated in Fig. 4.2 consisting of a diode at the base-emitter junction
whose current is conveyed entirely to the collector according to Eq. (4.1) and a diffusion capacitance that
models the carrier storage. From this simplistic model, the transistor ft, defined as the frequency at which
the common-emitter short-circuit current gain, h21, reaches unity, can be calculated from,

h 21 = i c i b = f t f .

(4.5a)

f t = g m 2πC d = 1 2πτ f .

(4.5b)

Note that ft is independent of current and is solely a function of material parameters and device design
details. Pushing this figure of merit to higher frequencies has dominated industrial and academic research
for years. Polysilicon emitter BJTs, Si/SiGe heterojunction BJTs (HBTs), and III-V-based HBTs are all
attempts to craft the active layers in order to maximize ft without significantly compromising other device
aspects.

4.2.1 Parasitics and Refinements
The first order model captures the essential operation of the BJT. However, actual devices deviate from
that ideal in many aspects. As electrons diffuse across the base, some are lost to the process of recombination with holes as illustrated in Fig. 4.3a. Excess holes are also parasitically injected into the emitter.
This overall loss of holes must originate at the base terminal and represents a finite base current, Ib, which
is related to Ic via the parameter, β, known as the common emitter current gain,

β = Ic I b .

(4.6)

The effect of finite β is to modify the emitter-base diode current by a correction factor, α, known as
the common-base current gain, that accounts for the extra base current. Since Ie = Ib + Ic, it is easy to
show that,

α = β β +1 < 1

(4.7)

so that the emitter-base diode current now becomes Is/α. Many factors figure into determining β,
including WB and the highly variable recombination lifetime τr . Since β is a poorly controlled parameter
with potential variations of ±50%, it is inadvisable to design circuits that depend on its exact value.
Fortunately, it is usually possible to design ICs that are insensitive to β as long as β is large, say >50,
thanks to matching of co-integrated devices. Figure 4.3b illustrates the well-known BJT Gummel plot,
which shows the translinearity of Ic as well as the finite Ib in response to Vbe. The separation between the
two curves represents β. As shown in Fig. 4.4, β represents a low frequency asymptote of h21 that exhibits
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a single pole roll off toward ft at a frequency, fβ given by ft/β. Since RFICs most often operate well above
fβ , the useful measure of current gain is actually ft/f rather than β, although high DC β is still important
for low noise and ease of biasing.
Traditionally, BJTs have been characterized as current-controlled devices where a forced Ib drives an
Ic into an load impedance, consistent with Shockley’s trans-resistor description. Now if Ib is considered
a parasitic nuisance rather than a fundamental aspect, it becomes even more appropriate to view the BJT
as a voltage-controlled device that behaves as a transconductor, albeit with exponential characteristics.
In fact, contemporary analog IC design avoids operating the BJT as a current-controlled device due to
the unpredictability of β. Instead, the designer takes advantage of device matching in an IC environment
and translinearity to provide the appropriate voltage drive. This approach can be shown to be robust
against device, process, temperature, and supply voltage variations.
Superimposed on the basic model are parasitic ohmic resistances in series with each active terminal
(Rb, Re, Rc) and parasitic capacitances associated with all pn junction depletion regions (Cjc, Cje , Cjs),
including the collector-substrate junction present to some extent in all technologies. Since parasitics
degrade the idealized DC and RF characteristics captured in Eqs. (4.1) and (4.5), a major effort is focused
on minimizing them through aggressive scaling and process engineering. Their values and bias dependencies can be estimated from the physical device structure and layout.
In particular, the base and emitter resistance, Rb and Re , soften the elegant exponential characteristics
in Eq. (4.1) by essentially de-biasing the junction since

([

Ic = Is exp Vbe − I b R b − IeR e

] V ).

(4.8)

t

This effect is also illustrated in Fig. 4.3b at high values of Vbe where both curves appear to saturate. This
departure from ideal translinearity can introduce unwelcome distortion into many otherwise linear ICs.
Furthermore, these resistances add unwelcome noise and degeneration (voltage drops) as will be discussed
later.
The idealized formulation for ft given in Eq. (4.5) also needs to be modified to account for parasitics.
A more comprehensive expression for ft based on a more complex equivalent circuit results in,

[ (

f t = ⎛⎝ 2π ∗ τ f + C je + C jc

)

(

)]

g m + C jc R c + R e ⎞⎠

−1

(4.9)

where now ft is dependent on current through gm charging of Cje and Cjc. To achieve peak ft, high currents
are required to overcome the capacitances. As the intrinsic device τf has been reduced, the parasitics have
become a dominant part of the BJTs’ high frequency performance requiring even higher currents to reach
the lofty peak values of ft. It should also be kept in mind that ft only captures a snapshot of the device
high frequency performance. In circuits, transistors are rarely current driven and short circuited at the
output. The base resistance and substrate capacitance that do not appear in Eq. (4.9) can have significant
impact on high frequency IC performance. While various other figures of merit such as fmax have been
proposed, none can capture the complex effects of device interactions with source and load impedances
in a compact form. The moral of the story is that ideal BJTs should have low inertia all around, i.e., not
only high peak ft but also low parasitic capacitances and resistances, so that time constants in general
can be minimized at the lowest possible currents.
At the high currents required for high ft, second order phenomena known in general as high level
injection begin to corrupt the DC and RF characteristics. Essentially, the electron concentration responsible for carrying the current becomes comparable to the background doping levels in the device causing
deviations from the basic theory that assumes low level injection. The dominant phenomenon known
as the Kirk effect or base-pushout manifests itself as a sudden widening of the base width at the expense
of the collector. This translates into a departure from translinearity with dramatic drops in both β and
ft . A number of other effects have been identified over the years such as Webster effect, base conductivity
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modulation, and current crowding. High level injection sets a practical maximum current at which peak
ft can be realized. Figure 4.5 illustrates the typical behavior of ft with Ic. To counteract high level injection,
doping levels throughout the device have increased at a cost of higher depletion capacitances and lower
breakdown voltages. Since modeling of these effects is very complex and not necessarily included in many
models, it is dangerous to design in this regime.
So far, the transistor output has been considered a perfect current source with infinite output resistance.
In reality, as the output voltage swings, the base width is modulated, causing Is and thus Ic to vary for a
fixed Vbe. This is exactly the effect of an output resistance and is modeled by a parameter Va, the Early voltage,

ro = δVce δIc = Va Ic .

(4.10)

As illustrated in the output common-emitter characteristics, Ic vs. Vce , shown in Fig. 4.6a, Va represents
the common extrapolation point where all tangents intersect the Vce axis. The effect of ro is to set the
maximum small-signal unloaded voltage gain since

(

)(

)

A v = δVo δVi = δIc δVi δVo δIc = − g m ro = − Va Vt

(4.11)

For typical values of Va = 50 V, A v = 2000 (66 dB) at room temperature. Note that this gain is independent
of Ic and is quite high for a single device, representing one of the main advantages of BJTs over FETs
where the maximum gain is usually limited to < 40 dB for reasonable gate lengths. In modern devices,
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VA ? ?
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FIGURE 4.6

Vce
b) modern high speed BJT

(a) The traditional interpretation of VA is not unique in modern BJTs as shown in (b).
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Augmented BJT model with parasitic resistances and finite base current.

however, Va is not constant due to complex interactions between flowing electrons and internal electric
fields. The net effect illustrated in Fig. 4.6b indicates a varying Va depending on Ic and Vce. This is often
termed soft breakdown or weak avalanche in contrast to actual breakdown which will be discussed shortly.
The effect of a varying Va is to introduce another form of distortion since the gain will vary according
to bias point. Figure 4.7 shows a more complete model that includes the fundamental parameters as well
as the parasitics and refinements considered so far. It resembles a simplified version of the popular
Gummel-Poon model found in many simulators.
Another form of pseudo-breakdown occurs in ultra-narrow base BJTs operating at high voltages. If
the Early effect or base-width modulation is taken to an extreme, the base eventually becomes completely
depleted. After this point, a further change in collector voltage directly modulates the emitter-base
junction leading to an exponential increase in current flow. This phenomenon known as punchthrough
fortunately has been mitigated by the fact that as base widths have narrowed, the base doping has been
forced to increase so as to maintain a reasonable base resistance. Furthermore, since higher collector
doping levels have been necessary to fight high level injection, true breakdown has become the voltage
limiting mechanism rather than punchthrough.
Just as high level injection limits the maximum operating current, junction breakdown restricts the
maximum operating voltage. When the collector voltage is raised, the collector base junction is reverse
biased. The resulting electric field reaches a critical point where valence electrons are literally ripped out
of their energy band and promoted to the conduction band while leaving holes in the valence band. The
observed effect known as avalanche breakdown is a dramatic increase in current. The breakdown of the
collector-base junction in isolation, i.e., with the emitter open circuited, is termed the BVcbo where the
“o” refers to the emitter open. Another limiting case of interest is when the base is open while a collectoremitter voltage is applied. In this case, an initial avalanche current acts as base current that induces more
current flow, which further drives the avalanche process. The resulting positive feedback process causes
the BVceo to be significantly lower than BVcbo. The relationship clearly depends on β and is empirically
modeled as,

BVceo = BVcbo β1 n

(4.12)

where n is a fit parameter. A third limit occurs when the base is AC shorted to ground via a low impedance.
In this scenario, avalanche currents are shunted to ground before becoming base current and BVces (“s”
means shorted) would be expected to be BVcbo + Vbe. Therefore, BVces represents an absolute maximum
value for Vce while BVceo represents a pessimistic limit since the base is rarely open. Operating in the
intermediate region requires care in setting the base impedance to ground and knowing its effect on
breakdown. Figure 4.8 illustrates the transition from BVceo to BVces. The base-emitter junction is also
sensitive to reverse bias. In this case, the breakdown is usually related to Zener tunneling and is represented
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by BVebo. Excessive excursions toward BVebo can cause injection of energetic carriers into surrounding
dielectrics, leading to leakage currents, degraded reliability, and possibly device failure. Since these
breakdown mechanisms in general are poorly modeled, it is recommended to operate well below BVceo
and BVebo.
Even when these guidelines are followed, there are still situations where peak voltages might exceed
breakdown limits. For instance, modern ICs in portable products often require a disable mode in which
the part consumes virtually no current so as to conserve battery life. When disabled, it is common for
transistors that are normally in a safe operating condition to find themselves with reverse-biased junctions
in excess of BVceo and BVebo. The resulting leakage currents can lead to expectedly high disable currents,
accidental activation of certain circuit blocks, and again to potential reliability failures. A second situation
is when output stages drive variable reactive loads. It is possible (and likely) that certain conditions will
cause 2 to 3 times the supply voltage to appear directly across a transistor leading to certain catastrophic
breakdown.
As devices have been scaled down in size, isolated in dielectrics, and driven with higher current
densities, self-heating has become increasingly problematic. The thermal resistance, Rth, and capacitance,
Cth, model the change in junction temperature with power and the time constant of its response. The
DC and AC variations in the junction temperature induce global variations in nearly all model parameters
causing bias shifts, distortion, and even potentially catastrophic thermal runaway. Furthermore, local
heating in one part of a circuit, say an output power stage, can start affecting neighboring areas such as
bias circuits creating havoc. It is essential to selectively model thermal hotspots and ensure that they are
within maximum temperature limits and that their effect on other circuit blocks is minimized by proper
layout.

4.2.2 Dynamic Range
The limits on signal integrity are bounded on the low end by noise and on the high end by distortion.
It is not appropriate to claim a certain dynamic range for BJTs since the circuit topology has a large
impact on it. However, the fundamental noise sources and nonlinearities in BJTs can be quantified and
then manipulated by circuit design. It is customary to refer the effects of noise and nonlinearity to either
the input or the output of the device or circuit to allow fair comparisons and to facilitate cascaded systemlevel analyses. Here, all effects will be referred to the input, noting that the output quantity is simply
scaled up by the appropriate gain.
There are three fundamental noise mechanisms that are manifested in BJTs. Figure 4.9 presents a
linearized small-signal model that includes the noise sources. The objective will be to refer all noise
sources to equivalent voltage and current noise sources, en and in, respectively, at the input. Shot noise
is associated with fluctuations in current caused by the discrete nature of electronic charge overcoming
the junction potential. The presence of the forward biased base-emitter junction results in collector and
base shot noise, icn, and ibn, which are given by,
2
i cn2 = 2qIc ; i bn
= 2qI b

(4.13)
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The fundamental noise sources can be transformed to equivalent input-referred sources.

where q is the electronic charge. This is a major disadvantage of BJTs with respect to FETs, which are
free of shot noise due to the absence of potential barriers that determine current flow. Each physical
resistance carries an associated Johnson noise represented as
2
e Rx
= 4kTR x

(4.14)
2

where Rx is the appropriate resistance and k is Boltzmann’s constant. Finally, a 1/f noise source, i 1 ⁄ f
associated primarily with recombination at semiconductor surfaces appears at the input. The 1/f noise
component decreases with increasing frequency, as expected. A corner frequency is often quoted as the
point where the 1/f noise and the white thermal and shot noise cross over. It is an empirical value that
varies from device to device and depends on bias conditions and source impedance. BJTs typically offer
lower 1/f corner frequency than FETs since surfaces play a lesser role in BJTs. Except for broadband DCcoupled circuits and strongly nonlinear circuits such as oscillators and mixers that perform frequency
conversion, 1/f noise is insignificant at high frequencies and will be ignored for simplicity. Note that
treating noise in nonlinear systems is quite complex and remains an active research topic.
Once the noise sources are input referred, en and in are approximately given by

(

)

(4.15a)

( ) ⎞⎟⎠ .

(4.15b)

e n2 = 4kT R b + R e + 1 2g m
⎛
i n2 = 2q ⎜ I b + Ic h 21 f
⎝

2

An arbitrarily higher Ic reduces en through the larger gm but has mixed effects on in depending on how
h21(f) varies with current. An arbitrarily larger device reduces en by lowering Rb and Re but the commensurate increase in capacitance might degrade h21(f) and thus in. The moral here is that minimization of
noise requires a trade-off in Ic and device size given an ft equation and parasitic scaling rules with device
geometry.
Distortion originates in nonlinearities within the device. For simplicity, distortion will be described
in terms of a power series to derive expressions for harmonic distortion, intermodulation distortion, and
compression. It is assumed that linearities up to only third order are considered, limiting the accuracy
of the results as compression is approached. While this approach is valid at low frequencies, capacitive
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Io= Isex p( i/Vt) = Is Σ (1/n!)(vi/Vt)n
vi ~ cosωt

Io ~ a0+a1cosωt+a2cos2ωt ..+ancosnωt+...
v
DC linear
offset term

FIGURE 4.10

non-linear
term

A power series expansion of the exponential junction nonlinearity can be used to quantify distortion.

effects at higher frequencies greatly complicate nonlinear analysis and more generalized Volterra series
must be invoked. However, the general idea is still valid. Note that not all systems can be mathematically
modeled by power or Volterra series; for example, a hard limiting amplifier that shows sudden changes
in characteristics.
In BJTs, the fundamental transfer function given in Eq. (4.1) represents one of strongest nonlinearities.
As shown in Fig. 4.10, by expanding Eq. (4.1) in its power series up to 3rd order, the following measures
of input-referred figures of merit are derived in dBV (mV),

P1db = 0.933 Vt = 24.3 mV = −32.3 dBV

(4.16a)

IIP3 = 2.83 Vt = 73.5 mV = −22.7 dBV

(4.16b)

P3OI = 4.89 Vt = 127 mV = −17.9 dBV

(4.16c)

where P1db is the 1-dB gain compression point, IIP3 is the third order intercept point, and P3OI is the
third harmonic intercept point. Note that the conversion from dBV to dBm referenced to 50 Ω is + 10 dB.
From the analysis, it can be inferred that P1db occurs for peak input swings of about Vt while a third
order intermodulation level of 40 dBc is achieved for an input swing of only 0.0283 Vt or 0.73 mV at
room temperature. These values are quite low, indicating that circuit linearization techniques must be
invoked to exceed these limits. FETs on the other hand possess a more benign input nonlinearity that
ranges from square law in long channel devices to nearly linear in short channels. While this is not the
sole source of nonlinear behavior, FETs are expected to have superior linearity as compared to BJTs from
this perspective. It is interesting to observe that the commonly used rule of thumb stating that IIP3 is
approximately 10 dB higher than P1db is true in this case. As mentioned earlier, higher order terms,
parasitics, and reactive effects modify the results in Eq. (4.16) but they do provide a useful order of
magnitude.
A common technique for extending overall dynamic range is emitter degeneration, which as illustrated
in Fig. 4.11, essentially amounts to series-series feedback. The impedance in series with the emitter reduces
the signal that appears directly across the emitter base leading to lower input-referred distortion. Note
that the gain is proportionately reduced so that output-referred distortion is not improved to the same
degree. The potentially superior distortion performance of FETs is analogous to a strongly degenerated
BJT with the accompanying lower gain. Since this degenerating impedance is directly in the signal path,
it also affects noise. If the impedance is a resistor, it will contribute noise as if it were an extra Re in
Eq. (4.15a). If Re is not a dominant noise contributor, this approach can extend dynamic range significantly. Another option is to use a degenerating inductor, which at high frequencies provides adequate
degeneration while only contributing noise associated with its finite quality factor, Q. Other feedback
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Io ~ gm/(1+gmZE)vi
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is local series-series
feedback

ZE

Zin ~ ZBJT+(1+h21)ZE
FIGURE 4.11

Emitter degeneration can improve dynamic range and change impedance levels.
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Both lateral and substrate pnp BJTs can be generated in a typical npn process.

techniques are also possible to improve dynamic range, but care must be taken to ensure stability
particularly around longer feedback loops. Additional benefits of using local feedback are desensitization
of input impedance and gain to device parameters.

4.2.3 Complementary Pnp
The availability of a pnp device to complement the npn offers numerous advantages, particularly at lower
supply voltages. For example, pnp active loads can provide more voltage gain at a given supply voltage;
signals can be “folded” up and down to avoid hitting the rails and balanced complementary push-pull
topologies can operate near rail-to-rail. In general, the p-type device is slower than the n-type device
across most technologies due to the fundamentally lower hole mobility with respect to electron mobility.
Furthermore, in practice, the pnp transistor is often implemented as a parasitic device, i.e., the fabrication
process is optimized for the npn and the pnp shares the available layers. Figure 4.12 illustrates how two
different pnp’s can be constructed in an npn process (p-type substrate). The so-called substrate pnp has
the substrate double as its collector and thus only appears in a grounded collector arrangement. The
lateral pnp frees the collector terminal, but carries along a parasitic substrate pnp of its own that injects
large currents into the substrate and degrades ft and β. In some cases, true complementary technologies
are available in which both the npn’s and pnp’s are synthesized and optimized separately.
When only lateral and substrate pnp’s are available, they are usually used outside of the high-speed
signal path due to their compromised RF performance. They appear prominently in bias generation and
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distribution as well as in low and intermediate frequency blocks. When using either pnp, care must be
taken to account for current injection into the substrate, which acts locally as a collector. This current
can induce noise and signal coupling as well as unintentional voltage drops along the substrate. It is
customary to add substrate contacts around the pnp’s to bring this current to the surface before it disperses
throughout the IC. If true high-quality vertical pnp’s are available that are balanced in performance with
respect to the npn’s, they can be used for high-frequency signal processing, enabling a number of circuit
concepts commonly used at lower frequencies to be applied at RF.

4.2.4 Topologies
Several basic single-transistor and composite transistor configurations are commonly encountered in
RFICs. Figure 4.13 shows the three basic single-transistor connections known as common-emitter (CE),
common-base (CB), and common-collector (CC). The name refers to the fact that the common terminal
is AC grounded. Their properties are well covered in numerous texts and only a brief discussion on their
general properties and applications will be presented here.
The CE stage is the most commonly considered configuration since it provides a fairly high input
impedance, high output impedance, and both current gain, h21(f), and voltage gain, gmRL. The noise and
distortion properties are the same as considered earlier for the BJT. It is commonly used in single-ended,
low noise amplifiers (LNA) and power amplifiers (PA). A well-known drawback of the CE stage at high
frequencies is the feedback Cjc, which degrades gain via Miller multiplication and couples input and
output networks leading to detuning of matching networks and possible instability.
As noted earlier, emitter degeneration can be used not only to improve dynamic range but also to help
set impedance levels. It is sometimes necessary for the IC to present a standard impedance level at its
input and output terminals to provide proper terminations. The use of emitter inductive degeneration
has the fortuitous property of generating a synthetic resistive input impedance at high frequencies without
contributing noise. As illustrated in Fig. 4.11 earlier, the transformed value is given by

()

( )(

)

R eff = h 21 f Z E = f t f 2πfL E = 2π f t L E

(4.17)

which now appears in series with the input terminal.
The CB stage provides a well-predicted low input impedance given by 1/gm, high output impedance
and voltage gain, gmRL, but has near unity current gain, α. It acts as an excellent current buffer and is
often used to isolate circuit nodes. The CB appears most often in tight synergy with other transistors
arranged in composite configurations. Although it lacks the capacitive feedback present in the CE that
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These common two-transistor configurations are used extensively in BJT ICs.

degrades gain and destabilizes operation, any series feedback at the grounded base node can lead to
instability. The feedback element might be due to metallization, package parastics, or even the actual
device base resistance. Extreme care must be exercised when grounding the CB stage. Another difference
is that with a grounded base, the larger BVcbo sets the voltage limit. The noise and distortion properties
are identical to the CE.
The CC stage is often known as an emitter follower. It is predominantly used as a level shifter and as
a voltage buffer to isolate stages and provide extra drive. It offers high input impedance, low output
impedance, and near unity voltage gain. The impedance buffering factor is roughly h21(f) and at frequencies approaching ft, its effectiveness is diminished as h21(f) nears unity. In this case it is common to
see several stages of cascaded followers to provide adequate drive and buffering. The CC stage is a very
wideband stage since direct capacitive feedthrough via Cd and Cje cancels the dominant pole to first order.
However, this same capacitive coupling from input to output can cause destabilization, particularly with
capacitive loads. In fact, this is the basis of operation of the Colpitts oscillator. From a noise point of
view, the CC simply transfers noise at its output directly back to its input and then adds on its own noise;
therefore it is not used where low noise is essential. From a distortion perspective, the CC can be fairly
linear as long as the impedance that it is driving is significantly higher than its own output impedance
1/gm. For minimal added shot noise and low distortion, CC stages must run at high bias currents.
The strength of IC technology is the ability to use transistors at will at practically no extra cost.
Figure 4.14 illustrates five very common composite transistor configurations, namely the cascode, the
differential pair, the Darlington, the cross-coupled pair, and the current mirror. These ubiquitous forms
are common enough to be considered in more detail. Discussion of the current mirror appears later.
The cascode topology is a CE-CB connection. The CB provides a low impedance to the output of the
CE stage, eliminating Miller multiplication of its Cjc and increasing the overall bandwidth. It also raises
the output impedance of the single transistor by a factor of approximately β, which is useful in current
sources. More importantly at RF, it improves input-output isolation, minimizing interactions that reduce
the gain. The cascode configuration is common in LNAs since higher tuned power gain is achievable
with minimal degradation in noise. Note that the CB transistor can be significantly smaller than the CE
transistor, minimizing the parasitic capacitance at its output. The cascode requires a higher supply voltage
than a stand-alone CE stage by at least a Vce(sat) to keep the lower BJT in its active region.
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The differential pair (also known as a long-tailed pair) can be thought of as a CC-CB connection when
driven in a single-ended fashion or as parallel CE stages when driven differentially. A tail current source
or a current setting resistance is required to establish the operating point. This ubiquitous, cannonical
form has a long, distinguished history in operational amplifiers, mixers, IF/RF amplifiers, digital ECL/
CML gates, and even oscillators and latches when cross-coupled. The basic operation relies on the
controlled steering of current from one branch to the other. Notice that the dynamic range is modified
by the fact that noise sources from two transistors contribute to the total noise while the signal is divided
across two junctions. The noise associated with the tail current source appears as common mode noise
and does not affect the input noise if differential signaling is used. The structure can be enhanced with
the addition of emitter degeneration, cascoding CB stages, and buffering CC stages.
The Darlington connection is a CE stage buffered at the input by CC stage. This configuration behaves
essentially like a super-transistor with greater impedance buffering capability and higher h21(f). It typically
appears at input and output interfaces where drive and buffering requirements are most severe. The
Darlington and the differential pair are sometimes called ft multipliers since the input signal appears
across two transistor junctions in series while the output signal is a parallel combination of currents. For
a fixed input bias current per device, the effective input capacitance is Cd /2 while the effective transconductance is still gm, giving from Eq. (4.5) an fteff = 2ftBJT . This of course ignores additional higher order
poles and requires twice the current of a single BJT. In analogy to the differential pair, noise and distortion
occur across two junctions in series.
The cross-coupled connection is derived from the differential pair. Following the signals around the
loops leads to a positive feedback condition that can be used to induce regeneration for Schmidt triggers,
multivibrators, and latches or negative resistance for tuned VCOs and gain peaking. It has also been used
to synthesize voltage-to-current converters, bias cells, multipliers, and other functions. Since positive
feedback is inevitably invoked in cross-coupled devices, care must be taken to avoid instability when it
is undesired.
Note that npn-pnp composite structures are also possible creating many permutations that might offer
certain advantages. These are illustrated in Fig. 4.15 in the form of the double up-down emitter-follower,
the folded cascode, the composite pnp, and complementary mirror. The first two examples reduce the
supply voltage requirements over their npn-only embodiment, the third transforms a poor quality pnp
into a nearly ideal device, and the fourth provides a voltage controlled mirror ratio.
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Composite npn-pnp combinations add functionality at lower supply voltages.
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4.2.5 Translinear Circuits
The concept of translinearity was observed in deriving the basic properties of BJTs and its usefulness was
alluded to in general terms. In particular, if the signals of interest are conveyed as currents rather than
voltages, a large class of linear and nonlinear functions can be synthesized. When current-mode signals
are used, extremely large dynamic ranges are possible since the junction essentially compresses the current
signal logarithmically to a voltage; i.e., a 60 dB (1000x) signal current range corresponds to 180 mV of
voltage swing at room temperature. The relatively small voltage swings represent a low impedance through
which capacitances charge and discharge and thus the bandwidth of these circuits achieves broadband
operation out to near the device limits represented by ft. Furthermore, reduced internal voltage swings
are consistent with lower supply voltages.
The simplest example of a translinear circuit is the well-known current mirror shown in Fig. 4.14. The
input current, Iin, is mirrored to the output, Iout according to a scaling factor associated with the ratio of
device sizes. Inherent in this process is a nonlinear conversion from Iin to the common Vbe and then a
second related nonlinear conversion from Vbe to Iout. The impedance at the common base node is
nominally a parallel combination of 1/gm and (1 + A)Cd, which results in a low time constant on the
order of τf .
A large family of translinear circuits has been synthesized by applying the translinear principle stated
as: In a closed loop containing only junctions, the product of current densities flowing in the clockwise direction
is equal to the product of current densities flowing in the counterclockwise direction.
The principle has a corollary when voltage sources are inserted into the loop, namely that the products
are equal to within a factor exp(Va /Vt), where Va is the applied voltage. It is merely a restatement that
logarithmic multiplication and division, i.e., addition and subtraction of Vbe’s, is tantamount to products
and quotients of currents. In this sense, the BJT can be thought of as the mathematical transistor. Note
that since the signals are in current form, the distortion is not caused by the exponential characteristics
but is actually due to departure from it, i.e., series resistances, high level injection, and Early voltage
effects conspire to distort the signals.
Fig. 4.16 illustrates three examples of translinear IC design. The first example is an analog squarer/
divider with input signals Ix, Iy and output, Io. By following the translinear principle, it can be shown
that the mathematical operation

Io = I x2 I y

(4.18a)

is performed. The second example is the well-known Gilbert-cell multiplier/gain cell with predistortion.
Again, by following the rules, the differential output currents have the same form as the two inputs. The
third example is a linear in dB variable gain amplifier. In this case a voltage Vg = RgIg is inserted into the
loop and Eq. (4.18a) is modified so that

(

)

i o = I x Vt exp Vg Vt Vi = I x Vt G o 10 Vg

Vt

(4.18b)

Note that if Vg and Ix are engineered to be proportional to temperature, then the gain control becomes
stable with temperature. In all cases, the operating frequency of these circuits approaches the technology ft.

4.2.6 Biasing Techniques
Microwave IC designers have historically focused on the signal path with biasing treated as an afterthought. Analog IC designers, on the other hand, have placed a strong emphasis on biasing since it usually
determines the sensitivity and robustness of a circuit. In particular, as was already seen in the variable
gain amplifier, it is often necessary to generate a current that is proportional to absolute temperature,
PTAT. Other times it is necessary to generate a current that is complementary to absolute temperature,
CTAT. Finally sometimes a zero temperature coefficient current, ZTAT, is desired. The choice on tem-
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FIGURE 4.16

Numerous functions can be implemented using translinear principles.
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The ∆Vbe cell that generates a PTAT current is ubiquitous in BJT biasing.

perature shaping depends on what is needed. In differential amplifiers where the gain is given by gmRL =
IoRL/2Vt, it is appropriate to choose a PTAT bias current for a stable gain; however, if the amplifier is
actually a limiter, then a stable limited voltage swing requires a ZTAT shaping. By far the most common
and fundamental bias current shape for BJTs turns out to be PTAT. From the PTAT form, other shapes
can be derived.
The fundamental way to synthesize a bias sub-circuit is to start with a ∆Vbe cell that generates a PTAT
current. This cell, illustrated in Fig. 4.17, is a modified translinear loop. Two area ratioed BJTs each forced
to carry the same current generate a difference in Vbe given by
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()

∆Vbe = Vt ln A

(4.19)

where A is the area ratio. This voltage develops a current in R that is PTAT and can now be mirrored
throughout the IC by adding a driver that buffers the ∆Vbe cell.
In some cases, a stable voltage reference is desired for scaling and it is beneficial to derive the various
currents from this reference. To achieve a stable reference, the bandgap principle is invoked. As illustrated
in Fig. 4.18, the idea is to add a CTAT voltage to a PTAT voltage so that the sum is a constant with
temperature. It can be shown that the desired reference voltage Vg nearly corresponds to the bandgap
energy, Eg of silicon, a very fundamental property. Intuitively, this is expected since at the extreme
temperature of 0 K, it takes an energy equivalent to Eg to promote an electron into conduction. It so
happens that a transistor Vbe at a fixed Ic can be shown to be CTAT while a PTAT voltage can be generated
from the ∆Vbe cell. With this in mind, the PTAT component should be scaled such that it adds to the
CTAT component to synthesize Vg. A physical realization of this principle known as a bandgap reference
is illustrated in its simplest form in Fig. 4.19. It consists of a ∆Vbe cell to generate a PTAT current and a
resistor that converts it to the required PTAT voltage. Transistor Q1 plays a double role as part of the
∆Vbe cell and as the Vbe responsible for the CTAT voltage. The current mirror above ensures that both
currents are the same and the buffer provides drive to the reference output. This output can be used to
generate PTAT currents elsewhere in the circuit as shown in Fig. 4.19. The target transistor and resistor
scaling are necessary to preserve the PTAT shape. This topology can be made insensitive to supply voltage,
temperature, and process variations by the use of more sophisticated cells and by the prudent choice of
component sizes and layout.

4.2.7 Fabrication Technology
The technology for fabricating BJTs has been performance and cost driven toward smaller transistor
geometries, lower device and interconnect parasitics, higher yield/integration, and greater functionality.
Silicon-based BJT technology has benefited greatly from the synergy with CMOS processes targeting
VLSI/ULSI digital applications. Several variants of the simple npn process have evolved over the years
that feature better npn’s and/or addition of other transistor types. Examples include BiCMOS, which
integrates BJTs with CMOS; fully complementary bipolar with true vertical npn’s and pnp’s; SiGe/Si HBT,
which offers higher ft and lower Rb than traditional BJTs; and silicon-on-insulator (SOI) processes that
rely on an insulating substrate to isolate devices and reduce substrate parasitics. III-V based HBTs have

Sum of CTAT and PTAT
components yields the
Bandgap Voltage, gV

V
Vg

+
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0
FIGURE 4.18
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Vg is generated from properly proportioned PTAT and CTAT voltages.

4-19

Bipolar Junction Transistors

io= Ni1
i1= i2
1e

Ae

{
{

Ne

R2

2R1/N

Vg=Vbe(i1)+∅VR1=1.2V

CTAT

PTAT

R1
∅Vbe= Vt ln(A)

i1= i2 = Vt ln(A)/R2 (PTAT)

∅VR1= i1+i2 = 2R1/R2 V t ln(A) (PTAT)
FIGURE 4.19

The Brokaw cell provides PTAT currents and a stable voltage reference.

developed in a different direction since raw device speed has been more than adequate, but integration
levels and process complexity have limited their availability. Process features can be grouped into two
general categories: the active device, which determines the transistor performance, and the back-end
process, which defines the interconnect metallization, dielectric isolation, passive components, and
through-vias. The back-end process is particularly critical in RFICs since they set limits to IC parasitics
and are responsible for the quality of resistors, capacitors, and inductors.
The silicon BJT process has evolved from the junction isolated buried collector process shown in
Fig. 4.12 to the oxide trench isolated double-poly (emitter and base) process diagrammed in Fig. 4.20.
The double poly structure with self-aligned spacers allows ultra-small emitter-base structures to be
defined while simultaneously providing low extrinsic base resistance and low emitter charge storage. A
selective collector implant under the active emitter helps delay the Kirk effect without significantly
increasing the depletion capacitance. In general, the devices are defined by diffusions into the substrate
with interconnects and passives constructed over dielectrics above the substrate. Standard aluminum
metals have been silicided for improved reliability. Overall, this has led to significantly reduced device
footprints and feature sizes with emitter geometries down to < 0.35 µm and ft ranging from 30 GHz for
standard BJTs to > 100 GHz for SiGe HBTs. Refinements such as silicided base handles and optimized
epitaxially deposited bases promise even further improvements in device performance. On the back-end
side, thin-film resistors and metal-metal capacitors are replacing their polysilicon and diffused versions
bringing lower temperature coefficients, reduced parasitics and coupling to the substrate, trimming
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Modern processes feature double-poly, SiO2 trenches and sub-µm lithography.
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III-V HBTs are fabricated with mesa structures and relaxed lithography.

capability, and bias insensitivity. Furthermore, advanced multiple level interconnect modules and planarization techniques have been adopted from CMOS processes in the form of copper metalization,
chemical-mechanical polishing, tungsten plugs, and low dielectric insulators. For RFICs, advanced interconnects are desirable not for high packing density, but for defining high quality passives away from the
lossy substrate, particularly inductors, which are essential in certain applications.
The fabrication technology for the III-V HBTs is significantly different from that of silicon BJTs. The
main difference stems from the fact that the starting material must be grown by advanced epitaxial
techniques such as molecular beam epitaxy (MBE) or metallo-organic chemical vapor deposition
(MOCVD). Each layer in the stack is individually optimized as needed. As a result of the predefined
layers as well as thermal limits that disallow high temperature diffusion, the device is literally carved into
the substrate leading to the wedding-cake triple mesa structure depicted in Fig. 4.21. The nature of the
process limits minimum emitter geometries to about 1 µm, although self-aligned structures are used to
minimize extrinsic areas. Values of ft range from 30 GHz for power devices to 200 GHz for the highest
speed structures. Interestingly, the improvements being made to silicon BJTs such as epitaxial bases,
polysilicon emitters, and silicided bases, make use of deposited active layers, which is reminiscent of III-V
technologies based on epitaxy. The back-end process inevitably consists of thin film resistors and metalmetal capacitors. Since the substrate is semi-insulating by definition, high-Q monolithic inductors are
already available. Some processes offer backside vias that literally provide a direct connection from the
front-side to the back-side of the wafer enabling easy and effective grounding at any point on the circuit.
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5.1 Basic Device Principle
Heterojunction bipolar transistors (HBTs) differ from conventional bipolar junction transistors (BJTs)
in their use of hetero-structures, particularly in the base-emitter junction. In a uniform material, an
electric field exerts the same amount of force on an electron and a hole, producing movements in opposite
directions as shown in Fig. 5.1a. With appropriate modifications in the semiconductor energy gap, the
forces on an electron and a hole may differ, and at an extreme, drive the carriers along the same direction
as shown in Fig. 5.1b.1 The ability to modify the material composition to independently control the
movement of carriers is the key advantage of adopting hetero-structures for transistor design.
Figure Fig. 5.2 illustrates the band diagram of a npn BJT under normal operation, wherein the baseemitter bias (VBE) is positive and the base-collector bias (VBC) is negative. The bipolar transistor was
detailed in the previous chapter. Here we use Fig. 5.2 to emphasize that the energy gap is the same
throughout the entire transistor structure. The Fermi levels and the depletion regions of the band diagram
reflect the BJT design constraint that the doping level is highest in the emitter, and lowest in the collector.
The Fermi level in the emitter is above the conduction band, signifying that the emitter is degenerately
doped.
A BJT has two key current components. The first is the forward-injection current conducted by the
electrons. These electrons are emitted at the emitter, crossing the base-emitter potential barrier with the
help of the VBE bias, diffusing through the thin base layer as minority carriers, and then are swept by the
large electric field in the reverse-biased base-collector junction. The carriers finally leave the collector,
forming the collector current (IC). In their journey, only a few electrons are lost through recombinations
with the majority holes in the base. We therefore denote the electron current as IC in Fig. 5.2, even though
the current magnitude in the emitter is slightly larger than that which finally exits the collector terminal.
Of the three phases of the journey, the diffusion through the base layer is the rate-limiting step. Hence,
a quantitative expression of IC, to be developed shortly, relates intimately to the base layer parameters.
By varying VBE , we control the amount of the electron injection from the emitter to the base, and
subsequently, the amount of electrons collected at the collector. This current flow, however, is independent
of VBC , as long as the base-collector junction is reverse biased. The property that the desired signal (IC )
is modified by the input bias (VBE) but unaffected by the output bias (VBC ) fulfills the requirement of a
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FIGURE 5.1 (a) An electric field exerts the same amount of force (but in opposite directions) on an electron and
a hole. (b) Electron and hole can move in the same direction in a hetero-structure. (After Ref. [1], with permission.)

sound three-terminal device. As the input and output ports are decoupled from one another, complicated
circuits based on the transistors can be easily designed.
The second current component is composed of holes that are back-injected from the base to the
emitter. This current does not get collected at the collector terminal and does not contribute to the
desired output signal. However, the moment a VBE is applied so that the desired electrons are emitted
from the emitter to the base, these holes are back-injected from the base to the emitter. The bipolar
transistor is so named to emphasize that both electron and hole play significant roles in the device
operation. A good design of a bipolar transistor maximizes the electron current transfer while minimizing
the hole current. As indicated on Fig. 5.2, we refer the hole current as IB,back-inject . It is a base current
because the holes come from the base layer where they are the majority carriers.
We mentioned that IC is limited by the diffusion process in the base, wherein the electrons are minority
carriers. Likewise, IB,back-inject is limited by the diffusion in the emitter, wherein the holes are minority
carriers. Fisk’s law states that a diffusion current density across a layer is equal to the diffusion coefficient
times the carrier concentration gradient.2 (From the Einstein relationship, the diffusion coefficient can
be taken to be kT/q times the carrier mobility.) The carrier concentrations at one end of the base layer
(for the calculation of IC) and the emitter layer (for the calculation of IB,back-inject) are both proportional
to exp(qVBE /kT), and are 0 at the other end. An application of Fisk’s Law leads to:3,4

IC =

⎛ qV ⎞
qAemit Dn ,base ni2,base
exp ⎜ BE ⎟
X base
N base
⎝ kT ⎠

I B,back-inject =

qAemit D p,emit ni2,emit
⎛ qV ⎞
exp ⎜ BE ⎟
X emit
N emit
⎝ kT ⎠

(5.1)

(5.2)

where, for example, Aemit is the emitter area; Dn,base is the electron diffusion coefficient in the base layer;
Nbase is the base doping; Xbase is the base thickness; and ni,base is the intrinsic carrier concentration in the
base layer. IC is proportional to the emitter area rather than the collector area because IC is composed of
the electrons injected from the emitter. For homojunction BJTs, ni,base is identical to ni,emit. The ratio of
the desired IC to the undesired IB,back-inject is,

IC
I B,back-inject

=

X emit Dn,base N emit
×
X base D p, emit N base

(homojunction BJT)

(5.3)
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Band diagram of a npn bipolar junction transistor.

Because the diffusion coefficients and layer thicknesses are roughly equal on the first order, Eq. (5.3)
demonstrates that the emitter doping of a BJT must exceed the base doping in order for IC to exceed
IB,back-inject. For most applications, we would actually prefer the base doping be high and the emitter doping,
low. A high base doping results in a small base resistance and a low emitter doping reduces the baseemitter junction capacitance, both factors leading to improved high frequency performance. Unfortunately, these advantages must be compromised in the interest of minimizing IB,back-inject in homojunction
transistors.
A heterojunction bipolar transistor (HBT), formed by a replacement of the homojunction emitter by
a larger energy gap material, enables the design freedom of independently optimizing the IC /IB,back-inject
ratio and the doping levels. Figure 5.3 illustrates the band diagrams of Npn HBTs. The capital N in “Npn”
rather than a small letter n emphasizes that the emitter is made of a larger energy gap material than the
rest. It is implicit that the base-collector junction of an HBT is a homojunction. An HBT whose basecollector junction is also a heterojunction is called a double heterojunction bipolar transistor (DHBT),
typically found in the InP/InGaAs material system.
The energy gap difference in the base-emitter heterojunction of an HBT burdens the holes from the
base to experience a much larger energy barrier than the electrons from the emitter. With the same
application of VBE, the forces acting on the electrons and holes differ, favoring the electron injection from
the emitter into the base to the hole back-injection from the base into the emitter. Figure 5.3 shows that
the difference in the electron and hole barriers is ∆Ev , the valence band discontinuity. The IC /IB,back-inject
ratio of Eq. (5.3) can be extended to the HBT as:1
IC

∆Ec

qVBE

∆Ev
-qVBC

Ec

IB,back-inject

Emitter
FIGURE 5.3

Base

Collector

Band diagram of a Npn abrupt heterojunction bipolar transistor.

Ev
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Band diagram of a Npn graded heterojunction bipolar transistor.

IC
I B,back-inject

=

⎛ ∆E ⎞
X emit Dn,base N emit
×
exp ⎜ v ⎟
X base D p, emit N base
⎝ kT ⎠

(abrupt HBT)

(5.4)

The exponential factor is the key to the fact that base doping can be made larger than the emitter doping
without adversely affecting the HBT performance.
We qualify the expression in Eq. (5.4): that is for an abrupt HBT. This means that an abrupt change
of material composition exists between the emitter and the base. An example is an InP/In0.53Ga0.47As HBT.
The indium and gallium compositions form a fixed ratio so that the resulting In0.53Ga0.47As layer has the
same lattice constant as InP, the starting substrate material. Otherwise, the dislocations due to lattice
mismatch prevent the device from being functional. In fact, although the idea of HBT is as old as the
homojunction transistor itself,5 HBTs have emerged as practical transistors only after molecular beam
epitaxy (MBE) and metal-organic chemical vapor deposition (MOCVD) were developed to grow highquality epitaxial layers in the 1980s.6 Another example of an abrupt HBT is the Al0.3Ga0.7As/GaAs HBT,
in which the entire emitter layer consists of Al0.3Ga0.7As, while the base and collector are GaAs. When the
AlGaAs/GaAs material system is used, we can take advantage of the material property that AlAs and GaAs
have nearly the same lattice constants. It is therefore possible to grow an AlxGa1-xAs layer with any
composition x and still be lattice-matched to GaAs. When the aluminum composition of an intermediate
AlGaAs layer is graded from 0 at the GaAs base to 30% at the Al0.3Ga0.7As emitter, then the resulting
structure is called a graded HBT.
The band diagram of a graded HBT is shown in Fig. 5.4. A graded HBT has the advantage that the
hole barrier is larger than the electron barrier by ∆Eg , the energy-gap discontinuity between the emitter
and the base materials. Previously, in an abrupt HBT, the difference in the hole and electron barriers was
only ∆Ev . The additional barrier brings forth an even larger IC /IB,back-inject ratio for the graded HBT:

IC
I B,back-inject

=

⎛ ∆E ⎞
X emit Dn,base N emit
×
exp ⎜ g ⎟
X base D p, emit N base
⎝ kT ⎠

(Graded HBT)

(5.5)

Equation (5.5) is obtained from the inspection of the band diagram. It is also derivable from Eqs. (5.1)
and (5.2) by noting that ni,base2 = ni,emit2 × exp(∆Eg/kT).
The amount of improvement from a homojunction to a heterojunction depends on the band alignment
properties of the two hetero-materials. Table 5.1 lists the conduction band discontinuity (∆Ec), valence
band discontinuity (∆Ev), and their sum which is the energy-gap discontinuity (∆Eg ), for several material
systems used for HBTs. The energy gap of a semiconductor in the system is also given for convenience.
The values shown in Table 5.1 are room temperature values.
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TABLE 5.1

Heterojunction Parameters at Room Temperature
AlxGa1–xAs/GaAs
(x ≤ 0.45)

∆Eg (eV)

1.247·x

∆Ec (eV)

0.697·x

∆Ev (eV)

0.55·x

Eg (eV)

GaAs: 1.424

Ga0.51In0.49P/GaAs

InP/In0.53Ga0.47As

In0.52Al0.48As/In0.53Ga0.47As

Si/Si0.8Ge0.2

Ordered: 0.43
Disordered: 0.46
Ordered: 0.03
Disordered: 0.22
Ordered: 0.40
Disordered: 0.24
Ordered: 1.424

0.60

0.71

0.165

0.23

0.50

0.37

0.21

InP: 1.35

InGaAs: 0.75

Si: 1.12

The most popular III-V material system is AlxGa1-x As/GaAs. The table lists its band alignment parameters for x ≤ 0.45. At these aluminum mole fractions, the AlGaAs layer is a direct energy-gap material,
in which the electron wave function’s wave vectors k at both the conduction band minimum and the
valence band maximum are along the same crystal direction.2 Since nearly all semiconductor valence
band maximums take place when k is [000], the conduction band minimum in a direct energy-gap
material is also at k = [000]. The conduction band structure surrounding this k direction is called the
Γ valley. There are two other k directions of interest because the energy band structures in such directions
can have either the minimum or a local minimum in the conduction band. When k is in the [100]
direction, the band structure surrounding it is called the X valley, and when k is in the [111] direction,
the L valley. As the aluminum mole fraction of AlxGa1-xAs exceeds 0.45, it becomes an indirect energygap material, with its conduction band minimum residing in the X valley. The band alignment parameters
at x > 0.45 are found elsewhere.3 SiGe is an indirect energy-gap material; its conduction band minimum
is also located in the X valley. Electron-hole generation or recombination in indirect energy-gap materials
requires a change of momentum (p = hk), a condition that generally precludes them from being useful
for laser or light-emitting applications.
Particularly due to the perceived advantage in improved reliability, HBTs made with the GaInP/GaAs
system have gained considerable interest.7 The band alignment of GaInP/GaAs depends on whether the
grown GaInP layer is ordered or disordered, as noted in Table 5.1. The crystalline structure in an ordered
GaInP layer is such that sheets of pure Ga, P, In, and P atoms alternate on the (001) planes of the basic
unit cell, without the intermixing of the Ga and In atoms on the same lattice plane.8 When the Ga, In
and P atoms randomly distribute themselves on a plane, the GaInP layer is termed disordered.
The processing of AlGaAs/GaAs and GaInP/GaAs HBTs is fairly simple. Both wet and dry etching are
used in production environments, and ion implantation is an effective technique to isolate the active
devices from the rest. The processing of InP/InGaAs and InAlAs/InGaAs materials, in contrast, is not
straightforward. Because of the narrow energy-gap of the InGaAs layer, achieving an effective device
isolation often requires a complete removal of the inactive area surrounding the device, literally digging
out trenches to form islands of devices. Further, the dry-etching, and its associated advantages such as
directionality of etching, is not readily/easily available for InGaAs.9 However, the material advantages
intrinsic to InP/InGaAs and InAlAs/InGaAs make them the choice for applications above 40 GHz. In
addition, the turn-on voltage, the applied VBE giving rise to a certain collector current, is smaller for
HBTs formed with InGaAs base compared to GaAs base (due to the energy-gap difference). The turnon characteristics of various HBTs are shown in Fig. 5.5.
A calculation illustrates the advantage of an HBT. Consider an AlGaAs/GaAs HBT structure designed
for power amplifier applications, as shown in Fig. 5.6.10 The emitter and the base layers of the transistor
are: Nemit = 5 × 1017 cm–3; Nbase = 4 × 1019 cm–3; Xemit ≈ 1300 Å; and Xbase = 1000 Å. We shall use the
following diffusion coefficients for the calculation: Dn,base = 20 and Dp,emit = 2.0 cm2/V-s. For a graded
Al0.3Ga0.7As/GaAs heterojunction, ∆Eg is calculated from Table 5.1 to be 0.3 × 1.247 = 0.374 eV. The ratio
for the graded HBT, according to Eq. (5.5), is,
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FIGURE 5.5 Turn-on characteristics of bipolar transistors based on various material systems. (After Ref. [6], with
permission.)
Material
Thickness (Å)
Composition x
Doping (cm-3)
————————————————————————————————
n-InxGa1-xAs
800
0 → 0.6
> 3 × 1019
n-GaAs
2000
5 × 1018
N-AlxGa1-xAs
300
0.3 → 0
1 × 1018
N-AlxGa1-xAs
1000
0.3
5 × 1017
N-AlxGa1-xAs
300
0 → 0.3
5 × 1017
p-GaAs
n-GaAs
n-GaAs

(The above grading layer is absent in abrupt HBT)
1000
4 × 1019
7000
3 × 1016
6000
5 × 1018

Emitter

Base
Collector
Subcollector

Semi-insulating GaAs Substrate

FIGURE 5.6
permission.)

Typical HBT epitaxial structure designed for power amplifier applications. (After Ref. [10], with

IC
I B,back-inject

=

⎛ 0.374 ⎞
1300 20 5 × 1017
5
×
exp ⎜
⎟ = 2.5 × 10
19
1000 2.0 4 × 10
⎝ 0.0258 ⎠

For an abrupt Al0.3Ga0.7As/GaAs HBT, ∆Ev is the parameter of interest. According to the table, ∆Ev at x =
0.3 is 0.55 × 0.3 = 0.165 eV. Therefore, Eq. (5.4) leads to:

IC
I B,back-inject

=

⎛ 0.165 ⎞
1300 20 5 × 1017
×
exp ⎜
⎟ = 97
19
1000 2.0 4 × 10
⎝ 0.0258 ⎠

Consider a Si BJT with identical doping levels, layer thicknesses, and diffusion coefficients, except that
it is a homojunction transistor so that ∆Eg = 0. Using Eq. (5.3), we find the IC /IB,back-inject ratio to be:

IC
I B,back-inject

=

1300 20 5 × 1017
×
= 0.16.
1000 2.0 4 × 1019

The useful collector current in the homojunction transistor is only 1/6 of the undesirable back-injection
current. This means the device is useless. In contrast, both the graded and the abrupt HBTs remain
functional, despite the higher base doping in comparison to the emitter.
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5.2 Base Current Components
IB,back-inject is only one of the five dominant base current components in a bipolar transistor. We have thus
far considered only IB,back-inject because it is the distinguishing component between a HBT and a BJT. Once
IB,back-inject is made small in a HBT through the use of a heterojunction, the remaining four components
become noteworthy. All of these components are recombination currents; they differ only in the locations
where the recombinations take place, as shown in Fig. 5.7. They are: (1) extrinsic base surface recombination current, IB,surf ; (2) base contact surface recombination current, IB,cont ; (3) bulk recombination
current in the base layer, IB,bulk ; and (4) space-charge recombination current in the base-emitter junction
depletion region, IB,scr . In the discussion of bipolar transistors, an easily measurable quantity of prime
importance is the current gain (β), defined as the ratio of IC to the total base current IB :

β=

IC
IC
=
I B I B,back-inject + I B,surf + I B,cont + I B,bulk + I B,scr

(5.6)

Depending on the transistor geometrical layout, epitaxial layer design, and the processing details that
shape each of the five base current components, the current gain can have various bias and temperature
dependencies. In the following, the characteristics of each of the five base components are described, so
that we can better interpret the current gain from measurement and establish some insight about the
measured device.
Figure 5.8a illustrates a schematic cross-section of an HBT. Without special consideration, a conventional fabrication process results in an exposed base surface at the extrinsic base regions. (Intrinsic region
is that underneath the emitter, and extrinsic region is outside the emitter mesa, as shown in Fig. 5.7.)
Because the exposed surface is near the emitter mesa where the minority carrier concentration is large,
and because the surface recombination velocity in GaAs is high (on the order of 106 cm/s), IB,surf is
significant in these unpassivated devices. Various surface passivation techniques have been tested. The
most effective method is ledge passivation,11,12 formed with, for example, an AlGaAs layer on top of the
GaAs base. The AlGaAs ledge must be thin enough so that it is fully depleted by a combination of the
free surface Fermi level pinning above and the base-emitter junction below. If the passivation ledge is
not fully depleted, the active device area would be much larger than the designed emitter. The requirement
for the AlGaAs layer to be fully depleted limits the AlGaAs thickness to the order of 1000 Å, and emitter

base-emitter space charge region

Emitter

extrinsic base surface
4
1
3
Base

2

base
contact
.

Collector
Intrinsic Region
Extrinsic Region

FIGURE 5.7 Locations of the four base recombination currents. The fifth base current component, not a recombination current, is IB,back-inject shown in Figure 5.2. (After Liu, W., Microwave and DC characterizations of Npn and
Pnp HBTs‚ PhD. Dissertation, Stanford University, Stanford, CA, 1991.)
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FIGURE 5.8 Schematic cross-sections of HBTs: (a) unpassivated HBTs, and (b) passivated HBTs. (After Liu, W.,
Microwave and DC characterizations of Npn and Pnp HBTs‚ PhD. Dissertation, Stanford University, Stanford, CA,
1991.)

doping to low to mid 1017 cm–3. Although the ledge passivation was originally designed to minimize IB,surf ,
it is also crucial to long-term reliability.3,7
Unlike IC, IB,surf is proportional to the emitter periphery rather than the emitter area. For high frequency
devices whose emitter is in a strip form (thus the perimeter-to-area ratio is large), IB,surf is a major
component to the overall base current. The current gain is substantially reduced from that of a large
squarish device whose perimeter-to-area ratio is small. The discrepancy in β due to emitter geometry is
termed the emitter-size effect. Figure 5.9 displays β vs. IC for both passivated and unpassivated devices
with Aemit = 4 × 10 µm2. The emitter area is small enough to demonstrate the benefit of the surface
passivation. A large device has negligible surface recombination current and the current gain does not
depend on whether the surface is passivated or not. Because the two devices are fabricated simultaneously
and physically adjacent to each other, the difference between the measured βs is attributed to the
additional IB,surf of the unpassivated device.
The second base recombination current, IB,cont, is in principle the same as IB,surf . Both are surface
recombination currents, except IB,cont takes place on the base contacts whereas IB,surf , on the extrinsic base
surfaces. Because the contacts are located further away from the intrinsic emitter than the extrinsic base
surface, IB,cont is generally smaller than IB,surf when the surface is unpassivated. However, it may replace
IB,surf in significance in passivated devices (or in Si BJTs whose silicon dioxide is famous in passivating
silicon). There is a characteristic distance for the minority carrier concentration to decrease exponentially
from the emitter edge toward the extrinsic base region.3 As long as the base contact is placed at roughly
3 times this characteristic length away from the intrinsic emitter, IB,cont can be made small. The base contact
cannot be placed too far from the emitter, however. An excessively wide separation increases the resistance
in the extrinsic base region and degrades the transistor’s high frequency performance.
The above two recombination currents occur in the extrinsic base region. Developing analytical
expressions for them requires a solution of the two-dimensional carrier profile. Although this is possible
without a full-blown numerical analysis,3 the resulting analytical equations are quite complicated. The
base bulk recombination current, in contrast, can be accurately determined from a one-dimensional
analysis since most of the base minority carriers reside in the intrinsic region. It is convenient to express
IB,bulk through its ratio with IC :

τ
IC
= n
I B,bulk τb

(5.7)

where τn is the minority carrier lifetime in the base, and τb , the minority carrier transit time across the
base. In a typical Si BJT design, an electron spends about 10 ns diffusing through the base layer while
in every 1 µs an electron is lost through recombination. The transistor then has a current gain of 1 µs/
10 ns = 100. The recombination lifetime in the GaAs base material is significantly shorter than in Si, at

5-9

Heterostructure Bipolar Transistors

1000

Current Gain

passivated
100
unpassivated
10

1
10-10

10-7

10-4

10-1

IC (A)

FIGURE 5.9 Measured current gain as a function of collector current for both passivated and unpassivated HBTs.
(After Liu, W. et al., Diode ideality factor for surface recombination current in AlGaAs/GaAs heterojunction bipolar
transistors, IEEE Trans. Electron Devices, 39, 2726–2732, 1992, with permission.)

about 1 ns. However, the transit time through the GaAs is also much shorter than in Si due to the higher
carrier mobility in GaAs. A well-designed HBT has a τb of 0.01 ns; therefore, a β = 100 is also routinely
obtainable in III-V HBTs.
Equation (5.7) indicates that IB,bulk is large if τn is small. The recombination lifetime of a semiconductor,
a material property, is found to be inversely proportional to the doping level. When the base doping in
an AlGaAs/GaAs (or GaInP/GaAs) HBT is 5 × 1018 cm–3, the current gain easily exceeds 1000 when proper
device passivation is made and the base contacts are placed far from the emitter. As the base doping
increases to 1020 cm–3, IB,bulk dominates all other base current components, and the current gain decreases
to only about 10, independent of whether the extrinsic surface is passivated or not. The base doping in
III-V HBTs for power applications, as shown in Fig. 5.6, is around 3 – 5 × 1019 cm–3. It is a compromise
between achieving a reasonable current gain (between 40 and 200) and minimizing the intrinsic base
resistance to boost the high frequency performance.
Equation (5.7) also reveals that IB,bulk is large when the base transit time is long. This is the time that
a base minority carrier injected from the emitter takes to diffuse through the base. Unlike the carrier
lifetime, which is mostly a material constant, the base transit time is a strong function of the base layer
design:

τb =

2
X base
2Dn,base

(5.8)

Because τb is proportional to the square of Xbase , the base thickness is designed to be thin. Making the
base too thin, however, degrades high frequency performance due to increased base resistance. A compromise between these two considerations results in a Xbase at around 800 – 1000 Å, as shown in Fig. 5.6.
The derivation of Eq. (5.8) assumes that the minority carriers traverse through the base purely by
diffusion. This is certainly the scenario in a bipolar transistor whose base layer is uniformly doped and
of the same material composition. With energy-gap engineering, however, it is possible to shorten the
base transit time (often by a factor of 3) by providing a drift field. In a Si/SiGe HBT for example, the Ge
content can be linearly graded from 0 to 8% across a 300 Å base to result a quasi-electric field on the
order of 30 to 50 kV/cm.13 We used the term quasi-electric field to describe the electric field generated
by grading the energy gap, or more specifically, the gradient of the electron affinity (χe ). In a conventional
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FIGURE 5.10
content.

Band diagram of a SiGe HBT with a base quasi-electric field established by grading the germanium

bipolar transistor, an electric field can be established only in the presence of space charges (such as the
depletion region in a p-n junction). In an HBT with a graded base, the overall electric field in the base
layer is nonzero even though the entire base region remains charge neutral. A SiGe HBT band diagram,
shown in Fig. 5.10, illustrates how a minority carrier can speed up in the presence of the band grading.
The figure shows that the energy gap becomes narrower as the Ge content increases. Because the base
layer is heavily doped, the quasi-Fermi level in the base is pinned to be relatively flat with respect to
position. The entire energy gap difference appears in the conduction band. The base quasi-electric field,
being proportional to the slope of the band bending, propels the electrons to drift from the emitter
toward the collector. As the carrier movement is enhanced by the drift motion, in addition to the diffusion,
the base transit time decreases.
Figure 5.10 is characteristic of the SiGe HBT pioneered by a U.S. company,14 in which the Ge content
is placed nearly entirely in the base and graded in a way to create a base quasi-electric field. The baseemitter junction is practically a homojunction; therefore, it perhaps does not strictly fit the definition of
being a heterojunction bipolar transistor and the base must be doped somewhat lighter than the emitter.
This type of transistor resembles a drift homojunction transistor,15 in which a base electric field is
established by grading the base doping level. A drift transistor made with dopant grading suffers from
the fact that part of the base must be lightly doped (at the collector side), thus bearing a large base
resistance. An alternative school of SiGe HBT places a fixed Ge content in the base, mostly promoted by
European companies.16 Transistors fabricated with the latter approach do not have a base quasi-electric
field. However, the existence of the base-emitter heterojunction allows the emitter to be more lightly
doped than the base, just as in III-V HBTs. In either type of SiGe HBTs, there can be a conduction band
discontinuity between the base and collector layers. This base-collector junction spike (Fig. 5.10), also
notable in InP-based DHBT, has been known to cause current gain fall off.3 The spike can be eliminated
by grading the Ge content from the base to inside the collector layer.
Likely due to reliability concerns or for purely historical reasons, most commercial III-V HBTs have
a uniformly doped base without a base quasi-electric field. If a base electric field is desired, in AlGaAs/
“GaAs” HBTs in particular, the field can be established by grading of the aluminum concentration in the
AlGaAs base layer.
The fourth recombination current is the space-charge recombination current in the base-emitter
depletion region. IB,scr differs from the other base current components in its bias dependency.
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Equations (5.1) and (5.2) show that IC and IB,back-inject are proportional to exp(qVBE /nkT) with n, the
ideality factor, being equal to 1. Equation (5.7) also shows that IB,bulk is directly proportional to IC . Hence,
IB,bulk has a unity ideality factor as well. Extensive measurement experiments and theoretical calculations
indicate that IB,surf and hence, IB,cont, have an ideality factor closer to 1 than 2.3,17 The ideality factor of
IB,scr , in contrast, is nearly 2 because the electron and hole concentrations in the forward-biased baseemitter junction are both proportional to exp(qVBE /2kT).2 This means IB,scr is most significant when VBE
is small, at which operating region IC is also small. A Gummel plot, IB and IC as a function of VBE taken
at VBC = 0, illustrates dominance of IB,scr in low-current regions, as shown in Fig. 5.11. There are times
when IB,scr dominates other base current components even at high IC levels, particularly in graded HBTs.3
The previous four base current components are all recombination current. The fifth component is the
back-injection current, IB,back-inject. This component is made small in a heterojunction transistor, at least
at room temperature. However, as temperature increases, the extra energy barrier provided to the hole
carriers becomes less effective in impeding the back injection. When the HBT is biased with a high IC
and a certain amount of VBC, the power dissipated in the device can heat up the device itself (called selfheating). As the HBTs junction temperature rises, IB,back-inject increases and the current gain decreases. This
β's temperature dependency is to be contrasted with silicon BJTs current gain, which increases with
temperature.18

5.3 Kirk Effects
Understanding the properties of the various base current components facilitates the description of the
measured device characteristics, such as the β vs. IC curve of Fig. 5.9. The previous analysis of the transistor
currents implicitly assumes that the transistor operates in the normal bias condition, under which the
transistor gain is seen to increase steadily with the collector current. However, IC cannot increase indefinitely without adverse effects. Figure 5.9 reveals that, after a certain critical IC is reached while VBC is
kept constant, the current gain plummets, rendering the device useless. For high-power applications,
such as a power amplifier for wireless communications, HBTs are biased at a large current (with a current
density on the order of 104 A/cm2), not only because the output power is directly proportional to IC , but
also because the high frequency performance is superior at large IC (but before the current gain falls).
Therefore, it is imperative to understand the factor setting the maximum IC level, below which the current
gain is maintained at some finite values.
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FIGURE 5.11 Measured Gummel plot of an abrupt AlGaAs/GaAs HBT. (After Liu, W., Experimental comparison
of base recombination currents in abrupt and graded AlGaAs/GaAs heterojunction bipolar transistors, Electronic
Letters, 27, 2115–2116, 1991, with permission.)
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The Poisson equation relates charges to the spatial variations of the electric field (ε).2 It is a fundamental
equation, applicable to any region at any time in a semiconductor:

(

dε q
=
p − n + Nd − Na
dx ∈s

)

(5.9)

∈s is the dielectric constant of the semiconductor; Nd and Na are the donor and acceptor doping levels,
respectively; and n and p are the mobile electron and hole carrier concentrations, respectively. We apply
this equation to the base-collector junction of HBTs, which is typically a homojunction. Since the base
doping greatly exceeds the collector doping, most of the depletion region of the base-collector junction
is at the collector side. In the depleted collector region where it is doped n-type, Nd in Eq. (5.9) is the
collector doping level, Ncoll, and Na is 0. The collector current flowing through the junction consists of
electrons. If the field inside the depletion region was small, then these electrons would move at a speed
equal to the product of the mobility and the electric field: µn ·ε. It is a fundamental semiconductor
property that, once the electric field exceeds a certain critical value (εcrit ~ 103 V/cm for GaAs), the carrier
travels at a constant velocity called the saturation velocity (vsat). Because the electric field inside most of
the depletion region exceeds 104 V/cm, practically all of these electrons travel at a constant speed of vsat .
The electron carrier concentration inside the collector can be related to the collector current density (JC ;
equal to IC /Aemit) as:

()

nx =

JC
= constant inside the base-collector junction
qv sat

(5.10)

Lastly, because there is no hole current, p in Eq. (5.9) is zero.
Equation (5.9), when applied to the base-collector junction of a HBT, is simplified to:

dε q
=
dx ∈s

⎛ JC
⎞
⎜ − qv + N coll ⎟
⎝
⎠
sat

(5.11)

When JC is small, the slope of the electric field is completely determined by the collector doping, Ncoll.
Because the doping is constant with position, solving Eq. (5.11) at negligible JC gives rise to a field profile
that varies linearly with position, as shown in Fig. 5.12a. As the current density increases, the mobile
electron concentration constituting the current partially cancels the positive donor charge concentration
Ncoll. As the net charge concentration decreases, the slope of the field decreases, as shown in Fig. 5.12b.
While the current density increases, the base-collector bias VBC remains unchanged. Therefore, the
enclosed area of the electric field profile, which is basically the junction voltage, is the same before and
after the current increase. The simultaneous requirements of having a decreasing field slope and a constant
enclosed area imply that the depletion region extends toward the subcollector layer and the maximum
electric field decreases. The depletion thickness continues to increase until the collector is fully depleted,
as shown in Fig. 5.12c. The depletion thickness does not extend beyond the collector layer because the
subcollector is a heavily doped layer. Afterwards, further increase of current results in a quadrangle field
profile, as shown in Fig. 5.12d, replacing the previous triangular profile. As the current density increases
to a level such that JC = qNcoll ·vsat , the term inside the parentheses of Eq. (5.11) becomes zero. A field
gradient of zero means that the field profile stays constant with the position inside the junction (slope =
0). This situation, depicted in Fig. 5.12e, marks the beginning the field reversal. When JC increases further
such that JC > qNcoll ·vsat , the mobile electrons brought about by the collector current more than
compensates the fixed charges inside the collector. The net charge concentration for the first time becomes
negative and the electric field takes on a negative slope (Fig. 5.12f), with a smaller magnitude at the base
side of the junction than at the subcollector side. As the trend progresses, the magnitude of the field
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FIGURE 5.12 Electric field profile inside the base-collector junction of HBT during normal operation. (a) JC = 0;
(b) JC is small; (c) JC further increases so the entire collector is depleted; (d) further increase in JC; (e) JC reaches
qNcoll ·vsat; (f)JC > qNcoll ·vsat and field reversal occurs; (g) further increase in JC results in base push out as the electric
field at the base-collector boundary decreases to zero.

base-collector junction eventually diminishes to zero (Fig. 5.12g). When there is no more field to block
the holes from “spilling” into the collector, the base pushout is said to occur and the current gain falls.
The device characteristics as a result of the base pushout are referred to as Kirk effects.19 The above
description suggests that the threshold current due to Kirk effects increases if the collector doping
increases. However, in many applications where the collector doping may not be increased arbitrarily (so
the operating voltage is greater than a certain value), Kirk effects then become an important mechanism
affecting the current gain falloff in HBTs. For an HBT with a collector doping of 3 × 1016 cm–3 (Fig. 5.6),
the threshold current density is roughly JC = qNcoll ·vsat = 3.9 × 104 A/cm2 (vsat is ~ 8 × 106 cm/s). Clearly,
the value of such threshold current density depends on the magnitude of the saturation velocity. Since
the saturation velocity decreases with the ambient temperature, the threshold density due to Kirk effects
is lower at higher temperatures.
Kirk effects confine the operating collector current to some values. Similarly, the collector-to-emitter
bias (VCE) has its limit, set by two physical phenomena. The first one, well analyzed in elementary device
physics, is the avalanche breakdown in the base-collector junction. The base-collector junction is a
reverse-biased junction with a finite electric field. The mobile electrons comprised of JC , while moving
through the junction, quickly accelerate and pick up energy from the field. When VCE is small, the
magnitude of the field is not too large. The energy the carriers acquired is small and is quickly dissipated
in the lattice as the carriers impact upon the lattice atoms. The distance within which a carrier travels

5-14

RF and Microwave Semiconductor Device Handbook

between successive impacts with the lattice atoms is called a mean free path. As VCE increases such that
the electric field approaches 105 – 106 V/cm, the energy gained by a carrier within one mean free path
can exceed the energy gap of the collector material. As the highly energetic carrier impacts the lattice
atoms, the atoms are ionized. The act of a carrier impacting the lattice and thereby creating electronhole pairs is called impact ionization. One single impact ionization creates an electron-hole pair, which
leads to further impact ionization as the recently generated carriers also pick up enough energy to ionize
the lattice. The net result of this positive feedback mechanism is a rapid rise of IC, which puts the transistor
out of useful (or controllable) range of operation. The VCE corresponding the rapid rise in IC is called
the breakdown voltage.

5.4 Collapse of Current Gain
The breakdown voltage represents the absolute maximum bias that can be applied to a bipolar transistor.
There is, in addition, one more physical phenomenon that further restricts VCE to values smaller than
the breakdown voltage. This phenomenon occurs in multi-finger HBTs, having roots in the thermalelectrical interaction in the device. It is termed the collapse of current gain (or gain collapse) to emphasize
the abrupt decrease of current gain observed in measured I-V characteristics when VCE increases past
certain values. Figure 5.13 is one such example, measured from a 2-finger HBT. The figure reveals two
distinct operating regions, separated by a dotted curve. When VCE is small, IC decreases gradually with
VCE , exhibiting a negative differential resistance (NDR). We briefly describe the cause of NDR, as it relates
to the understanding of the gain collapse. The band diagrams in Figs. 5.3 and 5.4 showed that the backinjected holes from the base into the emitter experience a larger energy barrier than the emitter electrons
forward injected into the base. The ratio of the desirable IC to the undesirable IB,back-inject is proportional
to exp(∆Eg /kT) in a graded HBT, and exp(∆Ev /kT) in an abrupt HBT. At room temperature, this ratio
is large in either HBT. However, as VCE increases, the power dissipation in the HBT increases, gradually
elevating the device temperature above the ambient temperature. IC /IB,back-inject, and hence the current
gain, gradually decrease with increasing VCE . Since Fig. 5.13 is measured IC for several constant IB , the
decreasing β directly translates to the gradual decrease of IC .
As VCE crosses the dotted curve, NDR gives in to the collapse phenomenon, as marked by a dramatic
lowering of IC . The collapse locus, the dotted curve, is the collection of IC as a function of VCE at which
the gain collapse occurs. When several identical transistors are connected together to common emitter,
base, and collector electrodes, we tend to expect each transistor to conduct the same amount of collector
current for any biases. Contrary to our intuition, equal conduction takes place only when the power
dissipation is low to moderate, such that the junction temperature rise above the ambient temperature
is small. At high VCE and/or high IC operation where the transistor is operated at elevated temperatures,
one transistor spontaneously starts to conduct more current than the others (even if all the transistors
are ideal and identical). Eventually, one transistor conducts all the current while the others become
electrically inactive. This current imbalance originates from a universal bipolar transistor property that
as the junction temperature increases, the bias required to turn on some arbitrary current level decreases.
Quantitatively, this property is expressed by an empirical expression relating IC , VBE , and T:

(

⎡ q
I C = I C ,sat ⋅ exp ⎢
⋅ VBE, junction − φ ⋅ T − T0
⎢⎣ kT0

(

))⎥⎥⎦
⎤

(5.12)

where IC,sat is the collector saturation current; VBE,junction is the bias across the base-emitter junction; T0 is
the ambient temperature; and T is the actual device temperature. The degree of the turn-on voltage
change in response to a junction temperature change is characterized by φ, which is called the thermal3
electrical feedback coefficient. φ decreases logarithmically with I C , and can be approximately as 1.1 mV/
˚C. This means that when the junction temperature exceeds the ambient temperature by 1°C, turning
on the same amount of IC requires 1.1 mV less of VBE,junction.
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A multi-finger HBT can be viewed as consisting of several identical sub-HBTs, with their respective
emitter, base, and collector leads connected together. If one finger (i.e., one sub-HBT) becomes slightly
warmer than the others, its base-emitter junction turn-on voltage becomes slightly lower. Consequently,
this particular finger conducts more current for a given fixed base-emitter voltage. The increased collector
current, in turn, increases the power dissipation in the junction, raising the junction temperature even
further. The gain collapse occurs when the junction temperature in one finger of the entire device becomes
much hotter than the rest of the fingers, so that the feedback action of increased collector current with
junction temperature quickly leads to the fact that just one particular finger conducts the entire device
current. Since the transition from uniform current conduction to one finger domination occurs suddenly,
the surge in junction temperature in the conducting finger quickly lowers the overall device current gain.
The fundamental cause of both NDR and collapse is the current gain lowering at elevated temperatures.
Their difference, however, lies in the degree of temperature increase as VCE increases. In the NDR region,
all fingers share relatively the same amount of current and the junction temperatures increase gradually
with VCE . In contrast, in the collapse region, as the device power is entirely dissipated in one finger and
the junction temperature rises sharply, the current gain suddenly plummets.
The equation governing the collapse locus (per unit finger) is given by:3,20

I C ,collapse =

kT0
1
q Rth ⋅ φ ⋅VCE − RE

(5.13)

where Rth is the thermal resistance per finger and RE is the emitter resistance per finger. When the
individual finger current is below this critical current level (or when IC,collapse is negative), all fingers share
the same amount of current. Above this critical current level, one finger conducts most of the current,
whereas the rest of the fingers share the remaining current equally. Equation (5.13) shows that an effective
method to increase IC,collapse is to increase RE. The portion of the resistance that is intentionally introduced
into device fabrication (such as by connecting a TaN thin-film resistor in series with the emitter electrode)
is called the ballasting resistance. Alternatively, IC,collapse can be increased by reducing the thermal resistance,
a goal often requiring more elaborate processes.21
Equation (5.13) neglects the contribution from the base resistance, RB. For III-V HBTs, it is actually
advantageous to use base ballasting; i.e., with the ballasting resistance placed in the base terminal.22 The
reason why the base ballasting approach is undesirable for Si BJT has been analyzed.3
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The collapse of current gain occurring in III-V HBTs, closely relates to the thermal runaway in Si BJTs.
HBTs suffering from gain collapse remain functional and can be biased out of the collapse region by
reducing VCE. Si BJTs suffering from thermal runaway, however, die instantly. The bias conditions triggering the thermal runaway in Si BJTs are identically given by the collapse locus equation [Eq. (5.13)].
The main cause of the difference between the collapse in HBTs and thermal runaway in Si BJTs is that
the current gain increases with temperature in Si BJTs whereas it decreases with temperature in HBTs.3

5.5 High Frequency Performance
Current gain is the most important DC parameter characterizing a bipolar transistor. The high frequency
properties are generally measured by two figures of merit: fT, the cutoff frequency, and fmax, the maximum
oscillation frequency. The cutoff frequency is the frequency at which the magnitude of the AC current
gain (small-signal collector current divided by small-signal base current) decreases to unity. As far as
analytical expression is concerned, it is easier to work with the related emitter-collector transit time (τec),
which is inversely proportional to fT :

fT =

1
.
2π τec

(5.14)

The emitter-collector transit time can be broken up into several components. The emitter charging time,
τe , is the time required to change the base potential by charging up the capacitances through the
differential base-emitter junction resistance:

τe =

(

)

kT
⋅ C j ,BE + C j ,BC .
q IC

(5.15)

Cj,BE and Cj,BC denote the junction capacitances of the base-emitter and the base-collector junctions,
respectively. The inverse dependence of τe on IC is the primary reason why BJTs and HBTs are biased at
high current levels. When the current density is below 104 A/cm2, this term often dominates the overall
collector-emitter transit time.
The second component is the base transit time, the time required for the forward-injected charges to
diffuse/drift through base. It is given by,

τb =

2
X base
ν ⋅ Dn ,base

(5.16)

The value of ν depends on the magnitude of the base quasi-electric field. In a uniform base without a
base field, ν is 2, as suggested by Eq. (5.8). Depending on the amount of energy-gap grading, ν can easily
increase to 6 to 10.3
The space-charge transit time, τsc , is the time required for the electrons to drift through the depletion
region of the base-collector junction. It is given by,

τ sc =

X dep
2 v sat

(5.17)

where Xdep is the depletion thickness of the base-collector junction. The factor of 2 results from averaging
the sinusoidal of carriers current over a time period.3 It is assumed in the derivation that, because the
electric field is large throughout the entire reverse-biased base-collector junction, the carriers travel at a
constant saturation velocity, vsat . With a p– collector layer placed adjacent to the p+ base of an otherwise
conventional Npn HBT,23 the electric field near the base can be made smaller than εcrit. Consequently,
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the electrons travel at the velocity determined completely by the Γ valley. Without scattering to the L
valley, the electrons continue to travel at a velocity that is much larger than vsat , and τsc is significantly
reduced. When carriers travel faster than vsat under an off-equilibrium condition, velocity overshoot is
said to occur.
The last term, the collector charging time, τc, is given by,

(

)

τc = RE + RC ⋅ C j ,BC ,

(5.18)

where RE and RC are the device emitter and collector resistances, respectively. The value of this charging
time depends greatly on the parasitic resistances. This is the term that degrades the HBT’s high frequency
performance when the contacts are poorly fabricated.
The overall transit time is a sum of the four time constants:

τ ec =

(

)

2
X dep
X base
kT
⋅ C j,BE + C j,BC +
+
+ RE + RC ⋅ C j,BC
q IC
ν ⋅ Dn ,base 2 v sat

(

)

(5.19)

In most HBTs, RE and RC are dominated by the electrode resistances; the epitaxial resistances in the
emitter and collector layers are insignificant. The cutoff frequency relates to τec through Eq. (5.14).
The maximum oscillation frequency is the frequency at which the unilateral power gain is equal to 1.
The derivation is quite involved,3 but the final result is elegant:

f max =

fT
.
8 π RBC j,BC

(5.20)

The base resistance has three components that are roughly equal in magnitude. They are base electrode
resistance (RB,eltd); intrinsic base resistance (RB,intrinsic); and extrinsic base resistance (RB,extrinsic). RB,eltd is
intimately related to processing, depending on the contact metal and the alloying recipe used to form
the contact. The other two base resistance components, in contrast, depend purely on the designed base
layer and the geometrical details. The HBT cross-sections illustrated in Fig. 5.8 show two base contacts
placed symmetrically beside the central emitter mesa. For this popular transistor geometry, the intrinsic
base resistance is given by,

RB,intrinsic =

W
1
× RSH ,base E
LE
12

(5.21)

where WE and LE are the emitter width and length, respectively; and RSH,base is the base sheet resistance
in Ω/square. Where does the 1/12 factor come from? If all of the base current that goes into one of the
base contacts in Fig. 5.8 leaves from the other contact, the intrinsic base resistance would follow our
intuitive formula of simple resistance, equal to RSH,base × WE /LE. However, during the actual transistor
operation, the base current enters through both contacts, but no current flows out at the other end. The
holes constituting the base current gradually decrease in number as they are recombined at the extrinsic
base surface, in the base bulk layer, and in the base-emitter space-charge region. Some base current
carriers remain in the base layer for a longer portion of the width before getting recombined. Other
carriers get recombined sooner. The factor 1/12 accounts for the distributed nature of the current
conduction, as derived elsewhere.3 Because of the way the current flows in the base layer, the intrinsic
base resistance is called a distributed resistance. If instead there is only one base contact, the factor 1/12
is replaced by 1/3 (not 1/6!).24 The distributed resistance also exists in the gate of MOS transistors,25 or
III-V field-effect transistors.4
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The extrinsic base resistance is the resistance associated with the base epitaxial layer between the emitter
and the base contacts. It is given by,

RB,extrinsic =

S
1
× RSH ,base BE
LE
2

(5.22)

where SBE is the separation between the base and emitter contacts. The factor 1/2 appears in the transistor
shown in Fig. 5.8, which has two base contacts. The presence of RB,extrinsic is the reason why most transistors
are fabricated with self-aligned base-emitter contacts, and that the base contacts are deposited right next
to the emitter contacts, regardless of the finite alignment tolerance between the base and emitter contact
photolithographical steps. (A detailed fabrication process will be described shortly.) With self-alignment,
the distance SBE is minimized, to around 3000 Å.
A detailed calculation of fT and fmax has been performed for a WE × LE = 2 × 30 µm2 HBT,4 with a SBE
of 0.2 µm, a base thickness of 800 Å, a base sheet resistance of 280 Ω/square, and a base diffusion
coefficient of 25.5 cm2/s. Although device parameters will have different values in other HBT structures
and geometries, the exemplar calculation gives a good estimation of the relative magnitudes of various
terms that determine a HBTs high frequency performance. We briefly list the key results here. The HBT
has: RE = 0.45 Ω; RB,eltd = 7 Ω; RB,extrinsic = 0.94 Ω; RB,intrinsic = 1.56 Ω; Cj,BE = 0.224 pF; Cj,BC = 0.026 pF.
It was further determined at the bias condition of JC = 104 A/cm2 and VBC = –4 V, that the collector
depletion thickness Xdep = 0.59 µm. Therefore,

τe =

(

)

(

800 × 10 −8
X 2base
=
τb =
ν ⋅ Dn ,base
2 ⋅ 25.5
τ sc =

(

)

0.0258 2.24 × 10 −13 + 2.59 × 10 −14
kT
⋅ C j,BE + C j,BC =
= 1.08 ps.
q IC
1 × 10 4 ⋅ 2 × 10 −4 ⋅ 3 × 10 −4

X dep
2 v sat

(

=

)

2

= 1.25 ps.

0.591 × 10 −4
= 3.69 ps.
2 ⋅ 8 × 10 6

)

(

)

τ c = RE + RC C j,BC = 0.453 + 4.32 ⋅ 2.59 × 10 −14 = 0.124 ps.
Summing up these four components, we find the emitter-collector transit time to be 6.14 ps. The cutoff
frequency is therefore 1/(2π·6.14 ps) = 26 GHz. As mentioned, although this calculation is specific to a
particular power HBT design, the relative magnitudes of the four time constants are quite representative.
Generally, the space-charge transit time is the major component of the overall transit time. This is unlike
silicon BJTs, whose τb and τe usually dominate, because of the low base diffusion coefficient in the silicon
material and the high base-emitter junction capacitance associated with high emitter doping. HBT design
places a great emphasis on the collector design, while the Si BJT design concentrates on the base and
emitter layers.
The total base resistance is RB = 7 + 0.96 + 1.95 = 9.91 Ω. The maximum oscillation frequency,
calculated with Eq. (5.20), is 65 GHz.
Figure 5.14 illustrates the cutoff and maximum oscillation frequencies of a state-of-art InAlAs/InGaAs
HBT. The frequency responses are plotted as a function of the collector current to facilitate the circuit
design at the proper bias condition. When the current is small, the cutoff frequency is small because the
emitter charging time is large. As the current increases, fT increases because the emitter charging time
decreases. When the current density exceeds roughly 105 A/cm2, Kirk effects take place and the transistor
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FIGURE 5.14 High-frequency performance of a state-of-the-art InAlAs/InGaAs HBT. (After Chau, H. and Kao, Y.,
High fmax InAlAs/InGaAs heterojunction bipolar transistors, IEEE IEDM, 783–786, 1993, with permission.)

performance degrades rapidly. fmax’s current dependence follows fT’s, as governed by the relationship of
Eq. (5.20).
The high frequency transistor of the calculated example has a narrow width of 2 µm. What happens
if WE increases to a large value, such as 200 µm? A direct application of Eq. (5.19) would still lead to a
cutoff frequency in the GHz range. In practice, such a 200 µm wide device will have a cutoff frequency
much smaller than 1 GHz. The reason for the discrepancy is simple; the time constants appearing in
Eq. (5.19), which all roughly scale with the emitter area, are based on the assumption that the current
conduction is uniform within the entire emitter mesa. In HBTs, and more so in Si BJTs, the base resistance
is significant. As the base current flows horizontally from the base contacts to the center of the emitter
region, some finite voltage is developed, with a increasingly larger magnitude toward the center of the
mesa. The effective base-emitter junction voltage is larger at the edge than at the center. Since the amount
of carrier injection depends exponentially on the junction voltage at the given position, most of the
injection takes place near the emitter edges, hence the term emitter crowding. Sometimes this phenomenon
of nonuniform current conduction is referred to as the base crowding. Both terms are acceptable, depending on whether the focus is on the crowding of the emitter current or the base current. A figure of merit
quantifying the severity of emitter crowding is the effective emitter width (Weff ). It is defined as the
emitter width that would result in the same current level if current crowding were absent and the emitter
current density were uniform at its edge value. Figure 5.15 illustrates the effective emitter width (normalized by the defined emitter width) as a function of base doping and collector current.
Because of the emitter crowding, all high-frequency III-V HBTs capable of GHz performance have a
narrow emitter width on the order of 2 µm. For wireless applications in the 2 GHz range, 2 to 3 µm WE
is often used,26 but a 6.4 µm WE has also been reported.27 The choice of the emitter width is a trade-off
between the ease (cost) of device fabrication versus the transistor performance. We intuitively expected
the Weff /WE ratio to increase as the doping increased (since the base resistance decreased). However, an
increase in base doping was accompanied by shortened minority lifetime. The large increase in IB,bulk
causes the emitter crowding to be more pronounced as Nbase increases, as shown in Fig. 5.15. Due to
differences in material properties, the emitter width in Si BJT or SiGe HBTs tends to be on the order of
0.5 µm.
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FIGURE 5.15 Calculated Weff /WE ratio. (After Liu, W. and Harris, J., Dependence of base crowding effect on base
doping and thickness for Npn AlGaAs/GaAs heterojunction bipolar transistors, Electronic Letters, 27, 2048–2050,
1991, with permission.)

5.6 Device Fabrication
An HBT mask layout suitable for high-frequency applications is shown in Fig. 5.16, and a corresponding
fabrication process is delineated in Fig. 5.17. The following discussion of processing steps assumes the
AlGaAs/GaAs HBT epitaxial structure shown in Fig. 5.6. The first step is to deposit ~7000 Å of silicon
dioxide, onto which the first-mask pattern “ISOL” is defined, and 1.5 µm of aluminum, evaporated and
lifted off. The aluminum protects the silicon dioxide underneath during the subsequent reactive ion etch
(RIE), resulting in the profile shown in Fig. 5.17a. Oxygen atoms or protons are then implanted everywhere on the wafer. This implantation is designed to make the region outside of “ISOL” pattern electrically
inactive. A shallow etching is applied right after the implantation so that a trail mark of the active device
area is preserved. This facilitates the alignment of future mask levels to the first mask. Afterward, both
aluminum and oxide are removed with wet etching solutions, reexposing the fresh InGaAs top surface
onto which a refractory metal (such as W) is sputtered. The “EMIT” mask level is used to define the
emitter mesas, and Ti/Al, a conventional contact metal used in III-V technologies, is evaporated and
lifted off. If a refractory metal is not inserted between the InGaAs semiconductor and the Ti/Al metal,
long-term reliability problems can arise as titanium reacts with indium. During the ensuing RIE, the
refractory metal not protected by the emitter metal is removed.
The resulting transistor profile is shown in Fig. 5.17b. Wet or dry etching techniques are applied to
remove the exposed GaAs cap and the AlGaAs active emitter layer, and eventually reach the top of the
base layer. Silicon nitride is deposited by plasma enhanced chemical vapor deposition (PECVD). This
deposition is conformal, forming a nitride layer everywhere, including the vertical edges. Immediately
after the nitride deposition, the whole wafer is etched by RIE. Because a vertical electric field is set up
in the RIE chamber to propel the chemical species in the vertical direction, the sidewall nitride covering
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FIGURE 5.16 A HBT mask layout suitable for high-frequency applications. (After Liu, W., Microwave and DC
Characterizations of Npn and Pnp HBTs, PhD. Dissertation, Stanford University, Stanford, CA, 1991.)

the sides of the emitter mesas remains untouched while the nitride layer lying on a flat surface is etched
away (Fig. 5.17c). The nitride sidewall improves the device yield by cutting down the possible electrical
short between the emitter contact and the soon-to-be-deposited base contacts.
The step after the nitride sidewall formation is the “BASE” lithography. As shown in the layout of
Fig. 5.16, there is no separation between the “BASE” and the “EMIT” levels. The base metal during the
evaporation partly lands on the emitter mesa, and some of it lands on the base layer as desired (Fig. 5.17d).
The process has the desired feature that, even if the “BASE” level is somewhat misaligned with the “EMIT”
level, the distance SBE between the emitter and base contacts is unchanged, and is at the minimum value
determined by the thickness of the nitride sidewall. In this manner, the base contact is said to be selfaligned to the emitter. Self-alignment reduces RB,extrinsic [Eq. 5.22)] and Cj,BC , hence improving the highfrequency performance. Typically, Ti/Pt/Au is the choice for the base metal.
Following the base metal formation, the collector is defined and contact metal of Au/Ge/Ni/Au is
deposited (Fig. 5.17e). After the contact is alloyed at ~450°C for ~1 minute, a polyimide layer is spun to
planarize the device as shown in Fig. 5.17f. The contact holes are then defined and Ti/Au is evaporated
to contact various electrodes. The final device cross-section after the entire process is shown in Fig. 5.17g.
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FIGURE 5.17 A high-frequency HBT process flow. (After Liu, W., Microwave and DC Characterizations of Npn
and Pnp HBTs‚ PhD. Dissertation, Stanford University, Stanford, CA, 1991.)
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6.1 Introduction
The insulated-gate field-effect transistor was conceived in the 1930s by Lilienfeld and Heil. An insulatedgate transistor is distinguished by the presence of an insulator between the main control terminal and
the remainder of the device. Ideally, the transistor draws no current through its gate (in practice a small
leakage current on the order of 10–18 A to 10–16 A exists). This is in sharp contrast to bipolar junction
transistors that require a significant base current to operate. Unfortunately, the Metal-Oxide-Semiconductor Field-Effect Transistor (MOSFET) had to wait nearly 30 years until the 1960s when manufacturing
advances made the device a practical reality. Since then, the explosive growth of MOSFET utilization in
every aspect of electronics has been phenomenal. The use of MOSFETs in electronics became ever more
prevalent when “complementary” types of MOSFET devices were combined by Wanlass in the early 1960s
to produce logic that required virtually no power except when changing state. MOSFET processes that
offer complementary types of transistors are known as Complementary Metal Oxide Semiconductor
0-8493-1562-X/03/$0.00+$1.50
© 2003 by CRC Press LLC
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MOSFET physical structure.

(CMOS) processes, and are the foundation of the modern commodity electronics industry. The MOSFET’s primary advantages over other types of integrated devices are its mature fabrication technology,
its high integration levels, its mixed analog/digital compatibility, its capability for low voltage operation,
its successful scaling characteristics, and the combination of complementary MOSFETs yielding low
power CMOS circuits.
In this section, basic material concerning the MOSFET physical structure and operation is first presented. Nonideal effects are briefly discussed, as are important parasitics and distributed effects found
in MOSFETs. Once the important parasitics and distributed effects are understood, the operation of
MOSFETs at radio frequencies is examined, and important MOSFET operating parameters are given.
Following this, MOSFET noise sources relevant to radio frequency designs are discussed. This section
concludes with a discussion of MOSFET design and physical layout appropriate for radio frequency
implementations.

6.2 MOSFET Fundamentals
Today, each of the tens of millions of MOSFETs that can occupy mere square centimetres of silicon area
shares the same basic physical structure. The physical structure of the MOSFET is deceptively simple, as
illustrated by the MOSFET cross-section appearing in Fig. 6.1. Visible in the figure are the various
materials used to construct a MOSFET. These materials appear in layers when the MOSFET cross-section
is viewed; this is a direct consequence of the processes of “doping,” deposition, growth, and etching which
are fundamental in conventional processing facilities.
The fabrication process of silicon MOSFET devices has evolved over the last 30 years into a reliable
integrated circuit manufacturing technology. Silicon has emerged as the material of choice for MOSFETs,
largely because of its stable oxide, SiO2, which is used as a general insulator, as a surface passivation layer,
and as an excellent gate dielectric.
Full appreciation of the MOSFET structure and operation requires some knowledge of silicon semiconductor properties and “doping.” These topics are briefly reviewed next.
On the scale of conductivity that exists between pure insulators and perfect conductors, semiconductors fall between the extremes. The semiconductor material commonly used to make MOSFETs is silicon.
Pure, or “intrinsic” silicon exists as an orderly three-dimensional array of atoms, arranged in a crystal
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lattice. The atoms of the lattice are bound together by covalent bonds containing silicon valence electrons.
At absolute-zero temperature, all valence electrons are locked into these covalent bonds and are unavailable for current conduction, but as the temperature is increased, it is possible for an electron to gain
enough thermal energy to escape its covalent bond, and in the process leave behind a covalent bond with
a missing electron, or “hole.” When that happens the electron that escaped is free to move about the
crystal lattice. At the same time, another electron, which is still trapped in nearby covalent bonds because
of its lower energy state, can move into the hole left by the escaping electron. The mechanism of current
conduction in intrinsic silicon is therefore by hole-electron pair generation, and the subsequent motion
of free electrons and holes throughout the lattice.
At normal temperatures intrinsic silicon behaves as an insulator because the number of free electronhole pairs available for conducting current is very low, only about 14.5 hole-electron pairs per 1000 µm3
of silicon. The conductivity of silicon can be adjusted by adding foreign atoms to the silicon crystal. This
process is called “doping,” and a “doped” semiconductor is referred to as an “extrinsic” semiconductor.
Depending on what type of material is added to the pure silicon, the resulting crystal structure can either
have more electrons than the normal number needed for perfect bonding within the silicon structure,
or less electrons than needed for perfect bonding. When the dopant material increases the number of
free electrons in the silicon crystal, the dopant is called a “donor.” The donor materials commonly used
to dope silicon are phosphorus, arsenic, and antimony. In a donor-doped semiconductor the number of
free electrons is much larger than the number of holes, and so the free electrons are called the “majority
carriers” and the holes are called the “minority carriers.” Since electrons carry a negative charge and they
are the majority carriers in a donor-doped silicon semiconductor; any semiconductor that is predominantly doped with donor impurities is known as “n-type.” Semiconductors with extremely high donor
doping concentrations are often denoted “n+ type.”
Dopant atoms that accept electrons from the silicon lattice are also used to alter the electrical characteristics of silicon semiconductors. These types of dopants are known as “acceptors.” The introduction
of the acceptor impurity atoms creates the situation in which the dopant atoms have one less valence
electron than necessary for complete bonding with neighboring silicon atoms. The number of holes in
the lattice therefore increases. The holes are therefore the majority carriers and the electrons are the
minority carriers. Semiconductors doped with acceptor impurities are known as “p-type,” since the
majority carriers effectively carry a positive charge. Semiconductors with extremely high acceptor doping
concentrations are called “p+ type.” Typical acceptor materials used to dope silicon are boron, gallium,
and indium.
A general point that can be made concerning doping of semiconductor materials is that the greater
the dopant concentration, the greater the conductivity of the doped semiconductor. A second general
point that can be made about semiconductor doping is that n-type material exhibits a greater conductivity
than p-type material of the same doping level. The reason for this is that electron mobility within the
crystal lattice is greater than hole mobility, for the same doping concentration.

6.2.1 MOSFET Physical Structure and Operation
A cross-section through a typical n-type MOSFET, or “NFET,” is shown in Fig. 6.2(a). The MOSFET consists
of two highly conductive regions (the “source” and the “drain”) separated by a semiconducting channel.
The channel is typically rectangular, with an associated length (L) and width (W). The ratio of the channel
width to the channel length, W/L, is an important determining factor for MOSFET performance.
As shown in Fig. 6.2(a), the MOSFET is considered a four-terminal device. These terminals are known
as the gate (G), the bulk (B), the drain (D), and the source (S), and the voltages present at these terminals
collectively control the current that flows within the device. For most circuit designs, the current flow
from drain to source is the desired controlled quantity.
The operation of field-effect transistors (FETs) is based upon the principal of capacitively controlled
conductivity in a channel. The MOSFET gate terminal sits on top of the channel, and is separated from
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FIGURE 6.2 MOSFET terminals and active regions. (a) MOSFETs constructed on p-type substrate, (b) MOSFETs
constructed on n-type substrate.

the channel by an insulating layer of SiO2. The controlling capacitance in a MOSFET device is therefore
due to the insulating oxide layer between the gate and the semiconductor surface of the channel. The
conductivity of the channel region is controlled by the voltage applied across the gate oxide and channel
region to the bulk material under the channel. The resulting electric field causes the redistribution of
holes and electrons within the channel. For example, when a positive voltage is applied to the gate, it is
possible that enough electrons are attracted to the region under the gate oxide, that this region experiences
a local inversion of the majority carrier type. Although the bulk material is p-type (the majority carriers
are holes and minority carriers are electrons), if enough electrons are attracted to the same region within
the semiconductor material, the region becomes effectively n-type. Then the electrons are the majority
carriers and the holes are the minority carriers. Under this condition electrons can flow from the n+
type drain to the n+ type source if a sufficient potential difference exists between the drain and source.
When the gate-to-source voltage exceeds a certain threshold, called VT, the conductivity of the channel
increases to the point where current may easily flow between the drain and the source. The value of VT
required for this to happen is determined largely by the dopant concentrations in the channel, but it also
depends in part upon the voltage present on the bulk. This dependence of the threshold voltage upon
the bulk voltage is known as the “body effect.”
In MOSFETs, both holes and electrons can be used for conduction. As shown in Fig. 6.2, both n-type
and p-type MOSFETs are possible. If, for an n-type MOSFET, all the n-type regions are replaced with
p-type regions and all the p-type regions are replaced with n-type regions, the result is a p-type MOSFET.
Since both the n-type and p-type MOSFETs require substrate material of the opposite type of doping,
two distinct CMOS technologies exist, defined by whether the bulk is n-type or p-type. If the bulk material
is p-type substrate, then n-type MOSFETs can be built directly on the substrate while p-type MOSFETs
must be placed in an n-well. This type of process is illustrated in Fig. 6.2(a). Another possibility is that
the bulk is composed of n-type substrate material, and in this case the p-type MOSFETs can be constructed directly on the bulk, while the n-type MOSFETs must be placed in an p-well, as in Fig. 6.2(b).
A third type of process known as twin-well or twin-tub CMOS requires that both the p-type and n-type
MOSFETs be placed in wells of the opposite type of doping. Other combinations of substrate doping
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and well types are in common use. For example, some processes offer a “deep-well” capability, which is
useful for threshold adjustments and circuitry isolation.
Modern MOSFETs differ in an important respect from their counterparts developed in the 1960s.
While the gate material used in the field effect transistors produced thirty years ago was made of metal,
the use of this material was problematic for several reasons. At that time, the gate material was typically
aluminium and was normally deposited by evaporating an aluminium wire by placing it in contact with
a heated tungsten filament. Unfortunately, this method led to sodium ion contamination in the gate
oxide, which caused the MOSFET’s threshold voltage to be both high and unstable. A second problem
with the earlier methods of gate deposition was that the gate was not necessarily correctly aligned with
the source and drain regions. Matching between transistors was then problematic because of variability
in the gate location with respect to source and drain for the various devices. Parasitics also varied greatly
between devices because of this variability in gate location with respect to the source and drain regions.
In the worst case, a nonfunctional device was produced because of the errors associated with the gate
placement.
Devices manufactured today employ a different gate material, namely “polysilicon,” and the processing
stages used to produce a field-effect transistor with a poly gate are different than the processing stages
required to produce a field-effect transistor with a metal gate. In particular, the drain and source wells
are patterned using the gate and field oxide as a mask during the doping stage. Since the drain and source
regions are defined in terms of the gate region, the source and drain are automatically aligned with the
gate. CMOS manufacturing processes are referred to as self-aligning processes when this technique is
used. Certain parasitics, such as the overlap parasitics considered later in this chapter, are minimized
using this method. The use of a polysilicon gate tends to simplify the manufacturing process, reduces
the variability in the threshold voltage, and has the additional benefit of automatically aligning the gate
material with the edges of the source and drain regions.
The use of polysilicon for the gate material has one important drawback: the sheet resistance of
polysilicon is much larger than that of aluminium and so the resistance of the gate is larger when
polysilicon is used as the gate material. High-speed digital processes require fast switching time from the
MOSFETs used in the digital circuitry, yet a large gate resistance hampers the switching speed of a
MOSFET. One method commonly used to lower the gate resistance is to add a layer of silicide on top of
the gate material. A silicide is a compound formed using silicon and a refractory metal, for example TiSi2.
Later in this chapter the importance of the gate resistance upon the radio frequency performance of the
MOSFET is examined. In general, the use of silicided gates is required for reasonable radio frequency
MOSFET performance.
Although the metal-oxide-semiconductor sandwich is no longer regularly used at the gate, the devices
are still called MOSFETs. The term Insulated-Gate Field-Effect Transistor (IGFET) is also in common
usage.

6.2.2 MOSFET Large Signal Current-Voltage Characteristics
When a bias voltage in excess of the threshold voltage is applied to the gate material, a sufficient number
of charge carriers are concentrated under the gate oxide such that conduction between the source and
drain is possible. Recall that the majority carrier component of the channel current is composed of charge
carriers of the type opposite that of the substrate. If the substrate is p-type silicon then the majority
carriers are electrons. For n-type silicon substrates, holes are the majority carriers.
The threshold voltage of a MOSFET depends on several transistor properties such as the gate material,
the oxide thickness, and the silicon doping levels. The threshold voltage is also dependent upon any fixed
charge present between the gate material and the gate oxides. MOSFETs used in most commodity products
are normally the “enhancement mode” type. Enhancement mode n-type MOSFETs have a positive
threshold voltage and do not conduct appreciable charge between the source and the drain unless the
threshold voltage is exceeded. In contrast, “depletion mode” MOSFETs exhibit a negative threshold voltage
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and are normally conductive. Similarly, there exists enhancement mode and depletion mode p-type
MOSFETs. For p-type MOSFETs the sign of the threshold voltage is reversed.
Equations that describe how MOSFET threshold voltage is affected by substrate doping, source and
substrate biasing, oxide thickness, gate material, and surface charge density have been derived in the
literature.1–4 Of particular importance is the increase in the threshold voltage associated with a nonzero
source-to-bulk voltage. This is known as the “body effect” and is quantified by the equation,

VT = VT 0 + γ ⎛ 2φ F + VSB − 2φ F ⎞
⎝
⎠

(6.1)

where VT0 is the zero-bias threshold voltage, γ is the body effect coefficient or body factor, φF is the bulk
surface potential, and VSB is the bulk-to-source voltage. Details on the calculation of each of the terms
in Eq. (6.1) is discussed extensively in the literature.5

6.2.3 Operating Regions
MOSFETs exhibit fairly distinct regions of operation depending upon their biasing conditions. In the
simplest treatments of MOSFETs, the three operating regions considered are subthreshold, triode, and
saturation.
Subthreshold — When the applied gate-to-source voltage is below the device’s threshold voltage, the
MOSFET is said to be operating in the subthreshold region. For gate voltages below the threshold voltage,
the current decreases exponentially toward zero according to the equation

iDS = I DS0

⎛ v
⎞
W
exp ⎜ GS ⎟
L
⎝ nkT q ⎠

(6.2)

where n is given by

n = 1+

γ

(6.3)

2 φ j − v BS

in which γ is the body factor, φj is the channel junction built-in voltage, and vBS is the source-to-bulk
voltage.
For radio frequency applications, the MOSFET is normally operated in its saturation region. The
reasons for this will become clear later in this section. It should be noted, however, that some researchers
feel that it may be advantageous to operate deep-submicron radio frequency MOSFETs in the moderate
inversion (subthreshold) region.6
Triode — A MOSFET operates in its triode, also called “linear” region, when bias conditions cause
the induced channel to extend from the source to the drain. When VGS > VT the surface under the oxide
is inverted and if VDS > 0 a drift current will flow from the drain to the source. The drain-to-source
voltage is assumed small so that the depletion layer is approximately constant along the length of the
channel. Under these conditions, the drain source current for an NMOS device is given by the relation,

I D = µ nCox
′

VDS2 ⎞
W⎛
⎜ VGS − VT VDS −
⎟
2 ⎠ VGS ≥VT
L ⎝

(

)

(6.4)

VDS ≤VGS −VT

where µn is the electron mobility in the channel and C ox′ is the per unit area capacitance over the gate
area. Similarly, for PMOS transistors the current relationship is given as,
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I D = µ pC ox
′

V2⎞
W⎛
VSG − VT VSD − SD ⎟
⎜
2 ⎠ VSG ≥ VT
L⎝

(

)

(6.5)

VSD ≤ VSG − VT

in which the threshold voltage of the p-type MOSFET is assumed to be positive and µp is the hole mobility.
Saturation — The conditions VDS ≤ VGS – VT in Eq. (6.4) and VSD ≤ VSG – VT in Eq. (6.5) ensure that
the inversion charge is never zero for any point along the channel’s length. However, when VDS = VGS –
VT (or VSD = VSG – VT in PMOS devices) the inversion charge under the gate at the channel-drain junction
is zero. The required drain-to-source voltage is called VDS,sat for NMOS and VSD,sat for PMOS.
For VDS > VDS,sat (VSD > VSD,sat for PMOS), the channel charge becomes “pinched off,” and any increase
in VDS increases the drain current only slightly. The reason that the drain currents will increase for increasing
VDS is because the depletion layer width increases for increasing VDS. This effect is called channel length
modulation and is accounted for by λ, the channel length modulation parameter. The channel length
modulation parameter ranges from approximately 0.1 for short channel devices to 0.01 for long channel
devices. Since MOSFETs designed for radio frequency operation normally use minimum channel lengths,
channel length modulation is an important concern for radio frequency implementations in CMOS.
When a MOSFET is operated with its channel pinched off, in other words VDS > VGS – VT and VGS ≥
VT for NMOS (or VSD > VSG – VT and VSG ≥ VT for PMOS), the device is said to be operating in the
saturation region. The corresponding equations for the drain current are given by,

(

) (1 + λ(V

(

) (1 + λ(V

1
W
I D = µ nCox
VGS − VT
′
2
L

2

DS

− VDS,sat

))

(6.6)

− VSD,sat

))

(6.7)

for long-channel NMOS devices and by,

1
W
I D = µ pCox
VSG − VT
′
2
L

2

SD

for long-channel PMOS devices.
Figure 6.3 illustrates a family of curves typically used to visualize a MOSFET’s drain current as a
function of its terminal voltages. The drain-to-source voltage spans the operating region while the gateto-source voltage is fixed at several values. The bulk-to-source voltage has been taken as zero. As shown
in Fig. 6.3, when the MOSFET enters the saturation region the drain current is essentially independent
of the drain-to-source voltage and so the curve is flat. The slope is not identically zero however, as the
drain-to-source voltage does have some effect upon the channel current due to channel modulation
effects.
Three simplifying assumptions are advantageous when one is trying to gain an intuitive understanding
of the low-frequency operation of a circuit containing MOSFETs. When operated in the linear region,
the MOSFET can be treated much like a resistor with terminal voltage VDS. When operated in the
saturation region, the MOSFET may be considered a voltage-controlled current source where the controlling voltage is present at the gate. Finally, when operated below the voltage threshold, the MOSFET
can be considered an open circuit from the drain to the source.

6.2.4 Nonideal and Short Channel Effects
The equations presented for the subthreshold, triode, and saturation regions of the MOSFET operating
characteristic curves do not include the many nonidealities exhibited by MOSFETs. Most of these nonideal
behaviors are more pronounced in deep submicron devices such as those employed in radio frequency
designs, and so it is important for a designer to be aware of them.
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FIGURE 6.3

Characteristic drain-current versus terminal-voltage curves for a MOSFET.

Velocity saturation — Electron and hole mobility are not constants; they are a function of the applied
electric field. Above a certain critical electric field strength the mobility starts to decrease, and the drift
velocity of carriers does not increase in proportion to the applied electric field. Under these conditions
the device is said to be velocity saturated. Velocity saturation has important practical consequences in
terms of the current-voltage characteristics of a MOSFET acting in the saturation region. In particular,
the drain current of a velocity saturated MOSFET operating in the saturation region is a linear function
of VGS. This is in contrast to the results given in Eqs. (6.6) and (6.7). The drain current for a short channel
device operating under velocity saturation conditions is given by

(

I D = µ critCox
′ W VGS − VT

)

(6.8)

where µcrit is the carrier mobility at the critical electric field strength.
Drain-induced barrier lowering — A positive voltage applied to the drain terminal helps to attract
electrons under the gate oxide region. This increases the surface potential and causes a threshold
voltage reduction. Since the threshold decreases with increasing VDS, the result is an increase in drain
current and therefore an effective decrease in the MOSFET’s output resistance. The effects of draininduced barrier lowering are reduced in modern CMOS processes by using lightly doped drain (LDD)
structures.
Hot carriers — Velocity saturated charge carriers are often called hot carriers. Hot carriers can
potentially tunnel through the gate oxide and cause a gate current, or they may become trapped in the
gate oxide. Hot carriers that become trapped in the gate oxide change the device threshold voltage. Over
time, if enough hot carriers accumulate in the gate oxide, the threshold voltage is adjusted to the point
that analog circuitry performance is severely degraded. Therefore, depending upon the application, it
may be unwise to operate a device so that the carriers are velocity saturated since the reliability and
lifespan of the circuit is degraded.
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6.2.5 Small Signal Models
Small signal equivalent circuits are useful when the voltage and
current waveforms in a circuit can be decomposed into a constant
level plus a small time-varying offset. Under these conditions, a
circuit can be linearized about its DC operating point. Nonlinear
components are replaced with linear components that reflect the bias
conditions.
The low-frequency small signal model for a MOSFET is shown
in Fig. 6.4. Only the intrinsic portion of the transistor is considered
for simplicity. As shown, the small signal model consists of three
components: the small signal gate transconductance, gm; the small
signal substrate transconductance, gmb ; and the small signal drain,
gd . Mathematically, these three components are defined by,

gm =

g mb =

∂I D
∂VGS
∂I D
∂VBS

G

D
'
gm vgs

gmbvbs

gd

S
B

FIGURE 6.4 Low-frequency small
signal MOSFET model.

(6.9)
VBS ,VDS constant

(6.10)
VGS ,VDS constant

and

gd =

∂I D
∂VDS

(6.11)
VGS ,VBS constant

Equations (6.9), (6.10), and (6.11) can be evaluated using the relationships given earlier. For the saturation
region, the small signal transconductances and the drain conductance are given by,

g m = µCox
′

(

W
VGS − VT
L

)

g mb = g m η

(6.12)

(6.13)

and

(

)

2
1
W
g d = µCox
VGS − VT λ
′
2
L

(6.14)

where η in Eq. (6.13) is a factor that describes how the threshold voltages changes with reverse body
bias. For small VBS, η ≈ 0.
The small signal model shown in Fig. 6.4 is only valid at very low frequencies. At higher frequencies
capacitances present in the MOSFET must be included in the small signal model, and at radio frequencies
distributed effects must be taken into account. In the next section these two factors are explored and the
small signal model is revised.
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6.3 CMOS at Radio Frequencies
Integrated radio frequency transceiver design is an evolving field, particularly in terms of understanding
device performance and maximizing integration level. Typical commercial implementations of highlyintegrated high-performance wireless transceivers use a mixture of technologies, including CMOS, BiCMOS, BJTs, GaAs FETs, and HBTs. Regardless of the technology, all radio frequency integrated circuits
contend with the same issues of noise, linearity, gain, and efficiency.
The best technology choice for an integrated radio frequency application must weigh the consequences
of wafer cost, level of integration, performance, economics, and time to market. These requirements
often lead designers into using several technologies within one transceiver system. Partitioning of transceiver functionality according to technology implies that the signal must go on-chip and off-chip at
several locations. Bringing the signal off-chip and then on-chip again complicates the transceiver design
because proper matching at the output and input terminals is required. Also, bringing the signal off-chip
implies that power requirements are increased because it takes more power to drive an off-chip load than
to keep the signal completely on the same integrated circuit. Generally, taking the signal off and then
on-chip results in signal power loss accompanied by an undesirable increase in noise figure.
Recent trends apply CMOS to virtually the entire transceiver design, since CMOS excels in its level of
integration. The level of integration offered by a particular technology determines the required die size,
which in turn affects both the cost and the physical size of the final packaged circuitry. CMOS technology
currently has the performance levels necessary to operate in the 900 MHz to 2.4 GHz frequency range,
which is important for existing cellular and wireless network applications. Upcoming technologies should
be able to operate in the 5 GHz ISM band, which is seen as the next important commodity frequency.
CMOS devices manufactured with gate lengths of 0.18 µm will function at these frequencies, albeit with
generous biasing currents. Future generations of CMOS scaled below the 100 nm gate length range are
anticipated to provide the performance required to operate beyond the 5 GHz frequency range for receiver
applications.

6.3.1 High Frequency Modeling
The majority of existing analog MOSFET models predate the use of CMOS in radio frequency designs
and generally are unable to predict the performance of MOSFETs operating at microwave frequencies
with the accuracy required and expected of modern simulators. These modeling shortcomings occur on
two fronts. In the first case, existing models do not properly account for the distributed nature of the
MOSFET, meaning that at high frequencies, geometry-related effects are ignored. In the second case,
existing models do not properly model MOSFET noise at high frequencies. Typical problems with noise
modeling include:
• not accounting for velocity-saturated carriers within the channel and the associated noise;
• discounting the significant thermal noise generated by the distributed gate resistance;
• ignoring the correlation between the induced gate noise and the MOSFET drain noise.
Accurate noise modeling is extremely important when low noise operation is essential, such as in a frontend low noise amplifier.

6.3.2 High Frequency Operation
MOSFET dimensions and physical layout are important determining factors for high frequency performance. As MOSFET operating frequencies approach several hundred MHz, the MOSFET can no longer
be considered a lumped device. The intrinsic and extrinsic capacitance, conductance, and resistance are
all distributed according to the geometry and physical layout of the MOSFET. The distributed nature of
the MOSFET operating at high frequencies is particularly important for the front-end circuitry in a
receiver, such as in the low noise amplifier and first stage mixer input MOSFETs. The devices used in
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FIGURE 6.5

MOSFET intrinsic and extrinsic capacitance boundary.

these portions of the input circuitry are normally large, with high W/L ratios. Large W/L ratios are
required because of the inherently low transconductance offered by CMOS, and in order to realize
reasonable gain, the devices are therefore relatively wide compared to more conventional analog circuit
layouts. Additionally, minimum gate lengths are preferred because the maximum operating frequency of
the MOSFET scales as 1/L2. Shorter channels imply higher frequency because the time it takes the carriers
to move from drain to source is inversely proportional to the length of the channel. Also, the mobility
of the carriers is proportional to the electric field strength. Since the electric field strength along the
length of the channel is inversely proportional to the distance between the source and the drain, the
carrier mobility is inversely proportional to the length of the channel. Combined, these two effects have
traditionally allowed the maximum operating frequency of the MOSFET to scale as 1/L2. It must be noted
that in modern deep submicrometer MOSFETs experiencing velocity saturation, the maximum operating
frequency no longer scales as 1/L2, but more closely to 1/L. In any event, for maximum operating
frequency, the device channel length should be the minimum allowable.
Since the gate width in RF front-end MOSFET devices is typically on the order of several hundred
microns, the gate acts as a transmission line along its width. The gate acting as a transmission line is
modeled similarly to a microstrip transmission line and can be analyzed by utilizing a distributed circuit
model for transmission lines. Normally a transmission line is viewed as a two-port network in which the
transmission line receives power from the source at the input port (source end) and delivers the power
to the load of the output port (load end). In order to apply transmission line analysis to the gate of a
MOSFET along its width, the width of the MOSFET gate is divided into many identical sections of
incremental width ∆x. Each portion of the transmission line with the width ∆x is modeled by a resistance
“R” per unit width, an inductance “L” per unit width, a capacitance “C” per unit width, and a conductance
“G” per unit width. Normally the transmission line is assumed to be uniform, so that these parameters
are constants along the transmission line’s width. When analyzing signal propagation along the MOSFET
gate width, it is important to note that there is no single output node. The transmission line cannot be
treated as a two-port, since the gate couples to the channel in a distributed fashion.

6.3.3 Important Parasitics and Distributed Effects
Parasitic capacitances — At high operating frequencies the effects of parasitic capacitances on the
operation of the MOSFET cannot be ignored. Transistor parasitic capacitances are subdivided into two
general categories; extrinsic capacitances and intrinsic capacitances. The extrinsic capacitances are associated with regions of the transistor outside the dashed line shown in Fig. 6.5, while the intrinsic
capacitances are all those capacitances located within the region illustrated in Fig. 6.5.
Extrinsic capacitances — Extrinsic capacitances are modeled by using small-signal lumped capacitances, each of which is associated with a region of the transistor’s geometry. Seven small-signal capacitances are used, one capacitor between each pair of transistor terminals, plus an additional capacitor
between the well and the bulk if the transistor is fabricated in a well. Figure 6.6(a) illustrates the seven
extrinsic transistor capacitances added to an intrinsic small signal model, and Fig. 6.6(b) assigns a location
to each capacitance within the transistor structure. In order of importance to high frequency performance,
the extrinsic capacitances are as follows:
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FIGURE 6.6 Extrinsic capacitances. (a) Lumped terminal capacitances added to the intrinsic model, (b) physical
location of extrinsic capacitances.

Gate overlap capacitances — Although MOSFETs are manufactured using a self-aligned process, there
is still some overlap between the gate and the source and the gate and the drain. This overlapped area
gives rise to the gate overlap capacitances denoted by CGSO and CGDO for the gate-to-source overlap
capacitance and the gate-to-drain overlap capacitance, respectively. Both capacitances CGSO and CGDO are
proportional to the width, W, of the device and the amount that the gate overlaps the source and the
drain, typically denoted as “LD” in SPICE parameter files. The overlap capacitances of the source and
the drain are often modeled as linear parallel plate capacitors, since the high dopant concentration in
the source and drain regions and the gate material implies that the resulting capacitance is largely bias
independent. However, for MOSFETs constructed with a lightly doped drain (LDD-MOSFET), the
overlap capacitances can be highly bias dependent and therefore nonlinear. For a treatment of overlap
capacitances in LDD-MOSFETs, refer to Klein.7 For non-lightly doped drain MOSFETs, the gate-drain
and gate-source overlap capacitances are given by the expression CGSO = CGDO = W LD Cox, where Cox is
the thin oxide field capacitance per unit area under the gate region.
When the overlap distances are small, fringing field lines add significantly to the total capacitance.
Since the exact calculation of the fringing capacitance requires an accurate knowledge of the drain and
source region geometry, estimates of the fringing field capacitances based on measurements are normally
used.
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TABLE 6.1

MOSFET Extrinsic Junction Capacitances

Extrinsic Source Capacitance

CjBS,e = C′jBS AS + C″jswBS PS

C jBS
′ =

Extrinsic Drain Capacitance

CjBD,e = C′jBD AD + C″jswBD PD

C jBD
′ =

Extrinsic Well Capacitance

CjBW,e = C′jBW AW + C″jswBW PW

C jBW
′ =

C j′
⎛ V ⎞
BS
⎜1 −
⎟
φj ⎠
⎝

mj

C j′
⎛ V ⎞
BD
⎜1 −
⎟
φj ⎠
⎝

mj

C j′
⎛ V ⎞
BW
⎜1 −
⎟
φj ⎠
⎝

mj

C jswBS
′′ =

C jswBD
′′ =

=
C jswBW
′′

C jsw
′′
⎛
VBS ⎞
⎜1 −
⎟
φ
⎝
jsw ⎠

m jsw

C jsw
′′
⎛ V ⎞
BD
⎜1 −
⎟
⎝ φ jsw ⎠

m jsw

C jsw
′′
⎛ V ⎞
BW
⎜1 −
⎟
φ jsw ⎠
⎝

m jsw

Notes: mj and mjsw are process dependent, typically 1/3 … 1/2.
C j′ =

C jsw
′′ =

ε si qN B
2φ j

Where: φj and φjsw are the built-in junction potential and side wall junction potentials, respectively. εsi is the dielectric constant of silicon, q is the electronic charge
constant, and NB is the bulk dopant concentration.

ε si qN B
2φ jsw

AS, AD, and AW are the source, drain, and well areas, respectively.
Ps, Pd, and Pw are the source, drain, and well perimeters, respectively. The source and drain perimeters
do not include the channel boundary.

Extrinsic junction capacitances — The bias-dependent junction capacitances that must be considered
when evaluating the extrinsic lumped-capacitance values are illustrated in Fig. 6.6(a) and summarized
in Table 6.1. At the source region there is a source-to-bulk junction capacitance, CjBS,e, and at the drain
region there is a drain-to-bulk junction capacitance, CjBD,e. These capacitances can be calculated by
splitting the drain and source regions into a “side wall” portion and a “bottom wall” portion. The
capacitance associated with the side wall portion is found by multiplying the length of the side wall
perimeter (excluding the side contacting the channel) by the effective side wall capacitance per unit
length. Similarly, the capacitance for the bottom wall portion is found by multiplying the area of the
bottom wall by the bottom wall capacitance per unit area. Additionally, if the MOSFET is in a well, a
well-to-bulk junction capacitance, CjBW,e, must be added. The well-bulk junction capacitance is calculated
similar to the source and drain junction capacitances, by dividing the total well-bulk junction capacitance
into side wall and bottom wall components. If more than one transistor is placed in a well, the well-bulk
junction capacitance should only be included once in the total model.
Both the effective side wall capacitance and the effective bottom wall capacitance are bias dependent.
Normally the per unit length zero-bias, side wall capacitance and the per unit area zero-bias, bottom
wall capacitance are estimated from measured data. The values of these parameters for nonzero reversebias conditions are then calculated using the formulas given in Table 6.1.
Extrinsic source-drain capacitance — Accurate models of short channel devices may include the
capacitance that exists between the source and drain region of the MOSFET. As shown in Fig. 6.6(a), the
source-drain capacitance is denoted as Csd,e. Although the source-drain capacitance originates in the
region within the dashed line in Fig. 6.5, it is still referred to as an extrinsic capacitance.1 The value of
this capacitance is difficult to calculate because its value is highly dependent upon the source and drain
geometries. For longer channel devices, Csd,e is very small in comparison to the other extrinsic capacitances, and is therefore normally ignored.
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Extrinsic gate-bulk capacitance — As with the gate-to-source and gate-to-drain overlap capacitances,
there is a gate-to-bulk overlap capacitance caused by imperfect processing of the MOSFET. The parasitic
gate-bulk capacitance, CGB,e , is located in the overlap region between the gate and the substrate (or well)
material outside the channel region. The parasitic extrinsic gate-bulk capacitance is extremely small in
comparison to the other parasitic capacitances. In particular, it is negligible in comparison to the intrinsic
gate-bulk capacitance. The parasitic extrinsic gate-bulk capacitance has little effect on the gate input
impedance and is therefore generally ignored in most models.
Intrinsic capacitances — Intrinsic MOSFET capacitances are significantly more complicated than extrinsic
capacitances because they are a strong function of the voltages at the terminals and the field distributions
within the device. Although intrinsic MOSFET capacitances are distributed throughout the device, for the
purposes of simpler modeling and simulation, the distributed capacitances are normally represented by lumped
terminal capacitances. The terminal capacitances are derived by considering the change in charge associated
with each terminal with respect to a change in voltage at another terminal, under the condition that the voltage
at all other terminals is constant. The five intrinsic small signal capacitances are therefore expressed as,

C gd ,i =

C gs ,i =

Cbd ,i =

Cbs ,i =

∂QG
∂VD
∂QG
∂VS
∂QB
∂VD
∂QB
∂VD

(6.15)
VG ,VS ,VB

(6.16)
VG ,VD ,VB

(6.17)
VG ,VS ,VB

(6.18)
VG ,VD ,VB

and

C gb,i =

∂QG
∂VB

(6.19)
VG ,VS ,VD

These capacitances are evaluated in terms of the region of operation of the MOSFET, which is a
function of the terminal voltages. Detailed models for each region of operation were investigated by
Cobbold.8 Simplified expressions are given in Table 6.2, for the triode and saturation operating regions.
TABLE 6.2

Intrinsic MOSFET Capacitances

Operating Region
Triode
Saturation

Cgs,i

Cgd,i

1
≈ -- Cox
2
2
≈ -- Cox
3

1
≈ -- Cox
2
≈0

Cgb,i

Cbs,i

Cbd,i

≈0

k0Cox

k0Cox

K1Cox

K2Cox

≈0

Notes: Triode region approximations are for VDS = 0.
k0, k1, and k2 are bias dependent. See 1.
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The total terminal capacitances are then given by combining the extrinsic capacitances and intrinsic
capacitances according to,

C gs = C gs ,i + C gs ,e = C gs ,i + C gso
C gd = C gd ,i + C gd ,e = C gd ,i + C gdo
C gb = C gb,i + C gb,e = C gb,i + C gbo

(6.20)

Csb = Cbs ,i + Csb,e = Cbs ,i + C jsb
Cdb = Cbd ,i + Cdb,e = Cbd ,i + C jdb
in which the small-signal form of each capacitance has been used.
The contribution of the total gate-to-channel capacitance, CGC, to the gate-to-drain and gate-to-source
capacitances is dependent upon the operating region of the MOSFET. The total value of the gate-tochannel capacitance is determined by the per unit area capacitance Cox and the effective area over which
the capacitance is taken. Since the extrinsic overlap capacitances include some of the region under the
gate, this region must be removed when calculating the gate-to-channel capacitance. The effective channel
length, Leff , is given by Leff = L – 2LD so that the gate-to-channel capacitance can be calculated by the
formula CGC = CoxW Leff . The total value of the gate-to-channel capacitance is apportioned to both the
drain and source terminals according to the operating region of the device. When the device is in the
triode region, the capacitance exists solely between the gate and the channel and extends from the drain
to the source. Its value is therefore evenly split between the terminal capacitances Cgs and Cgd as shown
in Table 6.2. When the device operates in the saturation region, the channel does not extend all the way
from the source to the drain. No portion of CGC is added to the drain terminal capacitance under these
circumstances. Again, as shown in Table 6.2, analytical calculations demonstrated that an appropriate
amount of CGS to include in the source terminal capacitance is 2/3 of the total.1
Finally, the channel to bulk junction capacitance, CBC, should be considered. This particular capacitance
is calculated in the same manner as the gate-to-channel capacitance. Also similar to the gate-to-channel
capacitance proportioning between the drain in the source when calculating the terminal capacitances,
the channel-to-bulk junction capacitance is also proportioned between the source-to-bulk and drain-tobulk terminal capacitances, depending on the region of operation of the MOSFET.
Wiring capacitances — Referring to Fig. 6.1, one can see that the drain contact interconnect overlapping the field oxide and substrate body forms a capacitor. The value of this overlap capacitance is
determined by the overlapping area, the fringing field, and the oxide thickness. Reduction of the overlapping area will decrease the capacitance to a point, but with an undesirable increase in the parasitic
resistance at the interconnect to MOSFET drain juncture. The parasitic capacitance occurring at the
drain is particularly troublesome due to the Miller effect, which effectively magnifies the parasitic
capacitance value by the gain of the device. The interconnects between MOSFET devices also add parasitic
capacitive loads to the each device. These interconnects may extend across the width of the IC in the
worst case, and must be considered when determining the overall circuit performance.
Modern CMOS processes employ thick field-oxides that reduce the parasitic capacitance that exists at
the drain and source contacts, and between interconnect wiring and the substrate. The thick field-oxide
also aids in reducing the possibility of unintentional MOSFET operation in the field region.
Distributed gate resistance — Low-frequency MOSFET models treat the gate as purely capacitive.
This assumption is invalid for frequencies beyond approximately 1 GHz, because the distributed gate
resistance is typically larger than the capacitive reactance present at the gate input for frequencies beyond
1 GHz.
The impact of the distributed gate resistance upon the high frequency performance of MOSFETs has
been investigated both experimentally and analytically by several researchers.1,6,9–15 The distributed gate
resistance affects the radio frequency performance of the MOSFET in three primary ways. In the first
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MOSFET small-signal high-frequency model.

case, discounting the gate resistance causes nonoptimal power matching to off-chip source impedances.
In the second case, discounting the distributed gate resistance in noise figure calculations causes an
underestimation of the noise figure of the transistor. Finally, in the third case, since the power gain of
the MOS transistor is strongly governed by the gate resistance, discounting the gate resistance causes an
overestimation of the MOSFET’s available power gain and maximum oscillation frequency. The gate
resistance of MOSFET transistors therefore deserves important consideration during the design phase of
integrated RF CMOS receivers.
Nonzero gate resistances have been factored into recent successful designs. Rofougaran et al.16 noted
that matching, input noise, and voltage gain are all ultimately limited by transistor imperfections such
as gate resistance. The effects were most recently quantified by Enz.6
Channel charging resistance — Charge carriers located in the channel cannot instantaneously respond
to changes in the MOSFET gate-to-source voltage. The channel charging resistance is used to account
for this non-quasi-static behavior along the channel length. In Bagheri et al.,15 the channel charging
resistance was shown to be inversely proportional to the MOSFET transconductance, ri ≈ (kgm)–1. For
long channel devices, with the distributed nature of the channel resistance between the source and drain
taken into account, the constant of proportionality, k, was shown to equal five. Measurements of short
channel devices indicate that the proportionality constant can go as low as one.
The channel charging resistance of a MOSFET is important because it strongly influences the input
conductance and the forward transconductance parameters of the device. Both the input conductance
and the forward transconductance are monotonically decreasing functions of the channel charging
resistance. Since the transconductance of even a large MOSFET is small, on the order of 10 mS, the
charging resistance of typical front-end transistors is large, potentially on the order of hundreds of ohms.
Transconductance delay — MOSFET transconductance does not respond instantaneously to changes
in gate voltage. The time it takes for the charge in the channel to be redistributed after an excitation of
the gate voltage is dictated by the time constant due to the gate-to-source capacitance and the channel
charging resistance. This time constant is denoted as τ, and is given by the expression τ ≈ riCgs. The
transconductance delay is generally ignored for frequencies less than 2π/τ.

6.3.4 Small Signal Models
Several high frequency small signal models incorporating the effects described in the previous sections
have been proposed in the literature. The small signal model presented in Fig. 6.7 is useful for MOSFETs
operating in saturation in a common-source configuration. Evident in the figure are the various lumped
terminal capacitances, the drain conductance, and the output transconductance. Note that the transconductance gmb is taken as zero because VSB = 0 is assumed. Also evident in the model are the high-frequency
related elements, namely the charging resistance, the transconductance delay, and the extrinsic and
intrinsic gate resistances.
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TABLE 6.3

MOSFET Small-Signal Y-Parameters

Parameter

Y-Parameters for the Intrinsic MOSFET
Model of Fig. 6.7

(
)
1 + s(κ + C )R
gd

y12

(

− sC gd

g

)

g d + sC gd

( g − s(κ − C ))sC R
+
(

)

gd

1 + s κ + C gd Rg ,i

κ=

γW

( )

)

gd

( )

tanh γW

⎛ g
⎞ tanh γW
m
− sC gd ⎟
⎜
γW
⎝ 1 + sC gsri
⎠

1 + s κ + C gd Rg ,i

m

( )

γW

1 + sC gsri
− sC gd

g m − sC gd

(

)

s C gs + C gd + s 2C gsC gdri tanh γW

1 + s κ + C gd Rg ,i

y21

Notes:

(

s κ + C gd

y11

y22

Distributed MOSFET Y-Parameters*

g ,i

⎛ g
⎞
m
− sC gd ⎟ C gd
⎜
⎛ tanh γW
⎝ 1 + sC gsri
⎠
⎜1 −
g d + sC gd +
⎜
C gs
γW
⎝
C gd +
1 + sC gsri

( ) ⎞⎟

C gs
1 + sC gsri

sC gdri
γ=

⎟
⎠

sC gsri
1 + sC gsri
W

*Source: Abou-Allam, E. and Manku, T., An Improved Transmission-Line Model for MOS Transistors, IEEE
Transactions on Circuits and Systems II: Analog and Digital Signal Processing, 46, 1380–1387, Nov. 1999.

6.3.5 MOSFET Small Signal Y-parameters
Small-signal y-parameters are useful in radio frequency design work involving MOSFETs. As discussed
later in this section, radio frequency MOSFETs are typically laid out in a “fingered” style, and if the
y-parameters are found for a single finger, they are easily combined for the complete device.
The y-parameters corresponding to the small signal equivalent circuit shown in Fig. 6.7 have been
evaluated and appear in Table 6.3. These y-parameters cannot accurately portray the distributed nature
of the MOSFET at high frequencies because the model presented in Fig. 6.7 is composed of lumped
elements. Recall that the gate resistance in MOS transistors operating at GHz frequencies in conjunction
with intrinsic and extrinsic device capacitances acts as a distributed RC network. This is shown schematically in Fig. 6.8, where a MOSFET is represented as a network of smaller MOSFETs, interconnected
by gate material.
Several models developed over the last three decades incorporate high frequency and distributed effects.
Noise arising from the distributed gate was modeled by Jindal,12 but high frequency effects were not
incorporated in this model. Distributed geometry effects were recognized as important,14,15 but the
distributed nature of the gate was not fully explored analytically.10 As the viability of CMOS in RF
transceiver applications improved, significant progress in modeling wide devices, such as those required
for RF applications, was made by Kim et al.11 and Razavi et al.,9 in which wide transistors were treated
as arrays of smaller transistors interconnected by resistors representing the gate. Recently in a paper by
Abou-Allam,17,18 a closed-form, small signal model incorporating the distributed gate for wide transistors
was derived, taking into account the distributed nature of the gate resistance and intrinsic capacitances.
The y-parameters developed in Abou-Allam’s paper17 appear here in Table 6.3.
A parallel between the results presented by Razavi et al.9 and Abou-Allam18 was drawn in a paper by
Tin et al.,19 in which a useful small signal lumped circuit model was presented and leads to the model
here in Fig. 6.9. The lumped model shown in Fig. 6.9 incorporates the distributed effects represented by
the tanh(γW)/γW factor within the expressions for the y-parameters presented in Table 6.3.
The distributed gate resistance appears as a lumped resistor of value Rg /3 and the distributed intrinsic
capacitances appear as a lumped capacitor with value Cg /5. It is important to note that these expressions
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Illustration of distributed MOSFET network model.
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A lumped small-signal MOSFET model that accounts for distributed gate resistance effects.

were derived for a gate connected from one end only. For example, when the gate is connected from
both ends, the equivalent resistor changes to Rg /12.
The performance limitations imposed by distributed effects at radio frequencies was summarized by
Manku.20 Analysis of a two-port constructed from the y-parameters as given in Table 6.3 for a traditional
MOSFET yields several important device performance metrics, as now discussed.

6.3.6 Unity Current Gain Frequency: ft
The unity current gain frequency is defined as the signal input frequency at which the extrapolated smallsignal current gain of the MOSFET equals one. The small-signal current gain is defined as the amplitude
of the small-signal drain current to the small-signal gate current. The symbol used in the literature to
denote the unity current gain frequency is ft and is read as the “transit frequency.”
The unity current gain frequency, or transit frequency, is used as a benchmark to describe the speed
of the intrinsic device. The performance of the complete device, which includes the additional effects of
the extrinsic parasitics, is always lower. For linear amplifier configurations, the small-signal unity current
gain is of primary concern since it determines the maximum achievable gain-bandwidth product of the
amplifier. Small signal linear two-port models are useful for estimating the unity current gain frequency.
The value of ft is most easily found from the y-parameters using the relation,13
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y21
=1
y11

(6.21)

which holds when the current gain is unity. From y-parameters given in Table 6.3, the value of ft is found as,

gm

ft =

(

2 π C − g m RgiC gs − C gs
2
g

)

≈

2

gm
2 πC g

(6.22)
C g = C gs + C gd

where Cg2  (gmRgiCgs – Cgs)2 is assumed.
Note that the unity current gain frequency is independent of the distributed gate resistance. The most
important determining factors of the unity current gain frequency are the device transconductance and
the gate-to-source and gate-to-drain capacitances. Since the device ft is directly proportional to gm, the
analog circuit designer can trade power for speed by increasing the device bias current and therefore gm.
Note that ft cannot be arbitrarily increased by an increase in drain-source bias current; eventually gm
becomes independent of IDS , and therefore ft becomes independent of the bias current. MOSFETs used
at radio frequencies are normally operated in saturation, because gm is maximum for a given device in
the saturation region. Recall that gm can also be increased by increasing the width of the transistor, but
this will not increase ft because the parasitic capacitance Cg is proportional to the width of the device.
The transit frequency must not be confused with another often used performance metric, the “intrinsic
cutoff frequency,” fτ. While both the “t” in ft and the “τ” in fτ refer to the carrier transit time along the
length of the device channel, the two symbols have decidedly different meanings. The intrinsic cutoff
frequency is given by f
– 1 where τ is the mean transit time of the carriers along the channel length.
τ = ( 2πτ )
Typically, fτ is five or six times larger than ft .6

6.3.7 Maximum Available Power Gain: Gmax
Maximum port-to-port power gain within a device occurs when both the input and the output ports
are matched to the impedance of the source and the load, respectively. The maximum available power
gain of a device, Gmax, provides a fundamental limit on how much power gain can be achieved with the
device. The maximum available power gain achievable within a linear two-port network can be described
in terms of the two-port y-parameters as,13
2

y21 − y12
1
Gmax =
4 Re y11 Re y22 − Re y21 Re y12

( ) ( ) ( ) ( )

(6.23)

where the two-port system is assumed to be unconditionally stable. Treating a common-source MOSFET
as a two-port and using the y-parameters shown in Table 6.3 and the relation for ft given in Eq. (6.22),
the MOSFET Gmax is derived in terms of the intrinsic device parameters as,

(f f )

2

Gmax ≈
≈

(

t

)

4 Rg ,i g ds + g m C gd C g + 4ri g ds

(6.24)

ft
8πRg ,iC gd f 2

in which the simplifying assumption (Rg,i + ri)gds  gmRg,iCgd /Cg is made. To first order, the maximum
achievable power gain of a MOSFET is proportional to the device’s ft , and the maximum achievable
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power gain is inversely proportional to the device’s intrinsic gate resistance, Rg,i . Note that linear amplification is assumed in Eqs. (6.23) and (6.24). Equation (6.24) therefore applies to small-signal analyses
such as for a receiver front-end, and would possibly be inadequate for describing the maximum power
gain achievable using a nonlinear power amplifier in the transmitter portion of a transceiver.

6.3.8 Unity Power Gain Frequency: fmax
The third important figure of merit for MOSFET transistors operating at radio frequencies is the maximum frequency of oscillation, fmax. This is the frequency at which the maximum available power gain
of the transistor is equal to one. An estimate of fmax for MOSFET transistors operating in saturation is
found from Eq. (6.24) by setting Gmax = 1 and is given by,

f max =

ft
8πRg ,iC gd

(6.25)

From a designer’s perspective, fmax can be optimized by a combination of proper device layout and
careful choice of the operating bias point. From Eq. (6.22) ft ∝ gm, therefore fmax ∝ g m , and hence gm
should be maximized. Maximizing gm requires some combination of increasing the gate-source overdrive,
increasing device bias current IDS , or increasing the device width. Note that increasing the device width
will increase Rg,i and reduce fmax unless a fingered layout is used.

6.4 MOSFET Noise Sources
The intrinsic and extrinsic noise sources in a MOSFET operating at microwave frequencies are predominantly thermal in origin. The extrinsic noise arises from the parasitic resistances found at the MOSFET
terminal connections, and the metal to semiconductor junctions found at the contacts at these terminals.
The intrinsic noise arises from three important sources:
• Drain channel noise, id2 , which is the noise generated by the carriers in the channel region and
appears as a noise current;
• Gate resistance noise, vrg2 , which is the thermal noise due to the resistance of the distributed gate
material;
• Induced gate noise, ig2 , which is a gate noise current that is capacitively coupled onto the gate
from the distributed noise generated by the carriers in the channel and the distributed channel
charging resistance. Induced gate noise is one of the main components of noise within the intrinsic
portion of a MOSFET transistor.

6.4.1 MOSFET Noise Models
The noise sources discussed previously can be added to an appropriate lumped network model of a
MOSFET transistor. The small-signal equivalent circuit shown in Fig. 6.10(a) incorporates the noise
sources that are important at radio frequencies. The model is essentially the same model as presented in
Fig. 6.7 except for the inclusion of the thermally generated noise. It is possible to refer all of the internal
MOSFET noise sources to the gate input as shown in Fig. 6.10(b). This procedure is discussed in a later
section for optimum noise matching. The various noise sources are now described.

6.4.2 Gate Resistance Noise
The resistance of the gate material, given by Rg = (W × R▫)/(N × L), where R▫ is the sheet resistance of
the gate material, contributes to the thermal noise present in the device. The lumped resistor shown at
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FIGURE 6.10 MOSFET small-signal noise model. (a) High-frequency small-signal model augmented with noise
sources, (b) input-referred noise model.

the gate of the MOSFET in Figs. 6.7 and 6.10(a) is intended to represent the thermal noise resistance of
the distributed gate material. The value of this resistor is dependent upon whether the gate is connected
from one end or both ends, and can be approximated analytically by treating the gate as a transmission
line along its width, since for practical radio frequency MOSFET dimensions W  L. In the case of the
gate connected from one end only, Rg,i = Rg /3. When the gate is connected from both ends, Rg,i = Rg /12.
In terms of the equivalent gate resistance and the transistor’s dimensions, the gate resistance noise is
given by,

v g2,i = 4 kTRg ,i∆f

(6.26)

where k is Boltzmann’s constant and T is the temperature in Kelvin. Note that the gate resistance noise
is proportional to the width, inversely proportional to the length of the device, and scales in inverse
proportion to the number of fingers used in the transistor layout.

6.4.3 Thermal Channel Noise
Thermal noise within the channel produces both drain channel noise and induced gate noise. Since both
the channel drain noise and the induced gate noise are generated by the same physical noise sources,
they exhibit a degree of correlation. The normalized correlation coefficient between the drain current
noise and the gate current noise is in general a complex quantity given by the expression,21

c=

ig id∗
ig ig∗ ⋅ idid∗

(6.27)
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Simulations and experimental measurements indicate that the real part of “c” in Eq. (6.27) is approximately equal to zero. Intuitively this makes sense because the gate noise is induced from the channel
current noise capacitively. There is, therefore, a 90° phase shift between the induced gate current noise
and the source of this noise, which is the channel current noise.
The value of “c” has been found for low frequencies and longer gate lengths as c = –j0.395.21 For
submicron MOSFETs, and as the frequency of operation increases, c approaches –j0.3.
Channel noise — The drain channel noise is a complicated function of the transistor bias conditions.
For radio frequency applications, the MOSFET is assumed to operate in the saturation region and the
drain channel noise is given approximately by

id2 = 4kTγg do ∆f

(6.28)

where γ is a bias dependent parameter and gdo is the zero drain voltage conductance of the channel.
Usually gdo = gm is assumed. The factor γ is an increasing function of VDS, but a value of 2/3 is often used
for hand calculations and simple simulations. For quasi-static MOSFET operation, id2 is essentially
independent of frequency.
Induced gate noise — Fluctuations in the channel are coupled to the transistor gate via the oxide
capacitance. This produces a weak noise current at the gate terminal. The mean square value of this noise
current was evaluated by van der Ziel21 and is approximated by,

(ωC )

2

i = 4kTβg do
2
g

gs

k gs g do

∆f

(6.29)

where β is a bias-dependent parameter typically greater than or equal to 4/3. The factor 1/kgs arises from
a first-order expansion that gives kgs = 5 for long channel devices. Interestingly, the induced gate noise
is proportional to the square of the frequency. Clearly this expression cannot hold as the frequency
becomes extremely large. The expression given in Eq. (6.29) is valid up to approximately 2-- ft .
3

6.4.4 1/f-Noise
Experimental measurements of the noise spectral density in MOSFETs demonstrate that the noise
increases with decreasing frequency. The noise spectral density at very low frequencies exceeds the
noise levels predicted for purely thermally generated noise. This excess noise is evident up to a corner
frequency of approximately 100 kHz to 1 MHz for MOSFETs. The low-frequency excess noise is
generally known as a flicker noise, and its spectral density is inversely proportional to the frequency
raised to some power. Due to this inverse relationship to frequency, flicker noise is also called 1/f-noise
or “pink” noise.
There are two dominant theories on the origins of 1/f-noise in MOSFETs. First, there is the carrier
density fluctuation theory in which flicker noise is taken as a direct result of the random trapping and
release of charges by the oxide traps near the Si-SiO2 interface beneath the gate. The channel surface
potential fluctuates because of this charge fluctuation, and the channel carrier density is in turn
modulated by the channel surface potential fluctuation. The carrier density fluctuation theory predicts
that the input-referred flicker noise is independent of the gate bias voltage and the noise power is
proportional to the interface trap density. The carrier density fluctuation model is supported by
experimental measurements that demonstrate the correlation between the flicker noise power and the
interface trap density.
The second major theory on the origins of flicker noise is the mobility fluctuation theory. This theory
treats flicker noise as arising from the fluctuation in bulk mobility based on Hooge’s empirical relation
for the spectral density of flicker noise in a homogenous medium. In contrast with the charge density
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fluctuation theory, the mobility fluctuation theory does predict that the power spectral density of 1/fnoise is dependent upon the gate bias voltage.
Neither of these two main theories satisfactorily accounts for the observed 1/f-noise power spectral
density in MOSFETs under all conditions. Current thinking applies both models for an overall understanding of 1/f-noise in MOSFETs. Expressions for the MOSFET 1/f-noise have been derived by various
researchers and normally some amount of “fitting” is required to agree with theory. Common expressions
for the 1/f-noise of a MOSFET operating in saturation include

di f2 = K f

g m2 df
Cox
′WL fa

(6.30)

for the flicker-noise current, and

dvin2 , f = K f

1 df
Cox
′WL fa

(6.31)

for the equivalent input noise voltage. The value of α is typically close to unity, and Kf is in general a
bias-dependent parameter, on the order of 10–14 C/m2 for PMOS devices and 10–15 C/m2 for NMOS
devices.
Although 1/f-noise is negligible at radio frequencies, it is still an important consideration for transceiver
design. For example, 1/f-noise can be a limiting factor in direct conversion receivers. Since the direct
conversion receiver directly translates the signal channel of interest to base band, the 1/f-noise corrupts
the desired information content. Modern modulation formats place important information signal content
near the center of a channel. When such a channel is directly downconverted to DC, this important
central region experiences the worst of the 1/f-noise contamination. If the 1/f-noise degrades the signalto-noise ratio sufficiently, reception becomes impossible.
A second area of transceiver design in which 1/f-noise can create problems and cannot be ignored
involves oscillator design. The close-in phase noise of an oscillator is normally dominated by 1/f-noise.
At frequencies close to the oscillator center frequency, the phase noise fall off is typically –30 dB per
decade, while further from the center frequency the phase noise fall off is normally –20 dB per decade.
The additional phase noise close to the center frequency can be attributed to flicker noise present in the
active devices comprising the oscillator circuitry.
Designers seeking to minimize 1/f-noise have four options. First, the choice of technology and process
is important since the flicker noise exhibited by devices of equal sizes across different processes can vary
significantly. Second, a designer can opt to use PMOS devices instead of NMOS devices since PMOS
devices typically exhibit one tenth the amount of flicker noise a comparable NMOS device produces.
Thirdly, devices operating in weak inversion exhibit markedly lower 1/f-noise than devices operated in
saturation. However, operating in weak inversion is normally not an option for devices working at radio
frequencies, since the device ft is too low in the weak inversion region. Finally, as shown in Eqs. (6.30)
and (6.31), the area of the device plays an important role in determining the flicker noise produced by
the device, and so the area should be maximized. Unfortunately, for radio frequency designs there are
constraints on the maximum practical width and length of the MOSFETs. Both the width and length
determine the highest usable operating frequency of the device and so they are normally kept small.
Small width and length implies that the flicker noise of devices designed for operation at radio frequencies
is comparatively large.

6.4.5 Extrinsic Noise
The primary extrinsic noise sources of concern are due to the parasitic resistances at the MOSFETs
terminals. The corresponding mean-square noise currents due to these parasitic resistances are given by,
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iD2 ,e =

4kT
∆f
RD ,e

iS2,e =

4kT
∆f
RS,e

2
G ,e

i

(6.32)

4kT
=
∆f
RG,e

iB2,e =

4kT
∆f
R B ,e

where RD,e , RS,e , RG,e and RB,e , are the extrinsic parasitic resistances at the drain, source, gate, and bulk,
respectively.

6.5 MOSFET Design for RF Operation
Radio frequency integrated circuit design with CMOS requires numerous choices regarding device dimensions and bias voltages and currents. A combination of microwave theory and analog design fundamentals
must be pooled with a firm knowledge of the overall system-level functional requirements. System-level
calculations will normally dictate the allowable gain, linearity, and noise of the basic circuitry. Two important
aspects of radio frequency design in CMOS involve MOSFET input impedance matching for power gain,
and impedance matching for minimum noise figure. These two important topics are discussed next.

6.5.1 MOSFET Impedance Matching
Circuitry that accepts a signal from off-chip, such as the input to a receiver’s low noise amplifier, must
be conjugately matched to the source impedance. The concept of conjugate matching is often unfamiliar
to digital designers of CMOS, but is a common theme in microwave design. When a source and load are
conjugately matched, maximum power transfer from the source to the load occurs. Input impedance
matching is also important because pre-select filters preceding the low noise amplifier may be sensitive
to the quality of their terminating impedances.
A load is conjugately matched to its driving impedance when the input impedance of the load equals
the complex conjugate of the driving impedance. Since the input impedance of any two-port network is
given by,

Z in =

y22
y11 y22 − y21 y12

(6.33)

the y-parameters given in Table 6.3 can be used in conjunction with circuit analysis to give the total
circuit input impedance. Note that a linear system has been tacitly assumed in Eq. (6.33). For smallsignal applications, such as in the receiver portion of a transceiver, linearity is a reasonable assumption.
However, for some applications, such as a nonlinear power amplifier, conjugate matching is not possible
and so a resistive load line is used instead.
While matching can be augmented by a high-Q matching network constructed off-chip, this method
adds expense to mass-market products, in which commodity radio frequency ICs may terminate an
unknown length of transmission line. It is therefore desirable to provide as close to a stable 50 Ω input
impedance as possible within the integrated circuit. The quality of the external matching network can
then be relaxed.
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As an example of input impedance matching, consider the
common source low noise amplifier configuration shown in
Fig. 6.11. The matching components include L1, which is typically implemented as a bond wire having a value of 1 to 2 nH.
Inductor L1 is used for producing the real part of the input
impedance for matching. For simplicity, the bonding pad
capacitance is ignored. The LNA is assumed to be operating
in a cascode configuration and so the Miller capacitance of
the MOSFET is ignored. Conjugate matching to the source
resistance RS requires that the approximate matching condigm
- L = RS is satisfied. Proper choice of the device
tion Rg + -----C gs 1
width, biasing, and number of fingers used for construction
allow this relation to be met. Note that 2πft ≈ gm /Cgs , and as
discussed in the section on Maximum Available Power Gain,
the maximum achievable power gain of a MOSFET is proportional to the device’s ft . Also, as shown in the next section, the
device noise figure is inversely proportional to ft. Hence the
MOSFET biasing should be designed such that the resulting
ft is adequate for the application.

Vdd
ZL

Vout
Vbias
L2

Vin

MC
M1
L1

FIGURE 6.11 Common-source low-noise
amplifier configuration.

6.5.2 Matching for Noise
Classical noise matching analysis is applicable to the MOSFET shown in Fig. 6.10(b). Classical methods
are directly applicable when all MOSFET internal noise sources are referred to the input. For the common
source MOSFET configuration shown in Fig. 6.10(b), the input referred noise sources vn and in are given by,

v n = v g ,i −

(

)

(

)

id
f
+ Rg ,i + ri ig − j
Rg ,i + ri id
gm
ft

(6.34)

f
id
ft

(6.35)

and

in = ig − j

Recall from the section on Thermal Channel Noise that the two noise sources in Eqs. (6.34) and (6.35)
are correlated since id and ig arise from the same physical process.
The noise performance of a transistor with driving impedance ZSS = RSS + jXSS is fully described in
terms of four noise parameters: the minimum noise figure (Fmin), the noise conductance (Gn), and the
optimum driving impedance (Zopt), which consists of a resistance (Ropt) and a reactance (Xopt). Following
the procedure of Gonzalez13 the noise parameters are found as,
2

⎛ f ⎞
Gn ≈ ⎜ ⎟ γg doF1
⎝ ft ⎠

Ropt ≈

(R

g ,i

+ ri

)

2

2

(6.36)

2

⎛ f ⎞ Rg ,i F4 ⎛ f t ⎞ F22 F5
+⎜ t ⎟
+⎜ ⎟
⎝ f ⎠ γg do ⎝ f ⎠ γg do2 F1

(6.37)
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X opt ≈

F2
≈ − F2 X in
2π f C gs

(6.38)

and

(

Fmin ≈ 1 + 2Gn Ropt + Rg ,i + ri
≈ 1 + 2F3

f
ft

)
(6.39)

γg do Rg ,i

The factors {F1, F2, F3, F4, F5} result from algebraic manipulations of Eqs. (6.34) and (6.35). If induced
gate noise is ignored, then {F1, F2, F3, F4} are all equal to one, otherwise they are less than one. The fifth
factor, F5, is equal to zero if induced gate noise is ignored, and equal to one if induced gate noise is
included. From Eq. (6.39) the minimum noise figure is proportional to R g, i . Therefore to realize a low
noise figure the intrinsic gate resistance must be made as small as practical. Noting that gdo in Eq. (6.39)
is approximately equal to gm , and using the results for ft from Eq. (6.22), the minimum noise figure is
shown to be inversely proportional to g m . Hence, increasing the gm of the device decreases the minimum
noise figure. Since both gm and γ are functions of the transistor bias conditions, an optimum biasing
point can be found that gives the lowest minimum noise figure.20
For optimum noise matching, the optimum noise resistance should equal the driving source resistance.
For MOSFETs, near-optimum noise matching is possible by correctly choosing the number of gate fingers
used to construct the MOSFET. In Fig. 6.10(b), the equivalent input noise current ieq and noise voltage
veq , yield a transistor noise figure given by

F = Fmin +

Gn
RS − Z opt
RS

2

(6.40)

where RS is the driving source resistance, Gn is the noise conductance of a single finger, and Zopt is the
optimum noise impedance. Neglecting interconnect parasitics, if N MOSFETs are placed in parallel, the
equivalent noise current is ieq(N) = ieq N and the equivalent noise voltage is veq(N) = veq = veq / N . The noise
figure for the complete MOSFET consisting of N fingers is then given by

Z
NGn
F = Fmin +
RS − opt
RS
N

2

(6.41)

in which the minimum noise finger is independent of the number of fingers, but the noise conductance
scales as N, and the optimum noise impedance scales as 1/N. Therefore, by using fingered MOSFETs,
the transistor can be matched for noise using the number of fingers as a design parameter.

6.6 MOSFET Layout
Radio frequency MOSFET layout is a nontrivial task. A poor transistor layout adversely affects every
aspect of the transistor’s radio frequency performance. Recall that a MOSFET’s fmax, NFmin, and input
impedance-matching characteristics are all determined by the transistor’s W/L ratio and the number of
fingers used to construct the device. Additionally, both matching and flicker noise are affected by the
area of the gate. Devices with a large gate area will match better and have lower flicker noise.
The various scaling rules for MOSFETs operating in saturation appear in Table 6.4. The MOSFET
length is assumed to be the minimum allowed. Also shown in Table 6.4 is the effect of biasing upon the
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TABLE 6.4 MOSFET Scaling Rules for the Saturation Region

Performance

Parasitics

Noise

Bias Current

Parameter

Number of Fingers
N

Finger Width
W

IDS < IDS,sat

IDS > IDS,sat

gm
ft
fmax
Cgs , Cgd
rd , rs , ri
Rg,i
Fmin
Gn
Ropt
Xopt

N
Independent
Independent
N
1/N
1/N
Independent
N
1/N
1/N

W
Independent
~1/W
W
1/W
W
~1/W
W
~1/W
1/W

Increases with IDS
Increases with IDS
Increases with IDS
~constant
Independent
Independent
Decreases with IDS
Increases with IDS
Decreases with IDS
Independent

~constant
~constant
~constant
~constant
Independent
Independent
Increases with IDS
~constant
~constant
Independent

MOSFET. A typical design trade-off is between maximum gain and maximum fmax, assuming power
requirements are a secondary concern. Using multiple MOSFET fingers is a convenient way of improving
the device performance.

6.6.1 Fingered Layout
MOSFETs designed for radio frequency applications normally have large W/L ratios. This is primarily
so that the MOSFET has a large transconductance and therefore has a large ft so that its noise figure is
minimal. As shown in Table 6.4, increasing the MOSFET width causes a decrease in fmax. To counteract
this effect, the MOSFET is laid out as a parallel connection of narrower MOSFETs. The resulting fingered
structure is shown in Fig. 6.12. Neglecting the interconnect resistance between fingers, the intrinsic gate
resistance scales as 1/N, where N is the number of fingers.

6.6.2 Substrate Connections
Parasitic resistance to the substrate affects both the impedance matching and the noise figure of MOSFETs.
The substrate resistance is in general bias dependent. Local variations in threshold voltage are therefore
possible, and matching between devices is reduced. This may affect the performance of differential pairs
and differential circuitry. Voltage fluctuations induced in the substrate, especially by digital clocks and
switching circuitry, will raise the noise figure of radio frequency analog MOSFETs. Adequate substrate
connections are therefore important for low-noise, precision MOSFET design. A substrate connection
method is shown in Fig. 6.12.

6.7 The Future of CMOS
CMOS has definite potential for applications in commodity radio frequency electronics, and is expected
to find increased use in radio frequency integrated circuits. Although this section has considered CMOS
operating at radio frequencies mostly in terms of analog small-signal performance, it is important to
note that existing implementations of digital logic are also operating at radio frequencies. Microprocessors
operating above 1 GHz are now commonplace. The modeling of radio frequency logic (RFL) and the
study of radio frequency digital design will be important contributing factors for future high-speed
microprocessors, digital signal processors, and ASICs. Additionally, as the demand for extremely highspeed digital microprocessors increases, the base-level digital CMOS processes will improve to accommodate the performance expectations of designers. Exotic process features that were once considered
purely for analog design use are now appearing in digital designs.
CMOS is not the ideal radio frequency technology, but it does compare favorably with bipolar and
BiCMOS. For example, although not discussed in this section, communications circuits constructed with
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FIGURE 6.12

MOSFET finger layout style for high frequency applications.

CMOS devices often exhibit higher linearity than their counterparts do when constructed with other
technologies such as bipolar. Furthermore, in applications where the MOSFET’s square-law characteristic
applies, differential circuitry can effectively reduce second-order distortion. For an LNA constructed
using deep submicron MOSFETs operating in velocity saturation, the device transconductance is essentially constant with vgs, which implies an increased level of linearity.
CMOS may become the technology of choice in the near term for consumer radio frequency applications in the sub-10 GHz bands. The extent to which this becomes possible is dependent on the ability
of the device performance to improve as the technology scales and improves. With this in mind, this
section concludes with a brief examination of scaling issues in radio frequency CMOS, and recent
advances in MOSFET manufacture.

6.7.1 The Impact of Technology Scaling and Process Improvements
A common measure for the gain efficiency of a MOSFET is its transconductance per drain current gm /
IDS. MOSFETs require a large W/L ratio and a high DC biasing current to offer a transconductance
comparable to that of other RF device technologies, such as bipolar. In bipolar transistors, the transconductance-to-bias current ratio equals kT/q, which was proved by Johnson22 to be the maximum transconductance for both MOSFET and bipolar devices. As MOSFET processing improves and the minimum
gate length decreases, the gm /IDS ratio has been found to tend toward the maximum value of kT/q.
Continual reduction in MOSFET minimum gate length has enabled commensurate increases in device
ft and fmax. Existing 0.18 µm devices have demonstrated ft ’s in excess of 60 GHz, and experimental
processes with gate lengths less than 0.1 µm have demonstrated ft values in the order of 150 GHz. These
increases in device ft also mean that the overall device noise performance improves as the gate length
scales down.
Although the radio frequency performance of MOSFETs has traditionally scaled in accordance with
a decreasing minimum gate length, this trend will probably not continue along its present path. For
example, the gate oxide thickness scales approximately linearly with the minimum gate length. The gate
source capacitance therefore remains roughly constant per unit width of the gate for minimum channel
length devices. As shown in Eq. (6.22), the MOSFET ft is inversely proportional to the gate source
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capacitance, and if the gate source capacitance does not scale in inverse proportion to the gate length, it
becomes a limiting factor. Other limitations for increased radio frequency performance of MOSFETs are
found in the extrinsic parasitics, such as the gate overlap capacitances. For example, the gate-source
overlap capacitance does not scale as 1/L for submicron devices, and Cgso becomes an increasingly large
proportion of the total gate-to-source terminal capacitance, therefore limiting the high frequency gain
of the device.
Certain process enhancements have a profound effect upon the performance of integrated MOSFET
circuitry. The use of copper interconnects between MOSFETs is expected to increase the operating
frequency of both digital and analog circuitry when used in place of aluminum. Copper has two primary
advantages over aluminum when used as an interconnect material. First, the resistivity of copper is
approximately 40% lower than that of aluminum. Second, electromigration effects are lower in copper
interconnects implying that copper interconnects will exhibit higher reliability, longer life spans, and
greater current-handling capability.
Since copper has a lower resistivity than aluminum, interconnect lines can be thinner and yet still
allow for the same circuit performance. Alternatively, maintaining the same interconnect thickness gives
a lower series resistance. Decreasing the series resistance of metal lines improves the quality factor of
integrated inductors and capacitors.
Recent CMOS processes have given designers six or more interconnect metal layers. The increased
number of metal layers has important consequences for radio frequency design. For example, several
metal layers can be linked in parallel in order to decrease the series resistance of metal lines used to create
inductors. Additionally, the top-level metal layers may be used so that the metal-to-substrate capacitance
is reduced and therefore the quality factor of the integrated circuit is improved.
While not yet offered on any commodity CMOS processes, substrate etching has been used to increase
the quality factor of integrated inductors by removing a section of substrate below the metal lines.
Isolation between lower-level metal lines and substrate has also been achieved using patterned ground
shields and spun-on thick dielectrics. Future process enhancements will increase the applicability of
CMOS to radio frequency applications. Sub-micron mixed-signal processes featuring six metal layers,
metal-insulator-metal capacitors, deep n-wells, and threshold voltage-adjust capability are available now,
and hint at what will become available in the near future.
To conclude, CMOS is a mature, easily sourced, and reliable technology. If the performance of CMOS
can be improved via scaling to within that of bipolar, BiCMOS, and GaAs, there is no reason why it will
not supplant those technologies in commodity radio frequency integrated circuit applications.
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7.1 Introduction
Silicon Metal Oxide Semiconductor Field Effect Transistors (MOSFETs) dominate modern microelectronics. Gallium Arsenide Metal Semiconductor Field Effect Transistors (GaAs MESFETs) are “runnersup,” and they find many important niche applications in high-speed or high frequency circuits. After the
first successful fabrication of GaAs MESFETs by Mead in 19661 and after the demonstration of their
performance at microwave frequencies in 1967 by Hooper and Lehrer,2 these devices emerged as contenders with silicon MOSFETs and bipolar transistors. In the late 1970s and early 1980s, high quality
semi-insulating substrates and ion-implantation processing techniques made it possible to fabricate GaAs
MESFET VLSI circuits, such as 16 × 16 multipliers with a multiplication time of 10.5 ns and less than 1
W power dissipation.3
Today GaAs MESFETs play an important role in both analog and digital applications, such as for
satellite and fiber-optic communication systems, in cellular phones, in automatic IC test equipment, and
for other civilian and military uses. The microwave performance of GaAs MESFETs approaches that of
Heterostructure Field Effect Transistors (HFETs).4 As discussed below, the record maximum frequency
of oscillations and the record cutoff frequency, fT, for GaAs MESFETs reached 190 and 168 GHz, respectively. Even though the record numbers of fmax and fT for GaAs- and InP-based HFETs reach 400 GHz
and 275 GHz, respectively, their more typical fmax and fT are well within the reach of GaAs MESFET
technology. The integration scale of GaAs MESFET integrated circuits approaches 1,000,000 transistors.
Emerging materials for MESFET applications are SiC and GaN wide bandgap semiconductors that
have a much higher breakdown voltage, a higher thermal conductivity, and a higher electron velocity
than GaAs. SiC MESFETs are predicted to reach breakdown voltages up to nearly 100 kV.5
However, SiGe and even advanced, deep submicron Si technologies emerge as a serious competitor to
GaAs MESFET technology at relatively low frequencies (below 40 GHz or so). This trend toward SiGe
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FIGURE 7.1
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Schematic MESFET structure.

and Si might be alleviated by a shift toward 150 mm GaAs substrates, which are now used by the leading
GaAs IC manufacturers, such as Vitesse, Anadigics, Infinion, Motorola, Tektronix, and RFMD.
In this section, we first discuss the MESFET principles of operation. Then we review the material
properties of semiconductors competing for applications in MESFETs and the properties of Schottky
barrier contacts followed by a brief review of MESFET fabrication, and MESFET modeling. We also
consider wide bandgap semiconductor MESFETs, new emerging hetero-dimensional MESFETs, and
discuss applications of the MESFET technology.

7.2 Principle of Operation
Figure 7.1 shows a schematic MESFET structure. In n-channel MESFETs, an n-type channel connects n+
drain and source regions. The depletion layer under the Schottky barrier gate contact constricts the
current flow across the channel between the source and drain. The gate bias changes the depletion region
thickness, and, hence, modulates the channel conductivity.
This device is very different from a silicon Metal Oxide Semiconductor Field Effect Transistor (MOSFET),
where a silicon dioxide layer separates the gate from the channel. MOSFETs are mainstream devices in
silicon technology, and silicon MESFETs are not common. Compound semiconductors, such as GaAs,
do not have a stable oxide, and a Schottky gate allows one to avoid problems related to traps in the gate
insulator, such as hot electron trapping in the gate insulator, threshold voltage shift due to charge trapped
in the gate insulator, and so on.
In normally-off (enhancement mode) MESFETs, the channel is totally depleted by the gate built-in
potential even at zero gate voltage (see Fig. 7.2). The threshold voltage of normally-off devices is positive.
In normally-on (depletion mode) MESFETs, the conducting channel has a finite cross-section at zero
gate voltage. The drawback of normally-off MESFET technology is a limited gate voltage swing due to
the low turn-on voltage of the Schottky gate. This limitation is much less important in depletion mode
FETs with a negative threshold voltage. Also, this limitation is less important in low power digital circuits
operating with a low supply voltage.
Usually, the source is grounded, and the drain is biased positively. A schematic diagram of the depletion
region under the gate of a MESFET for a finite drain-to-source voltage is shown in Fig. 7.3.
The depletion region is wider closer to the drain because the positive drain voltage provides an
additional reverse bias across the channel-to-gate junction. With an increase in the drain-to-source bias,
the channel at the drain side of the gate becomes more and more constricted. Finally, the velocity of
electrons saturates leading to the current saturation (see Fig. 7.4 that shows typical MESFET currentvoltage characteristics).
MESFETs have been fabricated using many different semiconductor materials. However, GaAs MESFETs
are mainstream MESFET devices. In many cases, GaAs MESFETs are fabricated by direct ion implantation
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FIGURE 7.2

Normally-on and normally-off MESFETs at zero gate bias.

FIGURE 7.3

Depletion region in MESFET with positive drain bias.
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FIGURE 7.4 Measured (symbols) and simulated (using AIM-Spice, lines) drain current characteristics of MESFET
operating at room temperature. (After Ytterdal et al.6)

into a GaAs semi-insulating substrate, making GaAs IC fabrication less complicated than silicon CMOS
fabrication.

7.3 Properties of Semiconductor Materials Used in MESFET
Technology
The effective mass of electrons in GaAs is very small (0.067 me in GaAs compared to 0.98 me longitudinal
effective mass and 0.19 me transverse effective mass in Si, where me is the free electron mass). This leads
to a much higher electron mobility in GaAs — approximately 8500 cm2/Vs in pure GaAs at room
temperature compared to 1500 cm2/Vs in Si. As shown in Fig. 7.5, the electron velocity in GaAs exceeds
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FIGURE 7.5 (a) Electron drift velocity at 300 K in GaN, SiC, and GaAs. (b) Electron drift velocity in GaN at 300 K,
500 K, and 750 K.12

FIGURE 7.6 Computed velocity of electrons injected with low velocities into a constant electric field region into
GaN and GaAs (after Foutz et al.13).

that for the electrons in Si. This is an important advantage for modern day short channel devices, where
the electric fields are higher than the peak velocity field under normal operating conditions. The light
electrons in GaAs also experience so-called overshoot or even ballistic transport in short channel
devices,7–11 where the electron transit time becomes comparable to or even smaller than the electron
energy or even momentum relaxation time. This boosts the electron velocity well above the expected
steady-state values (see Fig. 7.6). GaN also has a high electron velocity and pronounced overshoot effects
(see Figs. 7.5 and 7.6).
Another important advantage of GaAs and related compound semiconductors is the availability of
semi-insulating material that could serve as a substrate for device and circuit fabrication. A typical
resistivity of semi-insulating GaAs is 107 Ω-cm or larger, compared to 2.5 × 105 Ω-cm for intrinsic silicon
at room temperature. The semi-insulating GaAs is used as a substrate for fabricating GaAs MESFETs and
other devices. Passive elements can also be fabricated on the same substrate, which is a big advantage
for fabricating Monolithic Microwave Integrated Circuits (MMICs). As mentioned above, an important
advantage of the GaAs MESFET is the possibility of fabricating these devices and integrated circuits using
a direct implantation into the semi-insulating GaAs substrate.
Since GaAs, InP, and related semiconducting materials are direct gap materials, they are widely used
in optoelectronic applications. Hence, electronic and photonic devices can be integrated on the same
chip for use in optical interconnects or in optoelectronic circuits.
The direct band gap leads to a high recombination rate, which improves radiation hardness. GaAsbased devices can survive over 100 megarads of ionizing radiation.14
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TABLE 7.1

Material Properties of Si, GaAs, α-SiC, and GaN

Property
Energy gap (eV)
Lattice constant(a) Å
Lattice constant (c), Å
Density (g/cm3)
Dielectric constant
Electron mobility (cm2/Vs)
Hole mobility (cm2/Vs)
Saturation velocity (m/s)
Electron effective mass ratio
Light hole mass ratio
Optical phonon energy (eV)
Thermal conductivity (W/cm°C)

Si

GaAs

α-SiC(6H)

GaN

1.12
5.43107
—
2.329
11.7

1.42
5.6533
—
5.3176
12.9

3.4
3.189
5.185
6.1
9.5 (8.9)

1450
500
105
0.92/0.19
0.16
0.063
1.31

8500
400
1.2 × 105
0.067
0.076
0.035
0.46

2.9
3.081
15.117
3.211
9.66(⊥)
10.03(||)
330
60
2–2.5 × 105
0.25/1.5
0.33
0.104
4.9

1200
<30
2–2.5 × 105
0.22
0.7
0.092
1.5

GaAs, and especially SiC and GaN MESFETs, are suitable for use in high-temperature electronics and
as power devices (because of a small intrinsic carrier concentration and a high breakdown field).
Table 7.1 summarizes important material properties of semiconductors used in MESFET technology.

7.4 Schottky Barrier Contacts
Figure 7.7 shows the energy band diagram of a GaAs Schottky barrier metal-semiconductor contact at
zero bias. The Fermi level will be constant throughout the entire metal-semiconductor system, and the
energy band diagram in the semiconductor is similar to that for an n-type semiconductor in a p+-n
junction.
Energies Φm and Φs shown in Figure 7.7 are called the metal and the semiconductor work functions.
The work function is equal to the difference between the vacuum level (which is defined as a free electron
energy in vacuum) and the Fermi level. The electron affinity of the semiconductor, Χs (also shown in

FIGURE 7.7 Simplified energy diagram of GaAs metal-semiconductor barrier qφb is the barrier height (0.75 eV),
Χs is the electron affinity in the semiconductor, Φs and Φm are the semiconductor and the metal work functions, and
Vbi (0.59 V) is the built-in voltage. Donor concentration in GaAs is 1015 cm–3 (From Shur15).
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Fig. 7.7), corresponds to the energy separation between the vacuum level and the conduction band edge
of the semiconductor.
In the idealized picture of the Schottky junction shown in Fig. 7.7, the energy barrier between the
semiconductor and the metal is

qφb = Φm − X s

(7.1)

Here Χs is the electron affinity in the semiconductor, Φs and Φm are the metal work functions, and φb is
the Schottky barrier height, q is the electronic charge [in Eq. (7.1) and in Fig. 7.7, φb is measured in eV,
and Φs and Φm are measured in Joules). Since Φm > Φs the metal is charged negatively. The positive net
space charge in the semiconductor leads to a band bending

qVbi = Φm − Φ s ,

(7.2)

where Vbi is called the built-in voltage, in analogy with the corresponding quantity in a p-n junction.
Equation (7.1) and Fig. 7.7 are not quite correct. In reality, a change in the metal work function, Φm,
is not equal to the corresponding change in the barrier height, φb, as predicted by Eq. (7.1). In actual
Schottky diodes, φb increases with an increase in Φm, but only by 0.1 to 0.3 eV when Φm increases by 1
to 2 eV. This difference is caused by interface states and is determined by the properties of a thin interfacial
layer. However, even though a detailed and accurate understanding of Schottky barrier formation remains
a challenge, many properties of Schottky barriers may be understood independently of the exact mechanism determining the barrier height. In other words, we can simply determine the effective barrier
height from experimental data.
A forward bias decreases the potential barrier for electrons moving from the semiconductor into the
metal and leads to an exponential rise in current. At high forward biases (approaching the built-in voltage),
the voltage drop across the series resistance (comprised of the contact resistance and the resistance of the
neutral region between the ohmic contact and the depletion region) becomes important, and the overall
current-voltage characteristic of a Schottky diode can be described by the following diode equation

⎡ ⎛ V − IR ⎞ ⎤
S
I = I S ⎢exp⎜
⎟ − 1⎥ ,
η
V
⎥⎦
⎢⎣ ⎝
th ⎠

(7.3)

where Is is the saturation current, Rs is the series resistance, Vth = kBT/q is the thermal voltage, η is the
ideality factor (η typically varies from 1.02 to 1.6), q is the electronic charge, kB is the Boltzmann constant,
and T is temperature.
The diode saturation current, Is , is typically much larger for Schottky barrier diodes than in p-n
junction diodes since the Schottky barrier height is smaller than the barrier height in p-n junction diodes.
For a p-n junction, the height of the barrier separating electrons in the conduction band of the n-type
region from the bottom of the conduction band in the p-region is on the order of the energy gap.
The current mechanism in Schottky diodes depends on the doping level. In a relatively low-doped
semiconductor, the depletion region between the semiconductor and the metal is very wide, and electrons
can only reach the metal by going over the barrier. In higher doped samples, the barrier near the top is
narrow enough for the electrons to tunnel through. Finally, in very highly doped structures, the barrier
is thin enough for tunneling at the Fermi level. Figure 7.8 shows the band diagrams illustrating these
three conduction mechanisms.
For low-doped devices, the saturation current density, jss , in a Schottky diode is given by

⎛ qφ ⎞
j ss = A ∗ T 2 exp⎜ − b ⎟ ,
⎝ kBT ⎠

(7.4)
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FIGURE 7.8

Current paths in low-doped, higher doped, and high-doped Schottky diodes.

where A* is called the Richardson constant, T is temperature (in degrees Kelvin), and kB is the Boltzmann
constant. For a conduction band minimum with the spherical surface of equal energy (such as the Γ
minimum in GaAs),

A∗ = α

mnqkB2
2π h

2 3

≈ 120 α

mn ⎛ A ⎞
⎜
⎟,
me ⎝ cm 2 K 2 ⎠

(7.5)

where mn is the effective mass, me is the free electron mass, h is the Planck constant, and α is an empirical
factor on the order of unity. The Schottky diode model described by Eqs. (7.4) and (7.5) is called the
thermionic emission model. For Schottky barrier diodes fabricated on the {111} surfaces of Si, A* = 96
A/(cm2K2). For GaAs, A∗ = 4.4 A/(cm2K2).
As stated above, in higher doped semiconductors, the depletion region becomes so narrow that
electrons can tunnel through the barrier near the top. This conduction mechanism is called thermionicfield emission.
The current-voltage characteristic of a Schottky diode in the case of thermionic-field emission (i.e.,
for higher doped semiconductors) under forward bias is given by:

⎛ qV ⎞
j = jstf exp⎜
⎟
⎝ Eo ⎠

(7.6)

⎛E ⎞
Eo = Eoo coth⎜ oo ⎟
⎝ k BT ⎠

(7.7)

where

( )

⎡ N cm−3
⎤
d
qh N d
⎥
Eoo =
= 1.85 × 10−11 ⎢
⎢ m m ε ε ⎥
4 π mn ε s
⎢⎣ n e s o ⎥⎦

(

j stf =

(

A ∗ T πE oo φ b − qV − E c + E Fn

(

kB cosh E oo kBT

)

)(

) exp⎡⎢− E
⎢⎣

c

12

eV
) ( )

(

(7.8)

)

− E Fn φ b − E c + E Fn ⎤
⎥
−
kBT
Eo
⎥⎦

(7.9)

Here Ec is the bottom of the conduction band in a semiconductor (outside of the depletion region and
EFn is the electron quasi-Fermi level. In GaAs Schottky diodes, the thermionic-field emission becomes
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The small signal equivalent circuit of a Schottky diode.

important for Nd > 1017 cm–3 at 300 K and for Nd > 1016 cm–3 at 77 K. In silicon, the corresponding values
of Nd are several times larger.
In degenerate semiconductors, especially in semiconductors with a small electron-effective mass, such
as GaAs, electrons can tunnel through the barrier near or at the Fermi level, and the tunneling current
is dominant. This mechanism is called field emission. The resistance of the Schottky barrier in the field
emission regime is quite low. Metal-n+ contacts operated in this regime are used as ohmic contacts.
Figure 7.9 shows a small signal equivalent circuit of a Schottky diode, which includes a parallel
combination of the differential resistance of the Schottky barrier

Rd =

dV
dI

(7.10)

and the differential capacitance of the space charge region:

Cdep = S

qN d ε s

(

2 Vbi − V

)

(7.11)

Here V and I are the voltage drop across the Schottky diode and the current flowing through the Schottky
diode, respectively, Vbi is the built-in voltage of the Schottky barrier, and Nd is the ionized donor
concentration in the semiconductor. The equivalent circuit also includes the series resistance, Rs , which
accounts for the contact resistance and the resistance of the neutral semiconductor region between the
ohmic contact and the depletion region, the equivalent series inductance, Ls , and the device geometric
capacitance:

C geom = ε s S L

(7.12)

where L is the device length and S is the device cross-section.

7.5 MESFET Technology
The most popular MESFETs (GaAs MESFETs) found in applications in both analog microwave circuits
(including applications in Microwave Monolithic Integrated Circuits) and in digital integrated circuits.
Ion implanted GaAs MESFETs represent the dominant technology for applications in digital integrated
circuits. They also have microwave applications. Figure 7.10 shows a typical process sequence for ion
implanted GaAs MESFETs (developed in late 1970s16,17).
In a typical fabrication process, a GaAs semi-insulating substrate is coated with a thin silicon nitride
(Si3N4) film. Implantation steps shown in Fig. 7.10 are carried out through this layer. As shown in
Fig. 7.10, the first implant defines the active layer including the MESFET channel. A deeper and a higher
dose implant is used for ohmic contacts. This implant is often done as a self-aligned implant. In this
case, a temperature-stable refractory metal-silicide gate (typically tungsten silicide) is used as a mask for
implanting the n+ source and drain contacts. This technique reduces parasitic resistances. Also, this
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FIGURE 7.10
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Fabrication steps for self-aligned GaAs MESFET.

fabrication process is planar. However, the n+ implant straggle under the gate might increase gate leakage
current and also cause carrier injection into the substrate.18
After the implants, an additional insulator is deposited in order to cap the GaAs surface for the
subsequent annealing step. This annealing (at 800°C or above) activates the implants. For microwave
applications, the devices are often grown by molecular beam epitaxy. In this design, a top of n+ layer
doping extending from the source and drain contacts helps minimize the series resistances.
Figure 7.11 shows the recessed gate MESFET structure, where the thickness of the active layer under
the gate is reduced. A thick n-doped layer between the gate and the source and drain contacts leads to a
relatively low series source and drain resistances. The position and the shape of the recess are very
important, since they strongly affect the electric field distribution and the device breakdown voltage.
In power devices, the gate contact in the recess is usually closer to the source than to the drain (see
Fig. 7.12). Such placement reduces the source parasitic resistance and enhances the drain-source breakdown voltage by allowing additional expansion space for the high-field region at the drain side of the gate.

FIGURE 7.11

Recessed gate structure.
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FIGURE 7.12

Recessed structure with offset gate for power devices.

FIGURE 7.13

T-gate (a) and mushroom gate (b) for gate series resistance reduction.

Another important issue is the reduction of the gate series resistance. This can be achieved by using
a T-shape gate or a so-called mushroom gate (which might be obtained by side etching the gate), see
Fig. 7.13.
In this design, the gate series resistance is reduced without an increase in the gate length, which
determines the device cutoff frequency.
MESFETs are usually passivated by a Si3N4 layer. This passivation affects the surface states and the
surface depletion layer, and stress-related and piezoelectric effects can lead to shifts in the threshold
voltage.19
A more detailed discussion of GaAs MESFET fabrication can be found in References 20 and 21.
Wide band gap semiconductors, such as SiC, GaN, and related materials, might potentially compete
with GaAs for applications in MESFETs and other solid-state devices (see Fig. 7.14).
SiC exists in more than 170 polytypes. The three most important polytypes are hexagonal 6H (α-SiC)
and 4H, and cubic 3C (β-SiC). As stated in Table 7.1, SiC has the electron saturation drift velocity of 2 ×
107 cm/s (approximately twice that of silicon), a breakdown field larger than 2,500 to 5,000 kV/cm
(compared to 300 kV/cm for silicon), and a high thermal conductivity of 4.9 W/cm°C (compared to
1.3 W/cm°C for silicon and 0.5 W/cm°C for GaAs).
These properties make SiC important for potential applications in high-power, high frequency devices
as well as in devices operating at high temperatures and/or in harsh environments.
Palmour et al.23 reported operation of α-SiC MESFETs at a temperature of 773°K. In a 6H-SiC MESFET
fabricated by CREE (gate length 24 µm, channel depth 600 nm, doping 6.5 × 1016 cm–3), the room
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Cross-section of SiC MESFET (From Shur22).

temperature transconductance was approximately 4 mS/mm. At elevated temperatures, the device
transconductance decreases owing to the decrease in mobility. MESFETs did not exhibit breakdown even
with drain voltages up to 100 V. Using the square law MESFET model (described below), Kelner and
Shur24 estimated that the field effect mobility in these MESFETs was approximately 300 cm2/Vs. β-SiC
MESFETs have also been fabricated25 but α-SiC MESFETs exhibit better performance because of better
material quality.
α-SiC MESFETs have achieved microwave operation.26 A cutoff frequency of 5 GHz, 12 dB gain at 2 GHz,
and a breakdown voltage of 200 V was demonstrated in an α-SiC MESFET with a 0.4 µm gate length.27
GaN is another material that is potentially important for MESFET applications. For GaN at room
temperature and with an n-type doping density of 1017 cm–3, Monte Carlo simulations predict a high
peak velocity (2.7 × 105 m/s), a high saturation velocity (1.5 × 105 m/s), and a high electron mobility
(1000 cm2/Vs).28–31 Khan et al.32 and Binari et al.33 reported on microwave performance of GaN MESFETs.
However, most of the research on GaN-based FETs has concentrated on GaN-based Heterostructure Field
Effect Transistors.34,35

7.6 MESFET Modeling
MESFET modeling has been done at several different levels. Most advanced numerical simulation techniques
rely on self-consistent simulation based on the Monte Carlo approach. In this approach, random number
generators are used to simulate random electron scattering processes. The motion of these electrons is
simulated in the electric field that is calculated self-consistently by solving the Poisson equation iteratively.
The particle movements between scattering events are described by the laws of classical mechanics, while
the probabilities of the various scattering processes and the associated transition rates are derived from
quantum mechanical calculations. Some of the results obtained by using this approach were reviewed in
Reference 36. Table 7.2 from Reference 36 describes the Monte Carlo algorithm in more detail.
Self-consistent Monte Carlo simulations are very useful for revealing the device physics and verifying
novel device concepts and ideas.22,37–41
A less rigorous, but also less numerically demanding approach relies on solving the balance equations.
These partial differential equations describe conservation laws derived from the Boltzmann Transport
Equation.42,43 Two-dimensional device simulators based on the balance equations and on the driftdiffusion model can be used to optimize device design and link the device characteristics to the device
fabrication process.44–46
A more simplistic and easier approach is to use conventional drift-diffusion equations implemented
in commercial two-dimensional and three-dimensional device simulators, such as ATLAS or MEDICI.
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TABLE 7.2

Monte Carlo Algorithm36

Generate random number r and determine the duration of the free flight.
↓
Record the time the particle spends in each cell of k-space during the free flight.
↓
Generate random numbers to determine which scattering process has occurred,
and which is the final state.
Repeat until the desired number of scattering events is reached.
↓
Calculate the distribution function, the drift velocity, the mean energy, etc.

However, even this approach might be too complicated and too numerically involved for the simulation
of MESFET-based digital VLSI and/or for the simulation of MESFET-based analog circuits.
The simplest model that relates the MESFET current-voltage characteristics to the electron mobility,
the electron saturation velocity, the device dimensions, and applied voltages is called the square-law
model. This model predicts the following equation for the drain saturation current:

(

)

2

I sat = β VGS − VT ,

(7.13)

where47,48

β=

(

2ε s µ nv sW

A µ nV po + 3v s L

)

(7.14)

is the transconductance parameter,

VT = Vbi − V po

(7.15)

is the threshold voltage, VGS is the intrinsic gate-to-source voltage, and

V po =

qN d A2
2ε s

(7.16)

is the pinch-off voltage. Here A is the channel thickness, µn is a low field mobility, and vs is the electron
saturation velocity.
This “square law” model is fairly accurate for devices with relatively low pinch-off voltages (Vpo = Vbi –
VT ≤ 1.5 ~ 2 V). For devices with higher pinch-off voltages, the model called the Raytheon model (which
is implemented in many versions of SPICE) yields a better agreement with experimental data:

I sat =

(

β VGS − VT

(

)

2

1 + t c VGS − VT

)

(7.17)

Here tc is an empirical parameter that depends on the doping profile in the MESFET channel. Another
empirical model (called the Sakurai-Newton model) is also quite useful for MESFET modeling:

(

I sat = β sn VGS − VT

)

msn

(7.18)
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The advantage of this model is simplicity. The disadvantage is that the empirical parameters βsn and msn
cannot be directly related to the device and material parameters. (The Sakurai-Newton model is implemented in several versions of SPICE. In AIM-Spice,49,50 this model is implemented as Level 6 MOSFET
model.)
The source and drain series resistances, RS and Rd, may play an important role in determining the
current-voltage characteristics of GaAs MESFETs. The intrinsic gate-to-source voltage, VGS, is given by

VGS = V gs − I ds RS

(7.19)

where Vgs is the applied (extrinsic) gate-to-source voltage. Substituting Eq. (7.19) into Eq. (7.16) and
solving for Isat we obtain

I sat =

2βV gt2
1 + 2βV gt RS + 1 + 4βV gt RS

(7.20)

In device modeling suitable for computer-aided design, one has to model the current-voltage characteristics in the entire range of drain-to-source voltages, not only in the saturation regime. In 1980, Curtice
proposed the use of a hyperbolic tangent function for the interpolation of MESFET current-voltage
characteristics

⎛g ⎞
I d = I sat 1 + λVds tanh⎜ ch ⎟ ,
⎝ I sat ⎠

(

)

(7.21)

where

g ch =

(

gi

1 + g i RS + Rd

)

(7.22)

is the MESFET conductance at low drain-to-source voltages, and

⎛
V −V ⎞
g i = g cho ⎜1 − bi GS ⎟
⎜
V po ⎟⎠
⎝

(7.23)

is the intrinsic channel conductance at low drain-to-source voltages predicted by the Shockley model.
The constant λ in Eq. (7.21) is an empirical constant that accounts for the output conductance in the
saturation regime. This output conductance may be related to short channel effects and also to parasitic
leakage currents in the substrate. Hence, output conductance may be reduced by using a heterojunction
buffer layer between the device channel and the substrate or by using a p-type buffer layer. Such a layer
creates an additional barrier, which prevents carrier injection into the substrate.18
The Curtice model is implemented in PSpice™. The Curtice model and the Raytheon model [see
Eq. (7.23)] have become the most popular models used for MESFET circuit modeling. A more sophisticated model, which describes both subthreshold and above-threshold regimes of MESFET operation,
is implemented in AIM-Spice. This model accurately reproduces current-voltage characteristics over
several decades of currents and is suitable for both analog and digital circuit simulations.51 One of the
simulation results obtained using this model is depicted in Fig. 7.15.
In order to simulate MESFET circuits, one also needs to have a model describing the MESFET
capacitances. Meyer53 proposed a simple charge-control model, in which capacitances (Cij = Cji) were
obtained as derivatives of the gate charge with respect to the various terminal voltages. Fjeldly et al.52,54
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FIGURE 7.15 Subthreshold experimental (symbols) and calculated (solid lines) I-V characteristics for ionimplanted MESFET with nominal gate length L = 1 µm.52

approximated a unified gate-channel capacitance Cgc of a MESFET at zero drain-source bias by the
following combination of the above-threshold capacitance Ca and the below-threshold capacitance Cb:

C gc =

CaCb
.
Ca + Cb

(7.24)

This approach in conjunction with Meyer’s model, leads to the following expressions for the gate-to-source
(Cgs) and gate-to-drain capacitance (Cgd) valid for the sub-threshold and the above-threshold regimes:
2⎤
⎡ ⎛
Vsat − Vdse ⎞ ⎥
2
⎢
C gs = C gc 1 − ⎜
,
⎢ ⎝ 2V − V ⎟⎠ ⎥
3
sat
dse
⎢⎣
⎥⎦

(7.25)

2
⎡ ⎛
⎞ ⎤⎥
Vsat
2
⎢
C gs = C gc 1 − ⎜
.
⎢ ⎝ 2V − V ⎟⎠ ⎥
3
sat
dse
⎥⎦
⎢⎣

(7.26)

Here, Vsat is the extrinsic saturation voltage and Vdse is an effective extrinsic drain-source voltage that
equals Vds for Vds < Vsat and Vsat for Vds > Vsat.
A more accurate model of the intrinsic capacitances requires an analysis of the variation of the charge
distribution in the channel versus terminal bias voltages. For the MESFET, the depletion charge under
the gate has to be partitioned between the source and drain terminals.54
Finally, the gate leakage current has to be modeled in order to accurately reproduce MESFET current
voltage characteristics in the entire range of bias voltages including positive gate biases. To a first order
approximation, the gate leakage current can be described in terms of simple diode equations assuming
that each “diode” represents half of the gate area:

I g = J ss

⎛ Vgd ⎞ ⎤
LW ⎡⎢ ⎛ Vgs ⎞
exp⎜
⎟ + exp⎜
⎟ − 2⎥ .
2 ⎢ ⎝ m gsVth ⎠
⎝ m gdVth ⎠ ⎥⎦
⎣

(7.27)
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FIGURE 7.16

MESFET equivalent circuit. (After Shur et al.52)

Here L and W are the gate length and width, respectively, Jss is the saturation current, Vgs and Vgd are
gate-to-source and gate-to-drain voltages, Vth is the thermal voltage, and mgs and mgd are the ideality
factors. Figure 7.16 shows a more accurate equivalent circuit, which accounts for the effect of the leakage
current on the drain current. In the equivalent circuit shown in Fig. 7.16, this effect is accounted for by
the current controlled current source, Icorr .
Here, Jss is the reverse saturation current density, and mgs and mgd are the gate-source and gate-drain
ideality factors, respectively.
A more accurate description proposed by Berroth et al.55 introduced effective electron temperatures
at the source side and the drain side of the channel. The electron temperature at the source side of the
channel Ts is taken to be close to the lattice temperature, and the drain side electron temperature Td is
assumed to increase with the drain-source voltage to reflect the heating of the electrons in this part of
the channel. The resulting gate leakage current can be written as

I g = J gs

LW
2

⎡ ⎛ V ⎞ ⎤ LW
gs
⎢exp⎜
⎟ − 1⎥ +
2
⎢ ⎝ m gsVths ⎠ ⎥
⎦
⎣

⎤
⎡
⎛ Vgd ⎞
⎢ J gd exp⎜
⎟ − J gs ⎥ ,
⎥
⎢
⎝ m gdVthd ⎠
⎦
⎣

(7.28)

where Jgs and Jgd are the reverse saturation current densities for the gate-source and the gate-drain diodes,
respectively, and Vths = kBTs /q and Vthd = kBTd /q. The second term in Eq. (7.28) accounts for the gate-drain
leakage current and for the fact that the effective temperature of the electrons in the metal is maintained
at the ambient temperature.
In GaAs MESFETs, the reverse gate saturation current is usually also dependent on the reverse bias.56
The following expression accounts for this dependence:52

I g = J gs

LW
2

⎡ ⎛ V ⎞ ⎤ LW
⎛ qV δ ⎞
gs
⎢exp⎜
g gsVgs exp⎜ − gs g ⎟ +
⎟ − 1⎥ +
2
⎢ ⎝ m gsVths ⎠ ⎥
⎝ k BTs ⎠
⎣
⎦

⎤ LW
⎛ qV δ ⎞
⎛ Vgd ⎞
LW ⎡⎢
J gd exp⎜
g gdVgd exp⎜ − gd g ⎟ ,
⎟ − J gs ⎥ +
2 ⎢
2
⎥
⎝ k BTs ⎠
⎝ m gdVthd ⎠
⎦
⎣

(7.29)

where ggs and ggd are the reverse diode conductances and δg is the reverse bias conductance parameter.
However, using the above expressions directly will cause a kink in the gate current and a discontinuity
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FIGURE 7.17 Measured (symbols) and simulated (lines) gate current versus gate bias for (a) positive and
(b) negative gate-source voltages at different temperatures. Temperature parameters: Φb1 = 0.96 meV/K, ξ = 0.033
K–1. (After Ytterdal et al.6)

in its derivatives at zero applied voltage. Equation (7.29) is valid for both negative and positive values of
Vgs and Vgd.
Figure 7.17 compares the measured gate leakage current with the model implemented in AIM-Spice
and described above.6
Figure 7.18 shows that the GaAs MESFET model implemented in AIM-Spice accurately reproduces
the differential characteristics of the devices. Therefore, this model is suitable for the simulations of
analog, microwave, and mixed-mode circuits.

7.7 Hetero-Dimensional (2D MESFETs)
Hetero-dimensional MESFET technology utilizes the Schottky contact between a 3D metal and a 2D
electron-gas in a semiconductor. This technology holds promise for the fabrication of high-speed devices
with low power consumption.57–62 However, this is still a very immature technology that has not found
its way into production.
Figure 7.19 shows the 3D-2D Schottky barrier junction.
The depletion width ddep of the semiconductor 2D electron gas for a reverse biased 3D-2D Schottky
barrier shows a linear instead of a square root dependence of voltage:58
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FIGURE 7.18 Measured (symbols) and simulated using AIM-Spice (lines) drain current characteristics of device
A operating at room temperature; (a) ratio of transconductance and drain current, (b) channel conductance. (After
Ytterdal et al.6)

FIGURE 7.19

Schematic structure of a 3D-2D Schottky diode. (After Peatman et al.63)
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FIGURE 7.20

Schematic structure of a 2D MESFET. (After Peatman et al.67)

FIGURE 7.21

Structure of a three-gate 2D MESFET. (After Iñiguez et al.69)

ddep =

(

ε
Vbi − V
qns

)

(7.30)

Here ns is the sheet density in the 2D electron gas (2-DEG), Vbi is the built-in voltage of the junction,
and V is the voltage applied to the junction.
Figure 7.20 shows the two-dimensional metal-semiconductor field-effect transistor (2D MESFET).
This transistor utilizes Schottky gates on both sides of a degenerate 2-DEG channel to laterally modulate
the current between the drain and source.65–66
The novel geometry of this 2D MESFET eliminates or reduces parasitic effects associated with top
planar contacts of conventional FETs, such as narrow-channel and short-channel effects. The output
conductance in the saturation regime is quite small, and the junction capacitance of the 3D-2D Schottky
diode is also small. This results in a low power-delay product.
The functionality of the 2D MESFET can be further enhanced by using multiple gates on both sides
of the channel, as shown in Fig. 7.21. Two- and three-gate 2D MESFETs with excellent electrical
performance have been fabricated.68 The 2D MESFET also holds promise for microwave analog applications, where the small capacitance of the 3D-2D junction should lead to low channel and amplifier
noise. Also, the high transconductance, and the fact that the transconductance and the output conductance do not vary much across the broad range of gate biases, are advantageous factors for linear
amplification.
The 2D MESFET prototype devices were fabricated using a pseudomorphic Al0.25Ga0.75As/In0.2Ga0.8As
hetero-structure grown on a semi-insulating GaAs substrate.68–70,72–74 Ni/Ge/Au ohmic contacts were
formed using standard contact UV lithography and evaporation/lift-off techniques. The gate pattern was
defined using electron beam lithography. The Pt/Au gates were deposited into the gate trench using
capacitor discharge electroplating. Cr/Au contact pads were evaporated on the wafer and a wet etch was
used to isolate the ohmic and Schottky pads (see Reference 64 for more details.)
A unified 2D MESFET is described in Reference 69. Figures 7.22 and 7.23 show the comparison
between the measured and calculated 2D-MESFET I-V characteristics.
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(a)

(b)

FIGURE 7.22 I-V characteristics for 2D MESFETs with the gates tied together for (a) L = 3 µm, (b) L = 0.5 µm.
(From Iñiguez et al.69)

7.8 Applications
GaAs MESFETs play an important role in both analog and digital applications, such as in satellite and
fiber-optic communication systems, in cellular phones and other wireless equipment, in automatic IC
test equipment, and for other diverse civilian and military uses. GaAs MESFETs have been used in highly
efficient microwave power amplifiers, since they combine low on resistance and high cutoff frequency.
GaAs semi-insulating substrates also present a major advantage for microwave applications, since they
decrease parasitic capacitance and allow for fabrication of passive elements with low parasitics for
microwave monolithic integration. GaAs MESFETs have also found applications in linear low-noise
amplifiers.
Figure 7.24 compares the cutoff frequencies and maximum frequencies of oscillations for different
GaAs technologies.
As can be seen from the figure, GaAs MESFETs exhibit quite respectable microwave performance and,
given a lower cost of GaAs MESFETs compared to more advanced hetero-structure devices, they could
capture a sizeable portion of the microwave market.
GaAs MESFET technology has also been used in efficient DC-to-DC converters that demonstrated a
high switching speed.71 These devices are capable of operating at a higher switching speeds and require
a less complex circuitry.
Vitesse Semiconductor Corporation is one of the leaders in digital GaAs MESFET technology. VSC8141
and the VSC8144 SONET/SDH OC-48 multi-rate transceivers include multiplexer and demultiplexer
with integrated clock generation capabilities for the physical layer.72 Both ICs dissipate the lowest power
available in the industry today — 1.2 W typically. These integrated circuits are suitable for transmission
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(a)

(b)

(c)

FIGURE 7.23 I-V characteristics for a three-gate 2D MESFET with L = 2 µm and W = 1 µm; (a) VGS1 = VGS2 =
VGS2 = VGS3, (b) VGS2 = VGS3 = 0.6 V. (c) VGS1 = –1.2 V, VGS3 = 0.6 V. Symbols: measurements. Solid lines: AIM-Spice
simulations.

systems, optical networking equipment, networking and digital cross-connect systems, and they have
20% lower power dissipation than competing products.
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Maximum frequency of oscillation fmax and maximum cutoff frequency fT of different GaAs technol-
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8.1 Introduction
The concept of modulation doping was first introduced in 1978.1 In this technique electrons from
remote donors in a higher bandgap material transfer to an adjacent lower gap material. The electrostatics of the heterojunction results in the formation of a triangular well at the interface, which confines
the electrons in a two-dimensional (2D) electron gas (2DEG). The separation of the 2DEG from the
ionized donors significantly reduces ionized impurity scattering resulting in high electron mobility
and saturation velocity.
Modulation-doped field effect transistors (MODFETs) or high electron mobility transistors (HEMTs),
which use the 2DEG as the current conducting channel have proved to be excellent candidates for
microwave and millimeter-wave analog applications and high-speed digital applications. This progress
has been enabled by advances in crystal growth techniques such as molecular beam epitaxy (MBE) and
metal-organic chemical vapor deposition (MOCVD) and advances in device processing techniques, most
notably electron beam lithography, which has enabled the fabrication of HEMTs with gate lengths down
to 0.05 µm.
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Schematic of conduction band diagram at the AlGaAs/GaAs interface.

However, using a high electron mobility channel alone does not guarantee superior high-frequency
performance. It is crucial to understand the principles of device operation and to take into consideration
the effect of scaling to design a microwave or millimeter-wave HEMT device. The advantages and
limitations of the material system used to implement the device also need to be considered. This section
therefore begins with a discussion on the device operation of a HEMT. This is followed by a discussion
of scaling issues in HEMT, which are of prime importance, as the reduction of gate length is required to
increase the operating frequency of the device.
The first HEMT was demonstrated in the AlGaAs/GaAs material system in 1981. It demonstrated
significant performance improvements over the GaAs MESFET at microwave frequencies. However, the
high-frequency performance was not sufficient for operation at millimeter-wave frequencies. In the past
twenty years, the AlGaAs/InGaAs psuedomorphic HEMT on GaAs substrate (referred to as GaAs
pHEMT) and the AlInAs/GaInAs HEMT on InP substrate (referred to as InP HEMT) have emerged as
premier devices for microwave and millimeter-wave circuit applications. This highlights the importance
of choosing the appropriate material system for device implementation. This will be discussed in the
section on Material Systems for HEMT Devices.
The next two sections will discuss the major advances in the development of the GaAs pHEMT and
InP HEMT. Traditionally these devices have been used in low-volume, high-performance and high-cost
military and space-based electronic systems. Recently the phenomenal growth of commercial wireless
and optical fiber-based communication systems has opened up new applications for these devices. This
also means that new issues like manufacturability and operation at low bias voltage have to be addressed.

8.2 HEMT Device Operation and Design
8.2.1 Linear Charge Control Model
The current control mechanism in the HEMT is control of the 2DEG density at the heterojunction
interface by the gate voltage. Figure 8.1 shows the band diagram along the direction perpendicular to the
heterojunction interface using the AlGaAs/GaAs interface as an example.
The first HEMT charge control model was proposed by Delagebeaudeuf and Linh in 1982.2 The
potential well at the AlGaAs/GaAs interface is approximated by a triangular well. The energy levels in
this triangular well and the maximum 2DEG density, nsm can be calculated by solving the Schrödinger
equation in the triangular well and Poisson equation in AlGaAs donor layers.3 For 0 < ns < nsm, the sheet
charge density ns as a function of gate voltage Vg can be expressed as

(

qns = Cs Vg − Vth

)

(8.1)
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where Cs is the 2DEG capacitance per unit area and is given by the following expression:

Cs =

ε
dn + di + ∆d

(8.2)

Here ∆d is the distance of the centroid of the 2DEG distribution from the AlGaAs/GaAs interface and is
typically or the order of 80 Å for ns ~ 1012/cm2. Here Vth is the threshold voltage or pinch-off voltage and
is given by,

Vth = φb −

qN D 2
dn − ∆Ec + ∆E F
2ε

(8.3)

where φb , ND , and dn are the Schottky barrier height on the donor layer, doping density, and doped layer
thickness as illustrated in Fig. 8.1. Here, ∆EF is the Fermi potential of the 2DEG with respect to the
bottom of the conduction band. It can be expressed as a function of 2DEG density as follows

()

∆E F = ∆E FO T + ans

(8.4)

where ∆EFO(T) = 0 at 300 K, a = 0.125 × 10–16 V/m2.
This simplified version of charge control is accurate only at low temperature. At room temperature,
apart from the 2DEG charge density ns, the gate voltage also modulates the bound carrier density, nbound
in the donor layer and the free electrons, nfree in the donor layers. This results in premature saturation
of the sheet charge and degradation of device performance. A more accurate model for charge control,
which solves Poisson’s and Schrödinger’s equations in a self-consistent manner was proposed by Vinter.4

8.2.2 Modulation Efficiency
The parasitic modulation of charge in the higher bandgap donor layer reduces the efficiency of the gate
voltage to modulate the drain current, as the carriers in the donor layers do not contribute the drain
current. The modulation efficiency (η) of the FET is proportional to ratio between the change in drain
current (δIds) and the change in total charge (δQtot) required to cause this change.5 This ratio is defined
as follows,

ηα

(

)

δ qv sat n s
δI ds
=
δQtot δq n s + nbound + n free

(

(8.5)

)

Dividing the numerator and denominator by the change in gate voltage, δVg that is required to cause
this change, the following expression is obtained,

( )

δ ns δVg
δIds
= v sat
δQ tot
δ ns + nbound + n free

(

)

(8.6)

δVg

The modulation efficiency is defined as the ratio of the rate of change of the useful charge, i.e., the 2DEG
over that of the total charge,

η=

(

( )

δ ns

δVg

δ ns + nbound + n free

)

δVg

=

( )

δ ns

δVg

CTOT

=

Cs
CTOT

(8.7)
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The relation between the modulation efficiency and high frequency performance of the FET is evident
in the expressions for transconductance (gm) and current gain cutoff frequency (fT).

gm =

(

)

δI ds δ qv satns
=
= qv sat δns δVg ;
δVg
δVg

(

)

C gs = CTOT Lg ;
fT =

(8.8)

(

)

qv sat δns δVg
gm
v
=
= sat η
2πC gs
2πLgCTOT
2πLg

Hence, to improve the high frequency performance it is essential to improve the modulation efficiency.
Equation (8.8) must be used with caution in case of short gate length HEMTs. The saturation velocity vsat
may be replaced by the effective velocity veff . Usually veff is higher than vsat due to high field and velocity
overshoot effects. Using vsat in this case may lead to values of modulation efficiency that are greater than 100%.

8.2.3 Current-Voltage (I-V) Models for HEMTs
By assuming linear charge control, gradual channel approximation, and a 2-piece linear velocity-field
model, the expression for the saturated drain current IDSS in a HEMT is given by,2

⎛
I DSS = Csv sat ⎜
⎝

(E L ) + (V − V (0) − V )

2

2

c

g

g

c

th

⎞
− Ec Lg ⎟
⎠

(8.9)

Here Ec is defined as the critical electric field at which the electrons reach their saturation velocity vsat and
Vc(0) is the channel potential at the source end of the gate. For a long gate length HEMT, Eq. (8.9) is valid
until the onset of donor charge modulation, that is, 0 < ns < nsm. The intrinsic transconductance of the
device obtained by differentiating this expression with respect to the gate voltage and is expressed as follows:

g mo =

δI ds
= Csv sat
δVg

()

Vg − Vc 0 − Vth

(V − V (0) − V ) + (E L )
2

g

c

th

(8.10)

2

c

g

For a short gate length HEMT, the electric field in the channel is much greater in magnitude than the
critical electric field Ec. Assuming that the entire channel of the FET operates in saturated velocity mode,
we can make the following assumption, that is, Vg – Vc(0) – Vth  EcLg. Then using Eqs. (8.1), (8.9), and
(8.10) are reduced to the following:

I DSS = qn s v sat

(8.11)

g m = Csv sat

(8.12)

More insight can be obtained in terms of device parameters if the equation for charge control
[Eq. (8.1)] is substituted in the expressions for Ids and Vg as follows:6

⎤
⎡
2
⎛n ⎞
n ⎥
⎢
I ds = qv satns ⎢ 1 + ⎜ c ⎟ − c ⎥
ns
⎝ ns ⎠
⎥⎦
⎢⎣

(8.13)
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1

g mo = Csv sat

(

1 + nc ns

(8.14)

)

2

where nc = EcCsLg /q and 0 < ns < nsm. Dividing both sides of Eq. (8.14) by Csvsat the following expression
for modulation efficiency is obtained:

η=

1

(

1 + nc ns

(8.15)

)

2

Hence it is necessary to maximize the 2DEG density ns to maximize the current drive, transconductance,
and modulation efficiency of the HEMT. Although this is in contrast with the saturated-velocity model,
it agrees with the experimental results. The foregoing results can also be used to select the appropriate
material system and layer structure for the fabrication of high-performance microwave and millimeterwave HEMTs.
Although the analytical model of device operation as was described here provides great insight into
the principles of device operation and performance optimization, it fails to predict some of the
nonlinear phenomena such as reduction of gm at high current levels (gm compression) and soft pinchoff characteristics. A model has been developed to explain these phenomena.5 The total charge in the
HEMT is divided into three components. The first, QSVM, is the charge required to support a given Ids
under the saturated velocity model (SVM). This charge is uniformly distributed under the gate. In
reality this is not the case as the electron velocity under the gate varies. To maintain the current
continuity under the gradual channel approximation (GCA), extra charge under the channel has to
be introduced. This is defined as QGCA and is maximum at the source end of the gate and minimum
at the drain end.
The excess charge in the wide bandgap electron supply layer is denoted by QSL. Figure 8.2 shows the
location and distribution of these charges in the HEMT. Only QSVM supports current density and thus
contributes to the transconductance of the HEMT. The other two components contribute only to the
total capacitance of the device. Hence the modulation efficiency (ME) of the HEMT in terms of these
charges is expressed as

η=

(

δQSVM

δ QSVM + QGCA + QSL

)

(8.16)

and the transconductance can be expressed as gm = Csvsat η.

FIGURE 8.2
et al. 1988).

Schematic diagram showing the location and distribution of QSVM, QGCA, and QSL in a HEMT (Foisy
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Figure 8.3 shows the variation of ME as a function of drain current density for an AlGaAs/GaAs HEMT
and an AlGaAs/InGaAs pHEMT. At low current density, ME is low as most of the charge in the 2DEG
channel has to satisfy the gradual channel approximation. This low value of ME results in low transconductance and soft pinch-off characteristics at low drain current densities. In the high current regime,
modulation of QSL reduces the ME, resulting in gain compression. In the intermediate current regime
the ME is maximum. However, if there exists a bias condition where both QGCA and QSL are modulated
(as in the low band offset AlGaAs/GaAs system), it severely affects the ME.
For optimal high-power and high-frequency performance, it is necessary to maximize the range of
current densities in which ME is high. The drop off in ME due to parasitic charge modulation in the
donor layers can be pushed to higher current density by increasing the maximum 2DEG density nsm. The
2DEG density can be maximized by using planar doping in the donor layer and by increasing the
conduction band discontinuity at the barrier/2DEG interface. The drop off in ME due to operation in
gradual channel mode can be pushed to lower current densities by reducing the saturation voltage VDsat .
This is achieved by increasing the mobility of the electrons in the 2DEG channel and by reducing the
gate length. As seen from Fig. 8.3 higher modulation efficiency is achieved over a larger range of current
density for the AlGaAs/InGaAs pHEMT, which has higher sheet charge density, mobility, and band
discontinuity at the interface than the AlGaAs/GaAs HEMT.

8.2.4 Small Signal Equivalent Circuit Model of HEMT
The small signal equivalent circuit model of the HEMT is essential for designing HEMT-based amplifiers.
The model can also provide insights into the role of various parameters in the high-frequency performance of the device. Figure 8.4 shows the small signal equivalent circuit for a HEMT. The grey box

FIGURE 8.3

Modulation efficiency as a function of current density for GaAs HEMT and GaAs pHEMT.
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FIGURE 8.4

Small signal equivalent circuit of a HEMT.

highlights the intrinsic device. The circuit elements in the preceding model are determined using microwave S-parameter measurements.7,8 The intrinsic circuit elements are a function of the DC bias, whereas
the extrinsic circuit elements or parasitics are independent of it. The two measures of the high frequency
performance of a FET can now be defined in terms of the small signal model of the device as follows.
The current gain cutoff frequency, fT can be defined as

fT =

(

gm

2π C gs + C gd

)

(8.17)

Hence, to increase the current gain cutoff frequency it is essential to increase the gm and reduce Cgs and
Cgd . Referring to Eq. (8.18), it is clear that this can be achieved by increasing electron velocity in the
channel and reducing gate length. The current gain cutoff frequency is mainly a physical measure of
device performance. A more practical measure of high-frequency device performance is fmax, the power
gain cutoff frequency. This is the frequency at which the power gain of the FET is unity. It is defined as
follows,9

fmax =

fT
⎛
R + Rg ⎞ 4 C gd ⎛ 2.5C gd ⎞
4 g ds ⎜ Rin + s
⎟+
⎜1 +
⎟ 1 + g m Rs
1 + g m Rs ⎠ 5 C gs ⎝
C gs ⎠
⎝

(

(8.18)

)

2

A simple form of Eq. (8.18) is:

fmax = fT

Rds
fT
=
4 Rin
4 g ds Rin

(8.19)

To improve the fmax of the device it is necessary to minimize the quantities in the denominator of
Eq. (8.18). The crucial parameters here are the output conductance of the device gds, the source and gate
parasitic resistances Rs and Rg, and the gate-drain feedback capacitance Cgd that need to be minimized.
Reduction of gds can be achieved by appropriate vertical scaling (to be discussed in the next section).
Reduction of Rs and Rg depends mainly on the process technology. Reduction of Cgd can be achieved by
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proper design of the gate-drain region of the FET. The crucial parameter in the design of the gate drain
depletion region is the gate-drain separation Lgd .10 Increasing Lgd reduces Cgd but also increases the effective
gate length of the device, reducing the short channel effects. The optimum value of Lgd is 2.3 times that
of the gate length Lg. Thus it is clear that fmax is a better measure of the high-frequency performance of
a FET as it is determined not only by the material system used but also by the process technology and
device design parameters. Large signal models of HEMTs are essential for designing power amplifiers
and are similar to those of MESFETs.

8.3 Scaling Issues in Ultra-High-Speed HEMTs
The frequency at which a HEMT operates is limited by the electron transit time from the source to the
drain. Therefore to increase the frequency of operation it is necessary to reduce the gate length. However,
as the gate length approaches 0.1 µm it is necessary to reduce the other parasitic delays in the device and
take into account short channel effects to maintain the high-frequency performance of the HEMT.

8.3.1 Delay Time Analysis
The reduction of parasitic delays in a FET is essential to improve the high frequency performance as
these delays can be as high as 45% of the intrinsic delay.11 Considering the small-signal model of a FET,
the total delay tT in a FET can be expressed as follows:12

( )

t T = t pad + t fringe + t channel + t transit + t drain = 1 2πfT

(8.20)

Here tpad is the charging time for the parasitic pad capacitance and is given by

t pad = C pad g m ⋅ W

(8.21)

where Cpad is the pad capacitance and is typically 10 fF per 50 µm × 50 µm bonding pad, gm is the extrinsic
transconductance per unit gate width, and W is the width of the device. To minimize tpad it is necessary
to have a high gate width, high transconductance HEMT.
The gate fringe capacitance charging time (tfringe) is given by

t fringe = C fringe g mo

(8.22)

where gmo is the intrinsic transconductance of the HEMT and is related to the extrinsic transconductance
(gm) and source resistance Rs by the following expression:

(

g m = g mo 1 + g mo ⋅ Rs

)

(8.23)

The gate fringe capacitance Cfringe is typically 0.18 pF/mm, hence for a HEMT with an intrinsic transconductance of 1000 to 1500 mS/mm, tfringe is approximately 0.1 to 0.2 ps.
Channel charging delay tchannel is associated with RC delays and is proportional to channel resistance.
The channel charging delay is minimum at high current densities. The channel charging delay can be
considered as a measure of the effectiveness of a FET operating in the saturated velocity mode.
The transit delay of the FET, ttransit , can be expressed as the time required to traverse under the gate
and is given by

t transit = Lg v sat

(8.24)
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The drain delay (tdrain) is the time required by the electron to traverse the depletion region between
the gate and the drain and is a function of bias conditions.13 The drain delay increases with drain bias
as the length of the depletion region beyond the gate increases. Drain delay is an important parameter
for millimeter-wave power HEMTs. To increase the breakdown voltage of the device, the gate-to-drain
spacing has to be increased. When the device is biased at a high drain voltage to maximize the power
output, it creates a drain depletion region that is on the order of gate length of the device. Thus the drain
delay becomes a major component of the total delay in the device, and can limit the maximum fT and fmax.

8.3.2 Vertical Scaling
Aspect ratio (the ratio between the gate length Lg and the gate-to-channel separation dBarrier) needs to be
maintained when gate length is reduced. Aspect ratio is a critical factor affecting the operation of the
field effect transistor and should be maintained above five. As the gate length is reduced, the distance
between the gate and 2DEG (the distance dn + di as seen in Fig. 8.1) has to be reduced so that the aspect
ratio of the device is maintained.
However, maintaining the aspect ratio alone does not guarantee improvement in device performance.
This is clear if the variation of threshold voltage with the reduction in dBarrier is examined. It is clear that
di cannot be reduced, as it will result in degradation of mobility in the 2DEG channel due to scattering
from the donors in the barrier layers. Therefore, to maintain aspect ratio, the thickness of the doped
barrier layer dn has to be reduced. By examining Eq. (8.3) for threshold voltage, it is clear that this makes
the threshold voltage more positive.
At first glance, this does not seem to affect device performance. The effect of the more positive threshold
voltage is clear if the access regions of the device are considered. A more positive threshold voltage results
in reduction of sheet charge in the access region of the device. This increases the source and drain
resistance of the device, which reduces the extrinsic transconductance [see Eq. (8.23)] and also increases
the channel charging time (due to increased RC delays). Thus the increased parasitic resistances nullify
the improvements in speed in the intrinsic device.
The threshold voltage of the device must be kept constant with the reduction in dn. From Eq. (8.3)
it can be seen that the doping density in the high bandgap donor has to be increased. Since the threshold
voltage varies as a square of the doped barrier thickness, a reduction in its thickness by a factor of 2
requires that the doping density be increased by a factor of 4. High doping densities can be difficult
to achieve in wide bandgap materials such as AlGaAs due to the presence of DX centers. Increased
doping also results in higher gate leakage current, higher output conductance, and a lower breakdown
voltage. Utilizing planar or delta doping wherein all the dopants are located in a single plane can
alleviate these problems. This leaves most of the higher bandgap layer undoped and enables reduction
of its thickness.
The threshold voltage of a planar-doped HEMT is given as follows14

VT = φ B −

qN 2 Ddn
− ∆Ec + ∆E F
ε

(8.25)

where N2D is the per unit area concentration of donors in the doping plane and dn is the distance of the
doping plane from the gate. In this case, the 2D doping density has to increase linearly with the reduction
in barrier thickness. The transfer efficiency of electrons from the donors to the 2DEG channel also is
increased, as all the dopant atoms are close to the 2DEG channel. Hence higher 2DEG sheet densities
can be achieved in the channel and thus planar doping enables efficient vertical scaling of devices with
reduction in gate length.15 From a materials point of view, efficient vertical scaling of a HEMT requires
a high bandgap donor/barrier semiconductor that can be doped efficiently.
The voltage gain of the device (gm /gds) can be considered as a measure of short channel effects in the
device. The reduction of gate length and the gate-to-channel separation results in an increase in the
transconductance of the device. However, to reduce the output conductance gds of the device, it is also

8-10

RF and Microwave Semiconductor Device Handbook

necessary to reduce the channel thickness, which then increases the carrier confinement in the channel.
Enoki et al. have investigated the effect of the donor/barrier and channel layer thickness on the voltage
gain of the device.16 The gate-to-channel separation (dBarrier) and the channel thickness (dchannel) were
varied for a 0.08-µm gate length AlInAs/GaInAs HEMT. For a dBarrier of 170 Å and a dchannel of 300 Å, the
gm was 790 mS/mm and gds was 99 mS/mm, resulting in a voltage gain of 8. When dBarrier was reduced to
100 Å and dchannel was reduced to 150 Å, the gm increased to 1100 mS/mm and gds reduced to 69 mS/mm;
this doubled the voltage gain to 16. This illustrates the necessity to reduce the channel thickness to
improve charge control in ultra-short gate length devices.
Subthreshold slope is an important parameter to evaluate short channel effects for digital devices. A
high value of subthreshold slope is necessary to minimize the off-state power dissipation and to increase
the device speed. Two-dimensional simulations performed by Enoki et al. indicate that reduction in
channel thickness is more effective than the reduction in barrier thickness, for maintaining the subthreshold slope with reduction in gate length.16
The high-frequency performance of a device is a function of the electrical gate length Lg,eff of the device,
which larger than the metallurgical gate length Lg due to lateral depletion effects near the gate. The
relation between Lg,eff and Lg is given by,14

(

Lg ,eff = Lg + β d Barrier + ∆d

)

(8.26)

where dBarrier is the total thickness of the barrier layers, ∆d is the distance of the centroid of the 2DEG
from the channel barrier interface and is on the order of 80 Å. The value of parameter β is 2.
Consider a long gate length HEMT (Lg = 1 µm) with a barrier thickness of 300 Å. Using Eq. (8.26),
the value of 1.076 µm is obtained for Lg,eff . Thus the effective gate length is only 7.6% higher than the
metallurgical gate length. Now consider an ultra-short gate length HEMT (Lg = 0.05 µm) with an
optimally scaled barrier thickness of 100 Å. Using the same analysis, a value of 0.086 µm is obtained for
Lg,eff . In this case the effective gate length is 43% higher than the metallurgical gate length. Hence, to
improve the high-frequency performance of a ultra-short gate length HEMT, effective gate length reduction along with vertical scaling is required.

8.3.3 Horizontal Scaling
Reduced gate length is required for the best high-frequency performance. However, it should be kept in
mind that the gate series resistance increases with the reduction in gate length. This problem can be
solved with a T-shaped gate. This configuration lowers the gate series resistance while maintaining a
small footprint. Another advantage of the T-shaped gate is reduced susceptibility to electromigration
under large signal RF drive as the large gate cross-section reduces current density. For a 0.1-µm gate
length using a T-gate instead of a straight gate, reduces the gate resistance from 2000 Ω/mm to 200 Ω/mm.
The simplified expression for fT as expressed in Eq. (8.17) does not include the effect of parasitics on
the delay time in a FET. A more rigorous expression for fT , which includes the effects of parasitics on fT
was derived by Tasker and Hughes and is given here,17

fT =

[C

gs

][ (

g m 2π

+ C gd 1 + Rs + Rd

) R ] + C g (R + R )
ds

gd m

s

(8.27)

d

It is clear from Eq. (8.27) that it is necessary to reduce source and drain resistances Rs and Rd ,
respectively, to increase the fT of a FET. Mishra et al. demonstrated a record fT of 250 GHz for a 0.15-µm
device with a self-aligned gate, which reduces the gate-source and gate-drain spacing and results in the
reduction of Rs and Rd .18 Equation (8.27) can be rearranged as follows,17
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(

) (

)(

)

C gs + C gd
C gs + C gd Rs + Rd
1
=
+
+ C gd Rs + Rd
2π fT
gm
g m Rds

(

)

(8.28)

where the first term on the right-hand side is the intrinsic delay of the device (τint) and the rest of the
terms contribute to parasitic delay (τp). From this equation the ratio of parasitic delay to the total delay
(τt = τp + τint) is given as

⎡
G
1
= g m Rs + Rd ⎢ ds +
⎢ gm 1+ C C
τt
gs
gd
⎣

τp

(

)

[

]

⎤
⎥
⎥
⎦

(8.29)

Hence to improve the fT of the device, the parasitic source and drain resistance have to be reduced as the
gate length of the device is reduced. This minimizes the contribution of the parasitic delays to the total
delay of the device.

8.4 Material Systems for HEMT Devices
The previous portions of this section discussed the various device parameters crucial to high-frequency
performance of HEMTs. In this section the relationship between material and device parameters will be
discussed. This will enable the selection of the appropriate material system for a particular device
application. Table 8.1 illustrates the relationship between the device parameters and material parameters
for the various constituent layers of the HEMT, namely the high bandgap donor and buffer layers, and
the 2DEG channel. Figure 8.5 shows a schematic diagram of a HEMT, illustrating the material requirements from each component layer.
The first HEMT was implemented in the lattice-matched AlGaAs/GaAs system in 1981.19 The AlGaAs/
GaAs HEMT demonstrated significant improvement in low noise and power performance over GaAs
MESFET due to superior electronic transport properties of the 2DEG at the AlGaAs/GaAs interface and
better scaling properties. However, the limited band discontinuity at the AlGaAs/GaAs interface limits
the 2DEG sheet charge density. Other undesirable effects, such as formation of a parasitic MESFET in
the donor layer and real space transfer of electrons from the channel to donor, are prevalent, however.
One way to increase band discontinuity is to increase the Al composition in AlGaAs. However, the
presence of deep level centers (DX centers) associated with Si donors in AlGaAs prevents the use of high
TABLE 8.1

Relationship between Device and Material Parameters
Material Parameters

Device Type
Short Gate
Length Devices
Power Devices

Low Noise Devices

Digital Devices

Device Parameters
High Electron Velocity
High Aspect Ratio
High Current Density
Low Gate Leakage
High Breakdown Voltage
Low Output Conductance
Good Charge Control
Low Frequency Dispersion
Low Rs
High Electron Velocity
Low Gate Leakage Current
High Current Drive

2DEG Channel Layer

Barrier/Buffer Layer

High Electron Velocity
High Electron Mobility
High Doping Efficiency
High 2DEG Density
High Breakdown Field

High Schottky Barrier
High Breakdown Field
High Quality Buffer

High Modulation Efficiency
Low Trap Density
High 2DEG density
High Electron Velocity
High Electron Mobility
High Schottky Barrier
High 2DEG Density
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Material requirements for HEMT devices.

Al composition AlGaAs donor layers to increase the band discontinuity and also limits doping efficiency.
Problems relating to low band discontinuity can also be solved by reducing the bandgap of the channel,
and by using a material that has higher electron mobility and electron saturation velocity. The first step
in this direction was taken by the implementation of an AlGaAs/InGaAs pseudomorphic HEMT (GaAs
pHEMT).20 In an AlGaAs/InGaAs pHEMT the electron channel consists of a thin layer of narrow bandgap
InGaAs that is lattice mismatched to GaAs by 1 to 2%. The thickness of the InGaAs channel is thin
enough (~200 Å) so that the mismatch strain is accommodated coherently in the quantum well, resulting
in a dislocation free “pseudomorphic” material. However the indium content in the InGaAs channel can
be increased only up to 25%. Beyond this limit the introduction of dislocations due to high lattice
mismatch degrades the electronic properties of the channel. The maximum Al composition that can be
used in the barrier is 25% and the maximum indium composition that can be used in the channel is 25%.
Using the Al0.48In0.52As/Ga0.47In0.53As material system lattice matched to InP can simultaneously solve
the limitations of the high bandgap barrier material and the lower bandgap channel material. The AlInAs/
GaInAs HEMT (InP HEMT) has demonstrated excellent low-noise and power performance that extends
well into the millimeter-wave range; they currently hold all the high-frequency performance records for
FETs. The GaInAs channel has high electron mobility (>10,000 cm2/Vs at room temperature), high
electron saturation velocity (2.6 × 107 cm/s) and higher intervalley (Γ-L) energy separation. The higher
conduction band offset at the AlInAs/GaInAs interface (∆Εc = 0.5 eV) and the higher doping efficiency
of AlInAs (compared to AlGaAs) results in a sheet charge density that is twice that of the AlGaAs/InGaAs
material system. Higher doping efficiency of AlInAs also enables efficient vertical scaling of short gate
length HEMTs. The combination of high sheet charge and electron mobility in the channel results in
low source resistance, which is necessary to achieve high transconductance. However, the low bandgap
of the InGaAs channel results in low breakdown voltage due to high impact ionization rates.
Table 8.2 summarizes the material properties of the three main material systems used for the fabrication
of HEMTs. The emergence of growth techniques like Metal Organic Chemical Vapor Deposition
(MOCVD) and Gas Source Molecular Beam Epitaxy (GSMBE) and continuing improvement in the
existing growth techniques like molecular beam epitaxy (MBE) have enabled a new class of phosphorusbased material systems for fabrication of HEMTs. On the GaAs substrate, the GaInP/InGaAs has emerged
as an alternative to the AlGaAs/InGaAs material system. GaInP has a higher bandgap than AlGaAs and
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TABLE 8.2 Material Parameters of AlGaAs/GaAs, AlGaAs/InGaAs, and
AlInAs/GaInAs Material Systems
Material Parameter

AlGaAs/GaAs

AlGaAs/InGaAs

AlInAs/GaInAs

∆Ec
Maximum donor doping
Sheet charge density
Mobility
Peak Electron Velocity
Γ-L valley separation
Schottky Barrier

0.22 eV
5 × 1018/cm3
1 × 1012/cm2
8000 cm2/Vs
2 × 107 cm/s
0.33 eV
1.0 eV

0.42 eV
5 × 1018/cm3
1.5 × 1012/cm2
6000 cm2/Vs

0.51 eV
1 × 1019/cm3
3 × 1012/cm2
12,000 cm2/Vs
2.7 × 107 cm/s
0.5 eV
0.45 eV

1.0 eV

hence enables high 2DEG densities due to the increased conduction band discontinuity (∆Ec) at the
GaInP/InGaAs interface. As GaInP has no aluminum it is less susceptible to environmental oxidation.
The availability of high selectivity etchants for GaAs and GaInP simplifies device processing. However,
the high conduction band discontinuity is achieved only for disordered GaInP, which has a bandgap of
1.9 eV. Using graded GaInP barrier layers and an In0.22Ga0.78As channel, 2DEG density as high as 5 ×
1012/cm2 and a mobility of 6000 cm2/Vs was demonstrated.21
On InP substrates, the InP/InGaAs material system can be used in place of the AlInAs/GaInAs material
system. The presence of deep levels and traps in AlInAs degrades the low frequency noise performance
of AlInAs/GaInAs HEMT. Replacing the AlInAs barrier by InP or pseudomorphic InGaP can solve this
problem. One disadvantage of using the InP-based barrier is the reduced band discontinuity (0.25 eV
compared to 0.5 eV for AlInAs/GaInAs) at the InP/InGaAs interface. This reduces 2DEG density at the
interface and modulation efficiency. Increasing the indium content up to 75% in the InGaAs channel
can increase the band discontinuity at the InP/InGaAs interface. The poor Schottky characteristics on
InP necessitate the use of higher bandgap InGaP barrier layers or depleted p-type InP layers. A sheet
density of 3.5 × 1012/cm2 and mobility of 11,400 cm2/Vs was demonstrated in an InP/In0.75Ga0.25As/InP
double heterostructure.22
Despite the large number of material systems available for fabrication of HEMTs, the GaAs pHEMT
implemented in the AlxGa1-x As/InyGa1-y As (x ~ 0.25; y ~ 0.22) material system and the InP HEMT
implemented in the Al0.48In0.52As/Ga0.47In0.53As material system have emerged as industry vehicles for
implementation of millimeter-wave analog and ultra high-speed digital circuits. The next two portions
of this section will discuss the various performance aspects of GaAs pHEMT and InP HEMT.

8.5 AlGaAs/InGaAs/GaAs Pseudomorphic HEMT
(GaAs pHEMT)
The first AlGaAs/InGaAs pseudomorphic HEMT was demonstrated in 1985.23 Significant performance
improvement over AlGaAs/GaAs HEMT was observed. Devices with a 1-µm gate length had peak
transconductance of 270 mS/mm and maximum drain current density of 290 mA/mm.20 The current
gain cutoff frequency (fT) was 24.5 GHz and the power gain cutoff frequency (fmax) was 40 GHz. An fT
of 120 GHz was reported for 0.2-µm gate length devices with In0.25Ga0.75As channel.24 Devices with a
0.1-µm gate length with an fmax of 270 GHz were demonstrated in 1989.14

8.5.1 Millimeter-Wave Power GaAs pHEMT
In the past few years, the GaAs pHEMT has emerged as a device of choice for implementing microwave
and millimeter-wave power amplifiers. To achieve a high output power density, device structures with
higher current density and consequently higher sheet charge are required. As the sheet charge density in
a single heterojunction AlGaAs/InGaAs pHEMT is limited to 2.3 × 1012/cm2, a double heterojunction
(DH) device structure must be used to increase the sheet charge. In a DH GaAs pHEMT, carriers are
introduced in the InGaAs channel by doping the AlGaAs barriers on both sides of the InGaAs channel.

8-14

FIGURE 8.6

RF and Microwave Semiconductor Device Handbook

Layer structure of a GaAs power pHEMT.

The AlGaAs barriers are doped with silicon using atomic planar doping to increase the electron transfer
efficiency. A typical charge density of 3.5 × 1012/cm2 and a mobility of 5000 cm2/Vs is obtained for a
double heterojunction GaAs pHEMT structure. The high sheet charge thus obtained enables higher
current drive and power handling capability. Figure 8.6 shows the layer structure of a typical millimeterwave power GaAs pHEMT. In some cases a doped InGaAs channel is also used to increase sheet charge
density.25,26
Breakdown voltage is an important parameter for power devices. A device with high breakdown voltage
can be biased at high drain voltages, which increases the drain efficiency, voltage gain, and power added
efficiency (PAE). Typical breakdown voltages of GaAs pHEMTs range from 8 to 15 V. The breakdown
mechanism of a GaAs pHEMT can be either at the surface in the gate-drain of the device or in the
channel (due to impact ionization).
There are several approaches used to increase the breakdown voltage of a GaAs pHEMT. The planar
doping of AlGaAs barriers (as already described) helps in maintaining a high breakdown voltage, as most
of the AlGaAs barrier is undoped. Another approach to increase the breakdown voltage uses a lowtemperature grown (LTG) GaAs buffer below the channel. Using this approach, a 45% increase in channel
breakdown voltage with a 12% increase in output power was demonstrated.27 Using a double recessed
gate structure to tailor the electric field in the gate drain depletion region can also increase breakdown
voltage. The increase in breakdown voltage is mainly due to reduction in the electric field at the gate
edge by surface states in the exposed recess region.28
The output power obtained from a HEMT also depends on the biasing conditions. To achieve high
efficiency devices (as in Class B operation), the device is biased near pinch off, and therefore, high gain
is required near pinch off. The mode of operation is ideally suited for pHEMTs, which typically have
high transconductance near pinch off due to their superior charge-control properties. The effect for gate
bias on the power performance of HEMT has been investigated.29 Higher gain is achieved under Class
A conditions. Biasing the device at higher drain voltages can increase the output power. Table 8.3 presents
a summary of power performance of GaAs pHEMTs at various microwave and millimeter-wave frequencies.
From Table 8.3 it can be seen that at a given frequency, the device power output and gain increases
with a decrease in gate length due to better high-frequency operation. Reduction in power gain is also
observed for wider devices. This is due to the increase in source inductance, which increases with gate
width and frequency and is due to the increase in gate resistance as a square of gate width. Low inductance
via hole source grounding and proper gate layout is required to reduce these parasitics.
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TABLE 8.3 Summary of Power Performance of GaAs pHEMTs

Frequency
12 GHz
(Ku-Band)
20 GHz
(K-Band)

35 GHz
(Ku-Band)
44 GHz
(Q-Band)

55 GHz
(V-Band)
60 GHz
(V-Band)

94 GHz
W-Band

Gate
Length
(µm)

Gate
Width

0.45
0.25
0.25
0.15
0.15
0.15
0.25
0.15

1.05 mm
1.6 mm
600 µm
400 µm
600 µm
600 µm
500 µm
150 µm

0.25
0.15
0.2
0.15
0.25
0.2
0.15

400 µm
600 µm
1.8 mm
400 µm
50 µm
150 µm

0.15

400 µm

0.25

75 µm

0.15

150 µm

0.1
0.1

40 µm
160 µm

Power
Density (W/
mm)
0.77
1.37
0.51
1.04
0.12
0.84
0.62
0.63
0.91
0.79
0.5
0.53
0.44
0.46
0.85
0.83
0.55
0.55
0.44
0.43
0.38
0.30
0.31
0.39

Output
Powera

Gainb
(dB)

PAEb
(%)

0.81 W
2.2 W
306 mW
416 mW
72 mW
501 mW
310 mW
95 mW
137 mW

10.0
14.0
7.4
10.5
8.6
11
6.8
9.0
7.6
5.1
9.0
5.0
5.8
4.6
3.3
4.5
4.7
4.5
4.4
3.0
4.0
2.0
3.0
6.0
4.0

60
39
45
63
68
60
40
51
40
41
41
30
25
25
22
32
38
25
28
15
14
16
16
13
13

200 mW
318 mW
800 mW
184 mW
42 mW
125 mW
82 mW
225 mW
174 mW
32 mW
25 mW
57 mW
45 mW
13 mW
63 mW

Device, Drain Bias
(Reference)
Double HJc Vds = 7 V32
Double HJ33
Prematched, Vds = 7 V 34
LTG Buffer, Vds = 5.9 V27
Vds = 2 V35
Vds = 8 V35
Double HJ, Vds = 5 V36
Double HJ37
Doped Channeld 38
Double HJ, Vds = 5 V39
Double HJ, Vds = 5 V40
Double HJ, Vds = 5 V41
Doped Channel, Vds = 5.5 V42
Doped Channel, Vds = 4.343
Double HJ37
Double HJ, Vds = 5 V44
Doped Channel, Vds = 4.3 V25
Double HJ37
Doped Channel Vds = 3.4 V26
Doped Channel Vds = 4.3 V26

a

Output Power in italics indicates device biased for maximum power output.
PAE/Gain in italics indicates device biased for maximum PAE/Gain.
c Double HJ — Double heterojunction GaAs pHEMT.
d Doped channel — Doped channel GaAs pHEMT.
b

Reliability is important for space applications, typically a mean-time-to-failure (MTTF) of 107 h (1142 yr)
is required for space applications. GaAs pHEMTs have demonstrated a MTTF of 1 × 107 h at a channel
temperature of 125°C. The main failure mechanism is the atmospheric oxidation of the exposed AlGaAs
barrier layers and interdiffusion of the gate metallization with the AlGaAs barrier layers (gate sinking).30
Using dielectric passivation layers to reduce the oxidation of AlGaAs can solve these problems. Using
refractory metal for gate contacts will minimize their interaction with the AlGaAs barrier layers. A MTTF
of 1.5 × 107 hours at a channel temperature of 150°C was achieved using Molybdenum based gate contacts.31
Traveling wave tubes (TWT) have been traditionally used as multiwatt power sources for microwave
applications up to K-band (20 GHz). Using GaAs pHEMT in place of TWT for these applications has
many advantages, including lower cost, smaller size, smaller weight, and higher reliability. However, the
typical power density of a GaAs pHEMT at 20 GHz is on the order of 1 W/mm. Hence, the output power
from a large number of devices has to be combined. To minimize combining losses, it is desirable to
maximize power output of a single device. When large devices (gate width on the order of mm) are used
to increase the total power output, other factors such as device layout, input signal distribution, output
power combining networks, and substrate thickness are of critical importance. Several multiwatt GaAs
pHEMT power modules have been demonstrated recently. A power module with 9.72-mm wide GaAs
pHEMTs that delivered an output power of 4.7 W in the 18 to 21.2 GHz band with a PAE of 38% was
demonstrated.45 Table 8.4 summarizes the recent results of multiwatt GaAs pHEMT power modules.
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TABLE 8.4 Summary of Power Performance of Multiwatt pHEMT
Power Modules
Width
(mm)
16.8
24
32.4
16.8
25.2
8
9.72

Frequency
(GHz)

Power
(W)

Gain
(dB)

PAE
(%)

2.45
2.45
8.5–10.5
12
12
12
18–21.2

10.0
11.7
12.0
12.0
15.8
6
4.7

13.5
14.0
7.2
10.1
9.6
10.8
7.5

63.0
58.2
40.0
48.0
36.0
53.0
41.4

Ref.
Vds = 7 V46
Vds = 8 V47
Vds = 7 V48
32

Vds = 9 V49
Vds = 9 V50
Vds = 5.5 V45

Note: Vds = Drain bias for power measurements.

8.5.2 Low Noise GaAs pHEMTs
Figure 8.7 shows the structure of a generic low-noise GaAs pHEMT. As the drain current requirement
for a low-noise bias is low, single-side doped heterojunctions are sufficient for low-noise devices. The
emphasis here is on achieving higher mobility to reduce the parasitic source resistance. As already
discussed, the AlInAs/GaInAs material system is the ideal choice for fabrication of low-noise microwave
and millimeter-wave devices. However, GaAs pHEMTs also find significant use in millimeter-wave low
noise applications due to wafer size, cost, and process maturity related advantages.
Henderson et al. first reported on the low noise performance of GaAs pHEMTs in 1986. Devices with
0.25-µm gate length had a noise figure of 2.4 dB and an associated gain of 4.4 dB at 62 GHz.51 A 0.15-µm
gate length Al0.25Ga0.75As/In0.28Ga0.72As pHEMT with a noise figure of 1.5 dB and an associated gain of
6.1 dB at 61.5 GHz was demonstrated in 1991.52 The reduction in noise figure was a direct result of
reducing the gate length, which increased the fT of the device. Low noise operation of a GaAs pHEMT
was also demonstrated at 94 GHz.53 For a 0.1-µm gate length device a noise figure of 3.0 dB and associated
gain of 5.1 dB was achieved. A noise figure of 2.1 dB and an associated gain of 6.3 dB was reported for
a 0.1 µm gate length GaAs pHEMT at 94 GHz.54 The improvement in noise figure is attributed to the
use of a T-shaped gate with end-to-end resistance of 160 Ω/mm by Tan et al.,52 compared to a trapezoidal
gate with end-to-end resistance of 1700 Ω/mm used by Chao et al.53 This further emphasizes the need
to reduce parasitic resistances in low-noise devices.
One of the main system applications of low-noise GaAs pHEMTs is satellite direct broadcasting
receiver systems (DBS) that are in increasing demand worldwide. Low-noise amplifiers operating at 12
GHz are a critical component in these systems. The low-noise performance of GaAs pHEMTs is more
than adequate for these applications. A 0.25-µm gate length GaAs pHEMT with a noise figure of 0.6
dB and an associated gain of 11.3 dB at 12 GHz was reported by Tokue et al.55 Performance coupled

FIGURE 8.7

Layer structure of a low noise GaAs pHEMT.
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TABLE 8.5

Summary of Low Noise Performance of GaAs pHEMTs

Frequency
(GHz)

Gate Length
(µm)

Fmin
(dB)

Ga
(dB)

Ref.

12
12
18
62
60
94
94

0.25
0.17
0.25
0.25
0.15
0.10
0.10

0.6
0.35
0.9
2.4
1.5
3.0
2.1

11.3
12.5
10.4
4.4
6.1
5.1
6.3

55
57
51
51
52
53
54

Comments
Packaged Device
Improvement by
Reduction in Lg
Improvement by
Reduction in Rg

with low cost packaging is one of the crucial factors in the high volume DBS market. Hwang et al. have
demonstrated a 0.2-µm gate length GaAs pHEMT in plastic packaging with a 1.0 dB noise figure and
9.9 dB associated gain at 12 GHz.56 A plastic packaged GaAs pHEMT device with a gate length of 0.17 µm
demonstrated a noise figure of 0.35 dB, and 12.5 dB associated gain at 12 GHz.57 Table 8.5 summarizes
the low-noise performance of GaAs pHEMTs at various microwave and millimeter-wave frequencies.

8.5.3 GaAs pHEMT for Wireless Applications
The explosive growth of the wireless communication industry has opened up a new area of application
for GaAs pHEMTs. Unlike the millimeter-wave military and space applications, the frequencies of
operation of these applications are much lower. The frequencies used in typical cellular phones range
from 850 MHz for the American Mobile Phone System (AMPS) to 1.9 GHz for the Japanese Personal
Handy Phone System (PHS) and the Digital European Cordless Telephone (DECT). The device parameters of interest when considering device technologies for wireless applications are operating voltages,
which must be positive, power density, output match and linearity requirements, and gate leakage
current.58 Using enhancement mode devices (threshold/pinch-off voltage > 0) eliminates the negative
supply voltage generator and power-cutoff switch. The high gate turn-on voltage of an enhancement
mode GaAs pHEMT, as compared to the enhancement mode GaAs MESFET, enables higher input
voltage swing.
The power performance of MESFET and GaAs pHEMT for wireless applications has been compared.59
For the same saturation drain current density, at a frequency of 950 MHz, the saturated power output from
the pHEMT is 2.5 W, whereas it is 1.8 W from the MESFET. The power-added efficiency of the pHEMT is
68%, which is 8% higher than that of the MESFET. This difference is due to the transfer characteristics of
the two devices. The pHEMT performs as a better power amplifier than the MESFET because the input
power is effectively amplified with higher gm near the pinch-off voltage. This is a direct consequence of
better charge control properties of the HEMT when compared to the MESFET. The pHEMT also has a
lower gate leakage current than the MESFET due to a higher Schottky barrier on AlGaAs.
The power performance of enhancement mode GaAs pHEMT with a threshold voltage of 0.05 V for
wireless applications has also been investigated.60 A device with a gate width of 3.2 mm delivered an
output power of 22 dBm with power-added-efficiency of 41.7%. The standby current at a gate bias of
0 V was 150 µA. Enhancement mode GaAs HFET with a higher threshold voltage of 0.5 V has also been
demonstrated.61 A 1-µm gate length device with a gate width of 12 mm delivered an output power of
31.5 dBm with a PAE of 75% at 850 MHz and at a drain bias of 3.5 V. The standby current at a gate bias
of 0 V was 1 µA. This eliminates the need for a switch in the drain current of the power amplifier. The
device was manufactured using Motorola’s CGaAs™ process, which is cost effective as it uses processes
that are similar to standard silicon MOS and bipolar processes. Table 8.6 shows a summary of power
performance of GaAs pHEMTs for cellular phones.
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Summary of Power Performance of GaAs pHEMTs for Cellular Phones
Device
Width
(µm)

Drain
Bias
(V)

Power
Output

PAE
(%)

5
10
12
12
30
12
21
14
40
28
21
12
7
16
12
12
1
2.4
3.2
12
5

1.2
1.3
3.5
3.5
3.7
3.5
2.3
3.0
1.5
1.2
2.2
3.0
3.4
3.4
4.7
4.7
2.0
2.0
3.0
3.5
2.0

19.6 dBm
21.5 dBm
31.5 dBm
33.1 dBm
31.0 dBm
31.5 dBm
31.3 dBm
32.3 dBm
31.5 dBm
1.1 W
32.7 dBm
1.4 W
30.9 dBm
1.42 W
2.5 W
1.8 W
20.2 dBm
21.1 dBm
22.0 dBm
30 dBm
25.0 dBm

65.2
57.4
75
84.8
59.0
75
68
71
65
54
62.8
60.0
56.3
60.0
68.0
60.0
45.3
54.4
41.7
50
53.0

ACPL

–30.1 dBc @ 30 kHz

–50.5 dBc
—
–51.5 dBc @ 50 kHz
–48.2 dBc @ 50 kHz

–55.2 dBc @ 600 kHz
–55 dBc @ 600 kHz
–58.2 dBc @ 600 kHz
–30 dBc

Device/Ref.
AlGaInP/InGaAs pHEMT62
InGaP/InGaAs pHEMT63
Enhancement Mode HFET61
GaAs pHEMT64
1 µm GaAs MESFET65
Enhancement Mode CGaAs™66
0.8 µm MESFET67
pHEMT68
MESFET69
pHEMT70
PHEMT71
pHEMT72
pHEMT73
pHEMT74
pHEMT59
MESFET59
pHEMT75
MESFET76
Enhancement Mode pHEMT60
Enhancement Mode pHEMT61
AlGaInP/InGaAs pHEMT62

8.6 AlInAs/GaInAs/InP (InP HEMT)
Future military and commercial electronic applications will require high-performance microwave and
millimeter-wave devices. Important applications include low-noise amplifiers for receiver front ends,
power amplifiers for phased-array radars, ultra high-speed digital circuits for prescalers, and MUX/
DEMUX electronics for high-speed (> 40 Gb/s) optical links.
A HEMT device capable of operating at millimeter-wave frequency requires a channel with high electron
velocity, high current density, and minimal parasitics. As discussed, the Al0.48In0.52As/Ga0.47In0.53As material
system lattice matched to InP satisfies these criteria. A 1-µm gate length AlInAs/GaInAs HEMT with
extrinsic transconductance as high as 400 mS/mm was demonstrated.77 The microwave performance of
1-µm gate-length devices showed an improvement of 20 to 30% over the AlGaAs/GaAs HEMT.78 In 1988
Mishra et al. demonstrated a 0.1 µm InP HEMT with a fT of 170 GHz.79 Using a T-gate to self-align the
source and drain contacts results in reduction of source-gate and source-drain spacing. This not only
reduces the parasitic source and drain resistances, but also the drain delay. Using the preceding technique
an fT of 250 GHz was achieved in a 0.13-µm gate length self-aligned HEMT.18 Recently, a 0.07-µm AlInAs/
GaInAs HEMT with an fT of 300 GHz and an fmax of 400 GHz was reported.80
The high-frequency performance of the InP HEMT can be further improved by using a pseudomorphic
InGaAs channel with an indium content as high as 80%. The fT of a 0.1-µm InP HEMT increased from
175 to 205 GHz when the indium content in the channel was increased from 53 to 62%.81 Although
devices with high indium content channels have low breakdown voltages, they are ideal for low noise
applications and ultra high-speed digital applications. An fT of 340 GHz was achieved in a 0.05-µm gate
length psuedomorphic InP HEMT with a composite In0.8Ga0.2As/In0.53Ga0.47As channel.82 This is the
highest reported fT of any 3-terminal device.
Compared to the GaAs pHEMT, the AlInAs/GaInAs HEMT has a higher current density that makes
it suitable for ultra high-speed digital applications. The high current gain cutoff frequency and low
parasitics make the AlInAs/GaInAs HEMT the most suitable choice for low- noise applications extending
well beyond 100 GHz. The high current density and superior high-frequency performance can be utilized
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TABLE 8.7
Frequency
(GHz)

Summary of Low-Noise Performance of AlInAs/GaInAs HEMTs
Gate Length
(µm)

Fmin
(dB)

Ga
(dB)

12
18
18
26
57
60
63

0.15
0.25
0.15
0.18
0.25
0.1
0.1

94
94

0.15
0.1

0.39
0.5
0.3
0.43
1.2
0.8
0.8
0.7
1.4
1.2

16.5
15.2
17.2
8.5
8.5
8.9
7.6
8.6
6.6
7.2

Comments/Ref.
In0.7Ga0.3As channel87
85
86

Passivated device

88

85
89

Passivated90
Unpassivated
86
89

for high-performance millimeter-wave power applications provided the breakdown voltage is improved.
Some of the state-of-the-art millimeter-wave analog circuits and ultra high-speed digital circuits have
been implemented using InP HEMTs. A low-noise amplifier with 12 dB gain at a frequency of 155 GHz
using a 0.1-µm InP HEMT with a In0.65Ga0.35As psuedomorphic channel was demonstrated.83 Pobanz
et al. demonstrated an amplifier with 5 dB gain at 184 GHz using a 0.1 µm gate In0.8Ga0.2As/InP composite
channel HEMT.84

8.6.1 Low-Noise AlInAs/GaInAs HEMT
The superior electronic properties of the GaInAs channel enable the fabrication of extremely high fT and
fmax devices. The superior carrier confinement at the AlInAs/GaInAs interface results in a highly linear
transfer characteristic. High transconductance is also maintained very close to pinch off. This is essential
because the noise contribution of the FET is minimized at low drain current levels. Hence high gain can
be achieved at millimeter-wave frequencies under low-noise bias conditions. The high mobility at the
AlInAs/GaInAs interface also results in reduced parasitic source resistance of the device. AlInAs/GaInAs
HEMTs with 0.25-µm gate length exhibited a noise figure of 1.2 dB at 58 GHz.85 At 95 GHz a noise figure
of 1.4 dB with associated gain of 6.6 dB was achieved in a 0.15-µm gate length device.86 Table 8.7
summarizes the low-noise performance of AlInAs/GaInAs HEMTs.

8.6.2 Millimeter-Wave AlInAs/GaInAs Power HEMT
The millimeter-wave power capability of single heterojunction AlInAs/GaInAs HEMTs has been demonstrated.91,92 The requirements for power HEMT are high gain, high current density, high breakdown
voltage, low access resistance, and low knee voltage to increase power output and power-added efficiency.
The AlInAs/GaInAs HEMT satisfies all of these requirements with the exception of breakdown voltage.
This limitation can be overcome by operating at a lower drain bias. In fact, the high gain and PAE
characteristics of InP HEMTs at low drain bias voltages make them ideal candidates for battery-powered
applications.93 Another advantage is the use of InP substrate that has a 40% higher thermal conductivity
than GaAs. This allows higher dissipated power per unit area of the device or lower operating temperature
for the same power dissipation. As low breakdown voltage is a major factor that limits the power
performance of InP HEMTs, this section will discuss in detail the various approaches used to increase
breakdown voltage.
Breakdown in InP HEMT is a combination of electron injection from the gate contact and impact
ionization in the channel.94 The breakdown mechanism in the off-state (when the device is pinched off)
is electron injection from the gate. The low Schottky barrier height of AlInAs results in increased electron
injection from the gate and, consequently, higher gate leakage current compared to the GaAs pHEMT.
These injected hot electrons cause impact ionization in the high-field drain end of the GaInAs channel.
The high impact ionization rate in the low bandgap GaInAs channel is the main mechanism that
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determines the on-state breakdown. Some of the holes generated by impact ionization are collected by
the negatively biased gate and result in increased gate leakage. The potential at the source end of the
channel is modulated by holes collected by the source. This results in increased output conductance.
Lowering the electric field in the gate-drain region can reduce the impact ionization rate. This is
achieved by using a double recess gate fabrication process that increases the breakdown voltage from 9 to
16 V.95 A gate-drain breakdown voltage of 11.2 V was demonstrated for 0.15-µm gate length devices with
a 0.6-µm recess width.96 In addition, reduction in output conductance (gds) and gate-drain feedback
capacitance (Cgd) was observed when compared to single recessed devices. The fmax of a double recessed
device increased from 200 to 300 GHz.97 Hence, it is desirable for power devices. Another approach to
reduce electric field in the gate-drain region is to use an undoped GaInAs cap instead of a doped GaInAs
cap.98 The output conductance can be reduced from 50 to 20 mS/mm for a 0.15-µm gate length device
by replacing the doped GaInAs cap by an undoped cap.99 This also improved the breakdown voltage from
5 to 10 V. The reduction in Cgd and gds resulted in an fmax as high as 455 GHz. Redistribution of the
dopants in the AlInAs barrier layers can also increase breakdown voltage. An increase in breakdown
voltage from 4 to 9 V is achieved by reducing doping in the top AlInAs barrier layer and transferring it
to the AlInAs barrier layers below the channel.92
The gate leakage current can be reduced and the breakdown voltage increased by using a higher
bandgap strained AlInAs barrier.100,101 By increasing the Al composition in the barrier layers from 48 to
70%, the gate-to-drain breakdown voltage was increased from 4 to 7 V. This also results in reduction of
gate leakage as the Schottky barrier height increases from 0.5 to 0.8 eV. The use of Al0.25In0.75P as an
Schottky barrier improves the breakdown voltage from –6 to –12V.102
The on-state breakdown can be improved in two ways. The first is to reduce the gate leakage current
by the impact ionization generated holes by increasing the barrier height for holes. This was achieved by
increasing the valence band discontinuity at the channel-barrier interface. The use of a strained 25-Å
In0.5Ga0.5P spacer instead of AlInAs increases the valence band discontinuity at the interface from 0.2 to
0.37 eV. An on-state breakdown voltage of 8 V at a drain current density of 400 mA/mm for a 0.7-µm
gate length InP HEMT was achieved by using a strained InGaP barrier.103
The various approaches to increase the breakdown voltage, as already discussed here, concentrate on
reducing the electron injection from the Schottky gate and reducing the gate leakage current. These
approaches also have an inherent disadvantage as Al-rich barriers result in high source resistance and
are more susceptible to atmospheric oxidation. Additionally, these approaches do not address the problem
of a high impact ionization rate in the GaInAs channel and carrier injection from contacts. In the recent
past, various new approaches have been investigated to increase breakdown voltage without compromising the source resistance or atmospheric stability of the device. These include the junction-modulated
AlInAs/GaInAs HEMT (JHEMT), the composite GaInAs/InP channel HEMT, and the use of regrown
contacts. Table 8.8 summarizes the power performance of AlInAs/GaInAs HEMTs.

8.6.3 GaInAs/InP Composite Channel HEMT
The high speed and power performance of InP HEMT can be improved by the use of composite channels
that are composed of two materials with complementing electronic properties. The high-speed performance of an InP HEMT can be improved by inserting InAs layers in the InGaAs channel. The current
gain cutoff frequency of a 0.15-µm gate length device increased from 179 to 209 GHz due to improved
electron properties.111 An fT as high as 264 GHz was achieved for a 0.08-µm gate length device.
The GaInAs channel has excellent electronic properties at a low electric field, but suffers from high
impact ionization at high electric fields. On the other hand, InP has excellent electronic transport
properties at high fields but has lower electron mobility. In a composite InGaAs/InP channel HEMT, the
electrons are in the InGaAs channel at the low field source end of the channel and are in the InP channel
at the high field drain end of the channel. This improves the device characteristics at high drain bias
while still maintaining the advantages of the GaInAs channel at low bias voltages.112 A typical submicron
gatelength AlInAs/GaInAs HEMT has an off-state breakdown voltage (BVdsoff ) of 7 V, and on-state
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TABLE 8.8
Frequency
(GHz)
4
12
18
20
(K-Band)

44
(Q-Band)

57
(V-Band)
60
(V-Band)

94
(W-Band)

Summary of Power Performance of InP HEMTs
Gate
Length
(µm)

Gate
Width

Power
Density
(W/mm)

Power
Output
(mW)

Gain
(dB)

PAE
(%)

Device/Drain Bias
(Ref.)

0.5
0.15
0.22

2 mm
0.8mm
150 µm

0.13
0.4
0.78
0.47
0.74
0.78
0.41

269
320
117
70
446
39
21

18
18
8.4
11.3
13
10.2
10.5

66
57
47
59
59
44
52

50 µm

0.61

30

12.2

44

0.15
0.15

800 µm
450 µm

0.2

600 µm

0.65
0.55
0.88
0.37

516
251
398
225

7.1
8.5
6.7
5

47
33
30
39

0.22

450 µm

150
200

3.6

0.15

50 µm

0.33
0.44
0.35
0.52

26

7.2
5.9

20
17
41
33

15
21
192
15

8.6
8.0
4.0
4.6

49
45
30
21

Vds = 2.5 V93
Vds = 3 V93
Vds = 4 V92
Vds = 3 V, Double HJ
Double recessed Vds = 7 V104
Vds = 4.9 V91
Vds = 2.5 V
Single heterojunction
Single heterojunction
In0.69Ga0.31As channel
Vds = 4.1 V91
70% AlInAs, Vds = 4 V105
Al0.6In0.4As barrier
Doped Channel100
Al0.6In0.4As barrier
Single heterojunction, Vds = 4 V106
Al0.6In0.4As barrier
Doped channel, Vds = 3.5 V101
Vds = 2.6 V91
Vds = 3.6 V
Single heterojunction
Vds = 3.35 V107

0.15
0.15

600 µm
50 µm

0.15

130
58

4.0

13
33

0.1

50 µm

0.1
0.15

400 µm
50 µm

0.30
0.41
0.48
0.30

0.15
0.1

640 µm
200 µm

0.20
0.29

Vds = 4.12 V, 67% In107
Single HJ, Passivated device
Vds = 2.6 V108
Double HJ, Vds = 2.7109
In0.68Ga0.32As channel110

breakdown voltage (BVdson) of 3.5 V. Using a composite channel, (30 Å GaInAs/50 Å InP/100 Å n+ InP),
Matloubian et al. demonstrated a BVdsoff of 10 V and BVdson of 8 V for a 0.15-µm gate length device.113
A 0.25-µm GaInAs/InP composite channel HEMT with a two-terminal gate drain voltage of 18 V was
also demonstrated.114
The increased breakdown voltage of a composite channel HEMT enables operation at a higher drain
bias. This increases the drain efficiency and the PAE of the device. An output power of 0.9 W/mm with
a PAE of 76% at 7 GHz was demonstrated for a 0.15-µm GaInAs/InP composite channel HEMT at a
drain bias of 5 V.115 At 20 GHz, an output power density of 0.62 W/mm (280 mW) and a PAE 46% was
achieved for a 0.15 µm gate length device at a drain bias of 6 V.113 At 60 GHz, a 0.15-µm GaInAs/InP
composite channel HEMT demonstrated an output power of 0.35 W/mm, and a power gain of 6.2 dB
with a PAE of 12% at a drain bias of 2.5 V.116

8.7 Technology Comparisons
8.7.1 Comparison between FETs and HBTs for RF/Microwave Applications
In recent years hetero-structure bipolar transistors (HBTs) have emerged as strong contenders for wireless,
microwave, and millimeter-wave applications. HBTs have similar high frequency performance with
modest lateral dimensions as transport is along the vertical direction. This also offers higher current
drivability per unit chip area. On the other hand, submicron gate lengths are required to achieve
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microwave and millimeter-wave operation in FETs. In addition, HBTs have high transconductance due
to an exponential relationship between the input (base) voltage and output (collector) current. Device
uniformity over a wafer can be easily achieved in a HBT as the turn-on voltage depends on the built-in
voltage of a pn junction (and is governed by the uniformity of the epitaxial growth technique). The
threshold voltage of a HEMT (which is a measure of device uniformity) is mainly determined by
uniformity in gate recess etching. The FET is mainly a surface device and therefore has a higher 1/f noise
due generation-recombination processes in the surface traps. On the other hand, current transport in a
HBT is in the bulk, hence HBTs have lower 1/f noise which makes them ideal for low-phase-noise
microwave and millimeter-wave oscillators.
Semiconductor processing of HBTs is more complex than FETs owing to the vertical structure. Another
advantage of FETs when compared to HBTs is lower operating voltage. The turn-on voltage of GaAs
HBTs is significantly higher (1.4 V) than that of HEMTs (0.5 V). This makes the HEMT an ideal candidate
for low-voltage battery-operated applications. Owing to low parasitics, HEMTs have a lower noise figure
than HBTs at any frequency and therefore are preferred for low-noise receivers. For microwave and
millimeter-wave power applications gain, HEMTs are again the preferred choice. This is because at
millimeter-wave frequency (> 50 GHz) the gain in a HBT is mainly limited by the high collector base
feedback capacitance. Another disadvantage of large area HBTs is thermal runaway due to nonuniform
junction temperatures. This can be solved by the use of emitter ballast resistors, but this reduces device
gain and processing complexity. In the following sections, the various HEMT technologies are compared
for specific applications.

8.7.2 Power Amplifiers for Wireless Phones
The two main aspects that govern the choice of technology for wireless power amplifiers are the operating
voltage and the cost. As far as operating voltages are concerned, the use of GaAs HBTs is limited to 3.6
V supply voltages. This is due to the high turn-on voltage (1.4 V) for the emitter-base junction in the
GaAs HBT. On the other hand, GaAs MESFETs and pHEMT can be used in 1.2 V systems due to their
low knee voltages. As far as cost is concerned, the major contenders are ion-implanted GaAs MESFETs
and GaAs HBTs. However, GaAs MESFETs require a negative gate voltage, which potentially increases
circuit complexity and cost. The enhancement mode GaAs pHEMT, which has a low knee voltage (like
a GaAs MESFET) and positive voltage operation (like a GaAs HBT) is therefore a viable technology
option for high performance, low voltage wireless phones.

8.7.3 Microwave Power Amplifiers
The GaAs pHEMT and the InP HEMT are the two major competing technologies for microwave and
millimeter-wave power amplifiers. The relation between output power density (Pout) and power-added
efficiency (PAE) and device parameters is given by the following expressions,

Pout =

( )(

1
I max BVgd − Vknee
8

)

⎛ V −V ⎞ ⎛
1⎞
PAE = α ⎜ DD knee ⎟ ⎜1 − ⎟
⎝ VDD ⎠ ⎝ Ga ⎠

(8.30)

(8.31)

In Eq. (8.31), α is 1/2 for Class A operation and π/4 for Class B operation. Figure 8.8 compares the Pout
and PAE of GaAs pHEMTs and InP HEMTs as a function of operating frequency. It can be seen that
GaAs pHEMTs have a higher power density than InP HEMTs at all frequencies than InP HEMT. This is
due to higher breakdown voltages (BVgd) in GaAs pHEMTs that enables higher operating voltage (VDD).
The InP HEMT operating voltage is limited by the low breakdown voltage, hence the power output is
low. However, InP HEMTs have comparable power output at millimeter-wave frequencies. This is enabled
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FIGURE 8.8 Comparison of output power density and power-added-efficiency of GaAs pHEMTs and InP HEMTs
as a function of frequency.

by the low knee voltage (Vknee) and high current drive (Imax). On the other hand, due to their low knee
voltage and high gain (Ga), InP HEMTs have higher gain and PAE at frequencies exceeding 60 GHz. The
potential of InP HEMTs as millimeter-wave power devices is evident in the fact that comparable power
performance is achieved at drain biases 2 to 3 V lower than those for GaAs pHEMTs. Hence a high voltage
InP HEMT technology should be able to outperform the GaAs pHEMT for power applications at all
frequencies.

8.7.4 Low Noise Amplifiers
Figure 8.9 compares the gain and noise figure of GaAs pHEMTs and InP HEMTs as a function of
frequency. At any given frequency, the InP HEMT has a noise figure about 1 dB lower than the GaAs
pHEMT and gain 2 dB higher than the GaAs pHEMT. This is mainly due to the excellent transport
properties of the AlInAs/GaInAs material system.
Digital applications — High current driving capability with low voltage operation is essential for high
speed, low power digital circuits. High fT devices are also required for increasing the frequency of
operation. In this area, GaAs MESFETs and GaAs pHEMTs are sufficient for 10 Gb/s digital circuits.
However, for digital circuits operating at bit rates exceeding 40 Gb/s, the InP HEMT is the preferred
technology option.
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FIGURE 8.9

TABLE 8.9

Comparison of noise figure and gain of GaAs pHEMTs and InP HEMTs as a function of frequency.

Frequency Bands and Military and Commercial Applications

Frequency

Military/Space

850 MHz–1.9 GHz

Commercial
Wireless

12 GHz (Ku-Band)

Phased array radar

20 GHz (K-Band)
27–35 GHz (Ka-Band)

Satellite downlinks
Missile seekers

44 GHz (Q-Band)

SATCOM ground terminals

60 GHz (V-Band)

Satellite crosslinks

77 GHz

Direct broadcast satellite

LMDS — Local multipoint
distribution system
MVDS — Multipoint video
distribution system
Wireless LAN
Collision avoidance radar

94 GHz (W-Band)

FMCW radar

100–140 GHz
Digital 10 Gb/s
Digital 40 Gb/s

Radio astronomy
Fiber-optic communication
Fiber-optic communication

Device Technology
Low noise — GaAs pHEMT
Power — GaAs pHEMT
Low noise — GaAs pHEMT
Power — GaAs pHEMT
Low noise — GaAs pHEMT
Power — GaAs pHEMT
Low noise — InP HEMT
Power — GaAs pHEMT
Low noise — InP HEMT
Power — GaAs pHEMT/InP HEMT
Low noise — InP HEMT
Power — GaAs pHEMT/InP HEMT
Low noise — InP HEMT
Power — InP HEMT
Low noise — InP HEMT
GaAs pHEMT
InP HEMT

Table 8.9 lists the various frequency bands and military and space applications in each band with the
appropriate HEMT device technology for each application.

8.8 Conclusion
GaAs- and InP-based high electron mobility transistors have emerged as premier devices for the implementation of millimeter-wave analog circuits and ultra high-speed digital circuits. In this section, principles of HEMT operation were discussed. The design aspects of HEMT for both low-noise and highpower applications were discussed. Reduction in gate length is essential for improved performance at
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high frequencies. Appropriate device scaling with gate length reduction is necessary to minimize the
effect of parasitics on device performance.
Millimeter-wave power modules have been demonstrated using GaAs pHEMT devices. The superior
device performance of GaAs pHEMTs is being used to improve the performance of power amplifiers for
wireless phone systems. The superior material characteristics of the AlInAs/GaInAs material system have
been used to achieve record low-noise performance at millimeter-wave frequencies using InP HEMTs.
Despite their low breakdown voltage, InP HEMTs have demonstrated superior power performance at
millimeter-wave frequency. Improving the breakdown voltage using approaches that include composite
channel GaInAs/InP HEMT and junction-modulated HEMT will further improve power performance.
The development of the GaAs pHEMT and InP HEMT technology was traditionally supported by lowvolume, high-cost military and space applications. The recent emergence of high-volume commercial
applications such as wireless and optical communications systems has new constraints that include
manufacturability and low-voltage operation.
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9.1 Introduction
Wide bandgap materials such as silicon carbide (SiC) and gallium nitride (GaN) are known as such
because their bandgaps are much larger than those of more conventional semiconductors such as silicon,
germanium, or gallium arsenide. 4H-SiC, for example, has a bandgap of 3.2 eV, and GaN has a bandgap
of 3.4 eV, as compared to 1.11 eV for silicon. These materials have been studied in theory for over 30 years;
however, it has only been in the past decade that device development from wide bandgap semiconductors
has occurred at any level, with significant breakthroughs occurring in SiC substrate and epi technology
in the late 1980s, and in GaN epi technology in the mid-1990s. The first commercial applications for
wide bandgap materials were blue LEDs fabricated from SiC, later followed by blue LEDs with greatly
increased brightness, from GaN-related materials. While these applications are not RF applications, they
have helped drive development of these very new, experimental materials.
In recent years, wide bandgap semiconductors have received a great deal of attention as a nearly ideal
material for the fabrication of high speed, high power transistors [1–5], particularly for cellular base
0-8493-1562-X/03/$0.00+$1.50
© 2003 by CRC Press LLC
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FIGURE 9.1
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I-V curves and load lines for a power transistor.

station, broadcast, and high frequency radar applications. The large bandgaps should allow SiC- and
GaN-based transistors to have stable DC and RF operation at very high temperatures [6]. Several other
material properties of wide bandgap materials also make them attractive for fabrication of high voltage,
high power, and high frequency transistors. These include a high electric breakdown field of 3 to 4 ×
106 V/cm, high saturated electron drift velocities of 1.5 to 2.2 × 107 cm/sec, and high thermal conductivity
(for SiC substrates) of 4.9 W/cm-K.
This article will present a basic description of figures of merit for microwave devices fabricated from
wide bandgap materials, a very basic description of the operation of some of the commonly studied wide
bandgap RF power transistors, a discussion of the material properties needed for RF power generation
and how those properties translate into improved performance of microwave systems, and a summary
of state-of-the-art wide bandgap high frequency device performance. The article will focus primarily on
AlGaN/GaN HEMTs, SiC MESFETs, and SiC SITs, since they are currently the most mature and most
widely studied wide bandgap RF device technologies.

9.2 Figures of Merit for RF Power Transistors
Virtually all RF systems require active circuit elements for use as oscillators, amplifiers, etc. These elements
permit conversion of energy from DC bias sources to RF bands where the energy can be used to provide
useful gain at specified frequencies. The ideal RF power transistor has high current, high breakdown
voltage, and a low “knee” voltage (the voltage at which the transistor current saturates), as illustrated in
Fig. 9.1. The device is given DC bias at one-half its maximum operating voltage and one-half or less of
its maximum operating current, and any RF signal superimposed over the device is amplified over the
I-V curve as shown in Fig. 9.1. The maximum possible RF output power of a transistor is [7]

( )(

Pout ,max = 1 8 VDS − Vknee

)

2

RL

(9.1)

where Pout is the RF output power, VDS is the drain bias, VKnee is the knee voltage, and RL is the load
resistance, which is determined by the bias current and voltage in the device. The Power Added Efficency
(PAE), η, of the device is another important figure of merit, and quantifies the amount of DC bias that
is converted to RF power:

(

η = Pout − Pin

)

Pdc

(9.2)
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The maximum efficiency for an RF transistor is 50% under class A operation (transistor is biased at 50%
of its open channel current), or 78.5% under class B operation (transistor is biased at pinch off or Idq =
0A); however, the maximum possible output power for the device remains unchanged with bias as long
as the device is operated at 50% or less of its open channel current. Qualitatively, any RF drive in the
region below the knee voltage will result only in resistive loss, which leads to lower output power,
decreased gain, and lower efficiency. The increased resistive loss also leads to device heating that will
further degrade device performance. Thus, the ideal RF transistor would have a knee voltage of 0V.
Two other important figures of merit for a microwave transistor are gain and intermodulation distortion (IMD). Gain is generally quantified under both large-signal and small-signal conditions, and is the
ratio of output power to input power for a device [8]. Intermodulation distortion, in its simplest sense,
is a measure of how constant gain is in a device over a wide range of instantaneous drive conditions as
induced by a large RF signal. Any variation of gain from its linear, or constant value will cause generation
of new signals at harmonic frequencies. These harmonics can cause system level problems. For example,
a harmonic signal could be in a channel that is adjacent to its carrier, and be mistaken for a signal in
that adjacent channel. IMD becomes increasingly more important, particularly in cellular systems, as
more and more carriers are used in a given bandwith with increasing technology capabilities.
The unity current gain cutoff frequency of a device, ft, and the maximum frequency of oscillation,
fmax, are both very important parameters. These two figures of merit will determine the highest frequency
at which a device is useful as an amplifier.
Finally, the power density of an RF transistor is very important for several reasons. Power density is
most often expressed in units of watts/mm of gate periphery or watts/square cm of die area. For a given
power rating, a high power density results in a smaller device, which will mean higher output impedance,
easier matching, and possibly more power per die and/or fewer combining networks.

9.3 Common RF Power Devices from Wide Bandgap Materials
The three most commonly studied wide bandgap RF power devices are the SiC MESFET (MEtalSemiconductor Field Effect Transistor), the SiC SIT (Static Induction Transistor), and the AlGaN/GaN
HEMT (High Electron Mobility Transistor), sometimes called an AlGaN/GaN MODFET (Modulation
Doped Field Effect Transistor). A brief description of operation of these three devices follows.

9.3.1 SiC MESFETs
The MESFET was first proposed by Mead in 1966 [9], and fabricated in GaAs by Hooper and Lehrer in
1967 [10]. A basic schematic of a MESFET is shown in Fig. 9.2.a [11]. The MESFET is a planar device
fabricated by growth of a thin, doped epitaxial layer located on either a semi-insulating substrate or a
low-doped layer of conductivity type opposite to that of the channel material. MESFETs in SiC can be
fabricated on substrates of the same conductivity as the device channel (typically, n-type), but with a
1 to 5 micron buffer layer of opposite conductivity between the channel and the substrate. High resistivity
substrates are most desirable for high frequency devices and result in improved DC and RF performance
for the transistor by better confining electrons to the conducting channel and reducing microwave losses.
This will be described in more detail in the next section.
In the MESFET, current is passed through the conducting channel by means of two ohmic contacts
(the source and drain), which are typically separated by a distance of 3 to 10 µm. The actual dimensions
are dependent upon the operating frequency, and smaller dimensions are used as operating frequency is
increased. A rectifying Schottky contact (the gate) is located between the two ohmic contacts, and is
typically 0.1 to 2 µm in length for modern microwave devices.
Fig. 9.2b shows the DC I-V curves for a MESFET [11]. During operation, the drain contact is biased
at a specified potential (positive drain potential for an n-channel device) and the source is grounded.
The flow of current through the conducting channel is controlled by a combination of a negative DC
(for n-channel devices) gate bias with a superimposed RF signal also at the gate. The DC bias sets the
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FIGURE 9.2 (a) Cross-section of a typical SiC metal-semiconductor field effect transistor (MESFET); (b) I-V curves
of a typical MESFET.

quiescent operating current for the device, while the RF signal modulates the channel current, thereby
providing RF gain. The operation of the transistor is determined by the ability of the gate signal to
effectively modulate and control the current in the conducting channel. For this reason, any electrons
that leak into the substrate or through the gate electrode will lead to performance degradation. The
availability of both high resistivity, low leakage substrates and high quality, low leakage Schottky barrier
gates in SiC makes high performance SiC MESFETs possible for high voltage RF power applications.

9.3.2 SiC SITs
Static Induction Transistors (SITs) are useful as high power RF sources and amplifiers at UHF and
microwave frequencies. This device was originally proposed by Nishizawa [12] as a power amplifier for
applications such as audio amplifiers. A cross-section of the transistor is shown in Fig. 9.3a. The device
has a structure very similar to a vacuum triode with source and drain contacts separated by a certain
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FIGURE 9.3 (a) Cross-section of a single unit cell of a typical SiC static induction transistor (SIT); (b) I-V curves
of a typical SIT.

distance. Electrons are emitted from the source, which is generally at ground potential, and are accelerated
to the drain, which is biased at a positive potential, where they are collected. A grid structure is located
in the space between the source and drain electrodes so the charge carriers can be externally modulated.
The RF gain of the device is determined by the efficiency with which the modulation is accomplished.
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Cross-section of a typical AlGaN/GaN HEMT. I-V curves are similar to those of the SiC MESFET.

The grid structure is generally fabricated using pn or Schottky junctions. SIT devices are capable of high
voltage gain, but limited current gain. However, since the device has good impedance characteristics,
high power gain is available and the device can be effectively used at frequencies significantly in excess
of the ft for the device.
SITs have four possible modes of operation, as illustrated in the I-V curves shown in Fig. 9.3b. These
modes are ohmic, thermionic emission, space-charge limited current flow (SCLC), and space-charge
limited current flow under saturated velocity conditions (SCLC with Vsat). Static induction transistors
perform best when designed so they operate under either of the space-charge-limited current flow
conditions. This occurs when the conducting channel is lightly doped so that the region between the
grid bars is completely depleted of free charge under typical bias conditions. Under these conditions a
saddle point potential is created in the conducting channel between the grid bars, and modulation of
this potential controls the flow of current from drain to source. In this mode of operation the current
that can flow through the device is limited by the number of electrons that can be forced to flow between
the grid bars and through the saddle point potential. Since this region is depleted of free charge carriers,
the injected charge flowing in the channel generates a space-charge that reduces the electric field in front
of the moving charge, and increases the electric field behind it. The net result is that current flow is selflimited by the space charge of the moving electrons. This limits the density of charge and RF currents
that can flow through the device and establishes a limit to the current drive capability of the device.
The use of SiC offers improved RF performance for SIT transistors since the current density that flows
through the semiconductor is a function of both the injected charge density and the velocity at which
the electrons move. Since the saturated velocity of electrons in SiC is very high (i.e., vs = 2.2 × 107 cm/
sec [13]), a high channel current is possible by designing the device so that the magnitude of the electric
field is above that necessary to maintain electron velocity saturation. Also, the use of highly doped n+
source and drain contact regions permit low resistance contacts to be fabricated, thereby minimizing the
degrading effects of low electron mobility. The net result is that higher channel current can be achieved,
and this results in good RF performance.

9.3.3 AlGaN/GaN HEMTs
AlGaN/GaN HEMTs (High Electron Mobility Transistors) are somewhat similar in structure and operation to SiC MESFETs, with the notable difference that they are heterojunction devices. A cross-section
of an AlGaN/GaN HEMT is shown in Fig. 9.4. In this device, all of the conduction is in a channel formed
by a sheet of charge immediately under the AlGaN/GaN heterojunction, with the channel usually being
about 50 to 250Å total thickness. Typical sheet charge densities in the AlGaN/GaN materials system are
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1 to 1.5 × 1013 cm–2, which is 3 to 10 times that normally seen in GaAs-based HEMTs. The charge in this
device can either come from doping in the AlGaN layer, which spills over into the lower energy GaN
layer or can be induced by the piezoelectric field found in strained GaN-based materials grown on
heteroexpitaxial substrates like sapphire or SiC [14]. The thick GaN layer and the buffer layer, most often
AlN, provide isolation from the substrate and carrier confinement. These devices have been fabricated
most frequently on sapphire substrates, but have also been extensively studied on SiC substrates [15–16],
and have recently been fabricated on p-type 〈111〉 silicon wafers [17]. To date, the best AlGaN/GaN
HEMT performance has been from devices utilizing semi-insulating SiC substrates.
Like in the MESFET, current flows in the AlGaN/GaN HEMT from source to drain, induced by a bias
at the drain, and the gate modulates charge through the channel through the same combination of DC
bias and RF signal. The high sheet charge density in these structures creates a very high current density
to complement the high breakdown voltage already inherent in the GaN channel material. The high sheet
charge will also allow very low on-resistance, which will improve the microwave performance of the
devices, and the combination of high current density with high voltage operation makes the AlGaN/GaN
HEMT the transistor with the highest power density of the wide bandgap devices.

9.3.4 Other Wide Bandgap Devices
There are several other wide bandgap power devices that are beginning to be studied. These include
AlGaN/GaN HBTs (Heterojunction Bipolar Transistors), which should have excellent efficiency and
breakdown characteristics [18], MOS-HFETs (Metal-Oxide-Semiconductor Heterojunction Field Effect
Transistors), which are expected to have improved linearity as compared to AlGaN/GaN HEMTs [19],
JFETs (Junction Field Effect Transistors), which should have very good high temperature performance
[20], and IMPATT diodes, which are expected to generate power at very high frequencies with much
greater efficiency and lower access resistances than their GaAs and InP-based counterparts. All of these
devices are in their technological infancy, and have yet to demonstrate the remarkable RF results of the
more conventional wide bandgap devices. Nevertheless, the potential for these devices to become important in the future should not be overlooked. In the meantime, the rest of this article will focus only on
results from SiC MESFETs, SiC SITs, and AlGaN/GaN HEMTs.

9.4 Desirable Material Properties for RF Power Transistors
There are a number of semiconductor material properties that affect the performance of a high speed,
high power transistor [1–2]. These include the bandgap, critical (breakdown) electric field, and thermal
conductivity. Electron and hole transport properties, the saturated electron velocity, and the electric field
at which electron velocity saturates will also strongly influence the DC and RF characteristics of a high
frequency power transistor. Several of these properties are summarized in Table 9.1, which compares the
material properties of Si, GaAs, 4H-SiC, and GaN. In addition to the properties summarized in Table 9.1,
the electrical conductivity of the substrate material can strongly affect RF losses in a transistor. Finally,
the ability to make both low resistance ohmic contacts and good rectifying Schottky contacts are critical
to transistor fabrication and performance. Figure 9.5 attempts to capture some of the many relationships
TABLE 9.1

Material Properties of Common Semiconductors

Property
Bandgap
Breakdown field
Saturation velocity
Saturation field
Thermal conductivity
Electron mobility
Hole mobility

Units

Silicon

GaAs

4H-SiC

GaN

EV
V/cm
cm/sec
V/cm
W/cm-K
Cm2/V-sec
Cm2/V-sec

1.11
7 × 105
1 × 107
8 × 103
1.5
1350
450

1.43
7 × 105
1 × 107
3 × 103
0.46
6000
330

3.2
35 × 105
2 × 107
25 × 103
4.9
800
120

3.4
35 × 105
1.5 × 107
15 × 103
1.7/substrate
1000
300
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between material properties and power device and system performance. The system level advantage is
particularly important as a metric for evaluating devices from wide bandgap materials, as that is where
their real importance and impact for a customer or consumer will be evident.

9.4.1 Critical or Breakdown Field
SiC and GaN have critical fields of 3.5 MV/cm, five times that of Si or GaAs. This critical, or breakdown
field of a material is possibly the most important material parameter for design of a high power density
device, as it determines the highest operating voltage of a transistor for a given device design and channel
doping, and thus limits the RF power swing in the device. Analagously, for a given voltage requirement,
a higher breakdown field will allow a device designer to use a higher doping level in the device than for
a lower breakdown field material, and, with the higher doping, tighter device dimensions. Higher operating voltage, as shown in Eq. (9.1), results in both higher power and higher power density in the device.
Higher doping and reduced dimensions in an FET will also enable a device with increased transconductance, lower parasitic resistances, increased power gain, higher ft and fmax, and improved efficiency due
to the decreased access resistances.
Furthermore, large output power levels can be achieved through either high current or high voltage
operation, but a device that obtains its power from high voltage rather than high current will be much
smaller due to the fact that voltage scaling in a device only involves design changes in a device channel
on the order of 1 to 2 µm, whereas high current devices require complete scaling of the device periphery.
This becomes even more important for a very high power device as increased current in the linear region
of device operation introduces more resistive heating, and further degrades device performance. In
addition, a smaller geometry, high voltage part will have output impedance levels that are much larger
than for a larger geometry, high current device of the same output power level, making the high voltage
FET easier to incorporate into a circuit design. At a system level, the higher power density of a wide
bandgap transistor will lead to more power per die, and thus a smaller die count per system, and greater
bandwidth due to improved output impedance characteristics. Higher efficiency will translate into lower
total energy usage for the microwave system in question, and smaller die sizes will use smaller and
therefore cheaper packages.

9.4.2 Thermal Conductivity
The thermal conductivity of a material determines the ease with which heat generated from unconverted
DC power can be removed from the device. Any temperature rise from undissipated heat will further
degrade device performance by causing a drop in the mobility and saturated electron velocity in the
transistor, which in turn causes the device to become progressively less efficient and to generate more
heat. Thermal conductivity can also influence whether or not special packaging and/or system cooling
become necessary for successful device operation. The thermal conductivity of SiC of 4.9 W/cm-K is
three times that of Si and ten times that of GaAs or sapphire and, as such, is a tremendous advantage
for SiC-based devices. Since GaN-based devices are grown on both sapphire and SiC substrates at the
present time, the limiting thermal conductivity for these devices depends on the choice of substrate.

9.4.3 Wide Bandgap
A large bandgap is considered desirable for high voltage power devices for two reasons. First, the bandgap
determines the upper temperature limit of device operation. This is particularly important when transistor scaling and power density are examined, as higher temperature operation makes it possible to
design a smaller, denser device that will withstand the heat it generates under bias. Second, wide bandgap
materials have been shown to be more resistant to radiation, such as α particles, which are known to be
very destructive in Si MOS devices. The large bandgaps of 3.4 eV for GaN and 3.2 eV for 4H-SiC give
these materials a high temperature performance advantage over Si and GaAs. In the system limit, a device
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that can withstand higher channel and ambient temperatures may be suitable for a cheaper package and
relaxed system cooling requirements.

9.4.4 Saturated Electron Velocity
The saturated electron velocity of a material is very important for sub-micron gate length devices, which
typically operate at very high electric fields. In this regime, the frequency performance (in particular, ft)
of a device is largely determined by electron velocity. SiC has a measured saturated electron velocity of
2.2 × 107 cm/second, twice that of Si or GaAs, and GaN has an electron velocity of 1.5 × 107 cm/second,
still significantly higher than that of Si or GaAs. The electric field at which the electron velocity saturates
is also important as it determines how quickly the charge carriers can be accelerated to their saturated
values. The saturation fields for GaN and SiC are 1.5 to 2.5 × 104 V/cm, or 2 to 8 times higher than the
3 to 8 × 103 V/cm values for GaAs and Si. The high saturation fields combined with the low mobilities
of wide bandgap semiconductors result in devices that will have higher knee voltages and therefore will
have to be operated at considerably higher supply voltages before they operate in a saturated electron
velocity regime. This will move their optimal performance to much higher voltage levels than for more
conventional semiconductor technologies. Overall, the high electron velocities, at whatever voltage is
necessary, will contribute to a very high speed device and, as a result, as very high system frequency.

9.4.5 Electron and Hole Mobilities
A primary disadvantage of fabricating transistors from wide bandgap semiconductors is the relatively
low values for electron and hole mobilities in these materials. Electron and hole transport properties are
also critical to successful device performance, and play a dominant role in determining the on-resistance
and knee voltage of a device in its low-field region of operation. Low mobility results in increased parasitic
resistance, increased losses, and reduced gain. These problems are worsened both as operating frequency
is increased, where series resistances play an increasingly stronger role, and at elevated temperatures,
where mobility will rapidly decrease.
SiC and GaN have electron mobilities of 800 to 1000 cm2/V-sec in nominally undoped material. These
values are much less than the 1350 cm2/V-sec electron mobility of silicon, let alone the 6000 cm2/V-sec
electron mobility of GaAs. At the typical 1017 cm–3 doping levels commonly seen in high voltage MESFETs,
the electron mobility in 4H-SiC drops to around µe ~ 500 cm2/V-sec. Fortunately, the electron mobility
in a 2D-gas in an AlGaN/GaN heteostructure typically remains close to 1000 cm2/V-sec as the electrons
in the AlGaN/GaN heterojunction are physically separated from their donor atoms and thus are not
affected by ionized impurity scattering as in the case of SiC. The hole mobility in both SiC and GaN is
very low, on the order of µp ~ 120 to 300 cm2/V-sec. The low value for hole mobility severely limits the
use of p-type SiC in RF transistors that are intended for operation above about 1 GHz.

9.4.6 Substrate Conductivity
In addition to the material properties detailed in Table 9.1, there are several other material parameters
than can affect RF power device performance. The electrical conductivity of the device substrate is a very
important material property for higher frequency operation of RF transistors. The SIT, which is a vertical
device, must have a conducting substrate in order to accomodate its backside source contact. The effects
of substrate conductivity are much more complicated in MESFET and HEMTs. Substrate conductivity
is strongly related to losses at high frequency in microwave MESFETs and HEMTs, since they are lateral
devices. At microwave frequencies, the contact pads of the transistor act as lossy transmission lines, and
as such create both loss and dispersion in the small-signal characteristics of the device, including smallsignal gain, which is the upper limit of power gain in a transistor. Frequency dispersion of various device
elements makes device model extrapolation, wideband device operation, and circuit design all very
difficult. Development of semi-insulating SiC substrates of both 6H and 4H polytypes has clearly demonstrated the importance of this material improvement. The device gain in MESFETs on semi-insulating
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FIGURE 9.5 Relationships between material properties and device and system level performance for transistors
and systems using wide bandgap materials.

SiC is higher, the substrate losses are smaller, and the dispersion seen in parasitic device elements is
decreased as compared to devices on highly doped SiC substrates. Similarly, AlGaN/GaN HFETs fabricated
on sapphire (an insulator) or semi-insulating silicon carbide have much better microwave performance
than those fabricated on highly doped silicon substrates. This will be discussed in more detail in the
device results in the next section.

9.4.7 Electrical Contacts
Electrical contacts, which are critical to successful device operation, are also strongly influenced by
material properties. One of the disadvantages of wide bandgap materials is that they tend to form ohmic
contacts with higher contact resistance than ohmic contacts fabricated on smaller bandgap semiconductors. Unfortunately, ohmic contact resitance can strongly influence both DC and RF operation of a device
by contributing to the resistive region of the I-V curves shown in Fig. 9.1. As discussed earlier, this increase
in the on-resistance adversely affects the extrinsic transconductance, small-signal gain, frequency performance, and power-added efficiency of a device. With optimization, reasonably low contact resistances
have been realized in both SiC and GaN n-type materials.
High quality Schottky contacts are also critical to successful transistor performance. The quality of its
Schottky contact determines the ability of the gate to completely pinch off the device channel, and controls
the gate leakage current in the device under both DC and RF conditions. High gate leakage will decrease
RF gain and power-added efficiency, and, in turn, the maximum output power of a device. Since good
Schottky contacts are typically easy to fabricate on wide bandgap materials, good Schottky gate operation
is usually possible in SiC technology.

9.5 State-of-the-Art Wide Bandgap Microwave Transistor Data
The effects of the material properties of wide bandgap semiconductors are best illustrated through the
phenomenal device performance being reported today. Despite the immaturity of wide bandgap technology, the DC, small-signal, and large signal results from wide bandgap transistors are already challenging or exceeding the best results reported in many semiconductor material systems.
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FIGURE 9.6
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Comparison of highest reported ft and fmax for SiC SITs, SiC MESFETs, and AlGaN/GaN HEMTs.

9.5.1 High Frequency Performance
ft and fmax are commonly cited for SiC MESFETs, SITs, and AlGaN/GaN HEMTs because they provide
an upper limit to the frequencies at which these devices are useful in system applications. Figure 9.6
illustrates both the best performance reported to date for these devices and the performance differences
from the device types. The best performance is from the AlGaN/GaN HEMT, with ft = 67 GHz and fmax =
140 GHz [21]. The SiC MESFET is also very fast, with peak ft = 25 GHz and fmax = 50 GHz [22]. The
SiC SIT is the weakest performer, with an ft of only 7 GHz [23] and fmax of 8 GHz.
The reasons for the differences in performance can be explained through simple device physics. ft is
linear with transconductance, which is very high (~240 to 250 mS/mm) for the AlGaN/GaN HEMT.
Transconductance in the SiC MESFET is typically on the order of 50 mS/mm, leaving the MESFET with
much lower ft. The strong effect of gate capacitance on ft can also be seen with the SiC MESFET. The
MESFETs cited with 25 GHz ft are fabricated on semi-insulating substrates. When the same device is
fabricated on a conducting SiC substrate, which adds a very large parasitic pad capacitance to both the
gate and the drain of the device, the best reported ft drops to about 8 GHz and fmax falls to 16 GHz [24].
Similarly, when an AlGaN/GaN HEMT was fabricated on a highly doped p-type silicon substrate, ft and
fmax were both 25 GHz [17]. The SiC SIT has a very large parasitic gate-drain capacitance due to its
vertical design, and low transconductance due to the lower doping levels used in this device, so even
with careful design and processing, the upper limit of ft for the SIT is expected to be around 20 GHz.
fmax is linear with ft, but also depends strongly on gate, source, drain, and channel resistances, output
conductance, and gate-drain capacitance. The large differences in fmax among the wide bandgap devices are
probably primarily due to the dramatic differences in transconductances in the different devices. This is
validated by the fact that the fmax/ft ratio is nearly the same for the AlGaN/GaN HEMT and the SiC MESFET.

9.5.2 Power Density
Power density, shown in Fig. 9.7, is also an important parameter for evaluation as it is instrumental in
determining the minimum device, die, and package size of a microwave transistor. The trend for power
density is similar to that of frequency performance. AlGaN/GaN HEMTs have the highest reported power
density, 9.1 W/mm at Vds = 30 V [25], due to both the high current density and high breakdown voltage
of these devices. SiC MESFETs follow with a significant power density of 5.6 W/mm at Vds = 60 V [26].
While the drain voltage of the MESFET is higher, its current carrying capability (drain current density)
is significantly lower than that of the AlGAN/GaN HEMT, and so the power density of the SiC MESFET
ends up being lower than that of the AlGaN/GaN HEMT. SiC SITs have lower power density at higher
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RF power density vs. drain voltage for different RF power technologies.

drain voltage, due to their lower current carrying capability. The peak power density for a SiC SIT is
1.3 W/mm at Vds = 90 V [27]. Overall, as seen in Fig. 9.7, the wide bandgap power devices significantly
outperform silicon LDMOS and GaAs devices at higher supply voltages. Also worth noting is the fact
that the highest power density for an AlGaN/GaN HEMT on a sapphire substrate is only 3.1 W/mm,
much less than the 9.1 W/mm reported for a very similar device design on a SiC substrate. This further
underscores the importance of substrate thermal conductivity.

9.5.3 Total Power
Total RF output power, shown in Fig. 9.8, is very important. In the final analysis, it will not matter what
power density a transistor achieves if it cannot be scaled up into a total power that is useful for a systemlevel application. In the case of wide bandgap devices, the power requirements for their intended uses
(basestations, radar, broadcast, etc.) range from approximately 30 to 1500 W. For total power, the SiC SIT
is the device with superior performance. Some of the best reported SIT power data includes a 34.5 cm
gate periphery module with 470 W total output power at 600 MHz, and a higher frequency, 3 GHz, 3 cm
gate periphery module with 36 W output power and 42% power-added efficiency [27]. The SIT has also
been used to make a UHF high power amplifier module designed for HDTV transmission [28]. This
module, designed for operation in the 470 to 806 MHz frequency range, had 200 W average output power
and 1 kW peak output power. SiC MESFETs have been fabricated with total CW output power of 80 W,
and total pulsed output power of 120 W, both at 3.1 GHz [26]. The AlGaN/GaN HEMTs are most limited
in total output power at the present time, with the highest reported power of 9.86 W at 8.2 GHz [25].
Also represented in Fig. 9.8 are currently available Si LDMOS parts with output powers as high as 120 W,
and GaAs HFETs with 200 W total output power at 2.16 GHz [29] and 15.8 W at 12 GHz [30].

9.6 Challenges to Production
While there is little doubt that wide bandgap materials have tremendous potential in the high power RF
arena, there are still several challenges to production that have yet to be answered. The challenges include
the size, defectivity, and choice (SiC/sapphire/silicon) of the device substrate along with the quality and
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Total output power vs. frequency for different RF power technologies.

defect density of the epilayers, elimination of dispersion phenomena currently seen in many of these
devices, and improved understanding of system packaging and thermal limitations. In addition, market
drivers will be needed to provide the impetus for continuing material and device development. It will
be very difficult to implement any type of large-scale production of wide bandgap power transistors until
these issues are resolved.

9.6.1 SiC Substrates
SiC substrates have come a long way since they were first introduced over a decade ago. However, they
still have a long way to go. The most common “killer” defect in SiC wafers, the micropipe (a screw
dislocation that can run the length of a boule of material), has been reduced in density from over 100/
cm2 in 1993 to less than 1/cm2 in 1998 [31]. Those numbers, however, are best research results, and
commercially available wafers will have higher micropipe densities, are significantly more expensive than
silicon wafers, and are only available in 2″ to 3″ diameters, depending on polytype and doping. The high
defect densities in SiC substrates make it difficult to yield large, high voltage, high power devices, while
the small wafer sizes increase cost through decreased economy of scale, and can actually be a limiting
factor in that it is now difficult to even obtain used semiconductor process equipment for 2″ to 3″ wafers.

9.6.2 Substrates for GaN Devices
As mentioned earlier, GaN devices have been grown on a number of different substrates. This is because
larger diameter (2″) GaN substrates will become available, in prototype quantities only, for the first time
in 2000. In the absence of a homoepitaxial GaN wafer, substrate choice for GaN is something of a
conundrum. Sapphire is relatively cheap, is offered in large diameter (4″ to 6″) wafers, and provides an
excellent low-loss microwave substrate. However, the thermal conductivity of sapphire is extremely poor
(0.46 W/cmK) and will severely limit the power density and total power performance of devices fabricated
on it. On the other hand, semi-insulating SiC is also an excellent microwave substrate, but has the cost,
size, and defectivity issues described above. Silicon is yet another substrate possibility, but there is very
limited data as to its performance at this time.
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9.6.3 Dispersion and Instability Due to Material Defects
There have been many reports on both SiC [32] and GaN [33–35] devices of different types of device
instabilities and dispersions. Drain current reduction under RF drive and surface instabilities have both
been documented for SiC MESFETs. These phenomena have been attribued to traps at both the surface
of the device and the buffer/substrate interface. Drain current compression has been widely reported for
AlGaN/GaN HEMTs, along with frequency dispersion of transconductance and capacitances. These
phenomena in GaN devices have been attributed to hole traps in the buffer layer, traps in the AlGaN
barrier, and have even been modeled as a lossy dielectric layer under the gate of the device. In the final
analysis, any type of DC-to-RF dispersion is extremely undesirable, not only because of device degradation, but also because is makes circuit design very difficult. Any dispersion effects in devices will have to
be eliminated before serious production of wide bandgap devices can occur.

9.6.4 System Level Issues
There are two system level issues that will need much more study in order to make wide bandgap
devices a commercial reality. First, significantly improved packaging will be needed because devices
from wide bandgap materials will have much greater power per die and thus power per package than
currently available silicon or GaAs devices. Thus, the thermal capabilities of the package for the wide
bandgap device will have to be significantly improved over the currently available packaging technology
used for silicon power devices. Second, the overall temperature handling and cooling capabilities of
the systems using RF power devices will have to be improved. Put simply, there cannot be any
advancement in technology if a very high temperature tolerant device operating at a very high temperature and power level causes thermal runaway in the non wide bandgap, temperature-sensitive
devices that surround it.

9.6.5 Market Drivers
One bit of good news for wide bandgap technology is that it appears to be in high demand despite its
immature status. Cree Inc. has already announced release of a SiC MESFET product. The U.S. government
is providing very large amounts of funding to drive development of wide bandgap technology for military
applications [36]. Most importantly, development and sales of blue LEDs from GaN are growing very
fast in both demand and level of technology development [37]. The large LED market will drive nitridebased technology to improved materials, which will in turn feed back into microwave device technology,
which should in turn mitigate many of the issues described above.

9.7 Conclusions
This article has discussed the properties of wide bandgap, high frequency, high power transistors, and
how the materials from which they are fabricated affect device performance. SiC and GaN are shown to
be outstanding materials for use in microwave device applications. This is clearly exemplified by the
outstanding device performance seen from these relatively immature technologies. Device results including fmax = 139 GHz and power densities of 9.1 W/mm for AlGaN/GaN HEMTs, power densities of 5.6 W/
mm and power-added efficiency of 65.7% for SiC MESFETs, device modules of over 470 W at power
densities of 175 kW/in2, and the design and execution of an HDTV transmitter module in SiC SIT
technology all show the tremendous potential of wide bangap materials for use in microwave transistors.
With the improvements of larger diameter, low defect density substrates, more perfect epitaxial films,
and improved package and system thermal tolerances, wide bandgap materials should prove an excellent
high power, high temperature technology for microwave applications.
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10.1 Overview
10.1.1 MMIC Definition and Concepts
Pucel gives an excellent review of Monolithic Microwave Integrated Circuit (MMIC) technology in a
1981 paper.1 Pucel went on to assemble a collection of papers on the subject in which he states in the
introduction:2
the monolithic approach is an approach wherein all active and passive circuit elements and interconnections are formed, in situ on or within a semi-insulating semi-conductor substrate by a combination
of deposition schemes such as epitaxy, ion implantation, sputtering, and evaporation.
Figure 10.1 is a conceptual MMIC chip illustrating most of the major components. These include field
effect transistor (FET) active devices, metal-insulator-metal (MIM) capacitors, thin film resistors, spiral
strip inductors, via hole grounding, and air bridges.
As implied by the above quote and Fig. 10.1, in a MMIC all of the circuit components, including
transistors, resistors, capacitors, and interconnecting transmission lines are integrated onto a single semiinsulating/semiconducting (usually GaAs) substrate. Use of a mask set and a corresponding series of
processing steps achieves the integrated circuit fabrication. The mask set can be thought of as a mold.
Once the mold has been cast, the process can be repeated in a “turn-the-crank” fashion to batch process
tens, hundreds, or thousands of essentially identical circuits on each wafer.
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FIGURE 10.1

Three-dimensional conceptual illustration of MMIC technology (from Ladbrooke15).

10.1.2 A Brief History of GaAs MMICs
As noted by Pucel,3 the origin of MMICs may be traced to a 1964 government program at Texas
Instruments. A few key milestones are summarized in the following:
• 1964 — U.S. government funded a research program at TI based on silicon integrated circuit
technology:4 The objective was a transmit/receive module for a phased array radar antenna. The
results were disappointing due to the poor semi-insulating properties of silicon.
• 1968 — Mehal and Wacker5 used semi-insulating gallium arsenide (GaAs) as the substrate with
Schottky diodes and Gunn devices as active devices to fabricate an integrated circuit comprising
a 94 GHz receiver “front-end.”
• 1976 — Pengelly and Turner6 used MESFET devices on GaAs to fabricate an X-band (~10 GHz)
amplifier and sparked an intense activity in GaAs MMICs.
• 1988 (approximately) — U.S. government’s Defense Advanced Research Projects Agency (DARPA,
today called ARPA) launched a massive research and development program called the MIMIC
program (included Phase I, Phase II, and Phase III efforts) that involved most of the major MMIC
manufacturing companies.
In the early 1980s a good deal of excitement was generated and several optimistic projections were
made predicting the rapid adoption of GaAs MMIC technology by microwave system designers, with
correspondingly large profits for MMIC manufacturers. The reality is that there was a much slower rate
of progress to widespread use of MMIC technology, with the majority of the early thrust being provided
by the government for defense applications. Still, steady progress was made through the 1980s and the
government’s MIMIC program was very successful in allowing companies to develop lower cost design
and fabrication techniques to make commercial application of the technology viable. The 1990s have
seen good progress toward commercial use with applications ranging from direct broadcast satellite (DBS)
TV receivers, to automotive collision avoidance radar, and the many wireless communication applications
(cell phones, WLANs, etc.).
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TABLE 10.1

Features of Hybrid and Monolithic Approaches

Feature
Type of substrate
Passive components
Active components
Interconnects
Batch processed?
Labor intensive/chip
a

Hybrid

Monolithic

Insulator
Discrete/Deposited
Discrete
Deposited and wire-bonded
No
Yes

Semiconductor
Deposited
Deposited
Deposited
Yes
No

After Pucel7 with permission from IEEE.

10.1.3 Hybrid vs. MMIC Microwave IC Technologies
The conventional approach to microwave circuit design that MMIC technology competes with, or is used
in combination with, is called “hybrid microwave integrated circuit,” “discrete microwave integrated
circuit” technology, or simply MIC technology. In a hybrid MIC, the circuit pattern is formed using
photolithography. Discrete components are then assembled onto the substrate (e.g., using solder or silver
epoxy) and connected using bondwires. In contrast to the batch processing afforded the MMIC approach,
MICs have to be assembled with discrete components attached using relatively labor-intensive manufacturing methods. Table 10.1 summarizes some of the contrasting features of hybrid and monolithic
approaches.
The choice of MMICs vs. the hybrid approach is mainly a matter of volume requirements. The batch
processing of MMICs gives this approach advantages for high volume applications. Significant cost savings
can be reaped in reduced assembly labor, however, for MMIC the initial design and mask preparation
costs are considerable. The cost of maintaining a MMIC manufacturing facility is also extremely high
and this has forced several companies out of the business. A couple of examples are Harris, which sold
its GaAs operation to Samsung and put its resources into silicon. Another is AT&T, which is also relying
on silicon for is anticipated microwave IC needs.
The high cost of maintaining a facility can only be offset by high volume production of MMICs. Still
this does not prevent companies without MMIC foundries from using the technology, as there are several
“commercial foundries” who offset the costs of maintaining their facilities by manufacturing MMIC chip
products for third party companies through a foundry design working relationship.
A key advantage of MMICs is small size. To give an example, a hybrid MIC the size of a business card
can easily be reduced to a small chip one or two millimeters on a side. An associated advantage is the
ease of integration that allows several functions to be integrated onto a single chip. For example, Anadigics
and Raytheon have both manufactured DBS-related MMICs, wherein the functions of amplification
(LNA and IF amplifiers), signal generation (VCO), and signal conversion (mixer) and filtering are all
accomplished on a 1 mm × 2 mm, or smaller, chip.

FIGURE 10.2 An example of combined MMIC and hybrid MIC technologies, this radar module includes several
MMIC chips interconnected using microstrip lines. The hybrid substrate (white areas) is an alumina insulating
substrate; the traces on the hybrid substrate are microstrip lines (courtesy Raytheon Systems Company).
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FIGURE 10.3 Application of MMICs in Ku-Band Direct Broadcast Satellite downconverters. The antenna is typically
a small parabolic dish.

In contrast to MMIC, MIC lithography is quite inexpensive and a much smaller scale investment is
required to maintain a MIC manufacturing capability. There are also some performance advantages of
the hybrid approach. For example, it is much easier to tune or repair a hybrid circuit after fabrication
than it is for a MMIC. For this reason, for applications where the lowest noise figure is required, such
as in a satellite TV receiver, an individually tuned hybrid LNA may be preferred as the first stage.
Ultimately, there is no such thing as a truly all MMIC system. Monolithic technology can be used to
integrate single functions, or several system functions, but cannot sustain a system function in isolation.
Usually, a MMIC is packaged along with other circuitry to make a practically useful component, or
system. Figure 10.2, a radar module made by Raytheon, exemplifies how the advantages of both MMIC
and hybrid approaches are realized in a hybrid connection of MMIC chips. Another example of combined
hybrid/MMIC technology is shown in Fig. 10.3, in the form of a low noise block downconverter for
Direct Broadcast Satellite applications. An example of combined MMIC and hybrid MIC technologies,
this radar module includes several MMIC chips interconnected using microstrip lines. The hybrid
substrates (white areas) is an alumina insulating substrate; the traces on the hybrid substrate are microstrip lines (courtesy Raytheon Systems Company).

10.1.4 GaAs MMICs in Comparison to Silicon VLSI Computer Chips
Everyone is familiar with silicon digital IC chips, or at least the enormous impact silicon-based Very
Large Scale Integrated (VLSI) circuits have had on the computer industry. Silicon computer chips are
digital circuits that contain hundreds to thousands of transistors on each chip. In a digital circuit the
transistors are used as switches that are in one of two possible states depending on the “logic” voltage
across a pair of terminals. The information processed by a digital circuit consists of a sequence of “1s”
and “0s,” which translate into logic voltages as the signal passes through the digital IC. Noise distorts the
logic waveform in much the same way that it distorts a sinusoidal signal, however, as long as the signal
distortion due to noise is not severe, the digital circuitry can assign the correct (discrete) logic levels to
the signal as it is processed. Signal interpretation errors that occur due to noise are measured in terms
of a bit error rate (BER).
The speed of the digital processing is related to how fast the transistors can switch between one state
and another, among other factors. Because of certain material factors, such as electron mobility, digital
circuits made on GaAs have been demonstrated to have speed advantages over silicon digital ICs, however,
the speed advantages have not been considered by the majority of companies to outweigh the significant
economic advantages of well-established, lower cost, silicon processing technology.
Because of the large volume of silicon chips that have been produced over the last twenty years, silicon
processing techniques are significantly more established and in many cases standardized as compared to
GaAs processing techniques, which still vary widely from foundry to foundry. The digital nature of the
signals and operation modes of transistors in digital ICs makes uniformity between digital ICs, and even
similar ICs made by different manufacturers, much easier to achieve than achieving uniformity with
analog GaAs MMICs.
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In contrast, GaAs MMICs are analog circuits that usually contain less than 10 transistors on a typical
chip. The analog signals processed, which can take on any value between certain limits, may generally
be thought of as combinations of noisy sinusoidal signals. Bias voltages are applied to the transistors
in such a way that each transistor will respond in one of several predetermined ways to an applied
input signal. One common use for microwave transistors is amplification, whereby the result of a signal
passing through the transistor is for it to be boosted by an amount determined by the gain of the
transistor.
A complication that arises is that no two transistors are identical in the analog sense. Taking gain for
example, while there will be a statistical distribution of gain for a set of amplifier chips measured on the same
GaAs MMIC wafer, a different (wider) set of statistics applies to variations in gain from wafer-to-wafer for
the same design. These variations are caused primarily by variations in transistors, but also by variations in
other components that make up the MMIC, including MIM capacitors, spiral inductors, film resistors, and
transmission line interconnects. Successful foundries are able to control the variations within acceptable limits
in order to achieve a satisfactory yield of chips meeting a customer’s requirements. However, translating a
MMIC design mask set to a different manufacturing foundry is a different story altogether.
This is not to say that foundry translation of MMIC designs cannot be accomplished. Under the federally
funded MIMIC program, mentioned earlier, several pairs of foundries were tasked to translate designs
from one to the other to demonstrate a “second-sourcing” capability. These efforts met with varying
degrees of success, but not without considerable effort on the part of the participating GaAs MMIC
foundries. Two pairs of companies involved in this second-sourcing demonstration effort for the MIMIC
program are Raytheon and Texas Instruments, and Hughes Aircraft Company (GaAs foundry since bought
and closed by Raytheon Company) and General Electric Company (now part of Lockheed-Martin).

10.1.5 MMIC Yield and Cost Considerations
Yield is an important concept for MMICs and refers to the percentage of circuits on a given wafer with
acceptable performance relative to the total number of circuits fabricated. Since yield may be defined at
several points in the MMIC process, it must be interpreted carefully.
• DC yield is the number of circuits whose voltages and currents measured at DC are within
acceptable limits.
• RF yield is generally defined as the number of circuits that have acceptable RF/microwave performance when measured “on-wafer,” before circuit dicing.
• Packaged RF yield is the final determination of the number of acceptable MMIC products that
have been assembled using the fabricated MMIC chips.
If measured in terms of the total number of circuits fabricated, each of these yields will be successively
lower numbers. For typical foundries, DC yields exceed 90%, while packaged yields may be around 50%.
Final packaged RF yield depends heavily on the difficulty of the RF specifications, the uniformity of the
process (achieved by statistical process control), as well as how sensitive the RF performance of the circuit
design is to fabrication variations.
The costs involved with MMICs include:
•
•
•
•
•
•
•
•

Material
Design
Mask set preparation
Wafer processing
Capital equipment
Testing
Packaging
Inspection
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A typical wafer run may cost $20,000 to $50,000, with $5,000 to $10,000 attributable to the mask set
alone. These figures do not include design costs. Per-chip MMIC costs are determined by:
•
•
•
•
•

Difficulty of design specifications
Yield
Material (wafer size and quality)
Production volume
Degree of automation

Some 1989–90 example prices for MMIC chips are as follows:8
1 to 5 GHz Wideband Amplifier — $30.00
2 to 8 GHz Wideband Amplifier — $45.00
6 to 18 GHz Wideband Amplifier — $100.00
DC to 12 GHz Attenuator — $60.00
DBS downconverter chip — $10.00.
In comparison, example prices for 1999 MMIC chips are as follows:9
DBS Downconverter chip — <$2.50
DC to 8 GHz HBT MMIC amp. — ~$3
Packaged power FET MMIC — $1 for ~2 GHz
4 to 7 GHz and 8 to 11 GHz high power/high efficiency power amps. — $85 (2 Watt) to $330 (12 Watt)
Prices for low volume specials at high frequency have not moved much since 1989.

10.1.6 Si vs. GaAs for Microwave Integrated Circuits
The subject of Silicon versus GaAs has been a hotly debated subject since the beginning of the MMIC
concept in around 1965 (see “A brief history of GaAs MMICs” above). Two of the main discriminating
issues between the technologies are microwave transistor performance and the loss of the semiconductor
when used as a semi-insulating substrate for passive components.
A comparison of relevant physical parameters for silicon and GaAs materials is given in Table 10.2.
The dielectric constants of the materials mainly affects the velocity of propagation down transmission
line interconnects, and for the materials compared, this parameter is on the same order. For the other
factors considered, significant differences are observed. The thermal conductivity, a measure of how
efficiently the substrate conducts heat (generated by DC currents) away from the transistors, is best for
silicon and is one key advantage of the silicon approach. This advantage is offset by silicon’s lower mobility
and lower resistivity. Mobility in a semiconductor is a measure of how easily electrons can move through
the “doped” region of the semiconductor (see discussion of FET operation in the following section). The
TABLE 10.2

Properties of GaAs, Silicon, and Common Insulating Substrates

Property
Dielectric
constant
Thermal cond.
(watts/cm-K)
Resistivity
(ohm-cm)
Elec. mobility
Sat. elec. velocity

GaAs

Silicon

Semi-Insulating
GaAs

Semi-Insulating
Silicon

Sapphire

Alumina

12.9

11.7

12.9

11.7

11.6

9.7

0.46 (fair)

1.45 (good)

0.46 (fair)

1.45 (good)

0.46 (fair)

0.37 (fair)

107–109 (fair)

103–105 (poor)

>1014
(good)
—
—

1011–1014
(good)
—
—

—

—

4300a (best)
1.3 × 107 (best)

700a (good)
9 × 106 (good)

Adapted from Pucel,13 with permission from IEEE.
a At a doping concentration of 1017/cm3.

—
—

—
—

Monolithic Microwave IC Technology

10-7

FIGURE 10.4 Cross-section of a MESFET transistor. In operation, current Ids flows between the gate and drain
terminals through the doped n-type active channel. An AC voltage applied to the gate modulates the size of the
depletion region causing the Ids current to be modulated as well. Notice that in a MMIC the doped n-type region is
restricted to the transistor region leaving semi-insulating GaAs outside to serve as a passive device substrate.

mobility, as well as the saturated velocity, have a strong influence on the maximum frequency at which
a microwave transistor can have useful gain.
Turning our attention to passive component operation, GaAs has much better properties for lower
loss passive circuit realization. With the exception of a resistor, the ideal passive component is a transmission line, inductor, or capacitor that causes no signal loss. Resistivity is a measure of how “resistant”
the substrate is to leakage currents that could flow, for example, from the top conductor of a microstrip
line and the ground plane below. Looking first at the properties of the insulators sapphire and alumina,
the resistivity is seen to be quite high. Semi-insulating GaAs is almost as high, and silicon has the lowest
resistivity (highest leakage currents for a given voltage).
These considerations have led many companies to invest heavily in GaAs technology for microwave
applications over the last several years. However, silicon remains a strong contender. In fact there has
been a very strong renewal in development of silicon MMICs10 with the advent of numerous markets for
microwave “wireless” products. The front lines of the battlefield between silicon and GaAs are at frequencies below 6 GHz, where potential commercial opportunities are numerous. Silicon-based microwave
ICs are also beginning to appear in higher frequency applications, such as Ku-band DBS satellite receivers.11 Silicon-germanium heterojunction bipolar transistor technology is paving the way for increasing
the applicability of silicon technology to even higher frequencies.12

10.2 Basic Principles of GaAs MESFETs and HEMTs
10.2.1 Basic MESFET Structure
The primary active device in a GaAs MMIC is the metal electrode semiconductor field-effect transistor,
or MESFET. The basic construction of a MESFET is shown in Figs. 10.4 and 10.5. An “active layer” is
first formed on top of a semi-insulating GaAs substrate by intentionally introducing an n-type impurity
onto the surface of the GaAs, and isolating specific channel regions. These channel regions are semiconducting in that they contain free electrons that are available for current flow. When a metal is placed in
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Semi-insulating substrate

FIGURE 10.5 Aspect view of MESFET. Important dimensions to note are the gate length (Lg) and the gate width
(Z). (From Golio.16)

direct contact with a semiconductor, as in the case of the gate, a “Schottky diode” is formed. One of the
consequences of this is that a natural “depletion region,” a region depleted of available electrons is formed
under the gate. A diode allows current flow easily in one direction, while impeding current flow in the
other direction. In the case of a MESFET gate, a positive bias voltage between the gate and the source
“turns on” the diode and allows current to flow between the gate and the source through the substrate.
A negative bias between the gate and the drain “turns off ” the diode and blocks current flow, it also
increases the depth of the depletion region under the gate.
In contrast to the gate contact, the drain and source contacts are made using what are called “ohmic
contacts.” In an ohmic contact, current can flow freely in both directions. Whether an ohmic contact or
Schottky diode is formed at the metal-semiconductor interface is determined by the composition of the
metal placed on the interface and the doping of the semiconductor region directly under the metal. The
introduction of “pocket n+ implants” help form the ohmic contacts in the FET structure illustrated in
Fig. 10.4. In the absence of the gate, the structure formed by the active channel in combination with the
drain and source contacts essentially behaves as a resistor obeying ohms law. In fact this is exactly how
one type of GaAs-based resistor commonly used in MMICs is made.

10.2.2 FETs in Microwave Applications
The most common way to operate a MESFET, for example in an amplifier application, is to ground the
source (also called “common source” mode), introduce a positive bias voltage between the drain and
source, and a negative bias voltage between the gate and source. The positive voltage between the drain
and source Vds causes current Ids to flow in the channel.
As negative bias is applied between the gate and source Vgs the current Ids is reduced as the depletion
region extends farther and farther into the channel region. The value of current that flows with zero
gate-to-source voltage is called the saturation current Idss. Eventually, at a sufficiently large negative
voltage, the channel is completely depleted of free electrons and the current Ids will be reduced to
essentially zero. This condition is called “pinch off.” In most amplifier applications, the negative gate
voltage is set to a “bias condition” between 0 volts and the pinch-off voltage Vpo.
Figure 10.6 gives a simplified view of a FET configured in an amplifier application. An input sinusoidal
signal Vgs(t) is shown offset by a negative DC bias voltage. The sinusoidal variation in Vgs causes a likewise
sinusoidal variation in depth of the depletion region that in turn creates a sinusoidal variation (or
modulation) in the output current. Amplification occurs because small variations in the Vgs voltage cause
relatively large variations in the output current. By passing the output current through a resistance RL
the voltage waveform Vds (t) is formed. The Vds waveform is shown to have higher amplitude than Vgs
to illustrate the amplification process.
Other common uses, which involve different configurations and biasing arrangements, include use of
FETs as the basis for mixers and oscillators (or VCOs).
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FIGURE 10.6 Simplified schematic of a FET in an amplifier application. Not shown are matching networks needed
to match between the source resistance Rs and the FET input impedance, and the load resistance RL and the FET
output impedance. Also omitted are the networks needed to properly apply the DC bias voltages to the device and
provide isolation between the RF and DC networks.

10.2.3 FET Fabrication Variations and Layout Approaches
Figure 10.7 illustrates a MESFET fabricated with a recessed gate, along with a related type of FET device
called a high electron mobility transistor (HEMT). A recessed gate is used for a number of reasons. First
in processing it can aid in assuring that the gate stripe is placed in the proper position between the drain
and source, and it can also result in better control and uniformity in Idss and Vpo. A HEMT is a variation
of the MESFET structure that generally produces a higher performing device. This translates, for example,
into a higher gain and a lower noise figure at a given frequency.
In light of the above cursory understanding of microwave FET structures, some qualitative comments
can be made about some of the main factors that cause intended and unintended variations in FET
performance. The first factor is the doping profile in the active layer. The doping profile refers to the
density of the charge carriers (i.e., electrons) as a function of depth into the substrate. For the simplest
DRAIN

SOURCE
SCHOTTKY
GATE
n+

n

n+

SEMI-INSULATING GaAs
GALLIUM ARSENIDE DEPLETION-MODE MESFET

DRAIN

SOURCE
GATE

n+ GaAs
n(GaAl)As
2-D ELECTRON GAS
GaAs
SEMI-INSULATING GaAs

FIGURE 10.7 MESFET (top) and HEMT (bottom) structures showing “gate recess” structure whose advantages
include better control of drain-to-source saturation current Idss and pinch-off voltage Vpo. (From Goyal.17)
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FIGURE 10.8

Three common layout approaches for MESFETs and HEMTs. (From Ladbrooke.18)

type, uniform doping, the density of dopants (intended impurities introduced in the active region) is
the same throughout the active region. In practice, there is a natural “tail” of the doping profile that
refers to a gradual decrease in doping density as the interface between the active layer and the semiinsulating substrate is approached. One approach to create a more abrupt junction is the so-called “buried
P-layer” technique. The buried p-layer influences the distribution of electrons versus depth from the
surface of the chip in the “active area” of the chip where the FET devices are made. The idea is create
better definition between where the conducting channel stops and where the nonconducting substrate
begins. (More specifically the buried p-layer counteracts the n-type dopants in the tail of the doping
profile.) The doping profile and density determine the number of charge carriers available for current
flow in a given cross-section of the active channel. This has a strong influence on the saturation current
Idss and pinch-off voltage Vpo. The depth of the active layer (dimension “a” of Fig. 10.5) also plays a critical
role in determining the current characteristics.
Other variables that influence MESFET performance are the gate length and gate width (“L” and “Z”
of Fig. 10.5). The names for these two parameters are counterintuitive since the gate length refers to the
shorter of the two dimensions. The gate width and channel depth determine the cross-sectional area
available for current flow. An increase in gate width increases the value of the saturation current, which
translates into the ability to operate the device at higher RF power levels (or AC voltage amplitudes).
Typical values for gate widths are in the range of 100 microns for low noise devices to over 10 millimeters
for high power devices. The gate length is usually the minimum feature size of a device and is the most
significant factor in determining the maximum frequency where useful gain can be obtained from a FET;
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generally, the smaller the gate length the higher the gain for a given frequency. However, the fabrication
difficulty increases, and processing yield decreases, as the gate length is reduced. The difficulty arises
from the intricacy in controlling the exact position and length (small dimension) of the gate.
The geometrical layout of the FET also influences performance. Figure 10.8 shows common FET
layouts. The layout affects what are called “external parasitics,” which are undesired effects that can be
modeled as a combination of capacitors, inductors, and resistors added to the basic FET electrical model.
In MMIC fabrication, variations in the most of the above-mentioned parameters are a natural consequence of a real process. These variations cause variations in observed FET performance even for identical
microwave FETs made using the same layout geometry on the same wafer. Certainly there are many more
subtle factors that influence performance, but the factors considered here should give some intuitive
understanding of how unavoidable variations in the physical structure of fabricated FETs cause variations
in microwave performance. As previously mentioned, successful GaAs MMIC foundries use statistical
process control methods to produce FET devices within acceptable limits of uniformity between devices.

10.3 MMIC Lumped Elements: Resistors, Capacitors, and
Inductors
10.3.1 MMIC Resistors
Figure 10.9 shows three common resistor types used in GaAs MMICs. For MMIC resistors the type of
resistor material, and the length and width of the resistor determine the value of the resistance. In practice,
there are also unwanted “parasitic” effects associated with MMIC resistors that can be modeled generally
as a combination of series inductance, and capacitance to ground in addition to the basic resistance of
the component.

10.3.2 MMIC Capacitors
The most commonly used type of MMIC capacitor is the metal-insulator-metal capacitor shown in
Fig. 10.10. In a MIM capacitor the value of capacitance is determined from the area of the overlapping
metal (smaller dimension of two overlapping plates), the dielectric constant εr of the insulator material,
typically silicon nitride, and the thickness of the insulator. For values less than about 0.2 pF, series
connected MIM capacitors can be used.

L

W

i
Si3N4

Airbridge

d

First-Level Metal
i
Metal

FIGURE 10.9 Common MMIC resistor fabrication approaches: (a) implanted GaAs, (b) mesa-etched/epitaxialy
grown GaAs, (c) thin film (e.g., TaN). (From Goyal.19)
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(a) Broadside coupled lines.

(b) End-coupled lines.

Microstrip conductor
First
level/airbridge
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Semi insulating
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Ground plane
metallization

First level metal/airbridge metal

(c) 'Interdigitated capacitor layout and vertical cross section of an interdigitated capacitor.

FIGURE 10.10

Metal-insulator-metal conceptual diagram. (From Ladbrooke.20)

Smaller values of capacitance can be achieved with one of the various arrangements of coupled lines
illustrated in Fig. 10.11. For these capacitors, the capacitance is determined from the width and spacing
of strips on the surface of the wafer.
At microwave frequencies, “parasitic” effects limit the performance of all these capacitors. The two
main effects are signal loss due to leakage currents, as measured by the quality factor Q of the capacitor,
and a self-resonance frequency, beyond which the component no longer behaves as a capacitor. The final
wafer or chip thickness can have a strong influence on these parasitic effects and the associated performance of the capacitors in the circuit. Parasitic effects must be accurately modeled for successful MMIC
design usage.

10.3.3 MMIC Inductors
MMIC inductors are realized with narrow strips of metal on the surface of the chip. Various layout
geometries are possible as illustrated in Fig. 10.12(a). The choice of layout is dictated mainly by the
available space and the amount of inductance L that is required in the circuit application, with the spiral
inductors providing the highest values. The nominal value of inductance achievable from strip inductors
is determined from the total length, for the simpler layouts, and by the number of turns, spacing, and
line width for the spiral inductors.
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FIGURE 10.11

MMIC approaches for small valued capacitors. (From Goyal.21)

At microwave frequencies, “parasitic” effects limit the performance of these inductors. The two main
effects are signal loss due to leakage currents, as measured by the quality factor Q of the capacitor, and
a self-resonance frequency, beyond which the component no longer behaves as an inductor. The final
thickness of the substrate influences not only the nominal value of inductance, but also the quality factor
and self-resonance frequency. Inductor parasitic effects must be accurately modeled for successful MMIC
design usage.

10.3.4 Air Bridge Spiral Inductors
Air bridge spiral inductors are distinguished from conventional spiral inductors by having the metal
traces that make up the inductor suspended from the top of the substrate using MMIC air bridge
technology. MMIC air bridges are generally used to allow crossing lines to jump over one another without
touching and are almost invariably used in conventional spiral inductors to allow the center of the spiral
to be brought through the turns of the spiral inductor for connection to the circuit outside of the spiral.
In an air bridge spiral inductor, all of the turns are suspended off the substrate using a series of air bridges
supported by metalized posts. The reason for doing this is to improve inductor performance by reducing
loss as well as the effective dielectric constant of the lines that make up the spiral. The latter can have
the effect of reducing inter-turn capacitance and increasing the resonant frequency of the inductor.
Whether or not air bridge inductors are “worth the effort” is a debatable subject as the air bridge process
is an important yield-limiting factor. This means circuit failure due to collapsed air bridges, for example,
occur at an increasing rate, the more air bridges that are used.

10.3.5 Typical Values for MMIC Lumped Elements
Each MMIC fabrication foundry sets its limits on the geometrical dimensions and range of materials
available to the designer in constructing the MMIC lumped elements.
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FIGURE 10.12

(a) Various MMIC inductor layouts. (From Goyal.22)

Accordingly, the range of different resistor, capacitor, and inductor values available for design will vary
from foundry to foundry. With this understanding, a “typical” set of element values associated with
MMIC lumped elements are presented in Table 10.3.

10.4 MMIC Processing and Mask Sets
The most common MMIC process approach in the industry can be characterized as having 0.5 micron
gate length MESFETs fabricated on a GaAs wafer whose final thickness is 100 microns, or 4 mils. The
back side of the wafer has plated gold; via holes are used to connect from the back side of the wafer to
the topside of the wafer. Although specific procedures and steps vary from foundry to foundry, Fig. 10.12b
illustrates a typical process.

Defining Terms
Active load: A transistor connected in a way as to replace a function that would conventionally be
performed by a passive component such as a resistor, capacitor, or inductor.
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FIGURE 10.12

TABLE 10.3

PLATED HEAT SINK

Ranges of MMIC Lumped Element Values Available to the Designer for a “Typical” Foundry Process

Type
Inductor: Single loop, meander
line, etc.
Inductor: Spiral
Capacitor: MIM

Value

Dielectric or Metal

Application

0.01–0.5 nH

Plated gold

Matching

0.5–10 nH

Plated gold

0.1–20 pF

Plated and unplated gold,
silicon nitride
Plated or unplated gold

Matching, DC power (bias) supply
choke
Matching, RF/DC signal separation

Capacitor: Coupled lines and
interdigital
Resistor: Thin film

0.001–0.1 pF

Resistor: GaAs Monolithic

10 Ω–10 kΩ

5 Ω–1 kΩ

NiCr, TaN
Implanted or epitaxial GaAs

Matching, RF/DC signal separation
DC bias ckts., feedback, matching,
stabilization
DC biasing, feedback, matching,
stabilization

Adapted from Goyal.14

Air bridge: A bridge made of metal strip suspended in air that can connect components on an integrated
circuit in such a way as to cross over another strip. Air bridges are also used to suspend metallization
in spiral inductors off of the semiconducting substrate, in a way that can lead to improved
performance in some cases.
Attenuation: Ratio of output signal to input signal, usually expressed in dB (see below), for a device
that reduces the signal level.
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Bias voltage or current: The DC power applied to a transistor allowing it to operate as an active
amplifying or signal-generating device. Typical voltage levels in GaAs FETs used in receivers are
1 to 7 volts between the drain and source terminals, and 0 to –5 volts between the gate and source
terminals. For microwave systems, DC voltages and currents, provided by batteries or AC/DC
converters required to bias transistors to a region of operation where they will either amplify, mix
or frequency translate, or generate (oscillators) microwave energy. Since energy can be neither
created or destroyed, microwave energy amplification or creation is accomplished at the expense
of DC energy.
Bias network: A key aspect of microwave circuit design is to apply the proper DC bias to the appropriate
terminals of transistors (e.g., FETs) without disturbing the AC microwave operation of the circuit.
In some cases, on-chip DC circuitry needs to be designed in such a way as to provide stable bias
voltage/current conditions for the device even when the chip DC supply voltages vary (due to
weakening batteries, etc.). The other aspect of bias network design is to isolate the DC network
form interfering with the AC or RF/microwave operation of the circuit and vice versa. In a lumped
element design, this is generally accomplished by a combination of spiral inductors and MIM
capacitors.
Characteristic impedance: Inherent property of a transmission line that defines the impedance that
would be seen by a signal if the transmission line were infinitely long. If a signal source with a
source or reference impedance equal to the characteristic impedance is connected to the line there
will be zero reflections.
Chip or die: An individual MMIC circuit or subsystem that is one of several identical chips that are
produced after dicing up an MMIC wafer.
DBS Receiver: Electronic assembly that accepts as input a microwave signal from a satellite containing
transmitted TV signals modulated onto the signal. The receiver first amplifies the low level signal,
then processes the signal by first converting it to a lower IF frequency and then demodulating the
signal to separate the TV signals from the microwave carrier signal. A basic way of looking at the
relationship of the microwave carrier to the TV signal is to think of the carrier signal as an envelope
with a message inside. The message is the TV signal. Demodulation is the process of carefully
removing the message from the envelope (carrier). The noise figure of receiver is a measure of the
amount of noise that will be added to the signal (carrier and TV signal) by the receiver. If the
receiver adds too much noise, the result will be a snowy picture on the TV screen.
DBS: Direct Broadcast Satellite: Refers to TV signal transmission and distribution from a base station
up to a satellite, and then down to consumers who have suitable satellite receiving antennas and
downconverter receivers.

( )

(

F dB = 10Log10 SNR in SNR out

)

dB: Decibel: A unit of measure that describes the ratio between two quantities in terms of a base
10 logarithm. For example, the ratio between the power level at the input and output of an amplifier
is called the power gain and may be expressed in decibels as follows:

( )

(

G dB = 10Log10 Pout Pin
dBm: Decibel referenced to milliwatts:

( )

)

A common unit of power in decibels referenced to 1 milliwatt.

(

P dBm = 10Log10 P in mW 1 mW

)

Monolithic Microwave IC Technology

10-17

DC: Direct current/voltage: Constant voltage or current with no variation over time. This can be
considered in general terms as an alternating current/voltage (AC) with a frequency of variation
of zero, or a zero frequency signal. For microwave systems, DC voltages and currents, provided by
batteries or AC/DC converters required to bias transistors to a region of operation where they will
either amplify, mix or frequency translate, or generate (oscillators) microwave energy.
DRO: Dielectric resonator (stabled) oscillator: A dielectric resonator is a cylindrically shaped piece
of material, or “puck,” that has low loss resonant frequencies that are determined primarily by the
size of the cylinder. Placing a dielectric resonator near a microstrip line can form a resonant circuit
that will frequency stabilize a voltage controlled oscillator.
Dielectric constant (er): The dielectric constant is an electric property of an insulator or semiconducting material that describes how differently electric fields will behave inside the material as compared
to air. As an example, er = 12.9 for GaAs as compared to er = 1 for air. In integrated circuits, an
effective dielectric constant (eeff ) is used since the electric fields supported by the signals traveling
through the conductors on the circuit flow through both air and the insulator or semiconductor
simultaneously.
FET: Field Effect Transistor: The MESFET (Metal-Electrode-Semiconductor-Field-Effect-Transistor)
is a specific type of FET that is the dominant active (amplifying) device in GaAs MMICs. A FET
is composed of three terminals called the gate, drain, and source, and a conducting “channel.” In
an amplifier application, the source is connected to ground, and DC bias is applied between the
drain and source causing a current to flow in the channel. The current flow is controlled and
modulated by the AC or DC voltage applied to the gate.
Filter: A network, usually composed of inductors and capacitors (for lumped circuit), or transmission
lines of varying length and characteristic impedance (for distributed circuit), that passes AC signals
over a certain frequency range while blocking signals at other frequencies. A bandpass filter passes
signals over a specified range (f1ow to fhi), and rejects frequencies outside this range. For example,
for a DBS receiver that is to receive satellite transmitted microwave signals in a frequency range of
11 GHz to 12 GHz, a bandpass filter (BPF) would allow signals in this frequency range to pass
through with minimum signal loss, while blocking all other frequencies. A low pass filter (LPF)
would allow signals to pass with minimum signal loss as long as their frequency was less than a
certain cutoff frequency above which significant signal blocking occurs.
Frequency: The repetition rate of a periodic signal used to represent or process a communication signal.
Frequency is expressed in units of Hertz (Hz). One Hz represents one cycle per second, 1 MHz
represents one million cycles per second, and 1 GHz represents one billion cycles per second.
Gain: Ratio of the output signal over the input signal of a component. See example given with dB
definition. For an amplifying device the gain will be greater than 1 when expressed as a ratio, and
greater than 0 dB when expressed in decibels.
Image rejection filter: A filter usually placed before a mixer to preselect the frequency that when mixed
with the local oscillator frequency, will downconvert to the desired intermediate frequency. In the
absence of an image rejection filter, there are two RF frequencies which, when mixed with the local
oscillator frequency flo, will down convert to the intermediate frequency fif. Specifically these are
given by flo + fif and flo – fif. For example, if the local oscillator frequency is 10 GHz and the local
oscillator frequency is 1 GHz, then signals at both 11 GHz and 9 GHz will produce an intermediate
frequency signal of 1 GHz without an image rejection filter.
Impedance (Z): Electrical property of a network that measures its ability to conduct electrical AC
current for a given AC voltage. Impedance is defined as the ratio of the AC Voltage divided by the
AC current at a given point in the network. In general, impedance has two parts, a real (resistive)
part, and an imaginary (inductive or capacitive reactive) part. Unless the circuit is purely resistive
(made up of resistors only), the value of impedance will change with frequency.
Impedance matching: One of the main design activities in microwave circuit design. An impedance
matching network is made up of a combination of lumped elements (resistors, capacitors, and
inductors), or distributed elements (transmission lines of varying characteristic impedance and
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length). Impedance matching networks transform network impedance from one value to another.
For example, on the input to a low noise transistor, the impedance of an incoming 75 ohm
transmission line would be transformed by the input matching network to the impedance Zopt,
required to achieve the minimum noise figure of the transistor. The Smith Chart is a tool commonly
used by microwave engineers to aid with impedance matching.
Insulator: A nonconducting material, also called a dielectric. An example is Teflon. Insulators are often
used as substrates onto which hybrid electrical circuits are constructed.
Ku-Band: Frequency band of approximately 11 to 12 GHz.
L-Band: Frequency band of approximately 1 to 2 GHz.
LNA: Low noise amplifier: Boosts low level radio/microwave signal received without adding substantial
distortions to the signal.
Loss: See attenuation.
Mask or mask set: A mask defines the geometrical pattern to be used for a single step in the fabrication
process of a MMIC. A mask set consists of the dozen or so (varies with process and company)
individual masks that are required to complete a MMIC wafer fabrication from start to finish.
Examples of masks or mask levels are first level metal (defines all the primary metal structure on
the circuit), capacitor top plate (defines the pattern for the metal used to form the top plate of
MIM capacitors), and dielectric etch (defines areas where dielectric (insulator) material will be
removed after coating the entire wafer with it).
Microstrip: A transmission line commonly used in MMICs, a microstrip consists of a conducting strip
suspended over a ground plane on a slab of insulating or semiconducting material. The characteristic impedance of a microstrip line is determined by the width of the line and the height or
thickness of the insulating or semiconducting slab. Conceptually, microstrip can be visualized as
a transmission line as follows: envision a section of coaxial cable that is sliced lengthwise down
to the center conductor. Now, uncurl the line so that the outer shield is laying flat and the center
conductor is suspended over the shield by the insulator (now a flat slab). If we now flatten out the
center conductor into a strip, a microstrip will be the result. Microstrip is a convenient way to
route signals between components in a MMIC.
Microwave: Term used to refer to a radio signal at a very high frequency. One broad definition gives
the microwave frequency range as that from 300 MHz to 300 GHz.
MIM Capacitor: Metal-Insulator-Metal Capacitor: (also called a Thin Film Capacitor) Integrated
circuit implementation of a common electrical element that stores electric energy (a car battery
can be thought of as a big capacitor). Two extreme behaviors of a capacitor are that it will act as
an open circuit to low frequencies or DC (zero frequency), and as a short frequency at sufficiently
high frequency (how high is determined by the capacitor value).
Mixer: A mixer is a nonlinear device containing either diodes or transistors, the function of which is
to combine signals of two different frequencies in such a way as to produce energy at other
frequencies. In a typical downconverter application, a mixer has two inputs and one output. One
of the inputs is the modulated carrier RF or microwave signal at a frequency frf, the other is a wellcontrolled signal from a local oscillator or VCO at a frequency flo. The result of downconversion is
a signal at the difference frequency frf – flo which is also called the intermediate frequency fif. A filter
is usually connected to the output of the mixer to allow only the desired IF frequency signal to be
passed on for further processing. For example, for an RF frequency of 10.95 GHz (=10,950 MHz)
and an LO frequency of 10 GHz (=10,000 MHz), the IF frequency would be 950 MHz.
MMIC: Monolithic Microwave Integrated Circuit: The word monolith refers to a single block of stone
that does not (in general) permit individual variations. MMICs are made of gallium arsenide
(GaAs), silicon, or other semiconducting materials. In a MMIC, all of the components needed to
make a circuit (resistors, inductors, capacitors, transistors, diodes, transmission lines) are formed
onto a single wafer of material using a series of process steps. Attractive features of MMICs over
competing hybrid (combination of two or more technologies) circuits are that a multitude of nearly
identical circuits can be processed simultaneously with no assembly (soldering) using batch pro-
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cessing manufacturing techniques. A disadvantage is that circuit adjustment after manufacture is
difficult or impossible. As a consequence, significantly more effort is required to use accurate
computer-aided design (CAD) techniques to design MMICs that will perform as desired without
adjustment. Of course, eventually assembly and packaging of MMICs is performed in order to
connect them into a system such as a DBS receiver. MMICs are only cost effective for very high
volume applications because the cost of the initial design is very high, as is the cost of wafer
manufacture. These costs can only be recovered through high volume manufacture.
Noise: Random perturbations/distortions in signal voltage, current, or power.
Noise figure: Property of a microwave component that describes the amount of noise added to a signal
passing through the component. Technically defined as the signal-to-noise ratio at the component
input to the signal-to-noise ratio at the component output. For a transistor, the noise figure is
highly dependent on the impedance the transistor sees when it looks back at the input matching
network from its input (gate for FET) terminal. The minimum noise figure Fmin is the lowest noise
figure that a FET can exhibit under optimum input impedance matching conditions (Zopt or in
terms of reflection coefficient Gopt). Noise figure is usually specified in decibels.
Package: In MMIC technology, die or chips have to ultimately be packaged to be useful. An example
of a package is the T07 “can.” The MMIC chip is connected within the can with bond wires
connecting from pads on the chip to lead pins on the package. The package protects the chip from
the environment and allows easy connection of the chip with other components needed to assemble
an entire system, such as a DBS TV receiver.
P1dB: 1 dB Compression power: Like TOI, this gives a measure of the maximum signal power level
that can be processed without causing significant signal distortion or saturation effects. Technically,
this refers to the power level at the input or the output of a component or system at which the
saturation of active devices like transistors causes the gain to be compressed by 1dB from the linear
gain.
Reflection coefficient (G): Another way of expressing the impedance. The reflection coefficient is
defined as how much signal energy would be reflected at a given frequency. Like impedance, the
reflection coefficient will vary with frequency if inductors or capacitors are in the circuit. The
reflection coefficient is always defined with respect to a reference or characteristic impedance
(=(Z – Z0)/(Z + Z0)). For example, the characteristic impedance of one typical TV transmission
line is 75 ohms, whereas another type of TV transmission line has a characteristic impedance of
300 ohms. Hooking up a 75 ohm transmission line to a 300 ohm transmission line will result in
a reflection coefficient of value (300 – 75)/(300 + 75) = 0.6, which means 60% of the energy
received from the antenna.
RF: Radio frequency: A general term used to refer to radio signals in the general frequency range from
thousands of cycles per second (kHz) to millions of cycles per second (MHz). It is also is often
used generically and interchangeably with the term microwave to distinguish the high frequency
AC portion of a circuit or signal from the DC bias signal or the downconverted intermediate
frequency (IF) signal.
Self bias: A technique employed whereby a transistor only needs a single bias supply voltage between
the drain terminal and ground. This is commonly accomplished by placing a parallel combination
of a resistor and capacitor between the source terminal and ground.
Semiconductor (or semi-insulator): A material that is partially conducting (can support electrical
current flow), but also has properties of an insulator. Common examples are silicon and GaAs.
The amount of current conduction that can be supported can be varied by doping the material
with appropriate materials that result in the increased presence of free electrons for current flow.
Smith chart: A complicated looking two-dimensional chart used by RF/microwave engineers that allows
for impedance to be plotted.
Spiral inductor: Integrated circuit implementation of a common electrical element that stores magnetic
energy. Two extreme behaviors of an inductor are that it will act as a short circuit to low frequency
or DC energy, and as an open circuit to energy at a sufficiently high frequency (how high is
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determined by the inductor value). In a MMIC, a spiral inductor is realized by a rectangular or
circular spiral layout of a narrow strip of metal. The value of the inductance increases as the number
of turns and total length of the spiral is increased. Large spiral inductors are very commonly used
as bias chokes to isolate the DC input connection from the RF circuit. Since a large-valued inductor
essentially looks like an open circuit to high frequency RF/microwave energy, negligible RF/
microwave energy will leak through and interact with the DC bias circuitry.
Third Order Intercept (TOI) Point: This gives a measure of the power level where significant undesired
nonlinear distortion of a communication signal will occur. It is related to the maximum signal
that can be processed without causing significant problems to the accurate reproduction of the
desired information (e.g., TV signal). Technically, the TOI is the hypothetical power in dBm at
which the power of the third order intermodulation nonlinear distortion product between two
signals input to a component would be equal to the linear extrapolation of the fundamental power.
VCO: Voltage Controlled Oscillator: A device that produces microwave energy at a frequency that is
adjustable over a certain range depending on an input DC voltage. An oscillator contains an active
device, such as a FET that is connected in such a way as to be susceptible to breaking into oscillation
at a frequency that is controlled by a resonant circuit. A voltage-controlled oscillator typically
contains a diode that allows the resonant frequency of the resonator to be varied according to the
voltage placed across its terminals. Without external stabilization with a high quality factor (low
loss) resonant circuit, for example a dielectric resonator, the frequency of a VCO will not be very
steady or stable. This will cause unacceptable noise and instability in the received signal.
Via holes: Holes chemically etched from the back of a MMIC wafer and filled with metal in such a way
as to allow an electrical connection between the back side of a wafer and the topside of the wafer.
VSWR: Voltage Standing Wave Ratio: Another way of expressing impedance mismatch resulting in
signal reflection. With respect to reflection coefficient G (see Reflection Coefficient) the VSWR
may be expressed mathematically as:

(

VSWR = 1 + /G /

) (1 − /G /)

Yield: Percentage of acceptably good chips to the total chips considered at a certain level of a MMIC
process. High yield is one of the most important parameters of a cost-efficient process. DC yield
refers to the percentage of chips that behave appropriately to the application of DC biasing voltages
and currents (see Bias Voltage or Current). RF yield refers the percentage of chips that properly
process RF/microwave signals.
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11.1 Introduction
Semiconductor is a class of materials that can generally be defined as having an electrical resistivity in
the range of 10–2 to 109 ohm-cm.1 Addition of a very small amount of impurity atoms can make a large
change in the conductivity of the semiconductor material. This unique materials property makes all
semiconductor devices and circuits possible. The amount of free charge in the semiconductor and the
transport characteristics of the charge within the crystalline lattice determine the conductivity. Device
operation is governed by the ability to generate, move, and remove free charge in a controlled manner.
Material characteristics vary widely in semiconductors and only certain materials are suitable for use in
the fabrication of microwave and RF devices.
Bulk semiconductors, for microwave and RF applications, include germanium (Ge), silicon (Si), silicon
carbide (SiC), gallium arsenide (GaAs), and indium phosphide (InP). Electronic properties of these
materials determine the appropriate frequency range for a particular material. Epitaxial layers of other
important materials are grown on these host substrates to produce higher performance devices that
overcome basic materials limitations of homogeneous semiconductors. These specialized semiconductors
include silicon germanium, gallium nitride, aluminum gallium arsenide, and indium gallium arsenide
among others. Many of the advanced devices described in this book are made possible by the optimized
properties of these materials. Through the use of “bandgap engineering,” many of the material compromises that limit electronic performance can be overcome with these hetero-structures.
Electron transport properties determine, to a large extent, the frequency at which the various semiconductors are used. On the basis of maturity and cost, silicon will dominate all applications in which
it can satisfy the performance requirements. Figure 11.1 is a plot showing the general range of frequencies
over which semiconductor materials are being used for integrated circuit applications. It should be noted
that the boundary tends to shift to the right with time as new device and fabrication technologies emerge.
Discrete devices may be used outside these ranges for specific applications.
This section provides information on important materials properties of semiconductors used for
microwave and RF applications. Basic information about each semiconductor is presented followed by
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Frequency range for semiconductor materials.

tables of electronic properties, thermal properties, and mechanical properties. In order to use these
materials in microwave and RF applications, devices and circuits must be fabricated. Device fabrication
requires etching and deposition of metal contacts and this section provides a partial list of etchants for
these semiconductors along with a list of metallization systems that have been used to successfully produce
components.

11.2 Silicon
Silicon is an elemental semiconductor that is by far the best known and most mature. A measure of the
maturity of silicon is the fact that it is available in 300-mm (12″) diameter wafers. Single crystal silicon
wafers are made from electronic grade silicon, which is one of the most refined materials in the world,
having an impurity level of no more than one part per billion. Silicon and germanium have the same
crystal structure as diamond. In this structure, each atom is surrounded by four nearest neighbor atoms
forming a tetrahedron as shown in Figure 11.2. All of the atoms in the diamond lattice are silicon. Silicon
is a “workhorse” material at lower frequencies; however, its electron transport properties and low bulk
resistivity limit its application in integrated circuit form to frequencies typically below 4 GHz. Siliconbased discrete devices such as PIN diodes find application at higher frequencies.
Si wafers are available with dopant atoms that make them conductive. Wafers having phosphorus
impurities are n-type containing excess electrons. Boron-doped wafers are p type and have an excess of
holes. Flats are cut on the wafers to distinguish between conductivity types and crystal orientation as
shown in Fig. 11.3.2
Silicon is an indirect band gap material meaning that when an electron and hole recombine, the energy
produced is dissipated as a lattice vibration. This should be compared to material like gallium arsenide
that is direct gap. When an electron and hole recombine in GaAs, energy is released in the form of light.

11.3 Gallium Arsenide
Silicon is the most widely used semiconductor to make electronic devices, however, there are compounds
that perform functions beyond the physical limits of the electronic properties of silicon. There are many
different kinds of compound semiconductor materials, but the most common material combinations
used in microwave and RF applications come from the group III and group V elements.
Gallium arsenide has a zincblende crystalline structure and is one of the most important compound
semiconductors. Zincblende consists of two interpenetrating, face-centered cubic (fcc) sublattices as seen
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Cyrstalline structure of Si.
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in Fig. 11.4. One sublattice is displaced by 1/4 of a lattice parameter in each direction from the other
sublattice, so that each site of one sublattice is tetrahedrally coordinated with sites from the other
sublattice. That is, each atom is at the center of a regular tetrahedron formed by four atoms of the opposite
type. When the two sublattices have the same type of atom, the zincblende lattice becomes the diamond
lattice as shown above for silicon. Other examples of compound semiconductors with the zincblende
lattice include indium phosphide and silicon carbide.
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Standard wafer orientation for semi-insulating GaAs.

GaAs wafers, for microwave and RF applications, are available in 4″ and 6″ diameters. Six-inch wafers
are currently used for high speed digital and wireless applications and will be used for higher frequency
applications as demand increases. Figure 11.5 shows the standard wafer orientation for semi-insulating
GaAs. The front face is the (100) direction or 2 degrees off (100) toward the [110] direction. Figure 11.6
shows the different edge profiles that occur when etching GaAs. These profiles are a function of the crystal
orientation as seen in the diagram.3
Figure 11.7 is a plot of the bandgap energy of various semiconductors as a function of temperature.4
GaAs has a bandgap energy at room temperature of 1.43 eV compared to 1.12 eV for silicon. This means
that the intrinsic carrier concentration of GaAs can be very low compared to silicon. Since the intrinsic
carrier concentration in gallium arsenide is less than that in silicon, higher resistivity substrates are
available in gallium arsenide. High resistivity substrates are desirable since they allow the active region
of a device to be isolated using a simple ion implantation or mesa etching. Availability of high resistivity
gallium arsenide substrates is one reason that this material has found such widespread use for microwave
and wireless applications.
The ability to move charge is determined by the transport characteristics of the material. This information is most often presented in the charge carrier velocity electric field characteristic as shown in
Figure 11.8.5 For low values of electric field, the carrier velocity is linearly related to the electric field
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strength. The proportionality constant is the mobility and this parameter is important in determining
the low field operation of a device. Generally a high value of mobility is desired for optimum device
performance. Since the mobility of electrons in gallium arsenide is about six times that of silicon, gallium
arsenide is a more attractive material for high frequency RF and high-speed digital applications. This
mobility advantage along with the availability of high resistivity substrates makes gallium arsenide the
preferred and most widely used semiconductor material for these applications.5
The relative dielectric constant of GaAs is of critical importance in the design of monolithic microwave
integrated circuits (MMICs). This parameter is used to determine the width of transmission lines used
to interconnect transistors. The characteristic impedance of the transmission line is a function of the
relative dielectric constant, the substrate thickness, and the width of the line. Figure 11.9 shows how the
relative dielectric constant behaves with temperature. Microwave and RF designs must accommodate this
variation over the expected temperature range of operation.
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Relative dielectric constant of GaAs as a function of temperature.

Reliable design and use of GaAs-based MMICs depends on keeping the device channel temperature
below a certain absolute maximum level. Channel temperature is defined by the equation,

Tch = Tsink + θ × P
where Tch is the channel temperature in (K), and Tsink is the heat sink temperature in (K). θ is the
thermal resistance defined as L/kA, where L is the thickness of the GaAs substrate, k is the thermal
conductivity of GaAs, and A is the area of the channel. P is the power dissipated (W). Thermal conductivity is a bulk material property that varies with temperature. Figure 11.10 shows the variation in thermal
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conductivity as a function of temperature for various semiconductors. At temperatures on the order of
100 K, the thermal conductivity of GaAs approaches that of copper.

11.4 III-V Heterostructures
A new class of high performance materials, based on GaAs and InP, has been developed using advanced
epitaxial processes such as molecule beam epitaxy (MBE). These materials have heterojunctions that
are formed between semiconductors having different compositions and bandgaps. The bandgap discontinuity can provide significant improvement in the transport properties of the material and allows
optimization of device characteristics not possible with homojunctions. In FET devices, the current
density can be high while retaining high electron mobility. This is possible because the free electrons
are separated from their donor atoms and are confined to a region where the lattice scattering is
minimal. Table 11.1 lists the most common hetero-structures for microwave and RF applications.
Material compositions vary and are designated by mole fraction using subscripts. In order to match
the lattice spacing of GaAs, Al0.25Ga0.75As is routinely used as shown in the diagram of Fig. 11.11. This
diagram also shows the compounds that are lattice matched to InP. When a compound is formed with
materials that have different lattice spacing, there is strain in the material and under certain conditions,
improved performance is possible. This materials system is called pseudomorphic. Figure 11.12 is a
cross-section diagram of a double pulsed doped pseudomorphic layer structure used for microwave
power transistors.

TABLE 11.1 Common Heterostructures
Used for Microwave and RF Applications
AlxGa1–xAs/GaAs
AlxInx–1As/InGaAs
AlxGa1–xAs/InyGa1–yAs/GaAs
InGaAs/InP
AlxInx–1As/InP
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Energy bandgap and associated lattice constants for II-V hetero-structures.
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11.5 Indium Phosphide
Indium phosphide (InP) is an important compound semiconductor for microwave and RF devices due
to its physical and electronic properties. Some of the most important properties of InP are high peak
electron velocity, high electric field breakdown, and relatively high thermal conductivity. Three-inch
diameter bulk, semi-insulating InP wafers are available and four-inch diameter wafers are being validated.
Indium phosphide has a zincblende crystalline structure like gallium arsenide and its lattice constant is
5.8687 angstroms compared to 5.6532 angstroms for GaAs. This materials property is important in the
growth of hetero-structures as discussed below. Bulk InP is used in the fabrication of opto-electronic
devices but is not used directly for microwave and RF applications. In microwave and RF devices, InP
is used as a substrate for epitaxial growth to support GaInAs/AlInAs pseudomorphic high electron
mobility transistors. This material system has proved to be a more desirable choice for microwave power
amplifiers and millimeter-wave low noise amplifiers.
A fundamental design goal for microwave and RF device engineers, is to achieve the best electron
transport properties possible within the reliability, breakdown, and leakage requirements of the application.
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Transition from GaAs/AlGaAs high electron mobility transistors to pseudomorphic GaAs/InGaAs/AlGaAs
HEMTs resulted in significant improvements in device capability for both low noise and power applications.6 This was due primarily to the increased electron velocity associated with the smaller electron
effective mass in InGaAs compared to GaAs. However, the InAs lattice parameter of about 0.606 nm is
considerably larger than the GaAs lattice constant of 0. 565 nm, and due to strain effects the compositional
limit of psuedomorphic InGaAs on GaAs substrates is limited to about x = 0.30. One method to achieve
higher InAs content in the InGaAs channel is to use an indium phosphide substrate with a lattice constant
of 0.587 nm. This newer generation of HEMTs devices uses In0.53Ga0.47 As channel lattice matched to InP
substrates. InP-based pseudomorphic HEMTs with InxGa 1-xAs channel compositions of up to about x =
0.80 have achieved improvements in performance capability for both low noise and power amplifier
applications compared to the best GaAs-based devices.
InP-based MMICs require semi-insulating substrates with resistivities from 10–6 to 10–8 ohm cm. To
achieve such resistivities, in nominally undoped crystals would require the residual donor concentration
to be reduced by a factor of at least 106 from current values. This is not practical and an alternate method
is required that employs acceptor doping to compensate the residual donors. In principal, any acceptor
can compensate the donors. However, because bulk indium phosphide crystals commonly have a short
range variation of at least 5% in donor and acceptor concentration, the maximum resistivity that can be
obtained by compensation with shallow acceptors in the absence of p-n junction formation, is only about
15 ohm cm. Resistivities in the semi-insulating range are usually obtained by doping with a deep acceptor
such as iron (Fe). Fe is by far the most widely used deep acceptor to produce semi-insulating substrates.
As a substitutional impurity, Fe is generally stable under normal device operating temperatures. At high
temperatures there is concern of possible diffusion of Fe into the epitaxial layer leading to adverse effects
on the devices. Diffusion studies of Fe in InP at temperature of 650°C for four hours indicated virtually
no change from the control sample.7
Use of InP materials is sometimes restricted by its cost. InP substrates are significantly more costly
than those made from GaAs, and even more so when compared to silicon. In addition, the technology
of indium phosphide substrate manufacturing is much more difficult than for GaAs or silicon. This
situation is not simply the result of lower market demand but is linked fundamentally to the high vapor
pressure of phosphorus that creates an obstacle to the synthesis of single crystal boules of larger diameters.
While 8-inch silicon substrates and 6-inch GaAs substrates are the rule in commercial fabrication, indium
phosphide substrates are still primarily 2 inch. Three-inch diameter wafers are becoming available and
4-inch wafers are being validated. New concepts of single crystal growth may provide larger diameter
wafers at low cost leading to wider acceptance of this compound semiconductor for microwave and RF
applications.

11.6 Silicon Carbide
Silicon carbide possesses many intrinsic material properties that make it ideal for a wide variety of high
power, high temperature, and high frequency electronic device applications. In comparison with silicon
and gallium arsenide, SiC has greater than 2.5x larger bandgap, 3x greater thermal conductivity, and a
factor of 10 larger breakdown electric field. These characteristics enable SiC devices to operate at higher
temperatures and power levels, with lower on-resistances, and in harsh environments inaccessible to
other semiconductors. However, electron transport properties may limit SiC applications to frequencies
less than 10 GHz. While excellent prototype SiC devices have been demonstrated, SiC devices will not
be widely available until material quality improves and material cost drops.8
SiC belongs to a class of semiconductors commonly known as “wide bandgap,” which makes it, among
other things, less sensitive to increased temperatures. Properly designed and fabricated SiC devices should
operate at 500ºC or higher, a realm that Si does not even approach. Furthermore, the thermal conductivity
of SiC exceeds even that of copper; any heat produced by a device is therefore quickly dissipated. The
inertness of SiC to chemical reaction implies that devices have the potential to operate even in the most

11-10

RF and Microwave Semiconductor Device Handbook

CUBIC (or ZINCBLENDE)

HEXAGONAL

Si
SIDE
VIEW

C

TOP
VIEW

FIGURE 11.13
permission.)

Difference between the cubic and hexagonal polytypes of SiC. (From Virgil B. Shields, 1994. With

caustic of environments. SiC is extremely hard and is best known as the grit coating on sandpaper. This
hardness again implies that SiC devices can operate under conditions of extreme pressure. SiC is extremely
radiation hard and can be used close to reactors or for electronic hardware in space. Properties of
particular importance to the microwave and RF device design engineer are high electric field strength
and relatively high saturation drift velocity.
SiC exists not as a single crystal type, but as a whole family of crystals known as polytypes. Each crystal
structure has its own unique electrical and optical properties.9,10 Polytypes differ not in the relative
numbers of Si and C atoms, but in the arrangement of these atoms in layers as illustrated in Fig. 11.13.
The polytypes are named according to the periodicity of these layers. For example, one of the most
common polytypes is called 6H, which means a hexagonal type lattice with an arrangement of 6 different
Si+C layers before the pattern repeats itself. In total, more than 200 different polytypes of SiC have been
shown to exist, some with patterns that do not repeat for hundreds of layers. The exact physical properties
of SiC depend on the crystal structure adopted. Some of the most common structures used are 6H, 4H,
and 3C, the last being the one cubic form of SiC.
Silicon carbide (SiC) is also emerging as a substrate material that may meet the challenging requirements for GaN growth.11,12 Type 6H-SiC is lattice matched to within 3.5% of GaN compared to 16% for
sapphire.13 SiC has a thermal conductivity that is over 10 times higher than sapphire.
Figure 11.14 compares the energy band and lattice constants of the conventional III-V semiconductor
material systems shown in the circle and the wide gap semiconductors. As shown in the figure, SiC is
reasonably lattice matched to GaN and makes a good candidate for a substrate material.

11.7 Gallium Nitride
Gallium nitride in the wurtzite form (2H polytype) has a bandgap of 3.45 eV (near UV region) at room
temperature. It also forms a continuous range of solid solutions with AlN (6.28 eV) and a discontinuous
range of solid solutions with InN (1.95 eV). The wide bandgap, the heterojunction capability, and the
strong atomic bonding of these materials make them good candidates for RF and microwave devices.

11-11

Semiconductors

3.5
GaN
4H SiC

ENERGY BANDGAP (eV)

3
2.5
βSiC

2
1.5
1
0.5
0
3

3.5

5.5
4.5
5
LATTICE CONSTANT (A)

6

6.5

O

GaAs-BASED CONVENTIONAL
HEMT SYSTEM

3

ENERGY BANDGAP (eV)

2.5

GaAs-BASED PSUEDOMORPHIC
HEMT SYSTEM
AIAs

InP-BASED
LATTICE MATCHED
HEMT SYSTEM

2
Al030 Ga0.70As

1.5

AI0.48In0.47As

GaAs
In015Ga0.65As

InP

1
In053Ga0.47As

0.5

InAs

In0.65Ga035As
0
5.6

5.7

5.8
5.9
LATTICE CONSTANT (A)

6

6.1

O

FIGURE 11.14

Comparison of conventional and wide bandgap materials.

Other pertinent device-related parameters include a good thermal conductivity of 1.5 W/cm-K, a type I
heterojunction with AlN and AlGaN alloys, large band discontinuities with resultant large interface carrier
concentrations, and a large breakdown voltage.
Intrinsic material properties of gallium nitride combined with hetero-structure designs are producing
revolutionary improvement in output power for microwave devices. GaN-based FET devices have demonstrated power densities of near 10 W/mm of gate width compared to 1 W/mm for the best GaAs-based
devices.14 GaN has a bandgap of 3.45 eV compared to 1.43 eV for GaAs. This property leads to orders
of magnitude lower thermal leakage. GaN has a thermal conductivity almost 3 times higher than GaAs,
a parameter that is critically important for power amplifier applications. The dielectric breakdown
strength of GaN is a factor of 2 greater than GaAs, further supporting the consideration of this material
for microwave power amplifier applications. A key limitation in the development of GaN devices is the
fact that there is no native GaN substrate. Currently, GaN must be deposited on host substrates such as
sapphire or SiC.
GaN, AlN, and InGaN have a polar wurtzite structure as shown in Fig. 11.15 and epitaxial films of
these materials typically grow along the polar axis. Although the polarity of these nitrides has been studied
by a number of techniques, many results in the literature are in conflict.15 The wurtzite lattice can be
considered as two interpenetrating hexagonal close-packed lattices. The wurtzite structure has a tetrahedral arrangement of four equidistant nearest neighbors, similar to the GaAs zincblende structure.
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Wurtzite structure of GaN (Hellman15 used with permission).

Electron transport in GaN is governed by the electron mobility. Low field electron mobility, in bulk
wurtzite GaN, is limited by charged states that are dislocation related, as well as by isolated donor ions
and phonons. With no dislocations or donor ions, the 300°K phonon-limited mobility is near 2000 cm2/
V-s. Combined scattering effects reduce the mobility for both highly-doped and lightly-doped material,
for a given dislocation density. Dislocation density depends on the nucleation methods used at growth
initiation, usually ranging from 3 × 109/cm2 to 3 × 1010/cm2.16
The average drift velocity at high fields in bulk GaN, or in GaN MODFETs, is expected to be above
2 × 107 cm/s. These high fields extend increasingly toward the drain with higher applied drain-source
voltage. The average transit velocity is >1.25 × 107 cm/s when only the effective gate length is considered,
without the extended high-field region. This result is consistent with an average drift velocity of ~2 ×
107 cm/s over an extended region.
Growth of GaN and its related compounds is dominated by metal-organic vapor phase epitaxy
(MOVPE) or MOCVD metal-organic chemical vapor deposition, techniques with obvious advantages
in fields where high throughput is required. Molecular beam epitaxy (MBE) is also used to grow GaN
films. The III-nitride community grows films of GaN and related nitride materials using hetero-epitaxial
growth routes because of the lack of bulk substrates of these materials. This results in films containing
dislocations because of the mismatches in the lattice parameters and the coefficients of thermal expansion
between the buffer layer and the film and/or the buffer layer and the substrate. These high concentrations
of dislocations may also limit the performance of devices.
Advanced growth procedures, including selective area growth (SAG) and lateral epitaxial overgrowth
(LEO) techniques for GaN deposition, are being used specifically to significantly reduce the dislocation
density. The latter technique involves the initial vertical growth of a configuration and material composition through windows etched in an SiO2 or Si3N4 mask previously deposited on an underlying GaN
seed layer and the subsequent lateral and vertical growth of a film over and adjacent to the mask.
Reduction in the number of defects in the material and growth of GaN on larger diameter wafers will
lead to the production of GaN-based devices and circuits for microwave and higher frequency applications.

11.8 Selected Material Properties
Table 11.2 contains the most common material properties on semiconductors used for microwave and
RF applications. Sources of information in this table include textbooks, articles, and World Wide Web
sites. Web sites are a convenient way to find materials data and several of the sites used to prepare
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TABLE 11.2

Selected Material Properties of Semiconductors for Microwave and RF Applications

Property

Si

Atoms/cm3
Atomic weight
Breakdown Field (V/cm)

5.0 × 1022
28.09
3 × 105 32

Crystal structure
Density (g/cm3)
Dielectric constant

Diamond
2.328323
11.823

Effective mass m*/m0
Electron
Electron Affinity, eV
Energy Gap (eV) at 300 K

1.1
4.0531
1.10723

Intrinsic carrier concentration
(cm–3)
Lattice constant (Angstroms)
Linear Coeff. of thermal
expansion (10–6 K–1)
Melting point (K)
Electron mobility (cm2/V-S) µm

1.45 × 1010 23
5.43131
2.4923
168523
190023

Holes mobility µp (cm2/V-S)

50023

Optical phonon energy (eV)
Refractive index

.063 eV31
3.4223

Resistivity, intrinsic (Ω-cm)

100031

Specific heat (J/kg°K)
Thermal conductivity at 300°K
(Watt/cm°K)

70223
1.2423

SiC
3.95 × 1022
40.1
20 × 104 3C-SiC27
30 × 105 4H-SiC27
Zincblende
4.78723
9.7517
9.6618
0.37 3C-SiC19
0.45 6H-SiC20
—
2.403 3C-SiC23
3.101 6H-SiC23
3 × 106 3C-SiC21
1015–1016 6H-SiC22
4.359627
5.4822
307023
1000 3C-SiC24
600 6H-SiC24
40 3C-SiC24
40 6H-SiC24
—
2.65 3C-SiC25
2.72 6H-SiC26
150 3C-SiC27
>1012 4H-SiC27
64028
3.2 3C-SiC29
4.9 6H-SiC30

InP

GaAs

GaN

4.43 × 1022
72.90
5 × 105 32

4.96 × 1022
72.32
6 × 105

Zincblende
5.31633
12.423

Zincblende
6.123
12.523

Wurtzite

0.06723

0.06823

0.2235,36

4.3831
1.2931

4.0731
1.3531

3.434
3.3437

1.6 × 107 23

1.8 × 106 23

3-6 × 109 23

5.86031
4.623

5.65131
5.423

3.19038
5.627

133531
460023

151131
880023

—
100039

15023

40023

3039

0.4331
3.131

0.3531
3.6631

8.2 × 107 31

3.8 × 108 31

.91240
2.741
(at band edge)
>1013 27

31031
.7732

32532
.5631

847.3942
1.343

41.87
>10 × 105

935

Table 11.2 are listed in Table 11.3. Most of these sites include detailed references that will provide the
user with more extensive information. When using these material properties in the design of components,
it is recommended that the user examine the temperature and frequency behavior of the specific property
before finalizing the design.

11.9 Etching Processes for Semiconductors
Table 11.4 lists typical etching processes for the various semiconductors described in this chapter.

TABLE 11.3 World Wide Web Sites for Semiconductor
Material Properties
http://www.ioffe.rssi.ru/SVA/NSM/Nano/index.html
http://mems.isi.edu/mems/materials/
http://www.webelements.com/webelements/elements/
http://www.sensors-research.com/senres/materials.htm
http://nsr.mij.mrs.org/
http://nina.ecse.rpi.edu/shur/nitride.htm
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Etching Processes for Various Semiconductors

Etchant

Substrate and Conditions

15 HNO3, 5 CH3COOH,
2 HF (planar)
110 ml CH3COOH, 100 ml
HNO3, 50 ml HF, 3 g I2
(iodine etch)
KOH solutions; hydrazine
(a) KOH (3–50%)
(b) 60 hydrazine, 40 H2O

Si

For general etching

Variant

44

Si

For general etching

Variant

45

(100) Si
70–90 C, SiO2 unmasked
110 C, 10 min, unmasked

Variant

46

28% by weight KOH at
90–95°C
3CH3OH, 1H3PO4, 1H2O2

[100] Si, with oxide mask

For texturing and V grooving
solar etch (no texturizing) for
diffuse-reflectivity
texturizing
V-shaped channel etching for
optical waveguides
Preferential structural etching

~2 microns/min

47

~2 microns/min,
except Ga[111]
reduced twofold
~.1 microns/min

48

3 ml HPO4, 1 ml H2O2, 50 ml
H 2O
BCL3 Gas, reactive ion etch

TABLE 11.5

[110], [100], Ga
[111]GaAs
GaAs, 300 K with Shipley
1813 mask
GaN, BCL3, 150 W,
10 mTorr

Applications

Wet etch
Slow etching, used to obtain a
vertical profile for mesa
isolation

Etch Rate

Ref.

~.02 microns/min

Metallization Systems for Ohmic and Schottky Barrier Contacts

Contact

SiC

GaAs

GaN

Ohmic contact
mettalization

Ta, Al/Ti, Ni, Ti, Mo,
Ta50

Au/Ge/Ni, In, Sn, Ag
and Ag alloys, Au, Ni52

Ti/Al/Ni/Aun-GaN
Ni/Aup-GaN53

Schottky gate
mettalization

Au and Au alloys50

Ti/Pt/Au multilayer
structures, Au alloys51

Ni/Au/Ti n-GaN
Aup-GaN53

InP
Au and Au alloys, near
noble transition metals
(Co, Ni, Ti, Pd, Pt)49
For AlInP/InP
15% Al superlattice, 20%
Al quantum well52

11.10 Ohmic and Schottky Contacts
Table 11.5 is a list of metallizations that have been used to successfully fabricate low resistance ohmic
contacts for drain and source contacts in FET devices and low leakage Schottky barrier contacts for metal
semiconductor diode gates.
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Introduction

Metals serve several different functions in the realization of RF and microwave products. These functions
include:
•
•
•
•

The wire or guided wave boundary material for circuits and transmission media.
The carrier or structural support for dielectric substrates or semiconductor chips.
The heat sink for devices or circuits that exhibit high power density.
The reflector element for antennas or screen room applications.

Each of these functions imposes different electrical, thermal, chemical, and mechanical requirements
on the metal material selection. Thus the optimum metal for each application will vary. Consideration
of a wide range of material properties for each metal is needed to choose an appropriate metal for most
applications.

12.2 Resistance, Resistivity, and Conductivity
A first-order consideration in the choice of metals for many electrical applications is the electrical
resistance of the metal conductor. DC resistance of a metal rod is given by

R=

ρL
A

(12.1)

where R is the resistance of the rod, ρ is the resistivity of the metal, L is the length of the rod, and A is
the cross-sectional area of the rod. The DC electrical properties of metals are also sometimes discussed
in terms of conductivity. Conductivity is the inverse of resistivity given by

σ=

0-8493-1562-X/03/$0.00+$1.50
© 2003 by CRC Press LLC

1
ρ

(12.2)
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TABLE 12.1 Electrical Resistivity at Room
Temperature of Several Metals in 10–8 Ω m
Metal

Electrical Resistivity

Aluminum
Beryllium
Chromium
Copper
Gold
Lead
Magnesium
Manganese
Molybdenum
Nickel
Palladium
Platinum
Silver

2.7
34.0
12.6
1.7
2.3
21.1
4.5
144
5.5
7.1
10.7
10.7
1.6

TABLE 12.2 Temperature Coeffictient of Metal
Resistivity at Room Temperature in (1/K)
Metal

Temp. Coefficient of Resistivity
4.38 × 10–3
3.92 × 10–3
3.71 × 10–3
3.61 × 10–3

Aluminum
Copper
Silver
Gold

where σ is the conductivity of the material. For most applications, high concductivity, or conversely, low
resistivity, is desirable. The resistivity of a number of metals is listed in Table 12.1.
The resistivity of metal is also a function of temperature. For small perturbations in temperature, this
temperature dependence may be characterized by the equation

α=

1 ∂ρ
ρ ∂T

(12.3)

where α is the temperature coefficient of resistivity. The measured temperature dependence of resistivity
changes as a function of the nominal temperature and can vary significantly at temperatures near 0 K,
or well above room temperature. For most applications, a low value for the temperature coefficient of
resistivity is desirable. Table 12.2 presents the temperature coefficient of resistivity at room temperature
for several metals that might be chosen for their low resistivity values.

12.3 Skin Depth
An electromagnetic field can penetrate into a conductor only a minute distance at microwave frequencies.
The field amplitude decays exponentially from its surface value according to

A = e− x

δs

(12.4)

where x is the normal distance into the conductor measured from the surface, and δs is the skin depth.
The skin depth or depth of penetration into a metal is defined as the distance the wave must travel in
order to decay by an amount equal to e–1 = 0.368 or 8.686 dB. The skin depth δs is given by
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δs =

1

(12.5)

π f µσ

where f is the frequency, σ is the metal conductivity, and µ is the permeability of the metal given as

µ = µ oµ r

(12.6)

with µo equal to the permeability of free space and µr the relative permeability of the metal. For most
metals used as conductors for microwave and RF applications, the relative permeability, µr = 1. The
relative permeability of ferroelectric materials such as iron and steel are typically on the order of several
hundred.
Skin depth is closely related to the shielding effectiveness of a metal since the attenuation of electric
field strength into a metal can be expressed as in Eq. (12.4). For static or low frequency fields, the only
method of shielding a space is by surrounding it with a high-permeability material. For RF and microwave
frequencies, however, a thin sheet or screen of metal serves as an effective shield from electric fields.
Skin depth can be an important consideration in the development of guided wave and reflecting
structures for high frequency work. For the best conductors, skin depth is on the order of microns for
1 GHz fields. Since electric fields cannot penetrate very deeply into a conductor, all current is concentrated
near the surface. As conductivity or frequency approach infinity, skin depth approaches zero and the
current is contained in a narrower and narrower region. For this reason, only the properties of the surface
metal affect RF or microwave resistance. A poor conductor with a thin layer of high conductivity metal
will exhibit the same RF conduction properties as a solid, high conductivity structure.

12.4 Heat Conduction
One of the uses of metal in the development of RF and microwave parts and modules is as a heat spreader.
For many applications that involve high power density electronic components, the efficient removal of
heat is of great importance in order to preserve component reliability. Chapter 14 discusses heat transfer
fundamentals.
The one-dimensional heat flow equation that applies to metals (as well as other media) is given as

q = kA

∂T
∂x

(12.7)

where q is the heat flow, k is the thermal conductivity of the metal, A is the cross-sectional area for heat
∂T
flow, and
the temperature gradient across the metal. For applications where good heat sinking
∂x
characteristics are desired, high thermal conductivity, k, is desirable. Table 12.3 lists thermal conductivity
values for several metals.
TABLE 12.3 Thermal Conductivities of Typical
Metals (W/m K) at Room Temperature
Metal
Silver
Copper
Gold
Aluminum
Brass
Lead
Kovar

Thermal Conductivity
419
395
298
156
101
32
17
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TABLE 12.4 Thermal Coefficient of Linear Expansion
of Some of the Materials Used in Microwave and RF
Packaging Applications (at Room Temperature, in 10–6/K)
Material

Thermal Coefficient of Expansion
Dielectrics

Aluminum nitride
Alumina 96%
Beryllia
Diamond
Glass-ceramic
Quartz (fuzed)

4
6
6.5
1
4–8
0.54
Metals

Aluminum
Beryllium
Copper
Gold
Kovar
Molybdenum
Nickel
Platinum
Silver

23
12
16.5
14.2
5.2
5.2
13.3
9
18.9
Semiconductors

GaAs
Silicon
Silicon Carbide

5.9
2.6
2.2

12.5 Temperature Expansion
Because RF and microwave components often must operate over a wide range of temperatures, consideration of the coefficient of linear expansion of the metals must be included in making a metal selection
for many applications. When temperature is increased, the average distance between atoms increases.
This leads to an expansion of the whole solid body with increasing temperature. The changes to the
linear dimension of the metal can be characterized by

β=

1 ∆l
l ∆T

(12.8)

where β is called the coefficient of linear expansion, l is the linear dimension of the material, ∆T is the
change in temperature, and ∆l is the change in linear dimension arising from the change in temperature.
Linear expansion properties of metals are important whenever metallic structures are bonded to other
materials in an electronic assembly. When two materials with dissimilar thermal expansion characteristics
are bonded together, significant stress is experienced during temperature excursions. This stress can result
in one or both of the materials breaking or cracking and this can result in degraded electrical performance
or catastrophic failure. The best choice of metals to match thermal linear expansion properties is,
therefore, determined by the thermal coefficient of linear expansion of the material that is used with the
metal. Kovar, for example, is often chosen as the metal material of preference for use as a carrier when
alumina dielectric substrates are used to fabricate RF or microwave guided wave elements. Although
Kovar is neither a superior electrical conductor nor a superior thermal conductor, its coefficient of linear
expansion is a close match to that of the dielectric material, alumina. Table 12.4 presents the coefficients
of linear expansion for several metals as well as other materials that are often used for RF and microwave
circuits.
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12.6 Chemical Properties
The chemical properties of metals can be especially important in the selection of metals to be used for
semiconductor device contacts and in integrated circuits. Metal is used extensively in the development
of transistors and ICs. Uses include:
• the contact material to establish ohmic and rectifying junctions,
• the interconnect layers, and
• the material used to fabricate passive components such as inductors and transmission line segments.
For these applications, the chemical properties of the metal when exposed to heat and in contact with
the semiconductor material play a significant role in the metal selection criteria. The process of fabricating
a semiconductor device often involves hundreds of individual process steps and exposure to significant
thermal cycling. The temperature ranges associated with device fabrication will far exceed the environment the final device will be exposed to.
For silicon processes, for example, aluminum (or its alloys) is often the metal chosen for contacts and
interconnects. Aluminum has high conductivity, but it is also chosen because it adheres well to silicon
and silicon dioxide and because it does not interact significantly with silicon during the thermal cycling
associated with processing. In contrast, gold also has high conductivity, but its use is typically avoided
in silicon fabrication facilities because gold forms deep levels (traps) in silicon that dramatically degrade
device performance. Other metals of specific interest in silicon processing include gallium and antiminide,
which are often used in the formation of ohmic contacts.
Because interconnects continue to shrink in size as fabricated devices continue to be scaled down,
interconnect resistance has begun to pose significant limitations on the levels of integration that can be
achieved. One solution to extend these limits is to use copper rather than aluminum for interconnect
metal. Copper’s higher conductivity translates directly into improved interconnect performance. Rapid
progress is being made in this area.
The formation of good ohmic contacts and Schottky barriers is critical to the fabrication of most
GaAs devices. Different metals react chemically in distinct ways when exposed to a GaAs surface
and high temperature. Metals such as gold, tin, and zinc tend to form ohmic contacts when placed
in contact with a GaAs surface. In contrast, aluminum, titanium, and nickel normally form Schottky
barriers on GaAs. In order to obtain optimum electrical conductivity and still produce good contacts,
sandwiched layers of different metals are sometimes used. For example, a thick layer of gold is often
utilized over layers of titanium and platinum to produce Schottky barrier contacts. When this
technique is employed, the titanium resting on the surface of the GaAs forms the Schottky barrier,
the platinum serves as a diffusion barrier to keep the gold and titanium from diffusing together,
and the gold is used to produce a low resistance connection to the contact pads or remaining IC
circuitry.
Certain metals can also react with GaAs to produce undesirable effects.
Chromium, for example, produces undesirable deep levels in GaAs that
can degrade device performance.
TABLE 12.5 Density of
Several Metals in g/cm3

12.7 Weight

Metal

Over the past several decades a dominant trend in the development of
electronic circuits has been the continued reduction of size and weight.
Although much of this progress has been made possible by the continued
scaling of semiconductor devices and ICs, metal portions of many electronic assemblies still dominate the weight of the system. Metal density can
be an important factor in choosing metals for certain applications.
Table 12.5 presents the density in g/cm3 for several metals of interest.

Aluminum
Beryllium
Copper
Gold
Kovar
Molybdenum
Nickel
Platinum
Silver

Density
2.7
1.85
8.93
19.4
7.7
10.2
8.9
21.45
10.5
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13.1 Introduction
Successful RF and microwave package design involves adherence to a rigorous and systematic methodology in package development together with a multi-disciplined and comprehensive approach. This
formal planning process and execution of the plan ultimately insures that the package and product will
perform as expected, for the predicted lifetime duration in the customer’s system, under the prescribed
application conditions.
Probably the first concern is having a thorough and in-depth knowledge of the application and the
system into which the microwave component or module will be placed. Once these are understood, then
package design can begin. Elements that must be considered do not simply include proper electrical
performance of the circuit within the proposed package. Mechanical aspects of the package design must
be thoroughly analyzed to assure that the package will not come apart under the particular life conditions.
Second, the substrates, components, or die within the package must not fracture or lose connection.
Third, any solder, epoxy, or wire connections must be able to maintain their integrity throughout the
thermal and mechanical excursions expected within the application. Once these elements are thoroughly
investigated, the thermal aspects of the package must be simulated and analyzed to appropriately accommodate heat transfer to the system. Thermal management is probably one of the most critical aspects of
the package design because it not only contributes to catastrophic circuit overload and failure in out-ofcontrol conditions, but it could also contribute to reduced life of the product and fatigue failures over
time. Thermal interactions with the various materials used for the package itself and within the package
may augment mechanical stress of the entire package system, ultimately resulting in failure.
Once proper simulation and analysis have been completed from a mechanical and thermal point of
view, the actual package design can be finalized. Material and electrical properties and parameters then
become the primary concern. Circuit isolation and electromagnetic propagation paths within the package
need to be thoroughly understood. In addition, impedance levels must be defined and designed for input
and output to and from the package. New developments in package design systems have paved the way
for rapid package prototyping through computer integrated manufacturing systems by tieing the design
itself to the machining equipment that will form the package. These systems can prototype a part in
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Elements of successful package design.

plastic for further study or can actually build the prototypes in metal for delivery of prototype samples.
Finally, design verification must take place. The verification process typically includes the various longterm reliability tests that gives the designer, as well as his or her customer confidence that the package
and its contents will live through the predicted lifetime and application conditions. Other testing may
be more specific, such as fracture testing, material properties tests, or precise design tolerance testing.
Much of the final testing may also include system-level integration tests. Usually specific power levels are
defined and the packages, fully integrated into the system, are tested to these levels at particular environmental conditions.
These are some of the key elements in RF and microwave package development. Although this is not
an all-encompassing list, these elements are critical to success in design implementation. These will be
explored in the following discussion, hopefully defining a clear path to follow for RF package design and
development. Figure 13.1 depicts these key elements leading to successful package design.

13.2 Thermal Management
From an MTBF (mean time before failure) point of view, the thermal aspects of the circuit/package
interaction are one of the most important aspects of the package design itself. This can be specifically
due to actual heat up of the circuit, reducing lifetime. It may also be due to thermal effects that degrade
performance of the materials over time. A third effect may be a materials/heat interaction that causes
severe thermal cycling of the materials resulting in stress concentrations and degradation over time.
It is clear that the package designer must have a fully encompassing knowledge of the performance
objectives, duty cycles, and environmental conditions that the part will experience in the system environment. The engineer must also understand the thermal material properties within the entire thermal
path. This includes the die, the solder or epoxy attachment of that die, the package or carrier base, package
system attachment, and material connection to the chassis of the system. There are relatively good
databases in the industry that provide the engineer with that information right at his or her fingertips.
Among the many are the CINDAS [1] database and the materials’ database developed at Georgia Institute
of Technology. Other information may be gleaned from supplier datasheets or testing.
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FIGURE 13.2

Ansys output showing thermal gradient across silicon die.

Thermal density within the package, and in particular, at the die level becomes an all-important
consideration in the thermal management equation. To insure proper heat transfer and to eliminate any
potential thermal failure modes (such as materials breakdown or diffusion and migration), analysis of
heat transfer within the die must be completed at the die layout level. This thermal analysis will ultimately
be parametrically incorporated into an analysis at the next level up, which may be at the circuit substrate
or at the package level itself. The analysis is usually completed with standard finite element simulation
techniques present in various software packages available in the industry. Ansys, MSC Nastran, Mechanica, Flowtherm, and Computational Fluid Dynamics (CFD) are some of those available. Material properties that are critical to input into the model would be thermal conductivity and the change in
conductivity with temperature. Figure 13.2 shows a typical output of one of these software tools. The
FEM simulation uses 1/4 model symmetry. In this particular figure, the analysis demonstrates the thermal
gradient across a silicon die, which is an 8 W power amplifier transistor, solder attached to a via structure,
with 75°C applied to the bottom of the heat sink. The die junction is at 106.3°C.
It is through such simulated analysis that the entire heat transfer methodology of component to system
can be developed. Assuming that there is good correlation between simulated and verified results, the
engineer can then gain confidence that the product will have a reasonable lifetime within the specific
application. The correlation is typically achieved through the use of infrared microscopy techniques. A
number of these infrared microscopes are available in the industry. Usually, the component or module
is fixtured on a test station under the infrared camera. The camera is focused on the top surface of the
die, which is the heat-generating element. As power is applied to the component or module, the die
begins to heat up to a steady-state level. The heat can be measured under RF or DC power conditions.
A measurement is done of the die surface temperature. At the same time, a thermocouple impinges on
the bottom of the case or package and makes a temperature measurement there. With the maximum die
junction temperature (Tjmax in °C), the case temperature (Tc in °C) and the dissipated power in watts,
the packaged device junction to case thermal resistance (in °C/W) can be calculated from the following
equation:

(

)

θjc = Tjmax − Tc Pdis
In a fully correlated system, the agreement between simulated and measured results is usually within
a few percentage points.

13.3 Mechanical Design
The mechanical design usually occurs concurrently with thermal analysis and heat transfer management.
In order to adequately assess the robustness of the package system and its elements, an in-depth understanding of all the material properties must be achieved. In addition to the mechanical properties such
as Young’s modulus and stress and strain curves for materials, behavior of those materials under thermal
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loading conditions must be well understood. Once again, these material properties can be found in
standard databases in the industry as mentioned above. Typically, the engineer will first insure that the
packaging materials under consideration will not cause fracture of the semiconductor devices or of the
substrates, solder joints, or other interconnects within the package. This involves knowing the Coefficient
of Thermal Expansion (CTE) for each of these materials, and understanding the processing temperatures
and the subsequent temperature ramp up that will be experienced under loading conditions in the
application. The interaction of the CTEs of various materials may create a mismatched situation and
create residual stresses that could result in fracture of any of the elements within the package. The engineer
also assesses the structural requirements of the application and weight requirements in order to form
appropriate decisions on what materials to use. For instance, a large microwave module may be housed
within an iron-nickel (FeNi) package that sufficiently addresses all of the CTE concerns of the internal
packaged elements. However, this large, heavy material might be inappropriate for an airborne application
where a lightweight material such as AlSiC (aluminum silicon carbide) would be more suitable.
It is not sufficient to treat the packaged component or module as a closed structure without understanding and accounting for how this component or module will be mounted, attached, or enclosed
within the actual system application. A number of different scenarios come to mind. For instance, in
one situation a packaged component may be soldered onto a printed circuit board (PCB) of a wireless
phone. Power levels would not be of concern in this situation, but the mechanical designer must develop
confidence through simulation that the packaged RF component can be reliably attached to the PCB. He
or she also must insure that the solder joints will not fracture over time due to the expansion coefficient
of the PCB compared to the expansion of the leads of the package. Finally, the engineer must comprehend
the expected lifetime in years of the product. Cost is obviously a major issue in this commercial application. A solution may be found that is perfectly acceptable from a thermo-mechanical perspective, but
it may be cost prohibitive for a phone expected to live for three to five years and then be replaced.
Another scenario on the flip side of the same application is the power device or module that must be
mounted into a base station. Here, obviously, the thermal aspects of the packaged device become all
important. And great pain must be taken to insure that an acceptable heat transfer path is clearly
delineated. With the additional heat from the power device and within the base station itself, heat
degradation mechanisms are thoroughly investigated both with simulation techqniques and with rigorous
testing. It is common for the RF power chains within base station circuits to dissipate 100 to 200 watts
each. Since the expected lifetime of base stations may be over fifteen years, it would be a great temptation
for a mechanical engineer to utilize optimum heat transfer materials for the package base, such as
diamond for instance, with a thermal conductivity of 40.6 W/in°C. A high power device attached to
diamond would operate much cooler than a device attached to FeNi or attached to ceramic. Since, over
time, it is the heat degradation mechanisms that eventually cause failure of semiconductor devices, a
high power die mounted over a diamond heat sink would be expected to have a much longer lifetime
than one mounted over iron nickel or over ceramic. However, once again, the cost implications must
enter into the equation. Within the multifunctioned team developing the package and the product, a
cost trade-off analysis must be done to examine cost comparisons of materials vs. expected lifetimes. The
mechanical package designer may develop several simulations with various materials to input into the
cost-reliability matrix. It is necessary that such material substitutions can be done easily and effectively
in the parametric model that was initially developed.
The mechanical analysis must encompass attachment of the RF or microwave component or module
to the customer system. As we have discussed, in a base station, the thermal path is all important. In
order to provide the best heat transfer path, engineers may inadvertently shortcut mechanical stress
concerns, which then compromise package integrity. An example was a system mounting condition
initially created for the eight-watt power device shown in Fig. 13.2. This semiconductor die was packaged
on a copper lead frame to which plastic encapsulation was applied. The lead frame was exposed on the
bottom side of the device to insure that there would be a good thermal path to the customer chassis.
The copper leads were solder attached (using the typical lead-tin, PbSn, solder) to the printed circuit
board. At the same time, the bottom of the device was solder attached to a brass heat sink, as shown in
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FIGURE 13.3

Eight watt power device attached to brass heat sink.

FIGURE 13.4

Modeled stresses in plastic mold compound resulting in failure.
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Fig. 13.3, which was then screw mounted to the aluminum chassis to provide thermal transfer to the
chassis.
The CTE mismatch of materials resulting in residual stresses during thermal excursions, caused the
plastic to rip away from the copper leads. It was the expansion of the aluminum chassis impacting the
brass heat sink that created both tensile and shear forces on the leads of the device. The brass heat sink,
in effect, became a piston pushing up at the center of the component. The stress levels in the plastic
mold compound, which resulted in the failure of the mold/copper interface, can be seen in Fig. 13.4.
Through subsequent simulation, a solution was found that provided the proper heat transfer for the
eight-watt device as well as mechanical stability over time and temperature. This was verified through
thousands of hours of temperature cycle testing and device power conditioning over temperature excursions.

13.4 Package Electrical and Electromagnetic Modeling
Quite obviously, the electrical design cannot stop at the circuit model for the silicon or GaAs die itself.
Particularly at higher frequencies, such as those in the RF or microwave arena, the electromagnetic
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Equivalent circuit representation of simple package.

propagation due to all circuit elements create interactions, interference, and possibly circuit oscillations
if these electrical effects are not accounted for and managed. Of course the customer’s initial requirement
will be that a packaged device, component, or module have a specific impedance into and out of their
system. Typically, this has been 50 ohms for many microwave systems. It can be achieved through properly
dimensioned microstrip input and output leads, through coaxial feeds, or through stripline to microstrip
connections that feed into the customer system. These are modeled using standard industry software
such as that provided by Hewlett Packard or Ansoft. The next consideration for the package designer is
that all of the circuit functions that require isolation are provided that isolation. This can be accomplished
through the use of actual metal wall structures within the package. It can also be done by burying those
circuit elements in cavities surrounded by ground planes or through the use of solid vias all around the
functional elements. These are only some of the predictive means of providing isolation. The need for
isolating circuit elements and functions is ascertained by using full wave electromagnetic solvers such as
HFSS, Sonnet, or other full wave tools. The EM analysis of the packaged structure will output an S
parameter block. From this block, an electrical equivalent circuit can then be extracted with circuit
optimization software such as Libra, MDS, ADS, etc. An example of an equivalent circuit representation
can be seen in Fig. 13.5.
After proper circuit isolation is achieved within the package, the designer must insure that there will
not be inductive or capacitive effects due to such things as wire bonds, leads, or cavities. Wire bonds, if
not controlled with respect to length in particular, could have serious inductive effects that result in poor
RF performance with respect to things such as gain, efficiency, and intermodulation distortion, etc. In
the worst case, uncontrolled wire bonds could result in circuit oscillation. In the same way, RF and
microwave performance could be severely compromised if the capacitive effects of the leads and other
capacitive elements are not accounted for. These are modeled with standard RF and microwave software
tools, and then the materials or processes are controlled to maintain product performance within specifications. Most software tools have some type of “Monte Carlo” analysis capability in which one can
alter the material or process conditions and predict the resulting circuit performance. This is especially
useful if the processes have been fully characterized and process windows are fully defined and understood.
The Monte Carlo analysis then can develop expected RF performance parameters for the characterized
process within the defined process windows.

13.5 Design Verification, Materials, and Reliability Testing
After all of the required simulation and package design has been completed, the time has come to begin
to build the first prototypes to verify the integrity of the design. During the simulation phase, various
material property studies may have been undertaken in order to insure that the correct properties are
input into the various models. These may be studies of dielectric constant or loss on a new material,
fracture studies to determine when fracture will occur on a uniquely manufactured die or on a substrate,
or thermal studies, such as laser flash, to determine the precise thermal conductivity of a material.
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FIGURE 13.6

Technique used to measure fracture strength of semiconductor die.

Figure 13.6 shows one technique used to measure the fracture strength of a GaAs or silicon die. A load
is applied to a fixtured sphere, which then impacts the die at a precise force level. From the test, the
critical value of the force to break the die is recorded. Then this force is converted to the maximum die
stress via the following well-known [5] equation:
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After various material properties tests and all simulations and models have been completed, initial
prototypes are built and tested. This next phase of tests typically assess long-term reliability of the product
through thermal cycling, mechanical shock, variable random vibration, long-term storage, and high
temperature and high humidity under biasing conditions. These, as well as other such tests, are the
mainstay of common qualification programs. The levels of testing and cycles or hours experienced by
the packaged device are often defined by the particular final application or system. For instance, a spacequalified product will require considerably more qualification assessment than a component or module
going into a wireless handset that is expected to live 3 to 5 years. The temperature range of assessment
for the space-qualified product may span from cryogenic temperatures to +150°C. The RF component
for the wireless phone, on the other hand, may simply be tested from 0°C to 90°C.
In high power applications, often part of the reliability assessment involves powering up the device or
module after it is mounted to a simulated customer board. The device is powered up and down at a
specific duty cycle, through a number of cycles often as the ambient progresses through a series of thermal
excursions. This represents what the RF packaged component would experience in the customer system,
though usually at an accelerated power and/or temperature condition. Lifetime behavior can then be
predicted, using standard prediction algorithms such as Black’s equation, depending on the test results.
The RF product and packaging team submit a series of prototype lots through final, standard qualification/verification testing. If all results are positive, then samples are usually given to the customer at
this time. These will undergo system accelerated life testing. The behavior of the system through this
series of tests will be used to predict expected life cycle.
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Rapid prototyping system.

13.6 Computer-Integrated Manufacturing
As mentioned above, there are tools available in the industry that can be used to rapidly develop
prototypes directly from the package design files. These prototypes may be constructed of plastic or of
various metals for examination and further assessment. Parametric Technologies offers such design and
assembly software modules, although they are not by any means the only company with this type of
software. The package design is done parameterically in Pro-E so that elements of the design can easily
be changed and/or uploaded to form the next higher assembly. The package design elements then go
through a series of algorithms to which processing conditions can be attached. These algorithms translate
the information into CNC machine code which is used to operate equipment such as a wire EDM for
the cutting of metals. Thus, a lead frame is fashioned automatically, in a construction that is a perfect
match to the requirements of the die to be assembled. A process flow chart for this rapid prototyping
scenario is shown in Fig. 13.7.
Computer-integrated manufacturing is also a highly effective tool utilized on the production floor,
once the designed package has been accepted by the customer and is ready for production implementation. Here it is utilized for automated equipment operation, for statistical process control (SPC), for
equipment shut down in out-of-control situations, etc. Coupled with neural networks, computer-integrated manufacturing can also be used for advanced automated process optimization techniques.

13.7 Conclusions
The development and design of packages for RF and microwave applications must involve a rigorous
and systematic application of the proper tools and methodology to create a design that “works the first
time” and every time for the predicted lifetime of the product. This encompasses an in-depth knowledge
of the system requirements, the environmental conditions, and the mounting method and materials to
be used for package assembly into the customer’s system. Then modeling and simulation can take place.
Often, in order to understand material properties and to use these more effectively in the models, material
studies are done on specific parameters. These are then inserted into electrical, mechanical, and thermal
models, which must be completed for effective package design. After a full set of models is completed,
verification testing of the design can be done on the first prototypes. Rapid prototyping is made simple
through techniques that automatically convert design parameters into machine code for operation of
machining equipment. Computer-integrated manufacturing is a highly effective technique that can be
utilized at various levels of the product introduction. In package design, it is often used for rapid
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prototyping and as a tool for better understanding the design. At the production level, it is often used
for automated equipment operation and for statistical process control.
Verification testing of the prototypes may include IR scanning to assess thermal transfer. It may include
instron testing to test the integrity of a solder interface or of a package construction. It may include
power cycling under DC or RF conditions to insure that the packaged design will work in the customer
application.
The final phase of assessment is the full qualification of the RF packaged device or module. This
certifies to the engineer, and ultimately to the customer that the packaged product can live through a
series of thermal cycles, through high temperature and high humidity conditions. It certifies that there
will be no degradation under high temperature storage conditions. And it certifies that the product will
still perform after appropriate mechanical shock or vibration have been applied. Typically, predictive
lifetime assessment can be made using performance to accelerated test conditions during qualification
and applying these results to standard reliability equations.
These package design elements, when integrated in a multidisciplined approach, provide the basis for
successful package development at RF and microwave frequencies.
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14.1 Motivation
In the thermal control of RF devices, it is necessary to provide an acceptable microclimate for a diversity
of devices and packages that vary widely in size, power dissipation, and sensitivity to temperature.
Although the thermal management of all electronic components is motivated by a common set of
concerns, this diversity often leads to the design and development of distinct thermal control systems
for different types of electronic equipment. Moreover, due to substantial variations in the performance,
cost, and environmental specifications across product categories, the thermal control of similar components may require widely differing thermal management strategies.
The prevention of catastrophic thermal failure (defined as an immediate, thermally induced, total loss
of electronic function) must be viewed as the primary and foremost aim of electronics thermal control.
Catastrophic failure may result from a significant deterioration in the performance of the component/system or from a loss of structural integrity at the relevant packaging levels. In early microelectronic systems,
catastrophic failure was primarily functional and thought to result from changes in the bias voltage,
thermal runaway produced by regenerative heating, and dopant migration, all occurring at elevated
transistor junction temperatures. While these failure modes may still occur during the device development
process, improved semiconductor simulation tools and thermally compensated devices have largely
quieted these concerns and substantially broadened the operating temperature range of today’s RF devices.
In microelectronic, microwave, and RF components, the levels of integration and device density on
the chips, as well as frequencies of operation, continue to increase. The most critical heat-producing
component for most RF systems is the power amplifier (PA) stage. Output power required from these
stages ranges from less than 1 watt for some handheld commercial applications to greater than 1 kW
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(multiple parallel stages) for certain military, avionics, and data link applications. Single transistor output
power levels are as high as 100 W to 200 W for applications ranging from commercial base stations to
avionics, satellite communications, and military. Amplified efficiencies for the highest output power
requirements are typically in the 15 to 35% range. To facilitate effective thermal management for such
high power levels, PA operation must be pulsed with low duty cycles (reducing thermal power dissipation
requirements). Improved thermal performance can be translated into higher duty cycles and therefore
into greater data transfer or more efficient use of bandwidth. For these kinds of applications, performance
is already limited primarily by the maximum achievable heat flux. Improvements in that figure of merit
automatically and immediately translate into improved system performance.
More generally, however, thermal design is aimed at preventing thermally induced physical failures
through reduction of the temperature rise above ambient and minimization of temperature variations
within the packaging structure(s). With RF integrated circuits or discrete RF high-performance devices,
maximum frequency of operation, noise figure, power saturation levels, and nonlinear behavior are all
affected by temperature. The use of many low-temperature materials and the structural complexity of chip
packages and printed circuit boards has increased the risk of catastrophic failures associated with the
vaporization of organic materials, the melting of solders, and thermal-stress fractures of leads, joints, and
seals as well as the fatigue-induced delamination and fracture or creep-induced deformation of encapsulants
and laminates. To prevent catastrophic thermal failure, the designer must know the maximum allowable
temperatures, acceptable internal temperature differences, and the power consumption/dissipation of the
various components. This information can be used to select the appropriate fluid, heat transfer mode, and
inlet temperature for the coolant and to thus establish the thermal control strategy early in the design process.
After the selection of an appropriate thermal control strategy, attention can be turned to meeting the
desired system-level reliability and the target failure rates of each component and subassembly. Individual
solid-state electronic devices are inherently reliable and can typically be expected to operate, at room
temperature, for some 100,000 years, i.e., with a base failure rate of 1 FIT (failures in 109 h). However,
since the number of devices in a typical radio component is rapidly increasing and since an RF system
may consist of many tens to several hundreds of such components, achieving a system Mean Time Between
Failures of several thousand hours in military equipment and 40,000 to 60,000 hours in commercial
systems is a most formidable task.
Many of the failure mechanisms, which are activated by prolonged operation of electronic components,
are related to the local temperature and/or temperature gradients, as well as the thermal history of the
package.1 Device-related functional failures often exhibit a strong relationship between failure rate and
operating temperature. This dependence can be represented in the form of an exponential Arrhenius
relation, with unique, empirically determined coefficients and activation energy for each component type
and failure mechanism. In the normal operating range of microelectronic components, a 10 to 20°C
increase in chip temperature may double the component failure rate, and even a 1°C decrease may then
lower the predicted failure rate associated with such mechanisms by 2 to 4%.2
Unfortunately, it is not generally possible to characterize thermally induced structural failures, which
develop as a result of differential thermal expansion among the materials constituting a microwave
package, in the form of an Arrhenius relation. Although these mechanical stresses may well increase as
the temperature of the component is elevated, thermal stress failures are, by their nature, dependent on
the details of the local temperature fields, as well as the assembly, attachment, and local operating history
of the component. Furthermore, thermal stress generation in packaging materials and structures is
exacerbated by power transients, as well as by the periodically varying environmental temperatures,
experienced by most electronic systems, during both qualification tests and actual operation. However,
stress variations in the elastic domain or in the range below the fatigue limit may have little effect on the
component failure rate. Consequently, the minimization of elimination of thermally induced failures
often requires careful attention to both the temperature and stress fields in the electronic components
and necessitates the empirical validation of any proposed thermostructural design criteria.
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14.1.1 Thermal Packaging Options
When the heat flux dissipated by the electronic component, device, or assembly is known and the
allowable temperature rise above the local ambient condition is specified, the equations of the following
sections can be used to determine which heat transfer process or combination of processes (if any) can
be employed to meet the desired performance goals. Figure 14.1 shows the variation of attainable
temperature differences with surface heat flux for a variety of heat transfer modes and coolant fluids.
Examination of Fig. 14.1 reveals that for a typical allowable temperature difference of 60°C between
the component surface and the ambient, “natural” cooling in air — relying on both free convection and
radiation — is effective only for heat fluxes below approximately 0.05 W/cm2. Although forced convection
cooling in air offers approximately an order-of-magnitude improvement in heat transfer coefficient, this
thermal configuration is unlikely to provide heat removal capability in excess of 1 W/cm2 even at an
allowable temperature difference of 100°C.
To facilitate the transfer of moderate and high heat fluxes from component surfaces, the thermal
designer must choose between the use of finned, air-cooled heat sinks and direct or indirect liquid cooling.
Finned arrays and sophisticated techniques for improving convective heat transfer coefficients can extend
the effectiveness of air cooling to progressively higher component heat fluxes, but often at ever-increasing
weight, cost, and volume penalties. Alternately, reliance on heat transfer to liquids flowing at high velocity
through so-called “cold plates” can offer a dramatic improvement in the transferable heat flux even at
temperature differences as low as 10°C, when the conduction resistance in the cold plate wall is negligible.
A similar high heat flux capability is offered by boiling heat transfer to perfluorinated (FCs) and
hydrofluoroether (HFEs) liquids. The high dielectric strength and low dielectric constant of these liquids
make it possible to implement this approach for a wide range of components. Direct liquid contact allows
the removal of component heat fluxes in excess of 10 W/cm2 with saturated pool boiling at temperature
differences typically less than 20°C. Natural convection (i.e., non-boiling) immersion cooling can also
offer significant advantages and, as seen in Fig. 14.1, serves to bridge the gap between direct air cooling
and cold plate technology.
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FIGURE 14.1 Temperature differences attainable as a function of heat flux for various heat transfer modes and
various coolant fluids. (From Ref. 3, with permission.)
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Unfortunately, when addressed within stringent cost targets, the cooling requirements of 21st-century
microelectronic, microwave, and RF components cannot be met by today’s thermal packaging technology.
Rather, ways must be sought to improve on currently available technology, to leverage and combine the
best features of existing thermal packaging hardware, and to introduce unconventional, perhaps even
radical, thermal solutions into the electronic product family. In so doing, attention must be devoted to
three primary issues:
• Highly effective air cooling — removing dissipated power from one or several high-performance
components within minimal volumes and with low air-side pressure drops.
• Heat spreading — transporting heat from the relatively small area of the device to the substrate,
card, or board, or to a relatively large heat sink or cold plate base.
• Interfacial heat transfer — transferring heat across the thermal resistances between the device and
the next level of thermal packaging.
Attention now turns to a detailed discussion of basic heat transfer and the determination of the various
types of thermal resistances often encountered in electronic equipment.

14.2 Thermal Modeling
To determine the temperature differences encountered in the flow of heat within electronic systems, it
is necessary to recognize the relevant heat transfer mechanisms and their governing relations. In a typical
system, heat removal from the active regions of the device(s) may require the use of several mechanisms,
some operating in series and others in parallel, to transport the generated heat to the coolant or ultimate
heat sink. Practitioners of the thermal arts and sciences generally deal with four basic thermal transport
modes: conduction, convection, phase change, and radiation.

14.2.1 Conduction Heat Transfer
14.2.1.1 One-Dimensional Conduction
Steady thermal transport through solids is governed by the Fourier equation, which in one-dimensional
form, is expressible as

q = −kA

dT
dx

(14.1)

where q is the heat flow, k is the thermal conductivity of the medium, A is the cross-sectional area for
the heat flow, and dT/dx is the temperature gradient. As depicted in Fig. 14.2, heat flow produced by a
negative temperature gradient is considered positive. This convention requires the insertion of the minus
sign in Eq. (14.1) to assure a positive heat flow, q. The temperature difference resulting from the steady
state diffusion of heat is thus related to the thermal conductivity of the material, the cross-sectional area,
and the path length, L, according to

(T − T )
1

2 cd

=q

L
kA

(14.2)

The form of Eq. (14.2) suggests that, by analogy to Ohm’s Law governing electrical current flow through
a resistance, it is possible to define a thermal resistance for conduction, Rcd, as

Rcd ≡

(T − T ) =
1

2

q

L
kA

(14.3)
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FIGURE 14.2

x2

One-dimensional conduction through a slab. (From Ref. 4, with permission.)

14.2.1.2 One-Dimensional Conduction with Internal Heat Generation
Situations in which a solid experiences internal heat generation, such as that produced by the flow of an
electric current, give rise to more complex governing equations and require greater care in obtaining the
appropriate temperature differences. The axial temperature variation in a slim, internally-heated conductor whose edges (ends) are held at a temperature To, is found to equal
2⎤
⎡
L2 ⎢⎛ x ⎞ ⎛ x ⎞ ⎥
T = To + qg
−
2k ⎢⎜⎝ L ⎟⎠ ⎜⎝ L ⎟⎠ ⎥
⎦
⎣

(14.4)

When the volumetric heat generation rate, qg, in W/m3, is uniform throughout, the peak temperature is
developed at the center of the solid and is given by

Tmax = To + qg

L2
8k

(14.5)

Alternatively, since qg is the volumetric heat generation, qg = q/LWδ, the center-edge temperature difference can be expressed as

Tmax − To = q

L2
L
=q
8kLWδ
8kA

(14.6)

where the cross-sectional area, A, is the product of the width, W, and the thickness, δ. An examination
of Eq. (14.6) reveals that the thermal resistance of a conductor with a distributed heat input is only one
quarter that of a structure in which all of the heat is generated at the center.
In the design of airborne electronic system and equipment to be operated in a corrosive or damaging
environment, it is often necessary to conduct the heat dissipated by the components down into the
substrate or printed circuit board and, as shown in Fig. 14.3, across the substrate/PCB to a cold plate or
sealed heat exchanger. For a symmetrically cooled substrate/PCB with approximately uniform heat
dissipation on the surface, a first estimate of the peak temperature at the center of the board, can be
obtained using Eq. (14.6).
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Edge-cooled printed circuit board populated with components. (From Ref. 4, with permission.)

This relation can be used effectively in the determination of the temperatures experienced by conductively cooled substrates and conventional printed circuit boards, as well as PCBs with copper lattice on
the surface, metal cores, or heat sink plates in the center. In each case it is necessary to evaluate or obtain
the effective thermal conductivity of the conducting layer. As an example, consider an alumina substrate,
0.20 m long, 0.15 m wide, and 0.005 m thick with a thermal conductivity of 20 W/mK, whose edges are
cooled to 35°C by a cold plate. Assuming that the substrate is populated by 15 compounds, each dissipating
2 W, the substrate center temperature will be found to be equal to 85°C when calculated using Eq. (14.6).
14.2.1.3 Spreading Resistance
In component packages that provide for lateral spreading of the heat generated in the device(s), the
increasing cross-sectional area for heat flow at successive “layers” adjacent to the device reduces the
internal thermal resistance. Unfortunately, however, there is an additional resistance associated with this
lateral flow of heat. This, of course, must be taken into account in the determination of the overall
component package temperature difference.
For the circular and square geometries common in many applications, Negus et al.5 provided an
engineering approximation for the spreading resistance of a small heat source on a thick substrate or
heat spreader (required to be 3 to 5 times thicker than the square root of the heat source area), which
can be expressed as

Rsp =

0.475 − 0.62 + 0.13 3

(14.7)

k Ac

where  is the ratio of the heat source area to the substrate area, k is the thermal conductivity of the
substrate, and Ac is the area of the heat source.
For relatively thin layers on thicker substrates, such as encountered in the use of thin lead frames, or
heat spreaders interposed between the device and substrate, Eq. (14.7) cannot provide an acceptable
prediction of Rsp . Instead, use can be made of the numerical results plotted in Fig. 14.4 to obtain the
requisite value of the spreading resistance.
14.2.1.4 Interface/Contact Resistance
Heat transfer across the interface between two solids is generally accompanied by a measurable temperature difference, which can be ascribed to a contact or interface thermal resistance. For perfectly adhering
solids, geometrical differences in the crystal structure (lattice mismatch) can impede the flow of photons
and electrons across the interface, but this resistance is generally negligible in engineering design. When
dealing with real interfaces, the asperities present on each of the surfaces, as shown in an artist’s conception
in Fig. 14.5, limit actual contact between the two solids to a very small fraction of the apparent interface
area. The flow of heat across the gap between two solids in nominal contact is, thus, seen to involve solid
conduction in the areas of actual contact and fluid conduction across the “open” spaces. Radiation across
the gap can be important in a vacuum environment or when the surface temperatures are high.
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The total contact conductance, hco , is taken as the sum of the solid-to-solid conductance, hc , and the
gap conductance, hg.

hco = hc + hg

(14.8)

The contact resistance based on the apparent contact area, Aa may be defined as

Rco ≡

1
hco Aa

(14.9)
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In Eq. (14.8), hc is given by Yovanovich and Antonetti6 as

⎛ m⎞ ⎛ P ⎞
hc = 1.25k s ⎜ ⎟ ⎜ ⎟
⎝ σ⎠ ⎝H⎠

0.95

(14.10)

where P is the contact pressure and H is the micro-hardness of the softer material (both in Pa), ks is the
harmonic mean thermal conductivity for the two solids with thermal conductivities, k1 and k2 ,

ks =

2k1k2
k1 + k2

σ is the effective rms surface roughness developed from the surface roughnesses of the two materials, σ1
and σ2 ,

σ = σ12 + σ 22
and m is the effective absolute surface slope composed of the individual slopes of the two materials, m1
and m2 ,

m = m12 + m22
In the absence of detailed information, the σ/m ratio can be assumed to fall into the range of 5 to
9 microns for relatively smooth surfaces.7
For normal interstitial gases around atmospheric pressure, hg in Eq. (14.8) is given by

hg =

kg

(14.11)

Y

where kg is the thermal conductivity of the gap fluid, and Y is the distance between the mean planes given
by

⎡
⎛
P ⎞⎤
Y = 1.185 ⎢− ln ⎜ 3.132 ⎟ ⎥
H ⎠ ⎥⎦
⎝
⎢⎣

0.547

σ

Equations (14.10) and (14.11) can be added, and then in accordance with (14.9), the total contact
resistance becomes
0.95
⎫
⎧⎡
k ⎤ ⎪
⎛ m⎞ ⎛ P ⎞
⎪⎢
Rco ≡ ⎨ 1.25ks ⎜ ⎟ ⎜ ⎟ + g ⎥ Aa ⎬
Y⎥ ⎪
⎝ σ⎠ ⎝H⎠
⎪⎢⎣
⎦ ⎭
⎩

−1

(14.12)

14.2.1.5 Transient Heating or Cooling
An externally heated solid of relatively high thermal conductivity, that is experiencing no external cooling,
will undergo a constant rise in temperature according to

dT
q
=
dt mc

(14.13)
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where q is the rate of internal heat generation, m is the mass of the solid, and c is the specific heat of the
solid. Equation (14.13) assumes that all of the mass can be represented by a single temperature and this
relation is frequently termed the “lumped capacity” solution for transient heating.
Expanding on the analogy between thermal and electrical resistances, the product of mass and specific
heat can be viewed as analogous to electrical capacitance and thus to constitute the “thermal capacitance.”
When the same solid is externally cooled, the temperature rises asymptotically toward the steady-state
temperature, which is itself determined by the external resistance to the heat flow, Rex. Consequently, the
time variation of the temperature of the solid is expressible as

() (

[

)

T t = T t = 0 + qRex 1 − e − t

mcRex

]

(14.14)

The lump capacitance model is accurate when the ratio of the internal conduction resistance of a solid
to the external thermal resistance is small. This ratio is represented by the Biot number, and the criterion
for applicability of the lumped capacitance model is given as

Bi =

hLc
< 0.1
k

(14.15)

where the characteristic length, Lc, is typically defined as the ratio of the solid’s volume to its surface
area. More generally, Lc should be taken as the distance over which the solid experiences its maximum
temperature difference.8

14.2.2 Convective Heat Transfer
14.2.2.1 The Heat Transfer Coefficient
Convective thermal transport from a surface to a fluid in motion can be related to the heat transfer
coefficient, h, the surface-to-fluid temperature difference and the “wetted” surface area, A, in the form

(

q = hA Ts − Tfl

)

(14.16)

The differences between convection to a rapidly moving fluid, a slowly flowing or stagnant fluid, as
well as variations in the convective heat transfer rate among various fluids, are reflected in the values of h.
For a particular geometry and flow regime, h may be found from available empirical correlations and/or
theoretical relations. Use of Eq. (14.16) makes it possible to define the convective thermal resistance, as

Rcv ≡

1
hA

(14.17)

14.2.2.2 Dimensionless Parameters
Common dimensionless quantities that are used in the correlation of heat transfer data are the Nusselt
number, Nu, which relates the convective heat transfer coefficient to the conduction in the fluid where
the subscript, fl, pertains to a fluid property,

Nu ≡

h
hL
=
kfl L kfl

(14.18)

the Prandtl number, Pr, which is a fluid property parameter relating the diffusion of momentum to the
conduction of heat,
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Pr ≡

c pµ

(14.19)

kfl

the Grashof number, Gr, which accounts for the buoyancy effect produced by the volumetric expansion
of the fluid,

Gr ≡

ρ2βgL3∆T
µ2

(14.20)

and the Reynolds number, Re, which relates the momentum in the flow to the viscous dissipation,

Re ≡

ρVL
µ

(14.21)

14.2.2.3 Natural Convection
Despite increasing performance demands and advances in thermal management technology, direct aircooling of electronic equipment continues to command substantial attention. Natural convection is the
quietest, least expensive, and most reliable implementation of direct fluid cooling. In more demanding
systems, natural convection cooling with air is often investigated as a baseline design to justify the
application of more sophisticated techniques.
In natural convection, fluid motion is induced by density differences resulting from temperature
gradients in the fluid. The heat transfer coefficient for this regime can be related to the buoyancy and
the thermal properties of the fluid through the Rayleigh number, Ra, which is the product of the Grashof
and Prandtl numbers,

Ra =

ρ2βgc p
µkfl

L3∆T

(14.22)

where the fluid properties, ρ, β, cp , µ, and k are evaluated at the fluid bulk temperature, and ∆T is the
temperature difference between the surface and the fluid.
Empirical correlations for the natural convection heat transfer coefficient generally take the form

⎛k ⎞
h = C ⎜ fl ⎟ Ra
⎝ L⎠

( )

n

(14.23)

where n is found to be approximately 0.25 for 103 < Ra < 109, representing laminar flow, 0.33 for 109 <
Ra < 1012, the region associated with the transition to turbulent flow, and 0.4 for Ra > 1012 when strong
turbulent flow prevails. The precise value of the correlating coefficient, C, depends on fluid, the geometry
of the surface, and the Rayleigh number range. Nevertheless, for natural convection in air from common
plate, cylinder, and sphere configurations, it has been found to vary in the relatively narrow range of 0.45
to 0.65 for laminar flow and 0.11 to 0.15 for turbulent flow past the heated surface.3
Vertical Channels — Vertical channels formed by parallel printed circuit boards (PCBs) or longitudinal
fins are a frequently encountered configuration in natural convection cooling of electronic equipment.
The historical work of Elenbaas,9 a milestone of experimental results and empirical correlations, was the
first to document a detailed study of natural convection in smooth, isothermal parallel plate channels.
In subsequent years, this work was confirmed and expanded both experimentally and numerically by a
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number of researchers, including Bodoia10, Sobel et al.,11 Aung,12 Aung et al.,13 Miyatake and Fujii,14 and
Miyatake et al.15
These studies revealed that the value of the Nusselt number lies between two extremes associated with
the separation between the plates or the channel width. For wide spacing, the plates appear to have little
influence upon one another and the Nusselt number in this case achieves its isolated plate limit. On the
other hand, for closely spaced plates or for relatively long channels, the fluid attains its fully developed
velocity profile and the Nusselt number reaches its fully developed limit. Intermediate values of the Nusselt
number can be obtained from a family of composite expressions developed by Bar-Cohen and Rohsenow16
and verified by comparison to numerous experimental and numerical studies.
For an isothermal channel, at the fully developed limit, the Nusselt number takes the form

Nu =

El
C1

(14.24)

where El is the Elenbaas number, defined as

El ≡

(

)

c pρ2 gβ Tw − Tamb b 4
µkL

(14.25)

where b is the channel spacing, L is the channel length, and (Tw – Tamb) is the temperature difference
between the channel wall and the ambient, or channel inlet. For an asymmetric channel, or one in which
one wall is heated and the other is insulated, the appropriate values of C1 is 12, while for symmetrically
heated channels, C1 = 24.
For an isoflux channel, at the fully developed limit, the Nusselt number has been shown to take the form

Nu =

El ′
C1

(14.26)

where the modified Elenbaas number, El′, is defined as

El ′ ≡

c pρ2 gβq′′b 5
µk 2 L

(14.27)

where q″ is the heat flux leaving the channel wall(s). When this Nusselt number is based on the maximum
wall temperature (x = L), the appropriate values of C1 are 24 and 48 for the asymmetric and symmetric
cases, respectively. When based on the mid-height (x = l/2) wall temperature, the asymmetric and
symmetric C1 values are 6 and 12, respectively.
In the limit where the channel spacing is very large, the opposing channel walls do not influence each
other either hydrodynamically or thermally. This situation may be accurately modeled as heat transfer
from an isolated vertical surface in an infinite medium. Natural convection from an isothermal plate can
be expressed as

Nu = C2El 1 4

(14.28)

where McAdams17 suggests a C2 value of 0.59. However, more recent research suggests that the available
data could be better correlated with C2 = 0.515.8 Natural convection from an isoflux plate is typically
expressed as

14-12

RF and Microwave Semiconductor Device Handbook

Nu = C 2 El ′ 1 5

(14.29)

with a leading coefficient of 0.631 when the Nusselt number is based on the maximum (x = L) wall
temperature and 0.73 when the Nusselt number is based on the mid-height (x = l/2) wall temperature.
Composite Equations — When a function is expected to vary smoothly between two limiting expressions, which are themselves well defined, and when intermediate values are difficult to obtain, an
approximate composite relation can be obtained by appropriately summing the two limiting expressions.
Using the Churchill and Usagi18 method, Bar-Cohen and Rohsenow19 developed composite Nusselt
number relations for natural convection in parallel plate channels of the form

(

⎡
Nu = ⎢ Nufd
⎣

) + ( Nu )
−n

−n

ip

⎤
⎥
⎦

−1 n

(14.30)

where Nufd and Nuip are Nusselt numbers for the fully developed and isolated plate limits, respectively.
The correlating exponent n was given a value of 2 to offer good agreement with Elenbaas’9 experimental
results.
For an isothermal channel, combining Eqs. (14.24) and (14.28) yields a composite relation of the form

⎡C
C ⎤
Nu = ⎢ 32 + 4 ⎥
⎢⎣ El
El ⎥⎦

−1 2

(14.31)

while for an isoflux channel, Eqs. (14.26) and (14.29) yield a result of the form

⎡C
C ⎤
Nu = ⎢ 3 + 24 5 ⎥
⎢⎣ El ′ El ′ ⎥⎦

−1 2

(14.32)

Values of the coefficients C3 and C4 appropriate to various cases of interest appear in Table 14.1. It is to
be noted that the tabulated values reflect a change in the value of the coefficient from 0.59 originally
used by Bar-Cohen and Rohsenow19 in the isolated, isothermal plate limit to the more appropriate 0.515
value.
In electronic cooling applications where volumetric concerns are not an issue, it is desirable to space
PCBs far enough apart that the isolated plate Nusselt number prevails along the surface. In lieu of choosing
an infinite plate spacing, the composite Nusselt number may be set equal to 99%, or some other high
fraction of its associated isolated plate value. The composite Nusselt number relation may then be solved
for the appropriate channel spacing.
For an isothermal channel, the channel spacing that maximizes the rate of heat transfer from individual
PCBs takes the form

bmax =

C5

(14.33)

P1 4

where

P=

(

c pρ2 gβ Tw − Tamb
µkL

) = El
b4
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TABLE 14.1 Appropriate Values for the Ci coefficients appearing in
Eqs. (14.24)–(14.39).
Case

C1

C2

C3

Symmetric heating
Asymmetric heating

24
12

0.515
0.515

C4

C5

C6

C7

3.77
3.77

4.43
3.51

0.00655
0.0262

2.60
2.06

Isothermal
576
144
Isoflux
Symmetric heating
Maximum temp.
Midheight temp.
Asymmetric heating
Maximum temp.
Midheight temp.

48
12

0.63
0.73

48
12

2.52
1.88

9.79
6.80

0.105
0.313

2.12
1.47

24
6

0.63
0.73

24
6

2.52
1.88

7.77
5.40

0.210
0.626

1.68
1.17

while for an isoflux channel, the channel spacing that minimizes the PCB temperature for a given heat
flux takes the form

bmax =

C5

(14.34)

R1 5

where

R=

c pρ2 gβq′′
µk 2 L

=

El ′
b5

Values of the coefficient C5 appropriate to various cases of interest appear in Table 14.1.
Optimum Spacing — In addition to being used to predict heat transfer coefficients, the composite
relations presented may be used to optimize the spacing between plates. For isothermal arrays, the
optimum spacing maximizes the total heat transfer from a given base area or the volume assigned to an
array of plates or printed circuit boards. In the case of isoflux parallel plate arrays, the total array heat
transfer for a given base area may be maximized by increasing the number of plates indefinitely, though
the plate will experience a commensurate increase in temperature. Thus, it is more appropriate to define
the optimum channel spacing for an array of isoflux plates as the spacing that will yield the maximum
volumetric heat dissipation rate per unit temperature difference. Despite this distinction, the optimum
spacing is found in the same manner.
The total heat transfer rate from an array of vertical, single-sided plates can be written as

⎛
⎞
QT
Nu
⎟
=⎜
LsWk∆t ⎜⎝ b b + d ⎟⎠

( )

(14.35)

where the number of plates, m = W/(b + d), d is the plate thickness, W is the width of the entire array,
and s is the depth of the channel. The optimum spacing may be found by substituting the appropriate
composite Nusselt number equation into Eq. (14.35), taking the derivative of the resulting expression
with respect to b, and setting the result equal to zero. Use of an isothermal composite Nusselt number
in Eq. (14.35) yields a relation of the form
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(2b + 3d − C P b )

=0

32 7

6

opt

(14.36)

or

bopt =

C7
P1 4

(d = 0)

(14.37)

where d, the plate thickness, is negligible. Use of an isoflux composite Nusselt number yields

(b + 3d − C R b )
3 5 4

6

opt

=0

(14.38)

or

bopt =

C7
R1 5

(d = 0)

(14.39)

Values of the coefficients C6 and C7 appropriate to various cases of interest appear in Table 14.1.
Limitations — These smooth-plate relations have proven useful in a wide variety of applications and
have been shown to yield very good agreement with measured empirical results for heat transfer from
arrays of PCBs. However, when applied to closely spaced printed circuit boards, where the spacing is of
the order of the component height, these equations tend to under-predict heat transfer in the channel
due to the presence of between-package “wall flow” and the non-smooth nature of the channel surfaces.20
14.2.2.4 Forced Convection
For forced flow in long or very narrow parallel-plate channels, the heat transfer coefficient attains an
asymptotic value (a fully developed limit), which for symmetrically heated channel surfaces is approximately equal to

h=

4kfl
de

(14.40)

where de is the hydraulic diameter defined in terms of the flow area, A, and the wetted perimeter of the
channel, Pw

de ≡

4A
Pw

In the inlet zones of such parallel-plate channels and along isolated plates, the heat transfer coefficient
varies with the distance from the leading edge. The low-velocity, or laminar flow, average convective heat
transfer coefficient for Re < 2 × 105 is given by3

⎛ k⎞
h = 0.664 ⎜ ⎟ Re1 2 Pr1 3
⎝ L⎠

(14.41)

where k is the fluid thermal conductivity and L is the characteristic dimension of the surface. This heat
transfer coefficient decreases asymptotically toward the fully developed value given by Eq. (14.40).
A similar relation applies to flow in tubes, pipes, ducts, channels and/or annuli with the equivalent
diameter, de , serving as the characteristic dimension in both the Nusselt and Reynolds numbers. For
laminar flow, Re ≤ 2100
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⎡
⎛ d ⎞⎤
h de
= 1.86 ⎢Re Pr ⎜ e ⎟ ⎥
k
⎝ L ⎠ ⎥⎦
⎢⎣

13

⎛ µ⎞
⎜µ ⎟
⎝ w⎠

0.14

(14.42)

which is attributed to Sieder and Tate21 and where µw is the viscosity of the convective medium at the
wall temperature. Observe that Eqs. (14.41) and (14.42) show that the heat transfer coefficient from the
surface to the fluid is highest for short channels and decreases as L increases.
In higher velocity turbulent flow, the dependence of the convective heat transfer coefficient on the
Reynolds number increases and, in the range Re ≥ 3 × 105, is typically given by3

⎛ k⎞
h = 0.036 ⎜ ⎟ Re
⎝ L⎠

( ) (Pr)
0.80

13

(14.43)

In pipes, tubes, channels, ducts and/or annuli, transition to turbulent flow occurs at an equivalent
diameter-based Reynolds number of approximately 10,000. Thus, the flow regime bracketed by

2100 ≤ Re ≤ 10, 000
is usually referred to as the transition region. Hausen22 has provided the correlation

[

]( )

hde
= 0.116 Re − 125 Pr
k

13

⎛ de ⎞
⎜1 + L ⎟
⎝
⎠

2 3

⎛ µ⎞
⎜µ ⎟
⎝ w⎠

(14.44)

and Sieder and Tate21 give for turbulent flow

( ) (Pr)

hde
= 0.23 Re
k

0.80

13

⎛ µ⎞
⎜µ ⎟
⎝ w⎠

(14.45)

Additional correlations for the coefficient of heat transfer in forced convection for various configurations
may be found in the heat transfer textbooks.8,23–25

14.2.3 Phase Change Heat Transfer
When heat exchange is accompanied by evaporation of a liquid or condensation of a vapor, the resulting
flow of vapor toward or away from the heat transfer surface and the high rates of thermal transport
associated with the latent heat of the fluid can provide significantly higher heat transfer rates than singlephase heat transfer alone.
14.2.3.1 Boiling
Boiling heat transfer displays a complex dependence on the temperature difference between the heated
surface and the saturation temperature (boiling point) of the liquid. In nucleate boiling, the primary
region of interest, the ebullient heat transfer rate is typically expressed in the form of the Rohsenow26
equation

q = µ f hfg

(

)

⎤
g ρf − ρg ⎡
c pf
⎢
⎥
1.7
σ
⎢⎣ Csf Prf hfg ⎥⎦

1r

(T − T )

1r

S

sat

(14.46)
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where 1/r is typically correlated with a value of 3, and Csf is a function of characteristics of the surface/fluid
combination. Rohsenow recommended that the fluid properties in Eq. (14.46) be evaluated at the liquid
saturation temperature.
For pool boiling of the dielectric liquid FC-72 (Tsat = 56°C at 101.3 kPa) on a plastic-pin-grid-array
(PPGA) chip package, Watwe et al.27 obtained values of 7.47 for 1/r and 0.0075 for Csf . At a surface heat
flux of 10 W/cm2, the wall superheat at 101.3 kPa is nearly 30°C, corresponding to a average surface
temperature of approximately 86°C.
The departure from nucleate boiling, or “Critical Heat Flux” (CHF), places an upper limit on
the use of the highly efficient boiling heat transfer mechanism. CHF can be significantly influenced
by system parameters such as pressure, subcooling, heater thickness and properties, and dissolved
gas content. Watwe et al.27 presented the following equation to predict the pool boiling critical
heat flux of dielectric coolants from microelectronic components and under a variety of parametric
conditions.

[ (

⎧π
CHF = ⎨ hfg ρg σ f g ρf − ρg
⎪⎩ 24

)]

{ [

14

⎛ δ ρc k
⎞
⎫
h ph h
⎟
⎬⎜
⎪⎭ ⎜ δ ρ c k + 0.1⎟
h
ph
h
⎝
⎠

( )]}

× 1 + 0.3014 − 0.01507 L′ P

⎧
⎫
⎡⎛ ⎞ 0.75 ⎤
c pf ⎥
ρf
⎪
⎪
⎢
⎨1 + 0.03 ⎢⎜ ⎟
⎥ ∆Tsub ⎬
ρ
h
fg ⎥
⎪
⎪
⎢⎣⎝ g ⎠
⎦
⎩
⎭

(14.47)

The first term on the right-hand side of Eq. (14.47) is the classical Kutateladze-Zuber prediction, which
is the upper limit on the saturation value of CHF on very large horizontal heaters. The second term
represents the effects of heater thickness and thermal properties on the critical heat flux. The third term
in Eq. (14.47) accounts for the influence of the heater size, where

L′ = L

(

g ρf − ρg
σf

)

(14.48)

This third term is only to be included when its value is larger than unity (i.e., 0.3014 – 0.01507L′ > 0)
as small heaters show an increase in CHF over larger heaters. The last term is an equation representing
the best-fit line through the experimental data of Watwe et al.27 and represents the influence of subcooling
on CHF. The pressure effect on CHF is embodied in the Kutateladze-Zuber and the subcooling model
predictions, which make up Eq. (14.47), via the thermophysical properties. Thus, Eq. (14.47) can be used
to estimate the combined influences of various system and heater parameters on CHF. The critical heat
flux, under saturation conditions at atmospheric pressure, for a typical dielectric coolant like FC-72 and
for a 1-cm component is approximately 15 W/cm2. Alternately, at 2 atm and 30°C of subcooling CHF
for FC-72 could be expected to reach 22 W/cm2.
14.2.3.2 Condensation
Closed systems involving an evaporative process must also include some capability for vapor
condensation. Gerstmann and Griffith28 correlated film condensation on a downward-facing flat
plate as

Nu = 0.81Ra 0.193

1010 > Ra > 108

(14.49)

Nu = 0.69Ra 0.20

108 > Ra > 106

(14.50)
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where,

⎛
h
σ
Nu ≡ ⎜
k ⎜⎝ g ρf − ρg

(

(

)

)

⎞
⎟
⎟
⎠

12

(14.51)

gρf ρf − ρg hfg ⎛
σ
⎜
Ra ≡
⎜
kµ∆T
⎝ g ρf − ρg

(

)

⎞
⎟
⎟
⎠

32

(14.52)

The Nusselt number for laminar film condensation on vertical surfaces was correlated by Nusselt29 and
later modified by Sadasivan and Lienhard30 as:

⎡ g∆ρ L3h′
hL
fg
fg
Nu =
= 0.943 ⎢
⎢k v T −T
kf
⎣ f f sat c

(

)

⎤
⎥
⎥
⎦

14

(14.53)

where

(

hfg′ = hfg 1 + Cc Ja
Cc = 0.683 −
Ja =

(

)

0.228
Prl

c pf Tsat − Tc

)

hfg

14.2.3.3 Phase Change Materials
In recent years there has been growing use of solid-liquid phase change materials (PCM) to help mitigate
the deleterious effects of transient “spikes” in the power dissipation and/or environmental load imposed
on RF modules. This is of particular importance for outdoor modules, where PCMs can serve to smooth
diurnal variations in the air temperature and solar radiations. To determine the mass of PCM needed to
absorb a specified thermal load at a constant (melting) temperature, it is necessary to obtain the latent
heat of fusion of that material and insert it in the following relation

m=

Q
hf s

(14.54)

14.2.4 Flow Resistance
The transfer of heat to a flowing gas or liquid that is not undergoing a phase change results in an increase
in the coolant temperature from an inlet temperature of Tin to an outlet temperature of Tout, according to

Tout − Tin =

q
˙ p
mc

(14.55)
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Based on this relation, it is possible to define an effective flow resistance, Rfl , as

Rfl ≡

1
˙
mc p

(14.56)

· the mass flow rate, is given in kg/s.
where m,
In multicomponent systems, determination of individual component temperatures requires knowledge of the fluid temperature adjacent to the component. The rise in fluid temperature relative to the
inlet value can be expressed in a flow thermal resistance, as done in Eq. (14.56). When the coolant
flow path traverses many individual components, care must be taken to use Rfl with the total heat
absorbed by the coolant along its path, rather than the heat dissipated by an individual component.
For system-level calculations aimed at determining the average component temperature, it is common
to base the flow resistance on the average rise in fluid temperature, that is, one-half the value indicated
by Eq. (14.56).

14.2.5 Radiative Heat Transfer
Unlike conduction and convection, radiative heat transfer between two surfaces or between a surface and
its surroundings is not linearly dependent on the temperature difference and is expressed instead as

(

q = σAF T14 − T24

)

(14.57)

where F includes the effects of surface properties and geometry and σ is the Stefan-Boltzman constant,
σ = 5.67 × 10–8 W/m2K4. For modest temperature differences, this equation can be linearized to the
form

(

q = hr A T1 − T2

)

(14.58)

where hr is the effective “radiation” heat transfer coefficient

(

)(

hr = σF T12 + T22 T1 + T2

)

(14.59)

and, for small ∆T = T1 – T2, hr is approximately equal to

( )

hr = 4σF TT
1 2

32

(14.60)

where T1 and T2 must be expressed in absolute degrees Kelvin. It is of interest to note that for temperature
differences of the order of 10 K with absolute temperatures around room temperature, the radiative heat
transfer coefficient, hr , for an ideal (or “black”) surface in an absorbing environment is approximately
equal to the heat transfer coefficient in natural convection of air.
Noting the form of Eq. (14.58), the radiation thermal resistance, analogous to the convective resistance,
is seen to equal

Rr ≡

1
hr A

(14.61)
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14.2.6 Environmental Heat Transfer
In applying the foregoing thermal transport relations to microwave equipment located outdoors, attention must be devoted to properly characterizing the atmospheric conditions and including both incoming
solar radiation and outgoing night-sky radiation in the heat balance relations. While best results will be
obtained by using precise environmental specifications for the “microclimate” at the relevant location,
more general specifications may be of use in early stages of product design. The external environment
can vary in temperature from –50°C to +50°C, representing the polar regions at one extreme and the
subtropical deserts at the other, and experience a range in air pressure from 76 kPa (11 psi), at high
plateaus, to 107 kPa (15.5 psi), in deep rift valleys. Incident solar fluxes at noon can reach 1 kW/m2 on
a horizontal surface, but more typically may average 0.5 kW/m2, of both direct and diffuse radiation,
during the peak solar hours. The outgoing long-wave radiation from an outdoor module exposed to the
clear nighttime sky falls in the range of 0.01 to 0.1 kW/m2.31 It may be anticipated that convective heat
transfer coefficients on large exposed surfaces at sea level will attain values of 6 W/m2K for still air to
75 W/m2K, at wind velocities approaching 100 km/h. To determine the surface temperature of an outdoor
module, use can be made of the heat balance relation equating the incoming heat — from the microwave
components and solar load — with the outgoing heat — by radiation and convection, as

qrf + qsolar = qrad + qconv

(14.62)

or

qrf = qrad + qconv − qsolar

(

)

(

)

(14.63)

+ Tsky

(14.64)

4
4
= σAsurf F Tsurf
− Tsky
+ hconv Asurf Tsurf − Tamb − αAsurf S

or

Tsurf =

(

qrf
+ αS
Asurf

)(

)

2
2
σF Tsurf
+ Tsky
Tsurf + Tsky + hconv

where S is the solar incidence (W/m2) and Tsky is the effective sky temperature (K) (typically equal to
ambient temperature during the day and up to 20 K below the air temperature on a dry, clear night).

14.3 Thermal Resistance Networks
The expression of the governing heat transfer relations in the form of thermal resistances greatly simplifies
the first-order thermal analysis of electronic systems. Following the established rules for resistance
networks, thermal resistances that occur sequentially along a thermal path can be simply summed to
establish the overall thermal resistance for that path. In similar fashion, the reciprocal of the effective
overall resistance of several parallel heat transfer paths can be found by summing the reciprocals of the
individual resistances. In refining the thermal design of an electronic system, prime attention should be
devoted to reducing the largest resistances along a specified thermal path and/or providing parallel paths
for heat removal from a critical area.
While the thermal resistances associated with various paths and thermal transport mechanisms constitute the “building blocks” in performing a detailed thermal analysis, they have also found widespread
application as “figures-of-merit” in evaluating and comparing the thermal efficacy of various packaging
techniques and thermal management strategies.
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14.3.1 Chip Module Thermal Resistance
14.3.1.1 Definition
The thermal performance of alternative chip packaging techniques is commonly compared on the basis
of the overall (junction-to-coolant or junction-to-ambient) thermal resistance, Rja. This packaging figureof-merit is generally defined in a purely empirical fashion,

Rja ≡

Tj − Tfl

(14.65)

qc

where Tj and Tfl are the junction and coolant (fluid) temperatures, respectively, and qc is the chip heat
dissipation.
Unfortunately, however, most measurement techniques are incapable of detecting the actual junction
temperature, that is, the temperature of the small volume at the interface of p-type and n-type semiconductors. Hence, this term generally refers to the average temperature or a representative temperature on
the chip.
Examination of various packaging techniques reveals that the junction-to-coolant thermal resistance
is, in fact, composed of an internal, largely conductive resistance and an external, primarily convective
resistance. As shown in Fig. 14.6, the internal resistance, Rjc, is encountered in the flow of dissipated heat
from the active chip surface through the materials used to support and bond the chip and on to the case
of the integrated circuit package. The flow of heat from the case directly to the coolant, or indirectly
through a fin structure and then to the coolant, must overcome the external resistance, Rex.
14.3.1.2 Internal Thermal Resistance
As previously discussed, conductive thermal transport is governed by the Fourier Equation, which can
be used to define a conduction thermal resistance, as in Eq. (14.3). In flowing from the chip to the
package surface or case, the heat encounters a series of resistances associated with individual layers of
materials, starting with the chip (silicon, galium arsenide, indium phosphide, etc.) and continuing thru
solder, copper, alumina, and epoxy, as well as the contact resistances that occur at the interfaces between
pairs of materials. Although the actual heat flow paths within a chip package are rather complex and
may shift to accommodate varying external cooling situations, it is possible to obtain a first-order estimate

Fluid

Rex
Heatsink

Heatsink bond
Die bond
Lead

Chip
Heat spreader

Rjc

Encapsulant

FIGURE 14.6

Primary thermal resistances in a single chip package. (From Ref. 4, with permission.)
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FIGURE 14.7

Conductive thermal resistances for packaging materials. (From Ref. 4, with permission.)

of the internal resistance by assuming that power is dissipated uniformly across the chip surface and that
heat flow is largely one-dimensional. To the accuracy of these assumptions, Eq. (14.67)

Rjc =

Tj − Tc
qc

=

∆x
∑ kA

(14.66)

can be used to determine the internal chip module resistance, where the summed terms represent the
conduction thermal resistances posed by the individual layers, each with thickness ∆x. As the thickness
of each layer decreases and/or the thermal conductivity and cross-sectional area increase, the resistance
of the individual layers decreases. Values of Rcd for packaging materials with typical dimensions can be
found via Eq. (14.67) or Fig. 14.7, to range from 2 K/W for a 1000 mm2 by 1-mm thick layer of epoxy
encapsulant to 0.0006 K/W for a 100 mm2 by 25-micron (1-mil) thick layer of copper. Similarly, the
values of conduction resistance for typical “soft” bonding materials are found to lie in the range of
approximately 0.1 K/W for solders and 1 to 3 K/W for epoxies and thermal pastes for typical ∆x/A ratios
of 0.25 to 1.0.
Comparison of theoretical and experimental values of Rjc reveals that the resistances associated with
compliant, low thermal conductivity bonding materials and the spreading resistances, as well as the
contact resistances at the lightly loaded interfaces within the package, often dominate the internal thermal
resistance of the chip package. It is, thus, not only necessary to correctly determine the bond resistance
but to also add the values of Rsp, obtained from Eq. (14.7) and/or Fig. 14.4, and Rco from Eq. (14.9) or
(14.12) to the junction-to-case resistance calculated from Eq. (14.67). Unfortunately, the absence of
detailed information on the voidage in the die-bonding and heat-sink attach layers and the present
inability to determine, with precision, the contact pressure at the relevant interfaces, conspire to limit
the accuracy of this calculation.
14.3.1.3 External Resistance
An application of Eq. (14.41) or (14.43) to the transfer of heat from the case of a chip module to the
coolant shows that the external resistance, Rex = 1/hA, is inversely proportional to the wetted surface area
and to the coolant velocity to the 0.5 to 0.8 power and directly proportional to the length scale in the
flow direction to the 0.5 to 0.2 power. It may, thus, be observed that the external resistance can be strongly
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FIGURE 14.8 Typical external (convective) thermal resistances for various coolants and cooling modes. (From Ref.
4, with permission.)

influenced by the fluid velocity and package dimensions and that these factors must be addressed in any
meaningful evaluation of the external thermal resistances offered by various packaging technologies.
Values of the external resistance for a variety of coolants and heat transfer mechanisms are shown in
Fig. 14.8 for a typical component wetted area of 10 cm2 and a velocity range of 2 to 8 m/s. They are seen
to vary from a nominal 100 K/W for natural convection in air, to 33 K/W for forced convection in air,
to 1 K/W in fluorocarbon liquid forced convection and to less than 0.5 K/W for boiling in fluorocarbon
liquids. Clearly, larger chip packages will experience proportionately lower external resistances than the
displayed values. Moreover, conduction of heat through the leads and package base into the printed
circuit board or substrate will serve to further reduce the effective thermal resistance.
In the event that the direct cooling of the package surface is inadequate to maintain the desired chip
temperature, it is common to attach finned heat sinks, or compact heat exchangers, to the chip package.
These heat sinks can considerably increase the wetted surface area, but may act to reduce the convective
heat transfer coefficient by obstructing the flow channel. Similarly, the attachment of a heat sink to the
package can be expected to introduce additional conductive resistances, in the adhesive used to bond the
heat sink and in the body of the heat sink. Typical air-cooled heat sinks can reduce the external resistance
to approximately 10 to 15 K/W in natural convection and to as low as 3 to 5 K/W for moderate forced
convection velocities.
When a heat sink or compact heat exchanger is attached to the package, the external resistance
accounting for the bond-layer conduction and the total resistance of the heat sink, Rhs , can be expressed as

Rex =

Tc − Tfl
=
qc

⎛ x⎞

∆
⎟
∑ ⎜⎝ kA
⎠

+ Rhs

(14.67)

b

where Rhs

⎡ 1
1 ⎤
Rhs = ⎢
+
⎥
⎢⎣ nhAf η hb Ab ⎥⎦

−1

(14.68)
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is the parallel combination of the resistance of the n fins

1
nhAf η

Rf =

(14.69)

and the bare or base surface not occupied by the fins

Rb =

1
hb Ab

(14.70)

Here, the base surface is Ab = A – Af and use of the heat transfer coefficient, hb , is meant to recognize
that the heat transfer coefficient that is applied to the base surfaces is not necessarily equal to that applied
to the fins.
An alternative expression for Rhs involves an overall surface efficiency, ηo, defined by

ηo = 1 −

( )

nAf
1− η
A

(14.71)

where A is the total surface composed of the base surface and the finned surfaces of n fins

A = Ab + nAf

(14.72)

In this case, it is presumed that hb = h so that

Rhs =

1
hηo A

(14.73)

In an optimally designed fin structure, η can be expected to fall in the range of 0.50 to 0.70.4 Relatively
thick fins in a low velocity flow of gas are likely to yield fin efficiencies approaching unity. This same
unity value would be appropriate, as well, for an unfinned surface and, thus, serve to generalize the use
of Eq. (14.68) to all package configurations.
14.3.1.4 Total Resistance — Single Chip Packages
To the accuracy of the assumptions employed in the preceding development, the overall single chip
package resistance, relating the chip temperature to the inlet temperature of the coolant, can be found
by summing the internal, external, and flow resistances to yield

Rjaj = Rjc + Rex + Rfl
=

∆x
+R
∑ kA

=

⎛ Q⎞ ⎛ 1 ⎞
1
+⎜ ⎟⎜
⎟
ηhA ⎝ q ⎠ ⎝ 2ρQc p ⎠

int

+ Rsp

(14.74)
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In evaluating the thermal resistance by this relationship, care must be taken to determine the effective
cross-sectional area for heat flow at each layer in the module and to consider possible voidage in any
solder and adhesive layers.
As previously noted in the development of the relationships for the external and internal resistances,
Eq. (14.75) shows Rja to be a strong function of the convective heat transfer coefficient, the flowing heat
capacity of the coolant, and geometric parameters (thickness and cross-sectional area of each layer).
Thus, the introduction of a superior coolant, use of thermal enhancement techniques that increase the
local heat transfer coefficient, or selection of a heat transfer mode with inherently high heat transfer
coefficients (boiling, for example) will all be reflected in appropriately lower external and total thermal
resistances. Similarly, improvements in the thermal conductivity and reduction in the thickness of the
relatively low conductivity bonding materials (such as soft solder, epoxy, or silicone) would act to reduce
the internal and total thermal resistances.
14.3.1.5 Weighted-Average Modification of Rjc
The commonly used junction-to-case thermal resistance, relying on just a single case temperature, can
be used with confidence only when the package case is nearly isothermal. In a more typical packaging
configuration, when substantial temperature variations are encountered among and along the external
surfaces of the package,32–34 the use of the reported Rjc can lead to erroneous chip temperature predictions.
This is especially of concern in the analysis and design of plastic chip packages, due to the inherently
high thermal resistance of the plastic encapsulant and the package anisotropies introduced by the large
differences in the conductivity between the lead frame and/or heat spreader and the plastic encapsulant.
Since Rjc is strictly valid only for an isothermal package surface, a method must be found to address the
individual contributions of the various surface segments according to their influence on the junction
temperature.
Following Krueger and Bar-Cohen,35 it is convenient to introduce the expanded Rjc methodology with
a thermal model of a chip package that can be approximated by a network of three thermal resistances
connected in parallel, from the chip to the top, sides, and bottom of the package, respectively. This type
of compact model is commonly referred to as a “star network” and, in this model, the heat flow from
the chip is

q = q1 + q2 + q3

(14.75)

or

q=

Tj − T1
R1

+

Tj − T2
R2

+

Tj − T3
R3

(14.76)

This compact model of an electronic device is shown schematically in Fig. 14.9.
Equation (14.77) can be rearranged to yield the dependence of the chip (or junction) temperature on
the temperature of the three surface segments as

⎛R R ⎞
⎛R R ⎞
⎛RR ⎞
⎛RR R ⎞
Tj = ⎜ 2 3 ⎟ T1 + ⎜ 3 1 ⎟ T2 + ⎜ 1 2 ⎟ T3 + ⎜ 1 2 3 ⎟ q
⎝ Rs ⎠
⎝ Rs ⎠
⎝ Rs ⎠
⎝ Rs ⎠

(14.77)

where Rs = R1R2 + R1R3 + R2R3
Equation (14.78) may be generalized to admit n-distinct elements along the package surface, or
n

Tj =

∑I T + I
k k

k =1

q

n +1

(14.78)
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FIGURE 14.9 Geometry of a 28-lead PLCC device. (a) The compact model schematic, and (b) the actual device
cross-section.35

A comparison of Eqs. (14.78) and (14.79) shows that the coefficients of the specified surface temperatures,
the Ik’s are totally determined by the internal resistances of the chip package

R2 R3
Rs
RR
I3 = 1 2
Rs

R3R1
Rs
RR R
I4 = 1 2 3
Rs

I1 =

I2 =

(14.79)

The temperature coefficients needed to generate a junction temperature relation of the form shown in
Eq. (14.79) can thus be determined from previously calculated internal resistance or, in the absence of
such values, by extraction from empirical data or numerical results for the junction temperature. Furthermore, it is to be noted that the sum of the coefficients of the various surface temperature is equal to
unity and that the power dissipation coefficient, In+1q, is, in fact, the familiar Rjc isothermal, junctionto-case thermal resistance. Consequently, Eq. (14.79) may be rewritten as
n

Tj =

∑I T + R q
k k

(14.80)

jc

k =1

or, returning to Rjc

Rjc =

Tj −

∑

n
k =1

I k Tk

q

=

Tj − Tc
q

(14.81)

–
where Tc is the average case temperature

∑
T =
c

n
k =1

Ak Tk

AT

(14.82)
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where Ak is the surface area of the k th surface and AT is the surface area of the entire package.
In many applications, chip packages are cooled selectively along particular exposed surfaces. One such
example is a package cooled from the top and side surfaces while the bottom surface is insulated. The
thermally active surfaces may vary from application, to application and the thermal analyst needs to
quantify the effect of thermally insulating one or more areas on a package of known thermal resistance.
For the assumptions used in the development of the expanded Rjc model, insulation of surface-m results
in zero heat flow through resistance, Rm. This causes the temperature of surface-m to equal the chip
temperature. With this in mind, the junction temperature for a package with a single insulated surface
given by Eq. (14.81) is found to equal

Tj =

⎛ I n +1 ⎞
⎛ Ik ⎞
⎟ Tk + ⎜⎜ 1 − I ⎟⎟ q
⎝
m⎠
m⎠
k ≠m

∑ ⎜⎝ 1 − I

(14.83)

The weighted average case temperature for this thermal configuration is found to equal

Tc =

⎛ Ik ⎞
⎟ Tk
⎠
m
k ≠m

∑ ⎜⎝ 1 − I

(14.84)

and the modified junction to case resistance, Rjc∗ is

Rjc∗ =

Rjc
1 − Im

(14.85)

14.3.2 Multichip Modules
The thermostructural complexity of multichip modules in current use hampers effective thermal characterization and introduces significant uncertainty in any attempt to compare the thermal performance
of these packaging configurations. Variations in heat generation patterns across the active chips (reflecting
differences in functional requirements and the duty cycle among the macrocells constituting a particular
chip), as well as nonuniformities in heat dissipation among the chips assembled in a single module,
further complicate this task. While nonthermal issues (e.g., electromagnetic crosstalk) may often be the
dominant limiting factors in RF multichip modules, the high power associated with microwave devices
makes it essential that the thermal performance of this packaging configuration be analyzed and reported
in a consistent manner. To establish a common basis for comparison of multichip modules, it is possible
to neglect the on-chip and chip-to-chip variations and consider that the heat generated by each chip
flows through a unit cell of the module structure to the external coolant.36,37 For a given structure,
increasing the area of the unit cell allows heat to spread from the chip to a larger cross-section, reducing
the heat flux at some of the thermally critical interfaces and at the convectively cooled surfaces. Consequently, the thermal performance of a multichip module can be best represented by the area-specific
thermal resistance, i.e., the temperature difference between the chip and the coolant divided by the
substrate heat flux, expressed in units of K/(W/cm2). This figure of merit is equivalent to the inverse of
the overall heat transfer coefficient, U, commonly used in the compact heat exchanger literature. Despite
significant variation in design and fabrication, the leading edge water-cooled and air-cooled modules of
the late 1980s provided a specific thermal resistance of approximately 20°C for every watt per square
centimeter at the substrate. A decade later, the thermally best multichip modules of the 1990s offered
specific thermal resistance values between 5 and 10 K/(W/cm2).
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14.3.3 Radar System Applications
The frequent demand for high radiated power in civilian and military radar systems, for the ranging and
detection of remote objects, has led to the development of many high-energy microwave systems. Due
to the inefficiencies inherent in electrical-to-microwave energy conversion and the management of radiofrequency (RF) energy, the operation of such radar equipment often results in significant heat dissipation.
To avoid catastrophic failures, to achieve the reliability targets of the system, and to satisfy the frequency
stability requirements of the RF tubes, system requirements commonly specify temperature control to
within several degrees Celsius around 150°C. These thermal requirements necessitate the use of aggressive
thermal management techniques, including the use of high flow rate liquid forced convection, pool and
flow boiling, and high pressure-drop, air-cooled compact heat exchangers.3
In traditional, mechanically steered radar systems, much of the total power dissipation occurs in the
power tubes (e.g., klystron, gyrotrons, amplitrons), with secondary dissipation in the rotary joints and
wave guides. Heat release along the collector surfaces of the tubes is proportional to the RF power of the
system and can range from 1 kW to as much as 20 kW, with a peak local flux of several watts/cm2 to,
perhaps, several thousand watts/cm2, at operating temperatures of 150°C.3 Similar, though less severe
thermal problems are encountered in the RF rotary joints and waveguides, where heat fluxes of 5 W/cm2
to 10 W/cm2, with allowable temperatures of 150°C, may be encountered.
Growing applications of active antenna array elements, utilizing amplifier diodes and solid-state phase
shifters to provide electronic steering of the radiated RF beam, have introduced new dimensions into the
thermal control of microwave equipment. In such “phased array” radar systems, high power tubes and
waveguides can be eliminated with low power RF delivered to each antenna element. The low conversion
efficiency of the amplifier diodes results in diode heat dissipation between 1 W and 10 W and local heat
fluxes comparable to power transistors. In “phased array” antenna, precise shaping of the radiated wave
often requires relatively cool (<90°C) ferrite phase shifters and no significant temperature variations
(<10°C) across the elements used in the array.
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15.1 Introduction
The development and manufacture of low voltage/low power RF and microwave electronics has been the
subject of intense focus over the past few decades. The development of active circuits that consume lower
power at lower voltage levels is consistent with the general trends of semiconductor scaling. From the
simple relationship

E =V /d

(15.1)

where E is the electric field, V is the voltage, and d is the separation distance, it can be seen that smaller
devices (reduced d) require less voltage to achieve the same electric field levels. Since to first order it is
electric field in a material that dominates electron transport properties, electric field levels must be
preserved when devices are scaled. Therefore, for each reduction in critical dimension (gate length or
base width) reductions in operating voltage have been realized.
Because semiconductor physics implies an inverse relationship between device size and required voltage
level, and because transistor scaling has been a major driver for integrated circuit (IC) technology since
the earliest transistors were introduced, the trend toward reduced power supply voltage has been ongoing
since the beginning of the semiconductor industry. The explosive growth of portable wireless products,
however, has brought a sense of urgency and technical focus to this issue. Portable product requirements
have forced technologists to consider battery drain and methods to extend battery lifetime.
Since the total global volume requirements for digital ICs far exceeds the requirements for RF and
microwave ICs, digital applications have been the primary drivers for most IC device technologies. The
continuing advances of CMOS technology in particular have supported the low voltage/low power trend.
Bipolar, BiCMOS, and more recently SiGe HBT developments have similarly supported this trend. For
digital circuitry, the low voltage/low power trend is essentially without negative consequences. Each
reduction in device size and power supply requirement has led to significant performance improvements.
The reduced device size leads to smaller, lighter, cheaper, and faster circuits while the reduced voltage
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leads to reduced power consumption and improved reliability. The combination of these advantages
provides the potential for higher levels of integration, which leads to the use of more complex and
sophisticated architectures and systems.
For RF and microwave circuitry, however, the push toward lower voltage and lower power consumption
is counter to many other radio requirements and presents challenges not faced by digital circuit designers.
Although smaller, lighter, cheaper, and faster are generally desirable qualities for RF as well as digital
applications, reduced voltage can produce negative consequences for RF circuit performance. In particular, reduced voltage leads to reduced dynamic range, which can be especially critical to the development
of linear power amplifiers.
An imperative to develop and produce low voltage/low power RF products requires that every aspect
of radio component development be considered. The ultimate success of a low voltage/low power RF
product strategy is affected by all of the following issues:
•
•
•
•

Materials technology (GaAs, Si, epitaxiy, implant, heterojunctions).
Device technology (BJT, HBT, MESFET, MOSFET, HEMT).
Circuit technology (matching and topology challenges for low voltage).
Radio system design issues (impact of system and radio architecture on performance).

15.2 Motivations for Reduced Voltage
Commercial handheld products are clearly a significant driver for the low voltage/low power imperative.
Reduced power consumption translates into longer battery lifetime and/or smaller, lighter products
through reduction of battery size. Consumers value both of these attributes highly, which has led to the
widespread acceptance of portable pagers, cell phones, and wireless personal area network products. An
additional collateral benefit to reduced voltage operation is improved product reliability.
For vehicle-based products, the low power imperative is less compelling since battery size and lifetime
issues are not relevant to these applications. Smaller and lighter electronics, however, are still valued in
these applications. Power supplies represent a fixed payload that must be transported throughout the
lifetime of the vehicle. In the case of jet aircraft, a single additional pound of payload represents tens of
thousands of dollars of jet fuel over the life of the aircraft. A reduction in the size and weight of power
supplies also represents payload that can be displaced with additional safety, communication, or navigation
equipment. As in the case of handheld equipment, reduced power consumption will contribute to
improved product reliability.
Even for many fixed site applications, reduced power consumption can provide benefits. Particularly
in urban environments, base stations must be located in high-cost real estate areas (at the top of
skyscrapers, for example). Rental of this space is often billed on a per square foot basis, so reduction in
size carries some cost advantage. Increased reliability also leads to reduced maintenance costs.
Advantages of low voltage/low power RF circuitry are also significant for military applications. Supply
line requirements during a military operation are often a determining factor in the outcome of battle.
Transport vehicles are limited in number and capacity, so extended battery lifetime translates directly
into decreased battlefield transport capacity requirements for battery resupply. This reduction in battery
resupply transport requirements frees up valuable resources to transport additional lifesaving materials.
The advantage is also directly felt by the foot soldier who is able to achieve greater mobility and/or
additional electronic functionality (communication or navigation equipment).
As mentioned in the introduction, low voltage/low power trends have been almost without negative
impact for most digital applications. Since most portable radio products are comprised of both digital
ICs and RF parts, manufacturers would prefer to run all of the electronics from a single power supply.
RF and microwave circuitry has had to follow the trend to low voltage, even when that trend brings on
increasing challenges. This requirement to conform is exacerbated by the fact that the volume of digital
circuitry required from semiconductor factories is far higher than the volume of RF circuitry. Applications
that would benefit from high voltage operation comprise a nearly insignificant portion of the total
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electrons
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FIGURE 15.1 A plot of the carrier velocity in bulk semiconductor material as a function of the applied electric
field for several commonly used semiconductors.

semiconductor market so get little attention from most semiconductor manufacturers. The RF designer
often has little choice but to use a low voltage IC process.

15.3 Semiconductor Materials Technology
Low voltage/low power operation requires improved efficiency, low parasitic resistance, low parasitic
capacitance, and precise control of on-voltage. The selection of the semiconductor material impacts all
of these characteristics.
Improvements in efficiency and reductions in parasitic resistance can be achieved by using materials
that exhibit increased carrier mobility and velocity. Figure 15.1 plots the carrier velocity in bulk
semiconductor material as a function of the applied electric field for several commonly used semiconductors. The carrier (electron or hole) mobility is given by

µ0 =

v
E

for small E

(15.2)

where v is the carrier velocity in the material and E is the electric field. The figure illustrates that III-V
semiconductor materials such as GaAs, GaInAs, and InP exhibit superior electron velocity and mobility
characteristics relative to silicon. For this reason, devices fabricated in III-V materials are expected to
exhibit some advantages in achieving high efficiency and low parasitic resistance.
Low parasitic capacitance is also a desirable characteristic to insure low loss and minimal battery drain.
Because GaAs and InP offer semi-insulating substrates, they exhibit performance advantages over the
much more conductive, and hence poorer performing silicon substrates. Advanced materials strategies
such as silicon-on-insulator offer potential advantages even over III-V materials, but at increased cost
and complexity.
Precise control of on-voltage becomes increasingly important as supply voltages diminish. Low voltage
operation means that the total voltage swing that can be realized by the RF signal is reduced. Bipolar
transistors offer clear, significant advantages over FETs with respect to this characteristic since bipolar
on-voltage characteristics are determined primarily by material band gaps while FET on-voltage characteristics are determined by material process parameters such as thickness and charge densities. When

15-4

RF and Microwave Semiconductor Device Handbook

other considerations indicate that a FET structure is appropriate, however, heterostructure buffer layers
improve the on-voltage control of FETs. Within either the FET or bipolar class of semiconductor devices,
Silicon process control tends to be superior to Gallium Arsenide or other III-V process control.
Heterostructure semiconductor materials offer other potential advantages for low voltage design. In
FET structures, heterostructure buffer layers provide greater carrier confinement. This can reduce substrate parasitics. Similarly, in bipolar transistors, heterostructures provide the potential to reduce
unwanted minority carrier concentrations in critical portions of the device. In both the FET and bipolar
case improved output conductance and greater linearity results from the use of properly designed
heterostructures. Heterostructure technology also offers the potential of realizing high current and high
breakdown simultaneously in a device by placing the right material in the right place.
From a purely technical performance perspective, the above discussion argues primarily for the use
of III-V heterostructure devices. These arguments are not complete, however. Most commercial wireless
products also have requirements for high yield, high volume, low cost, and rapid product development
cycles. These requirements can overwhelm the material selection process and they favor mature processes
and high volume experience. The silicon high volume manufacturing experience base is far greater than
that of any III-V semiconductor facility. Silicon digital parts are routinely produced in volumes that dwarf
total global III-V semiconductor device requirements. This digital experience is easily leveraged into the
production of silicon RF and microwave parts, giving silicon materials a clear advantage in these areas.
No short cut for the development of experience and maturity with advanced material structures is
available. As demand for diminishing power consumption RF products continues to grow, however,
experience will be gained and the fundamental physical advantages of III-V heterostructure devices will
lead to increasing presence in commercial wireless products.

15.4 Semiconductor Device Technology
Device technology decisions influence many of the same performance metrics that are affected by material
decisions. Efficiency, parasitic resistance, and on-voltage control are all affected by the choice of device.
Additional device considerations may depend on the particular circuit application being considered. For
an oscillator application, for example, the 1/f noise characteristics of the transistor are likely to be critical
to achieving the required circuit level performance. These same transistor characteristics may be of little
interest for many other circuit applications.
Table 15.1 evaluates most modern transistor technologies against a list of performance characteristics
that are of interest for portable power amplifier applications. The performance metrics considered in the
table include: parasitic loss, ability to easily use a single polarity power supply, power added efficiency,
linearity, cost, and maturity. As is readily seen from the table, no particular device type excels in all areas
and all devices exhibit at least some significant disadvantages. The relative values of each of the metrics
are not equal and are not identical for all applications. Meeting linearity requirements, for example, is
central to the power amplifier (PA) design process for many digitally modulated portable radios, while
the linearity requirements for many analog radios is easily achieved and therefore less valued.
Parasitic loss is clearly important to reduce undesirable current drain. The III-V device technologies
offer advantages over silicon technologies in this area because of their material advantages.
Single polarity power supplies are desirable since other radio components do not require a negative
supply. The generation of a negative voltage required to bias a transistor adds to the parts count, cost,
and current drain of the radio. HBTs, BJTs, and LDMOS parts have a clear advantage over conventional
MESFETs and HEMTs in this area. Enhancement mode HEMTs offer a potential solution to this problem,
but at a cost to manufacturing ability and dynamic range.
Linearity requirements are typically driven by government regulations to keep wireless products from
interfering with each other. Linearity specifications are not consistent for all radio architectures and are
sometimes the subject of erroneous discussions in the technical literature. The linearity of the Gummel
plot [log(Ic) vs. log(Ib)] of a BJT or HBT, for example, is not equivalent or translated into RF linearity.
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TABLE 15.1 Semiconductor Devices are Evaluated against Several Important Device Characteristics for Portable
Power Amplifer Applications
MESFET/HEMT

III-V HBT

Si BJT

Si:Ge HBT

Power MOSFET
(LDMOS)

Low Voltage Related Characteristics
Parasitic loss
Single-polarity
supply
Power added
efficiency
Linearity
Power density

Very good
Noa

Very good
Yes

Moderate
Yes

Moderate
Yes

Moderate
Yes

Excellent

Very good

Moderater

Moderate

Good for f<~2 GHz

Excellentb
Moderate

Very good
Excellent

Moderate
Very good

Very good
Excellent

Moderate
Moderate

Cost
Maturity

Moderate to high
Good

Moderate to high
Good

Moderate to high
Moderate

Low to moderate
Very good

General Characteristics
Low to moderate
Excellent

a

e-mode MESFETs and HEMTs do make use of single-polarity supply voltage, but at a cost of more difficult manufacturing and with a more limited dynamic range.
b MESFET devices manufactured using epi-taxial material (as opposed to ion-implanted) as well as HEMTs exhibit
excellent linearity.

It is also difficult to measure linearity and determine an absolute performance limit for a particular
device. RF circuit tuning performed to optimize power, gain, or efficiency is not necessarily optimum
for achieving high linearity. MESFETs fabricated using epitaxial material (as opposed to ion-implanted
material) and HEMTs exhibit slight advantages in linearity over other devices. HBTs and BJTs have also
demonstrated competitive linearity characteristics.
Once power, gain, and linearity specifications are met, efficiency often becomes the key distinguishing
figure of merit for modern wireless power amplifiers. Improvements in PA efficiency are translated directly
into reduced battery drain and longer battery lifetime. HEMTs hold certain advantages in this area while
silicon BJTs have not produced efficiency values that are as competitive. Both LDMOS and HBT parts
have also produced competitive efficiencies for certain applications.
High power density is desirable since it leads to reduced part size. Smaller devices not only reduce the
size of the final product, but more importantly, reduce the cost of the device since more devices can be
processed on a single wafer. HBTs demonstrate the highest power density with adequate breakdown
characteristics of any wireless PA devices today. Ion-implanted MESFETs and LDMOS parts exhibit very
low power densities compared to HBTs.
As in the case of material considerations, the technical characteristics of devices must be weighed
against the cost and maturity requirements for wireless product development. Although cost is a primary
driver for many radio applications today, it may be difficult to determine fabrication costs of emerging
device technologies. For most parts utilized in high volume commercial applications, the cost of fabrication is not closely related to the purchase price for the part. The market supply and demand forces
determine purchase price — the price is set as high as the market will bear. If the fabrication costs can
be brought below the market price with a comfortable margin, the part will continue to be manufactured.
If not, the part will be discontinued. Large semiconductor manufacturing companies may choose to
subsidize new technologies for several years before deciding to discontinue them. Although difficult to
quantify, cost is critical to the long-term success of a device. Silicon transistors have historically come
with a cost advantage over III-V devices. The high volume experience of silicon fabrication facilities and
greater maturity of the processes contribute significantly to the low cost advantage.
Examination of Table 15.1 and the discussion of the preceding paragraphs illustrate the difficulty in
choosing the optimum device for low voltage/low power applications. Although important, the low
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An illustration of the relationship between frequency of the application and device technology choice.

voltage characteristics of the part are not the only characteristics that must be considered. No transistor
is optimal for all requirements and each device choice carries implied compromises for the final product.
Although not included Table 15.1, the frequency of the application can also be a critical performance
characteristic in the selection of device technology. Figure 15.2 illustrates the relationship between frequency of the application and device technology choice. Because of the fundamental material characteristics illustrated in Fig. 15.1, silicon technologies will always have lower theoretical maximum operation
frequencies than III-V technologies. The higher the frequency of the application, the more likely the
optimum device choice will be a III-V transistor over a silicon transistor. Above a certain frequency
(labeled fIII-V in Fig. 15.2), III-V devices dominate the transistors of choice, with silicon playing no
significant role in the RF portion of the product. In contrast, below a certain frequency (labeled fSi in
Fig. 15.2) the cost and maturity advantages of silicon provide little opportunity for III-V devices to
compete. In the transition spectrum between fSi and fIII-V , the device technology is not an either/or choice,
but rather silicon and III-V devices coexist. Although silicon devices are capable of operating above
frequency fSi , this operation is often gained at the expense of current drain. As frequency is increased
above fSi in the transition spectrum, efficiency advantages of gallium arsenide and other III-V devices
provide competitive opportunities for these parts. The critical frequencies, fSi and fIII-V are not static
frequency values. Rather, they are continually being moved upward by the advances of silicon technologies
— primarily by decreasing critical device dimensions.
The process of choosing device technology is compounded further if higher levels of integration are
implemented. Table 15.2 is a companion to Table 15.1. Again, several semiconductor device technologies
are ranked in terms of desirable device characteristics. In contrast to Table 15.1, Table 15.2 considers
characteristics of interest for integrated radio front-end applications. Although some characteristics are
common to both tables, many are not. The evaluation of which technology is superior is likely to change
when Table 15.2 characteristics are used to make a device technology choice instead of those listed in
Table 15.1. The final column of Table 15.2 replaces LDMOS characteristics with those of CMOS. This
change in device technologies that are considered for the application is appropriate and indicative of the
problem of choosing an optimum device technology. LDMOS is not a likely device technology for most
integrated radio applications while CMOS is not a viable power amplifier technology for most portable
wireless products.
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TABLE 15.2 Semiconductor Devices are Evaluated against Several Important Device Characteristics for Radio
Integration Applications
MESFET/HEMT

III-V HBT

Si BJT

Si:Ge HBT

CMOS

Low Voltage Related Characteristics
Single-polarity supply
Turn-on voltage control

Noa
Moderate

Yes
Very good

Cost
Maturity
RF integration
capabilityb
Noise figure
Phase noise

Moderate to high
Good
Very good

Moderate to high
Good
Very good

Excellent
Poor

Very good
Good

Yes
Excellent

Yes
Excellent

Yes
Good

Moderate to high
Moderate
Excellent for
f<3 GHz
Very good
Excellent

Low
Excellent
Excellent for
f<2 GHz
Moderate
Good

General Characteristics
Low to moderate
Excellent
Excellent for
f<3 GHz
Good
Excellent

a

e-mode MESFETs and HEMTs do make use of single-polarity supply voltage, but at a cost of more difficult manufacturing and with a more limited dynamic range.
b Comparing Silicon RF integration capability to III-V RF integration capability is difficult. Silicon process maturity
allows for far higher levels of integration (in terms of numbers of transistors), but becomes of limited value above a few
GHz because of the parasitics of the Si substrate.

15.5 Circuit Design
RF circuit performance is not generally improved by the reduction of voltage or current. Virtually all
types of circuits exhibit degradation in performance with reduced DC power. As an example, when either
current or voltage is reduced, a typical RF amplifier circuit will exhibit degradation of gain, linearity,
and dynamic range.
If RF power levels are to be maintained, power amplifier load lines must be altered as supply voltage
is reduced. Figure 15.3 illustrates the issue of load line and reduced voltage. The load line labeled “a”
represents an optimum, idealized, high-efficiency load line for 6 volt power supply operation. The slope
of the load line is determined primarily by the matching characteristics between the device and the load.
As voltage is reduced from 6 volts to 3 volts, preservation of the slope of the load line would imply a
reduction in power by ~3 dB (load line labeled “b”). Power is estimated to first order as the area
underneath the load line and contained by the current-voltage plot. If power is to be maintained, the
load line for the 3 volt supply case must be made steeper. This is indicated by load line “c.” With a steeper
load line, the average current along the load line (which represents DC current drain) is increased, while
the intersection of the load line and the I-V curve is raised in voltage. When RF power levels are held
constant, moving from load line “a” to load line “c” will tend to have the undesirable effect of reducing
the amplifier efficiency.
To compensate for this problem, low voltage devices are designed to be larger than their higher voltage
counterparts. Increased periphery devices provide higher peak currents required to maintain power level
with decreased voltage. Larger devices, however, exhibit lower impedance that must be matched. Thus,
low voltage power amplifier parts have high transformation ratios. Typical 1-4 Watt power amplifier parts
for commercial portable wireless products exhibit output impedance of less than a few ohms. High Q
matching elements provide some advantage in achieving required transformations but come at high cost
and reduced integration.
As designers struggle to maintain power, gain, and efficiency with diminishing supply voltage, linearity
must also be maintained. This requirement brings increasing importance to the use of linearization
circuitry, feedforward, and pre-distortion schemes. Active bias control is also a valuable circuit design
technique for many applications. Bias schemes that cause the transistor bias to rise with increased incident
RF power help to provide needed maximum power while maintaining efficiency when lower power levels
are needed.
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FIGURE 15.3 An illustration of the effect that lowering supply voltage has on power amplifier load line. Load line
a represents an optimum high efficiency load line for 6-volt supply voltage. Load line b results from reducing the
supply voltage to 3 volts without modifying the load line slope. The result of using load line b is a reduction in
output power by more than 3 dB. Load line c represents a 3-volt load line where output power level is maintained.
The result of using load line c is reduced efficiency from the load line a case.

Even for low power RF applications, bias control is critical when limited power supply voltage is
available. The problem is compounded by device-to-device variability in current-voltage characteristics.
Device stacking opportunities are limited and current control bias schemes, as opposed to voltage control
schemes, are often preferred.

15.6 Radio and System Architecture
The ongoing communication technology revolution continues to demand greater bit transfer rates and
higher bandwidths from wireless products. These demands lead to greater required linearity and higher
frequencies of operation from the RF portion of these products. Broader bandwidth, higher frequency
operation contributes to increases in battery drain creating a greater challenge to reduce operating voltage
and power consumption.
Providing access to significantly increased information content also forces requirements for greater
functionality causing a need for greater circuit complexity. Increasing functionality of the product is
viewed as a potential method for establishing competitive advantage in an otherwise regulated environment.
Built-in address books and more sophisticated displays are just two of the features appearing on new
products. Since each new function requires power, this trend also works against the low power consumption imperative.
Other radio architecture trends, such as the movement toward digital modulation, can ease the low
voltage/low power design issues. The improved signal-to-noise advantages offered by digital modulation
results in reduced output power requirements. Digital modulation schemes can also provide the potential
for pulsed (versus CW) operation, reducing power consumption even more.
Some proposed and emerging wireless systems will have a dramatic effect on the war on power
consumption, which will change the requirements (and the technologies of choice) entirely.
Micro-cell telephone systems and small area wireless personal area networks will dramatically reduce
the battery requirements for these wireless systems. A smaller geographic cell size reduces the required
RF output power of both subscriber and base station amplifiers. The required subscriber transmission
power is reduced since the total distance that information must be transmitted is reduced. The base
station power is also reduced for the same reason and because the total number of users that will be
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within the smaller cell is reduced. These reductions in required transmission power translate into dramatically reduced power consumption requirements. The power consumption of the RF portion of the
radio becomes insignificant compared to the rest of the electronics. The device and material selection
process can also become inconsequential. Although from a consumer point of view, this solution offers
a significant advantage with no clear downside, the micro-cell infrastructure installation represents a
significant investment for the service provider.
In contrast, satellite cellular systems present significant challenges due to the high instantaneous output
power requirements of the PA and low minimum noise figure of the front end LNA.
Although the choice of semiconductor material, type of transistor, and circuit topology all affect low
voltage design, the radio architecture and system concept can dominate important low voltage performance specifications such as required battery size and battery lifetime.

15.7 Limits to Reductions in Voltage
There are some implications to the reduction of battery size and weight and that will impose serious
constraints on the minimum useful operating voltage for portable RF products.
As discussed previously in this section, a primary driver for reduced voltage is the successful evolution
of low voltage digital IC technologies. The advantage of running digital and RF circuitry from a single
power supply is clear. Issues that limit DC power requirements for RF circuits, however, are fundamentally
different than those that limit DC power requirements for associated digital circuits. Digital circuitry is
required to store and analyze information that is encoded in a binary manner. This can be accomplished
theoretically by the presence or absence of a small charge (even a single electron). Although practical
considerations make a single electron memory improbable, and movement of even one electron into and
out of storage still requires energy, it is clear that binary data can be manipulated with extremely small
amounts of energy. The digital system requirements do not impose arbitrary power requirements on the
strength of the digital signal.
In contrast to the digital case, minimum RF power requirements are implied by the radio system
design. The RF signal must be transmitted and received across a specified distance or range of distances.
Because power is lost in the radiation process, RF circuits must be able to handle power levels that are
determined by the propagation media and transmitter-to-receiver separation. If 1 W of transmission
power is required for the remote receiver to successfully detect the signal, then reductions in RF power
below this level will cause the radio to fail. Unlike the digital situation where any discernable bit is as
good as any other bit, the minimum RF transmission power must be maintained. For RF circuitry,
increased efficiency and/or increased current must accompany a reduction in voltage.
Most portable units operate at efficiency levels within 2 to 10 percent of the theoretical limits. The
implication of near theoretical efficiency is that voltage reductions necessarily involve increased current
requirements. If voltage is halved, current must be doubled.
As battery current requirements are increased, the internal resistance becomes a limiting factor in the
total power the battery is capable of delivering. For most applications, batteries have been considered
ideal voltage sources, but as low voltage electronics trends continue, this assumption will begin to break
down.
Figure 15.4 presents the maximum power capability for a battery as a function of nominal voltage and
internal resistance. Maximum power for Fig. 15.4 is defined quite optimistically as the nominal voltage
times the short circuit current. Although internal resistance is a function of the chemistry as well as the
number and size of the battery cells, the values used in Fig. 15.4 are typical for nickel-metal-hydride and
Li-ion batteries in common use for portable wireless products today. Further, the trends plotted in the
figure will hold for all batteries, regardless of battery chemistry or size. It is clear from the figure that as
battery voltages are reduced below approximately 2 volts, the maximum power available from them is
reduced to levels on the order of that required from a portable cellular PA alone. When efficiency and
other circuit requirements are accounted for, battery power levels are inadequate to support the product.
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FIGURE 15.4 The maximum power capability for a battery as a function of nominal voltage and internal resistance.
Maximum power for this figure is defined as the nominal voltage times the short circuit current.

15.8 Summary
Reductions in voltage and power consumption are important to the development of portable wireless
products that are smaller, lighter, and have long battery lifetimes. Low voltage supply requirements are
also being driven by a need to make RF ICs compatible with digital ICs. Careful consideration and
improvement in the choice of semiconductor material, device type, and circuit topology can help to
achieve reductions in voltage. System design and choice of radio architecture also has impact on low
voltage/low power electronics. These latter issues have potentially the largest impact on low voltage
requirements. The ultimate limit to decreasing battery voltage, however, will be determined by transmitter
power requirements and achievable internal resistance of batteries.
The discussion in this section has focused on commercial wireless products. These same trends,
however, also describe military, satellite, or avionics communications products — both today and over
the past several decades. All of these systems are being driven by the demand to move increasing amounts
of information between points via a wireless system.
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16.1 Introduction
Computer-aided design (CAD) is used in response to complexity in engineering problems. The complexity may be associated with the manipulation and storage of large amounts of relatively simple
information; or it may be associated with the interactions of complicated nonlinear physical phenomena.
Both types of complexity are encountered in the field of microelectronics. Electronics CAD (ECAD) is
used to design new products using an existing semiconductor technology, and technology CAD (TCAD)
is used to accelerate the development of new semiconductor technologies. ECAD is able to manage large
amounts of relatively simple information, such as the number, size, and locations of the polygons used
to define lithographic masks. TCAD predicts the way in which nonlinear process and device physics would
impact the performance of proposed technologies. The subject matter of this chapter is TCAD and its
application to the development of RF, microwave, and millimeter-wave semiconductor technologies.

16.2 An Overview of TCAD
The core tools of technology CAD (TCAD) are process simulators and device simulators. Process simulators predict the structures that result from applying a sequence of processing steps to an initial structure.
Device simulators predict the electrical characteristics of specified structures. Process and device simulators are often used in combination to predict the impact of process variations on electrical behavior.
The basic flow of information is indicated in Fig. 16.1.
Process and device simulators use numerical techniques to solve mathematical equations that describe
the underlying physics of an experiment. They are able to predict the result of experiments, without
requiring the experiments to be run. Predictive simulation is useful whenever it is time consuming,
expensive, dangerous, or otherwise difficult to run real experiments. In the case of microelectronics
development, it is both time consuming and expensive to run real experiments in a semiconductor fab.
As a result, it can be cost effective to substitute simulated experiments for some of the real experiments
that would otherwise be required by purely empirical development procedures.
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FIGURE 16.1
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The basic flow of TCAD information.

Process simulators incorporate physical models for phenomena such as diffusion, oxidation, ion
implantation, deposition, and etching. Device simulators solve equations that express charge continuity
and the dependency of the electrostatic potential on the distribution of charge. In order to solve the
charge continuity equations, device simulators need models for charge transport and for the generation
and recombination of charge carriers. Implementing process and device simulators is a challenging task
that requires knowledge of physics, numerical methods, visualization techniques, user interfaces, and
software engineering. Research groups in universities and in industry were the first to develop this type
of software. However, these groups were not well suited to the task of maintaining the software and
providing long-term support to users. General-purpose process and device simulation software is now
available from several commercial vendors who provide maintenance and support. Most microelectronics
companies use commercial software as the foundation of their TCAD capabilities.
Commercial TCAD systems also include tool integration utilities that make it convenient to use the
core tools in combination, and task integration environments that automate large-scale simulation-based
experimentation. The tool integration utilities include run time environments, visualization tools, structure editors, layout editors and interfaces, and optimization capabilities. Task integration usually supports
a “Virtual Wafer Fab” paradigm that makes it convenient to define and run simulated split lot experiments.
After a simulated experiment is defined, the system automatically generates all of the associated jobs,
farms out the jobs across a computer network, and collects the results. It may also provide modeling
capabilities that make it easy to analyze the simulated results.
Predictive, physics-based simulation is different from data modeling. Simulation predicts the data that
an experiment would yield if it were run. Modeling provides a compact description of existing data that
may come from either real or simulated experiments. Data models are used to interpolate, but cannot
be used to extrapolate. Expectations regarding “accuracy” are quite different for data models and for
physics-based simulators. The agreement between modeled and experimental data is normally very good.
The agreement between simulated data and experimental data is subject to several sources of uncertainty
that can lead to significant discrepancies between simulated data and experimental data. These sources
of uncertainty are discussed in a later section.
Process and device simulators were implemented initially to assist the development of digital Si VLSI
technologies. In recent years the capabilities of TCAD software have been extended to cover a range of
different material systems, and to provide convenient RF-oriented analysis capabilities. The widespread
use of epitaxially grown materials and low thermal budget processing means that process simulation for
III-V hetero-structure technologies can often be reduced to the definition of material layers and doping
densities, with geometric specification of deposition and etch steps. This avoids difficult problems associated with process simulation of silicon technologies, which must account for moving boundaries during
oxidation, complicated diffusion mechanisms, and so forth. Device simulation for advanced material
systems often requires advanced models for charge transport, and it is usually necessary to account for
the impact of deep level traps. The appropriate models have been incorporated into some of the commercially available device simulators.
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In principle, device simulators can predict any electrical behavior that can be measured. Simulators
targeted toward the development of digital silicon VLSI technologies are primarily concerned with the
calculation of DC I-V characteristics, but they also provide basic capabilities for calculating small-signal
AC behavior and large-signal transient behavior. Mixed-mode device-and-circuit simulation capabilities
are also available. Mixed-mode simulation is basically SPICE-like circuit simulation that uses numerical
device simulation to model the behavior of one or more of the active devices in a circuit. Other types of
analysis are feasible, but are not available in commercial simulators. One example is the prediction of
noise behavior. Another example is harmonic balance analysis of device operation that is implemented
at the level of the underlying physics, rather than at the circuit level. Computational load-pull systems
seek to mirror the functionality of experimental load-pull systems. These systems predict RF output
power, power-added efficiency, gain, linearity, and tunability, and present the results as a function of
load (or source) impedance plotted on a Smith chart. Such systems have been implemented in industry,
but are not yet offered by commercial vendors.

16.3 Benefits of TCAD
Simulated experiments can replace a significant fraction of the real experiments that are otherwise
required by traditional, empirical development procedures. Simulated experiments are almost
always performed more rapidly and more cheaply than real experiments. The use of TCAD can
therefore yield significant reductions in both cycle times and development costs. Reduced development times lead in turn to a faster time to market, and this normally translates into higher
profits. The magnitude of the financial benefits depends both on the skill with which TCAD is
deployed and on the characteristics of the market for a given technology. TCAD is most useful
when the market is high volume, and both performance and cost driven. Until recently, this meant
that TCAD was applied primarily to the development of silicon VLSI technologies. As a result of
the wireless revolution, TCAD is now being used to accelerate the development of analog, RF,
microwave, and millimeter-wave technologies.
The high costs of semiconductor fabs, material, and personnel mean that reducing development costs
by even a few percent is enough to justify significant investments in TCAD capabilities. When TCAD is
used effectively it can yield direct savings in development times and development costs of around 50%,
and can result in enhanced profits (due to faster time to market) that are much greater than the direct
cost savings. Savings of this magnitude can, in principle, justify investments of tens or even hundreds of
millions of dollars in TCAD capabilities. The investments that companies make in TCAD have traditionally been much smaller than this.
Simulation can predict all of the quantities that are measured routinely. It can also predict the values
of quantities that are either very difficult or impossible to measure. Examples of such quantities are the
doping profiles, carrier profiles, and electrostatic potential distributions within a semiconductor device.
By examining these quantities, engineers gain insight into the subtleties of device operation. This insight
can guide the direction of future development, and it can lead to the development of simple analytic
theories that capture the essence of device operation. Although the enhanced physical insight is very
useful, it is difficult to quantify the value in monetary terms.
Process and device simulators encapsulate and integrate the knowledge of experts in a way that makes
detailed knowledge and experience accessible on demand to less expert process and device engineers. For
example, it is possible for a device engineer to account for the impact of complicated transport phenomena on device performance, without having any knowledge of the associated physics. This function of
encapsulation and integration helps to ameliorate both the shortage of experienced technical personnel
and the comparatively narrow technical span of most experts. Once again, it is difficult to quantify the
value in monetary terms.
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16.4 Limitations of TCAD
For certain widely used types of simulation, the underlying physics is well established and, for practical
purposes, “exact.” For example, electromagnetic simulation is based on Maxwell’s equations, thermal
simulation is based on the heat flow equation, and circuit simulation is based on Kirchoff ’s Current and
Voltage Laws. The underlying physics of process and device simulation is less well defined. For each
physical phenomenon (e.g., ion implantation, or electron transport) there is a hierarchy of models of
varying complexity. All of these models introduce approximations. In general, the more complicated
models provide a more complete description, but are more difficult to implement and involve longer
(often much longer) computation times. The need to select appropriate accuracy-efficiency trade-offs
can make it difficult for nonexperts to utilize TCAD effectively.
After a physical model has been selected, it is necessary to define values for the parameters associated
with the model. These parameters must usually be defined over a range of different conditions (e.g., for
different temperatures, doping concentrations, or electric fields.) The values of the parameters may be
obtained from experiments or from theory. In either case, there is often considerable uncertainty in the
accuracy of the model parameters.
Process and device simulators solve systems of coupled, nonlinear equations that do not have general
analytic solutions. The equations are therefore solved using numerical techniques that are implemented
in computer software. Numerical techniques provide an approximate solution that is defined on a discrete
“mesh” of points. The choice of mesh and numerical techniques has a major impact on the accuracy and
efficiency with which solutions are obtained. Using a finer mesh provides solutions that have higher
accuracy but are calculated more slowly. Numerical techniques for solving nonlinear equations employ
sequences of approximations that are expected to converge to a solution. In some cases the sequence of
approximations fails to converge. Because of these issues, users of TCAD need some expertise in defining
meshes and numerical techniques that provide acceptable trade-offs between accuracy, efficiency, and
stability.
Discrepancies between measured and simulated results arise because of difficulties in specifying equivalent experiments. For example, a real diffusion step may specify a thermal ramp in terms of the times
and temperatures that are dialed in as input to a controller. Process simulation will normally use the
same times and temperatures. However, in the real experiment the temperature of the wafer as a function
of time is different from the nominally specified ramp. The temperature as a function of time may also
vary from wafer to wafer within a lot, and from point to point on a given wafer. Another example is
provided by device simulation. The lattice temperature used in device simulation is often assumed to be
300 K, but the real lattice temperature is a function of both the true ambient temperature and any selfheating that occurs. Other sources of uncertainty are systematic measurement and repeatability.
In order to apply TCAD effectively, users need technical skills that encompass physics, numerical
techniques, and the application domain. They need to understand and employ effective application
methodologies, and they need good judgment to assess the validity and usefulness of TCAD predictions
that are impacted by several sources of uncertainty. They also need to be able to “sell” their insights to
process and device engineers who do not understand the role of simulation and are skeptical of its value,
and they need to be comfortable with having a secondary support role within a technology development
organization.

16.5 The Role of Calibration
By calibrating simulated results to experimental results, it is possible to ameliorate some of the issues
that were outlined in the previous section. The existence of high-quality calibration is a prerequisite for
using TCAD for certain applications. Achieving a good calibration involves a considerable amount of
effort, and poor calibration can exacerbate the problems outlined previously. In view of the importance
of calibration to the effective use of TCAD, a review of the associated issues is presented in this section.
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Calibration attempts to reduce some of the errors associated with simulation. The measure of the
errors is taken as the differences between simulated and measured results. Calibration seeks to reduce
these errors by adjusting the values of the model parameters used by the simulators. In essence, it is
assumed that the various sources of errors can be partially compensated for by using appropriate
“effective” values of model parameters. A good calibration must use a sufficiently complete set of output
variables, i.e., quantities for which the predicted and measured results are to be brought into better
agreement. It must also use an appropriate set of input variables, i.e., model parameters whose values
are adjusted to improve the agreement between predicted and measured values. A good calibration must
not allow the adjusted values of the model parameters to assume implausible values.
Calibration is often performed using ad hoc procedures that lead to unsatisfactory results. A very
common error is to adjust too few input variables, or the wrong input variables. A related error is to
allow input variables to assume values that are implausible or nonphysical. Another common problem
is that some key output variables are neglected, and the associated errors diverge as a result of the
calibration attempt. Calibration should be set up as a clearly defined optimization problem and the
techniques used for calibration should draw on known methods for nonlinear optimization involving
multiple constrained input variables. Black-box optimization can be performed, using small-change
parameter sensitivity matrices calculated using TCAD. However, it is usually more efficient to use a
sequential, step-by-step calibration procedure in which only a subset of the input and output variables
are varied at each step. For example, in the case of a very simple calibration of a GaAs MESFET simulation,
the threshold voltage could be matched by adjusting the channel charge. The low-field mobility could
then be adjusted to fit the on-resistance in the linear region, and the saturated carrier velocity could be
adjusted to fit the saturated current.
Performing a good calibration takes a lot of effort, but certain applications of TCAD only become
viable after a good calibration has been achieved. Regardless of the amount of effort expended on
calibration, there will still be residual errors. This is because calibration does not remove approximations
in the underlying physics; it simply allows a portion of their impact to be absorbed into the values of
the model parameters. No set of model parameters can correct for an underlying physical model that is
inadequate. The converse of this observation is that the degree to which a calibration is successful provides
insight into the adequacy of the underlying physics.

16.6 Applications of TCAD
The block diagram shown in Fig. 16.2 provides a high-level view of the activities associated with traditional, empirical development of semiconductor technologies. The development process involves a makeand-measure cycle that is repeated until acceptable results are obtained. The process recipe is then
transferred to a fab; and layout rules and electrical models for active and passive components are
transferred to the circuit design community. Circuits are designed, masks are made, and the circuits are
fabricated.
The block diagram shown in Fig. 16.3 provides a high-level view of the activities that are associated
with more modern simulation-oriented development strategies. Depending on the ways in which TCAD
is used, modern development methodologies may be viewed as being “TCAD influenced,” “TCAD driven,”
or “system driven via TCAD.” TCAD-influenced development uses process and device simulation to
accelerate the make-and-measure phase of technology development. TCAD-driven development makes
more extensive use of process and device simulation in the areas of modeling, characterization, and
manufacturing. System-driven development supplements TCAD-driven development by adding explicit
bidirectional links to system requirements and basic architectural choices. Much of modern development
is TCAD influenced. Some companies use TCAD-driven methodologies, and a few companies are implementing system-driven methodologies.
It is useful to order individual TCAD activities by the amount of calibration required to achieve useful
results. One such list, ordered by increasing calibration requirements, is as follows:
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FIGURE 16.2

•
•
•
•
•
•
•
•
•

A high-level view of the traditional development methodology.

Concept evaluation
Technology discrimination
Technology development
Simulation-based model development
Simulation-assisted characterization
Statistical process design
Technology transfer
Process control
Yield enhancement and failure analysis

Prior to the availability of TCAD, there was considerable reliance on simplified analytic models. Gross
oversimplification of these models would lead to unrealistic performance projections, e.g., to the prediction of useful transistor performance at THz frequencies. TCAD is now used to perform rapid evaluations
of proposed new concepts. Accounting for Poisson’s equation, one or more carrier continuity equations,
the coupling between these equations, and the need for device contacts ensures more realistic estimates
of device performance. Projections of wildly overoptimistic device performance have been substantially
eradicated by the widespread availability of TCAD. Concept evaluation usually requires little calibration
effort, since all that is required is a go/no-go assessment.
At the initial stages of technology development, it is sometimes necessary to select between two or
more competing approaches. TCAD is well suited to this purpose. Calibration is usually not very critical
because the errors that are introduced by simulation tend to affect both technologies approximately
equally, and are unlikely to cause a simulation-based ranking to be different from an experimentally
determined ranking.
Once an overall approach has been selected, TCAD is used to explore different sub-options, and to
assist process optimization. This is presently the single most important application of TCAD. Simulationbased design and optimization can and should be done systematically, but in practice it is often done
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A high-level of modern development methodologies.

using inefficient ad hoc techniques. Application methodologies associated with simulation-based technology development are discussed in the next section. As the results of real experiments become available
they should be fed back to refine the simulator calibrations, in order to improve the usefulness of
simulation at each stage of design and optimization. A general goal is for the calibration achieved for
one generation of a technology to provide a solid starting point for the simulation-based design and
optimization of the next generation of the technology.
TCAD can also be used to assist modeling and characterization activities. In the area of device
modeling, TCAD can be used as a reference standard that enables careful testing of assumptions
made in the course of developing device models, and supports systematic assessments of the global
accuracy of a device model. TCAD is especially useful for assessing the accuracy of large-signal
models that are constructed from DC and small-signal AC data. The large-signal behavior predicted
by the model is compared to the large-signal behavior predicted directly using TCAD. The development and characterization of charge-based models is also facilitated by the use of TCAD, since
the calculated charge distributions within a device can easily be integrated and partitioned in
accordance with charge-based modeling approaches. TCAD can also be used to assist in device
characterization. For example, it is quite straightforward to predict the values of bias- and temperature-dependent source and drain access resistances. Simulation can also assist in the interpretation
of pulsed I-V measurements that are used to characterize thermal effects and low-frequency dispersive effects associated with deep-level traps.
When there is sufficiently high confidence in the quality of an underling calibration, the uses of TCAD
can be expanded further. Calculation of process sensitivities provides a foundation for statistical process
design, design centering, and yield modeling. Information concerning process sensitivity is also a useful
input for process control. Simulation of the impact of large-change variations (e.g., the impact on
electrical behavior of skipping a process step) can provide “signature” information that assists failure
analysis. The ideal situation is when a comprehensive set of simulated data, together with an associated
set of input data, forms an integral part of the technology transfer package that is supplied by a development organization to a manufacturing organization.

16-8

RF and Microwave Semiconductor Device Handbook

16.7 Application Protocols
TCAD is often deployed using inefficient ad hoc techniques. In order to use TCAD efficiently, it is helpful
to develop, refine, and document sets of useful simulation-based procedures. The details of these procedures often vary considerably from one application (e.g., technology discrimination) to another (e.g.,
failure analysis.) A description of a simulation-based procedure that is used for a particular application
is referred to as an application protocol. From a high-level perspective, the development of simulationbased application protocols is often a two-stage procedure. In the first stage, the simulation-based
procedures are set up to mirror the existing experimental procedures associated with traditional, empirical
technology development. In the second stage, there is explicit consideration of the additional possibilities
that can be exploited due to the use of simulated rather than real experiments.
Since technology development is presently the most important application of TCAD, an example of
an application protocol for technology development will be outlined. The first step is to mirror traditional,
empirical development procedures that use split-lot experiments. This is the underlying idea of Virtual
Wafer Fab (VWF) methodology, variants of which have been implemented by several commercial vendors
of TCAD software. VWF methodology makes it convenient to define and run large-scale simulated splitlot experiments. Users select from a broad range of built-in experimental designs, define split variables
among input quantities, and specify the output quantities to be extracted. Once these variables have been
specified, all of the input descriptions associated with the simulated experiment are generated automatically, and farmed out automatically within a networked computing environment. The results are collected
automatically, stored in a database, and are conveniently viewed and analyzed using built-in tools.
The next step is to define ways in which a simulation-based approach can go beyond traditional
development procedures. When using TCAD it is possible to use sophisticated “black box” optimization
techniques that require the ability to calculate accurate derivatives in a multidimensional search space.
Due to long cycle times, high costs, and noisy experimental data, this approach is not feasible in the real
world. However, it is quite suitable for use in the simulation world, where results can be obtained quickly
and reproducibly. The use of black-box optimization focuses explicit attention on the need to define an
objective function, and also on the need to define all of the constraints on the input variables. Split-lot
experimentation also involves objective functions and constraints, but they are usually defined and
implemented less formally.
A focus on objective functions and constraints leads to a useful high-level view of technology development in general and the role of simulation in particular. Technology development can be viewed as a
search, within a multidimensional design space, for the point corresponding to an optimum design.
Various techniques are available for narrowing down the regions of the design space that need to be
searched. These techniques include analytic theory and scaling arguments, numerical simulation, and
real experiments. Each of these techniques has its advantages and limitations. Analytic theory and scaling
arguments are quick and easy to apply, and can eliminate large regions of the design space, but their
absolute accuracy is poor. Simulation can provide much better accuracy, and is relatively fast and
inexpensive, but is subject to model errors and numerical error. Experiments provide “real” data, but are
expensive, time consuming, and subject to experimental error. Analytic theory, simulation, and experiments can be viewed as a hierarchy of search techniques that can be applied sequentially and iteratively
to maximize the efficiency of the search process.
A simplified view of the search for an optimum design in a two-dimensional space is presented in
Fig. 16.4. Analytic theories and scaling arguments are used to establish the boundaries of the region of
the design space that needs to be searched. Simulation is then used to predict the optimum point in the
design space. Due to modeling and numerical errors, this predicted optimum (indicated by the closed
circle) is not exactly coincident with the true optimum point. The region around the predicted optimum
is therefore searched experimentally, to determine the location of the true optimum (the open circle).
According to this view, the goal of simulation is to predict an optimum design with sufficient accuracy
that the true optimum can be found using only a small number of real experiments. Thus, simulation
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FIGURE 16.4

A simplified view of the search process.

FIGURE 16.5

A three-level hierarchical approach to technology development.
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does not eliminate the need for experiments, but it is realistic to expect a reduction of 50 to 80% in the
number of real experiments that would be required if simulation is not used.
Figure 16.5 provides another view that indicates how theory, simulated experiments, and real experiments are linked in modern development procedures. The forward arrows indicate the basic sequence
of development activities as outlined in the previous paragraph. The reverse arrows indicate that information is fed back to allow simulator calibration and assumption testing. Subsets of this view correspond
to other development methodologies. For example, eliminating simulation results in a “traditional”
development methodology, in which analytic theory and scaling arguments are used to bracket a design
space that is then searched experimentally. Eliminating theory results in a black-box-simulation-reliant
development methodology that will usually be inefficient in its search of an unconstrained design space.
Similar approaches can be used to develop application protocols for the other uses of TCAD.

16.8 Conclusions
Technology CAD provides benefits associated with faster development times, lower development costs,
enhanced physical insight, and the encapsulation and integration of expert knowledge. These benefits
are especially important in the context of high-performance, high-volume, consumer-oriented applications. Technology CAD is very well established as an integral part of the procedures used to develop
silicon VLSI technologies, and is assuming an important role in the development of semiconductor
technologies for RF, microwave, and millimeter-wave applications.
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Although the benefits of using TCAD can be very great, achieving the benefits is not easy. Some of
the challenges, such as the definition of physical models, model parameters, calibration procedures, and
application protocols, are primarily technical in nature. Other challenges, such as a shortage of trained
manpower able to apply TCAD effectively, are associated with economic and social factors. Companies
that are able to overcome these challenges can obtain a competitive advantage. Conversely, companies
that do not deploy TCAD effectively can expect to find themselves at a competitive disadvantage.
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17.1 Modeling in General
By definition, a transistor model is a simplified representation of the physical entity, constructed to enable
analysis to be made in a relatively simple manner. It follows that models, although useful, may be wrong
or inaccurate for some application. Designers must learn the useful range of application for each model.
It is interesting to note that all transistors are fundamentally nonlinear. That is, under any bias
condition, one can always measure harmonic output power or intermodulation products at any input
RF power level, as long as the power is above the noise threshold of the measurement equipment. In that
sense, the nonlinear model is more physical than the linear model.
The purpose of this work is give a tutorial presentation of nonlinear transistor modeling. After
reviewing the types of models, we will concentrate on equivalent circuit models, of the type used in
SPICE.1 Recent improvements in models will be described and the modeling of temperature effects and
the effects of traps will be discussed. Finally, parameter extraction and model verification is described.
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17.1.1 Two-Dimensional Models
The models constructed for describing the
nonlinear behavior of transistors fall into sevTABLE 17.1 Types of Large-Signal Transistor Models
eral distinctly different categories, as depicted
I. Physical or “Physics-Based” Device Models
in Table 17.1. The most complex is the “physII. Measurement-Based Models
ics-based” model. Here electron and hole
1 - Anaytical Models, such as SPICE Models
2 - Black Box Models
transport is described by fundamental transTable-Based Models
port and current continuity relationships and
Artificial Neural Network (ANN) Models
the physical geometry may be described in
one-, two-, or even three-dimensional space.
The electric field is found by solution of Poisson’s equation consistent with the distribution of charge
and boundary conditions. Such a model may use macro-physics, such as drift-diffusion equations,2-4
or more detailed descriptions, such as a particle-mesh model with scattering implemented using
Monte-Carlo methods.5,6 Two- and three-dimensional models must be used if geometrical effects are
to be included. The matter of how much detail to put into the model is often decided by the time it
takes for the available computer to run a useful simulation using the model. In fact, as computers have
increased their speed, modelers have increased the complexity of the model simulated.
The lengthy execution time required for Monte-Carlo analysis can be reduced by using electron
temperature7 as a measure of electron energy. Electron temperature is determined by the standard
deviation of the energy distribution function and is well defined in the case of the displaced Maxwellian
distribution function. Electron and hole transport coefficients are developed as a function of electron
temperature, and nonequilibrium effects, such as velocity overshoot in GaAs, may be simulated in a
more efficient manner. However, the solution of Poisson’s equation still require appreciable computational time.
BLAZE8 is a good example of a commercial, physically-based device simulator that uses electron
temperature models. BLAZE is efficient enough to model interaction of a device with simple circuits.
The physics-based model would be constructed with all known parameters and simulations of current
control for DC and transient or RF operation, then compared with measured data. Using the data, some
transport coefficients or physical parameters would be fine-tuned for best agreement between the model
and the data. This is the process of calibration of the model.9 After calibration, simulations can be trusted
to be of good accuracy as long as the model is not asked to produce effects that are not part of its
construction. That is, if trapping effects10 have not been incorporated into the model, the model will
disagree with data when such effects are important. With the physics-based model, as with all others, a
range of validity must be established.
Present physics-based models still require too much computational time to be used to any extent in
circuit design work. Optimization of a circuit design will involve invoking the device model frequently
enough to be impractical with physics-based models. These models can be used if only one or two
nonlinear transistors are used in a specific circuit, but typically, the circuit designer has a larger number
of nonlinear devices.
Several quasi two-dimensional models11,12 have been developed that execute more efficiently. Initial
results look good, but accuracy may depend upon the simplifications made in the development of the
code and will vary with the application.

17.1.2 Measurement-Based Models
The next general category is that of “measurements-based” models. These are empirical models either
constructed using analytical equations and called “analytical models” or based upon a lookup table
developed from the measured data. The latter are called “table-based” models. Multidimensional spline
functions are used to fit the data in some of these models13 and only the coefficients need be stored.
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In the case of analytical models, the coefficients of the equations serve as fitting parameters to permit
the equations to approximate the measured data. Functions are usually chosen with functional behavior
similar to measured data so that the number of fitting parameters is reduced.
The advantages of analytical models are: computational efficiency, automatic data smoothing, accommodation of device statistics, physical insight, and the ability to be modified in a systematic manner.
Disadvantages are: restriction of behavior often due to use of over-simplified expressions, difficulty in
parameter extraction, and guaranteed nonphysical behavior in some operating condition. The nonphysical behavior is often associated with the use of a function, such as a polynomial, to fit data over a specific
range of voltages and subsequent application of the model to voltages outside this range. The function
may not behave well outside the fitting range. The best example of analytical models is the set of transistor
models used in the various forms of the SPICE program. A major advantage of analytical models is that
all the microwave nonlinear simulators provide some sort of user-defined model interface for analytical
model insertion.
Table-based models have some properties of black-box models. The equations used result from
fitting to the data, using splines, or other such functions. These models can therefore “learn” the
behavior of the nonlinear device and are ideal for applications where the functional form of the
behavior is unknown. Table-based models are efficient but do not provide the user with any insight,
since there is a minimal “circuit model.” They have difficulty incorporating dispersive effects, such as
“parasitic gating” due to traps (see the section on Modeling the Effects Due to Traps) and do not
accommodate self-heating effects.
The model cannot be accurately extrapolated into regions where data was not taken, and the models
are often limited in their application due to the particular coding used by their author. This means that
the model cannot be tailored by users other than the author. Customization of models is important to
improve the “performance” of a model. The first table-based model that has been widely used is the Root
model.13

17.1.3 Physical Parameter Models
One may argue that there is a class of models between physics-based and analytic models, namely,
physical-parameter models. A good example would be the Gummel-Poon model.14 Here, analytical
equations are used but the fitting parameters or equation coefficients have physical significance. For
example, NF, the ideality factor of the emitter-base junction, is one model parameter. This model is an
analytical model but more useful device information may be gleaned from the value of the coefficients.
This is often the case and the model is widely used for various forms of bipolar devices.
A useful physical parameter model for the AlGaAs/InGaAs/GaAs PHEMT has been published and
verified by Daniel and Tayrani.15 No information has been given on the range of validity of the analytical
model, and it is expected that such a simple model will have inaccuracy when two-dimensional effects
or nonequilibrium effects are important. It is interesting that the HEMT structure has less two-dimensional effects than the MESFET because of the sheet current layer produced in the HEMT.
There are many analytical models for which the coefficient has the name and dimensions of a physical
parameter but the coefficient is only a fitting parameter and is not strongly related to the physical
parameter. Khatibzadeh and Trew16 have presented one commonly called the Trew model and Ladbrooke17
has presented a second model commonly called the Ladbrooke model. Ladbrooke’s model is an extension
of the much earlier Lehovec and Zuleeg18 model and it is more empirical than physical, as Bandler has
shown.19 Such models must be tested to see how strong the relationship is between the model parameter
and the physical parameter. It is a matter of the degree of correlation between the two quantities. It is
dangerous to attach too much physical significance to these coefficients. One should verify the relationship
before doing so.
There is a unique case where physical parameters have been installed in a previously developed
analytical model. The Statz-Pucel (analytical) GaAs MESFET model20 has been converted to a physical
parameter model by D’Agostino et al.21
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17.1.4 Neural Network Modeling
Rather recently, a new approach has been developed for the modeling of nonlinear devices and networks.
It utilizes artificial neural networks, or ANN. ANN models are similar to table-based or black-box models
in that there is no assumption of particular analytical functions. As with table-based models, the ANN
model “learns” the relationship between current and voltage from the data, and model currents are
efficiently calculated after application of voltages. ANN analysis can treat linear or nonlinear operation
of devices or complex circuits. ANN models have many of the advantages and deficiencies of table-based
models. An excellent special issue of RF and Microwave Computer-Aided Engineering22 has been devoted
to this modeling method. Unfortunately, discussion of this approach is beyond the scope of this work.

17.2 Scope of This Work
The purpose of this work is to present a tutorial on the modeling of the nonlinear behavior of transistors.
The scope is limited to nonlinear models useful for the development of circuit designs. It would not be
possible to cover all the important material on other types of models, such as physical models, in this
article. This paper will deal primarily with nonlinear analytical models for MESFETs, (P)HEMTs and
HBTs. The emphasis is on GaAs device models, although many of these models are also used for transistors
fabricated in InP, silicon, and other materials. The RF LDMOS power device is also discussed because it
can be treated as a three-terminal device, much like a MESFET.
We address the concerns of analog and digital circuit designers who must choose between a wide
variety of nonlinear models for transistors. Of particular concern here is the MMIC designer who must
select the proper model to use for his GaAs microwave transistor. Even with very complex models
presently supplied in circuit simulators, some specific behaviors are not modeled and new model features
are required. We will spend much time on SPICE models and SPICE-type models. We will inspect some
of the recent models that incorporate important device effects, omitted in previous models. We will
discuss the modeling of gate charge as a function of local and remote voltages, the modeling of selfheating effects, the modeling of trapping effects, and model verification.
Unfortunately, the references presented will only be representative of prior work because there is a
wealth of papers in each area of transistor modeling. I apologize to any author not included, as there are
now and have been many people working in this area. I do recommend some modeling tutorial articles,
previously published. Trew23 and Snowden24 and Dortu et al.25 have presented excellent reviews of SPICE
type transistor models and are recommended reading.

17.3 Equivalent Circuit Models
We concern ourselves here with equivalent circuit models because they are formulated to be efficiently
exercised in a circuit simulator, and thus are efficient for circuit design and optimization. This is because
the simulator is accustomed to dealing with resistors, capacitors, inductors, and voltage or currentcontrolled sources.
One problem is that “de facto” standard models have evolved in the industry, and often these models
are inadequate to describe the device behavior. This is even true for small-signal equivalent-circuit models.
Still, all circuit simulators utilize standard model topologies for small-signal and large-signal MESFET
and PHEMT models. These models represent a minimum number of elements and are efficient for
evaluation of transistor characteristics. Figures 17.1 and 17.2 show the conventional topologies for smallsignal and large-signal simulation, respectively. It is conventional to separate the extrinsic parameters
from the intrinsic device parameters, as shown in Fig. 17.1. The intrinsic parameters are assumed to
contain all the bias-dependent behavior and the extrinsic parameters are assumed to be of constant values.
Curtice and Camisa26 and Viakus27 have discussed the trade-offs that exist between simple models with
a small number of parameters, and complex models with a large number of parameters. A primary
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The conventional small-signal model for a MESFET, showing intrinsic and extrinsic elements.
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The conventional large-signal model for MESFET.

concern is the significant increase in the uncertainty for each model parameter in a complex model.
Viakus showed that a small increase in the number of elements in a small-signal model could easily
increase the uncertainty of critical elements beyond the standard deviation of the element value resulting
from the fabrication process.
Byun28 and others assert that source resistance should be taken as bias dependent. This decision is
actually a choice made by the modeler. If source and drain resistance are taken as constant, then the
reference planes defining these resistances are taken as being close to the metal ohmic contacts and not
too close to the Schottky contact. That is, no region that may become depleted of change is included.
All bias-dependent behavior is then lumped into the intrinsic elements. This is the convention followed
by most modelers. It results in a simpler model, with fewer parameters.
Unfortunately, many of the published nonlinear device models have inconsistencies with the conventional small-signal model. Some of the inconsistencies may go unnoticed but can cause design errors. A
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good example that will be described later is the modeling of capacitance as a function of two independent
voltages. The small-signal model must contain “transcapacitance” elements to be consistent with the
large-signal model.
The large-signal model should agree with the small-signal model, but is not expected to be as efficient.
Because transconductance and some resistances and capacitances must be evaluated from functions of
voltages, numerical evaluation will take more computational time. However, the behavior of the largesignal model will gracefully go from small-signal to large-signal in a good model.

17.4 SPICE Models and Application-Specific Models
SPICE was developed to help in the design of switching circuits. Thus, the SPICE transistor models were
developed to model the time domain behavior of devices in such circuits. However, transistors operating
in RF analog circuits have a different locus of operation. For example, a simple class A amplifier will
have locus of operation around its quiescent bias point. This should be compared with a logic circuit
where the transistors go from a biased-off condition (high voltage, low current) to a strongly turned on
condition (low voltage, high current). If the same transistor is used in these two applications, one would
expect the SPICE model would approximate both behaviors, but not be optimum for either. In fact, if
the model is fine-tuned to be more accurate for one of these applications, it will by default, be less
accurate for the other.
For these reasons, accurate nonlinear transistor models will be application specific. In order to make
the model more general, the model can be made more complex and more model parameters will be
added. This may result in poorer execution efficiency.
Clearly one goal of transistor modeling should be to keep the model simple and to keep the number
of model parameters small so that the extraction of these parameters is more efficient. My experience is
that designers like simple models for initial work and are willing to work with more complicated models
for difficult design specifications. The SPICE transistor models serve the function of the initial, simple
models. These models are also universally known by name and have history and familiarity associated
with them. A designer attempting to use a new GaAs foundry would not be intimidated by obscure
nonlinear models if SPICE transistor models are used in that foundry.
Many modelers have attempted to extend or enhance the SPICE models so that their accuracy is
improved, particularly in microwave analog applications. Usually, the default model is the original SPICE
model and the designer will feel comfortable with this approach. There are many examples. The GummelPoon BJT model has been extended by Samelis and Pavlidis29 and others30 for application to heterojunction bipolar devices. The JFET SPICE model was extended by Curtice31 in 1980 for better application to
GaAs MESFET logic circuits.
Because of the increasing use of harmonic-balance simulators for microwave applications, many new
equivalent circuit models have been developed specifically for these simulators. Nevertheless, these models
are “SPICE-type” models, and can also be executed in a time domain simulation. The requirements of
a model for SPICE are the same as for harmonic balance since the device is operated in the time domain
in both simulators.
The producers of commercial harmonic balance (HB) software recognized the need of users to customize their transistor models. All commercial packages now contain user-defined modeling interfaces
that permit the installation of customized models into the transistor model library. The process of
installing or customizing a model in SPICE is much more difficult and not available to the average user.
However, the ease of installation of models into HB software has produced a rash of new models for
many transistor types.
Table 17.2 shows the typical array of SPICE equivalent circuit models available as part of a commercial
simulator software package. The models are categorized, in general, as diode models, GaAs MESFET or
(P)HEMT models, MOS models, and bipolar device models. The list is not complete for any specific
product but representative of the models available. The models listed in Table 17.2 are in most commercial
simulator products whether a version of SPICE or a harmonic balance simulator.
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SPICE Models

GaAs MESFET/HEMT

MOS Models

Curtice (Cubic and quadratic)
STATZ (Raytheon)
JFET (N & P)
TOM (TriQuint’s Own Model)
Materka

BSIM 1,2,3 3v3
UC Berkeley 2 and 3
HSPICE
MOSFET (various levels)

Diode Models

BJT Models

P/N diode
PIN diode

Gummel-Poon
METRAM
VBIC

17.5 Improved Transistor Models for Circuit Simulation
Early SPICE models have shown a number of deficiencies. One problem is that the models developed
before 1980 were developed for silicon devices and they do not reflect the behavior of GaAs devices.
Most SPICE models need to be customized to be accurate enough for present design requirements.
With regard to GaAs MESFET and PHEMT modeling, the strong dependency of gate-source capacitance upon drain-source voltage as well as gate-source voltage is not modeled in the early SPICE
models. None of the standard SPICE models accommodate self-heating effects. These effects are more
important in GaAs applications due to the poorer thermal conductivity of GaAs compared to silicon.
Some GaAs transistors exhibit important dispersion effects in transconductance as well as in drain
admittance. All the GaAs models in Table 17.2 were added during the 1980s. These models represented
major improvements; however, deficiencies remain. These deficiencies are summarized below for SPICE
large-signal models:
•
•
•
•
•
•

Insufficient accuracy for GaAs applications.
Poor modeling of nonlinear capacitance.
Poor modeling of self-heating effects.
No modeling of dispersion of transconductance.
Model parameter extraction not defined.
Poor modeling of nonlinear effects dependent upon higher order derivatives.

The improved large-signal models of the 1990s exhibit some common features. It is quite popular to
utilize analytical functions that have an infinite number of derivatives. For example, in the modeling of
PHEMTs, Angelov et al.32 have relied heavily on the hyperbolic tangent function for current because its
derivative with respect to gate-source voltage is a bell-shaped curve, much like transconductance in
PHEMTs. All further derivatives also exit. The Parker33 model also utilizes higher order continuity in the
drain current description and its derivatives.
Some SPICE models do have continuous derivatives but may not be accurate. The differences between
the COBRA34 model and the previous Materka35 model are more evident when the derivatives of current
(first through third) are compared. Since the COBRA model has derivatives closer to the data, Cojocaru
and Brazil34 show that the model predicts intermodulation products more accurately.
Many SPICE models use a simple expression for junction capacitance in MESFETs and PHEMTs.
However, capacitance values extracted from data show that the gate-source and gate-drain capacitance
depends strongly on the remote voltage as well as the local voltage (or capacitance terminal voltage). The
Statz (Raytheon), the TOM, and the EEFET3 SPICE models36 all have detailed equations for the gate,
drain, and source charge as a function of local and remote voltages. Extraction of coefficients for these
expressions is not simple and this will be discussed in the next section.
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17.6 Modeling Gate Charge as a Function of Local and Remote
Voltages in MESFETS and PHEMTS
Small-signal modeling of GaAs and InP MESFETs and PHEMT show that both Cgd, the gate-drain
capacitance, and Cgs, the gate-source capacitance, vary with change of both Vgs, the gate-source voltage,
and Vds, the drain-source voltage. Thus, these capacitances are dependent upon the local, or terminal
voltage, and a remote voltage. The dependency upon the local voltage is expected for capacitances, but
the dependency upon the remote voltage leads to a term called “transcapacitance.” The modeling of these
capacitances can lead to nonphysical effects if not handled properly, as Calvo et al.37 have shown.
Harmonic balance simulators work with charge functions whose derivatives are capacitive terms. The
conventional approach is to find some charge function for total gate charge, such as Qg (Vgs, Vds). Then,
C11 = Partial Derivative of Qg with respect to V gs
C12 = Partial Derivative of Q g with respect to V ds
For consistency with small-signal models:
C11 = Cgs + Cgd
C12 = –Cgd
The problem remaining is to partition the total gate charge Qg into charge associated with the gatesource region, Qgs, and charge associated with the gate-drain region, Qgd. Then, for large signal modeling,
the gate node has charge Qg, the source node has charge –Qgs, and the drain node has charge –Qgd, and
Qg = Qgs + Qgd.
One scheme for partitioning the charge is used in the EEFET model and described in the HP-EEsof
Manual.36 One advantage of this approach is that the model becomes symmetrical, meaning that drain
and source may be interchanged and the expressions are still valid.
A simpler approach is presented by Jansen et al.38 Jansen assumes that all of the gate charge is associated
with the gate source region and:
Qgd = 0
Qg = Qgs.
The topology for this approach is different than the conventional model. There is no drain-gate
capacitance element. Instead, the transcapacitance term accounts for the conventional drain-to-gate
capacitive effects. That is, a change in Vds produces current in the gate source region through the
transcapacitance term. Figure 17.3 shows the new topology for the intrinsic circuit.
The procedure for modeling the capacitive effects is the same for both approaches and is the following:
1. Measure small-signal values of Cgs and Cgd as a function of Vgs and Vds
2. Choose a Qg function and optimize the coefficients of the Qg expression for best fit of
C11 = Cgs + Cgd
C12 = –Cgd
A good example of the fitting functions and the type of fit obtained is given by Mallavarpu, Teeter,
and Snow39 for a PHEMT.
In summary, large-signal capacitive effects are modeled by constructing a total gate charge function,
Qg(Vgs, Vds), whose partial derivative approximates the measured capacitance functions. If device sym-

17-9

Nonlinear Transistor Modeling for Circuit Simulation

Gate

Drain

-jωCt

C
gs

G e
m

Source

FIGURE 17.3

-jωτ

g
ds

C
ds

Source

Jansen’s topology for the intrinsic circuit.

metry is important, the EEFET charge partitioning scheme may be used. For amplifier applications, the
Jansen model is simplest to code and implement because there is no charge partitioning expression.
However, the Jansen model uses a topology that is not conventional.

17.7 Modeling the Effects Due to Traps
Electron and hole traps exist in GaAs materials and cause numerous effects during operation of a GaAs
MESFET or PHEMT transistor. The following is a brief listing of these effects:
•
•
•
•
•
•
•
•

Dispersion in transconductance and output admittance
Backgating
Parasitic bipolar effects
“Kinks” in the I/V relationship
Surface gating
Gate and drain lag effects during switching
Light sensitivity
Substrate current or lack of current pinchoff

These effects have been studied and circuit-level models developed to simulate the effects. In many
cases, the details of the behavior have been made clear using two-dimensional simulation modeling. For
example, Li and Dutton10 used PISCES-IIB to show that the common EL2 trap causes dispersion in the
output conductance of a GaAs MESFET up to several hundred Hz.
The circuit-level modeling of dispersion is described by Cojocaru and Brazil.34 They extend the previous
conventional modeling of dispersion of the output conductance to include dispersion of the transconductance. The circuit is very simple. A second voltage-control current source in parallel with a resistance
is capacitively coupled to the internal drain-source terminals. This enables the model’s transconductance
and drain-source conductance to be tailed for high frequencies using these new elements.
Horio and Usarni40 use two-dimensional simulation to show that a small amount of avalanche breakdown in the presence of traps causes excess hole charge in the substrate that produces “kinks” in the
low-frequency I/V data. Since the traps cannot be easily eliminated, the kinks may be removed by
removing the conditions initiating avalanche breakdown.
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Upon switching the gate voltage, the drain current of a MESFET will have lag effects in the microsecond
and millisecond regions that are produced by traps. Curtice et al.41 have shown the circuit-level modeling
of such gate lag effects as well as drain lag effects. Others, such as Kunihiro and Ohno42 have also presented
circuits for the modeling of drain lag effects.
The transistor model with such circuits may then be used to determine if the lag effects interfere with
proper operation of the circuit. The work of Curtice et al. was directed toward GaAs digital circuits where
the switching waveform must be of high quality. Using the new transistor model, one may determine
not only if the circuit will perform, but also circuit changes that will permit operation in the presence
of strong lag effects.
Light sensitivity has been described and modeled by Chakrubarti et al.43 and by Madjar et al.44 Some
circuit-level models are presented in their discussions.
In the microwave application arena, the principal difficulty with traps is that they cause difficulty in
determining an accurate microwave model for the transistor. An excellent experimental study of surface
gating effects is given by Teyssier et al.45 Surface gating means that the charge stored in surface states and
traps influences the I/V behavior by acting as a second gate. The amount of charge stored in the traps
will vary, depending upon the applied voltages, the ambient light, the temperature, and trapping time
constants. Teyssier et al. show that measured trap capture time constants are quite different than trap
emission time constants. They show how they are able to accurately characterize the I/V behavior for RF
operation by using 150 ns bias pulse width. They also describe how they characterize the thermal behavior
using longer pulse width.
Many others have published data showing surface gating effects (see, for example, Platzker et al.46).
The approach a modeler should use is to first determine how important such trapping effects are in the
transistor operation. In many transistor designs, the active region is shielded sufficiently from surface
charge so that negligible surface gating occurs. In that case, low-frequency I/V data and the resulting
transconductance may be very predictive of microwave-frequency behavior. If the trapping effects are
found to be of importance, then short-pulsed characterization is required and low-frequency I/V data
will not suffice.
In any case, device characterization must include the behavior changes due to self-heating and ambient
temperature effects. The modeling of heating effects will be discussed next.

17.8 Modeling Temperature Effects and Self-Heating
Anholt and Swirhun47 and others have documented the changes of GaAs MESFETs and HEMTs at elevated
temperatures. However, the modeling of a device over a temperature range is often accomplished using
temperature coefficients. With regard to drain current and DC transconductance, the effects of elevated
temperature is quite different at large channel current as compared to operation near pinch off. At large
channel current, the electron mobility decrease with temperature increase is most important, whereas at
low current, the decrease in the pinch-off voltage with temperature is most important. This produces
the interesting effect that transconductance decreases with temperature at large current but increases
with temperature at very low currents. This behavior is best modeled using a temperature analog circuit
that will be described later.
Figure 17.4 shows the behavior of DC drain current for a 0.25-µm PHEMT at four different ambient
temperatures. Heating effects are obvious in Fig. 17.4 where current (and transconductance) near positive
Vgs is reduced and current (and transconductance) near pinch off is increased.
The effects of temperature upon drain current in MESFETs and PHEMTs may be considered second
order but they are of first order in bipolar devices. The reason is due to the current exponential dependence
upon temperature in a bipolar device. The gate current effects due to temperature in MESFETs and
PHEMTs are of first order for the same reason. First order and even some second order changes with
temperature may be modeled using linear temperature coefficients if the changes are reasonably linear.
Many devices are operated such that their self-heating effects are quite important. This can occur, for
example, in a power amplifier design where the standby biasing current is low, but the advent of input
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The behavior of DC drain current for a 0.25-µm PHEMT at four different temperatures.
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RF power turns on the drain current and output RF power. The ambient temperature may not change
but the device will operate with more elevated temperature with the application of the RF power. The
use of temperature coefficients may not be accurate for such simulations.
More accurate modeling of self-heating effects in transistors circuits simulators has been done for
about ten years using a thermal analog circuit, first used in SPICE applications. It has been found to
work well for bipolar simulation as well as for MESFET and PHEMT simulations. The early studies were
reported by Grossman and Oki,48 F. Q. Ye,49 and others.50-52 The main differences in these early studies
relate to the description of temperature effects in the transistor and not to the CAD model used for
simulation in SPICE.
Figure 17.5 shows an HBT transistor model with the additional thermal analog circuit. The device can
be of any type but must have well-defined descriptions of the model coefficients as a function of
temperature. The analog circuit consists of a current source, a resistor, and a capacitor. Rth is the value
of thermal resistance and the Rth*Cth time constant is the thermal time constant of the device. The current
source to the thermal circuit, Ith, is equal in magnitude to the instantaneous internal dissipated power
to the device. For DC biasing, Ith to the thermal circuit would be equal to the total biasing power to the
device and the temperature rise would be numerically equal to Ith times Rth. For RF or transient conditions,
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The collector I-V relationship for an HBT with and without self-heating effects.

the average temperature rise would be that evaluated over some period of time including the effects of
the thermal time constant. Thus, for an RF amplifier application, Ith would be equal to the DC biasing
power plus the RF heating effects less the net RF power leaving the device. Convergence in a simulator
is not assured since the value of the model coefficients must be consistent for the temperature of the device.
Harmonic balance simulators usually find the steady-state RF condition efficiently. Using this method,
the simulator must find the solution with temperature rise consistent with the device parameters producing the temperature rise. Surprisingly, the harmonic balance simulators do not seem to be much less
efficient when the thermal circuit is used, unless a thermal runaway condition exists. In that case, no
solution will be found.
Figure 17.6 shows the collector I-V relationship for an HBT exhibiting self-heating effects. The current
curves without heating effects are flat in the saturation region. Heating of the lattice reduces the electron
mobility, and thus reduces the collector current.

17.9 Enhancing the Gummel-Poon Model for Use with GaAs and
InP HBTs
The Gummel-Poon model, or the GP model,14 is a complex, physical parameter model with 55 parameters, and is widely used. It was developed early for SPICE, and all colleges and universities teach their
electrical engineering students to use this model. Although the GP model has many parameters, the
current expressions are relatively simple. In addition, the current parameters are more closely tied to
material parameters rather than manufacturing tolerances, so that there is less variation in current control
characteristics than with MESFETs and PHEMTs. The standard bipolar device has less two-dimensional
effects than do MESFETs and PHEMTs.
Much effort has been expended to improve the accuracy of compact BJT circuit models for silicon
devices. Fossum53 has reviewed the effort to 1989 and it continues to this day.
Whether the bipolar device is all silicon or a heterojunction device made with SiGe on Si, AlGaAs on
GaAs, GaInP on GaAs, or InP on InGaAs, the bipolar action with current gain is the same physical
process. So one expects some similarities in the analysis and modeling of the device. However, the
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heterojunction with the wide bandgap emitter causes the details of the analysis and model to have
significant differences from a homojunction device.
The standard SPICE GP model has a number of major deficiencies that must be addressed before it
can be used to accurately model a GaAs-based HBT in a large-signal microwave application. First of all,
the SPICE code has silicon bandgap parameters hard coded into it and this must be changed to produce
the correct temperature effects upon the bandgap. Next, collector-to-base avalanche breakdown must be
added because it is important to most GaAs applications. The GP model uses PTF, a phase function, to
accommodate the time delay associated with transconductance. It is more convenient for microwave
engineers to use the time delay term TAU, as used in MESFET models.
The parameter “Early Voltage” is not as important in GaAs modeling, as it is usually very large. This
is because the base doping can be made an order of magnitude larger than for silicon devices, because
of the wide bandgap emitter. The large base doping reduces the importance of collector biasing upon
the base region, and thus upon the collector current.
There may be dispersion in the collector admittance in HBTs, so some RF conductive element may
be needed between collector and emitter.
The manner in which Ft, the frequency for unity current gain, changes with voltage and current is
quite different in GaAs devices than with silicon devices. Therefore, a new functional form is need here.
Most of the behavior of Ft with respect to collector voltage is related to the electron velocity-electric field
(v-E) curve for the material. In the case of silicon devices, Ft generally increases with collector voltage
and saturates until heating effects cause a decrease. Figure 17.7 shows such behavior for a SiGe HBT. The
I/V characteristic of the device is given in Fig. 17.8.
In the case of GaAs HBTs, Ft peaks at a low voltage and monotonically decrease with further increase
of collector voltage. Figure 17.9 shows such data and the devices I/V characteristics are given in Fig. 17.10.
This difference in behavior reflects the striking differences between silicon and GaAs v-E curves in the
high field region.
There are a multitude of new CAD models formulated to model the behavior of GaAs and InP HBTs.
Two examples are the VBIC model54 and the MEXTRAM model55 and these are installed on a number
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The behavior of Ft with biasing for a SiGe HBT.
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The behavior of Ft with biasing for GaAs HBT.

of circuit simulators. Most of the new models include self-heating effects because of their importance to
device operation and accurate modeling. Because of the significantly poorer thermal conductivity in
GaAs compared to silicon and because of the higher power density for best operation in GaAs, selfheating effects are usually important to the operation of the GaAs-based HBTs.
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17.10 Modeling the RF LDMOS Power Transistor
There are numerous silicon MOS models available for DC and RF modeling of silicon transistors. Because
the silicon LDMOS transistor has become important for cost-effective consumer applications, many
companies have developed nonlinear models specifically for this device. The device incorporates a p-type
sinker diffusion to ground the source to the substrate, and thus can be treated as a three-terminal device.
This makes it possible to construct a much simpler model, one very similar to the SPICE models developed
for the GaAs MESFET.
Perugupalli et al.56 have used a SPICE circuit network incorporating the standard NMOS SPICE
element. Motorola uses the Root model developed for GaAs MESFETs for characterizing the device.
However, self-heating effects, important for power applications, cannot be incorporated into this model.
The Ho, Green, and Culbertson model57 based upon the SPICE BSIM3v3 model suffers from the same
problem.
Miller, Dinh, and Shumate58 developed analytical current equations for the device, which led to the
development of a new, simpler SPICE model by Curtice, Pla, Bridges, Liang, and Shumate.59 The model
includes self-heating effects, is accurate for both small and large-signal simulations, and operates in
transient or harmonic balance simulators. Figure 17.11 shows the model predicts power-added efficiency
in excellent agreement with the data for an RF power sweep. A similar model based upon the same
equations has been developed and verified by Heo et al.60

17.11 Parameter Extraction for Analytical Models
The extraction of parameters for a device model has become less laborious since the advent of new
extraction and equipment control programs, such as IC-CAP by Hewlett Parkard and UTMOST by
Sylvaco International. These programs provide data acquisition and parameter extraction. Such software
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first enables the engineer to collect I/V and RF data in a systematic fashion on each device tested. This
provides consistency between I/V and RF data. The parameter extraction routines then permit the
extraction to specific, standard (SPICE) models, such as the Gunnel-Poon, or to new models for which
equations may be user defined. Optimizers are used to provide the best fit between the data and the
model. Testing can be with pulsed biasing or DC. Heating effects can be separately studied using thermal
chucks during testing. Teyssier et al.45 have discussed the merits of long- and short-pulse testing.
It is usually necessary to use devices of small sizes for characterization and then scale the model to
devices actually used in the circuit design. Most SPICE models provide scaling with device area. However,
the scaling laws for devices should be verified. It is usually possible to scale MESFETs and HEMTs
accurately for a larger number of fingers of the same size. Golio61 shows the scaling rules if the finger
width is different. Because the biasing power may not be uniform on large devices and because the
interelectrode capacitance does not scale simply, more complicated scale rules may be found for relatively
large devices at high frequencies, i.e., above 5 GHz.

17.12 The Vector Nonlinear Network Analyzer
A large-signal, waveform measurement system has been used by many researchers to measure device
characteristics dynamically. The equipment provides time domain voltage and current waveforms during
RF excitation of the transistor. The equipment is often called the Vectorial Nonlinear Network Analyzer,
or VNNA.
Demmler and Tasker62 have shown that it is possible to accurately determine the drain current
relationship to gate voltage for RF excitation at 2 GHz of a MODFET. The characteristic time delay is
found by adding delay until “looping” is minimized. Furthermore, the drain-source I-V relationship can
also be evaluated at 2 GHz. There is some difference from that obtained from the DC data. Thus the
VNNA provides large-signal transfer characteristics from which more accurate model extraction can be
done. Wei et al.63 have also utilized this techniques to provide the data used for device model parameter
extraction for a GaAs HBT.
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17.13 Model Verification
The usual approach to verification of a large-signal model is to compare measured device performance
with simulations under the same conditions. Initial verification should be comparison of a power sweep
of the transistor at the application frequency and with no matching at the input and the output. For this
test, we know that all harmonics at the input and output see 50-ohm impedance.
One should measure not only the output power at the fundamental, but also the power at second and
third harmonics. If the model is not fully optimized, it will usually agree well with fundamental output
power, gain, and efficiency, but not agree with the harmonic power production. The usual cause is due
to poor modeling of the I/V relationship; however, in some cases, the nonlinear capacitive modeling may
be the problem. After this problem is fixed, testing of third- and fifth-order IMD (intermodulation
distortion) should be made, again in a 50-ohm system. If the harmonics now agree, the third-order IMD
should agree and some further work may be required to get agreement for the fifth-order IMD.
In the previous test, it is important that the large-signal model be reasonably accurate at small-signal
levels. It need not be as accurate as the best small-signal model for most applications.
Further verification work would involve power sweeps under tuned conditions. That is, the transistor
may be tuned for best efficiency and the tuner impedance measured. It is important to measure the tuner
impedance for fundamental, second, and third harmonics and to use these values in the simulation. The
effects of the second harmonic voltage at either input64 or output can be extremely important.
Testing of the load-pull characteristics should be made and compared with the model’s behavior. Here,
again, one has to be careful about the effects of harmonics. There are load-pull systems that operate
separately on fundamentals and harmonics.
Further tests that may be important to the application may be testing with various ambient temperatures, noise testing, switch-on testing, and others. The specific application of the transistor will dictate
the importance of the agreement for each test as well as the RF frequencies, power, and modulation to
use for testing.

17.14 Foundry Models and Statistics
GaAs chip foundries provide design manuals that utilize small-signal as well as large-signal models. These
are developed from measurements and statistical analysis of the data. However, these are guidelines for
the designer, and often the best procedure is to obtain foundry test devices and develop more accurate
models based upon new data. Device uniformity has improved greatly and yield prediction is becoming
more accurate.
In addition, software programs such as IC-CAP and others provide statistical analysis of models
extracted from test wafers. Both corner models and standard statistical patterns are available.
There is the fundamental problem that most foundries continue to tune their processes. It is often the
case that the process has been changed and previous statistics are no longer valid. However, the design
engineer is better off with approximate guidelines as to statistical patterns or corner models, than none at all.

17.15 Future Nonlinear Transistor Models
One can expect that with the ever-increasing speed of computers, circuit simulators will be able to utilize
more physics-based models. This will aid in determining the effect of device design parameters upon
chip yield and performance.
Improvements will be made in nonlinear model extraction software. The extraction parameters will
be much less dependent upon the expertise of the tester. There will be improved collection schemes for
transistor model statistics.
Finally, one expects that the nonlinear models will be made to be more easily tailored for adaptation
to specific device behaviors. One often would like to start with a template for one of the standard nonlinear
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models and then tailor its behavior. Future simulators should make this procedure simpler than present
procedures.
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Active load, defined, 10-14
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B
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C
Carriers, minority and majority, 6-3
Cascode configuration, 4-14 to 15
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Channel temperature, 11-6 to 7
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of, 14-24 to 26
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Coefficient of Thermal Expansion, 13-4
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Composite current mirror configuration, 4-15
Composite equations, 14-12 to 13
Composite pnp configuration, 4-15
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Conductivity, of metals, 12-1 to 2
Conversion loss, 1-6
Critical heat flux (CHF), 14-16
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Current mirror configuration, 4-14 to 15

Fixed point method, 2-6 to 7
Folded cascode configuration, 4-15
Fracture strength, of semiconductor die, 13-6 to 8
Frequency, defined, 10-17
Frequency converters, 1-7 to 9
Frequency multipliers, 1-5 to 7
practical, 1-6 to7
single diode, 1-6
symmetric varactor, 1-6
Fundamental transfer equation, 4-2

D

G

Darlington configuration, 4-14 to 15
db (decibel), defined, 10-16
dBm (decibel referenced to milliwatts), defined, 1016
DBS (direct broadcast satellite), described, 10-16
DBS receiver, described, 10-16
DC (direct current/voltage), defined, 10-17
DC yield, 10-5
Design verification, 13-6 to 8
Dielectric constant (eT), defined, 10-17
Dielectric resonator oscillator (DRO), defined, 10-17
Differential pair configuration, 4-14 to 15
Diode(s)
conventional, 1-10
heterostructure barrier varactor, 1-10 to12
Diode multipliers
alternative structures for, 2-7 to10
analytic descriptions of, 2-4
computer based design of, 2-4 to 7
limitations of, 2-7 to 8
Distributed resistance, 5-17
Doped semiconductor, 6-3
Doping, 6-3
Drain delay, 8-9

GaAs (gallium arsenide)
advantages of, in MESFETs, 7-1, 7-3 to 5
dielectric constant of, as function of temperature,
11-5, 11-6
electron transport characteristics of, 11-4 to 5, 116
energy bandgap of, as function of temperature, 114, 11-5
etching profiles of wafers, 11-4, 11-5
frequency range for, 11-2
material properties of, 7-5, 9-7, 11-2 to 7
selected properties of, for microwave and RF applications, 11-13
thermal conductivity of, 11-6 to 7
zincblende crystalline structure of, 11-2, 11-4
GaAs/InGaAs/AlGaAs HEMTs, 11-9
GaAs pHEMTs, 8-13
compared to InP HEMTs
noise figure and gain as function of frequency,
8-24
output power density as function of frequency,
8-23
gate charge models in, as function of local and
remote voltages, 17-8 to 9
Gummel-Poon modeling of, 17-12 to 15
low noise, 8-16
layer structure of, 8-16
performance summaries of, 8-17
in satellite direct broadcasting receiver systems,
8-16 to 17
millimeter-wave power, 8-13
breakdown voltages of, 8-14
instead of traveling wave tubes, as microwave
power sources, 8-15 to 16
layer structure of, 8-14
output power of, 8-14 to 15
power performance summaries of, 8-15
reliability of, 8-15
nonlinear analytical modeling of, 17-4 to 17
power of, compared to MESFETs, in wireless applications, 8-17
power performance summaries of, in cellular
phones, 8-18

E
Electron tunneling behavior, 3-5
Elenbaas number, 14-11
Extrinsic region, 5-8
Extrinsic semiconductor, 6-3

F
Ferroelectric varactor, 1-13
Field-effect transistors (FETs)
compared to heterojunction bipolar transistors,
for RF/microwave applications, 8-21 to 22
definition/description of, 10-17
fabrication variations and layouts, 10-9 to 11
in microwave applications, 10-8 to 9
Filter, described, 10-17

I-3
in wireless applications, 8-17 to 18
GaAs wafers, 11-4
Gain, defined, 10-17
Gain collapse, 5-14 to 16
GaInAs/InP composite channel HEMT, 8-20 to 21
GaN (gallium nitride)
electron mobility in, 11-12
fabrication technology of, 11-12
in wide bandgap devices, 9-13
frequency range for, 11-2
material properties of, 7-5, 11-10 to 12
selected properties of, for microwave and RF applications, 11-13
as wide bandgap material, 9-1 to 2
Ge (germanium), 11-1
energy bandgap of, as function of temperature, 114, 11-5
thermal conductivity of, as function of temperature, 11-7
Gilbert multiplier/gain cell, 4-17
Grashof number, 14-10
Gunn diode, see Transferred electron devices

H
Harmonic balance, 2-5
HBV capacitance, 1-11 to 12
Heat conduction, of metals, 12-3 to 4
HEMTs, see High electron mobility transistors
(HEMTs)
Heterodyne receivers, 2-1 to 2
Heterostructure barrier varactor, 1-10 to12
Heterostructure bipolar transistors (HBTs), 5-1, 5-3
to 4
abrupt, 5-3 to 4
base current components of, 5-7 to 11
base pushout in, 5-13
base recombination currents in, 5-8 to 9
base transit time and base layer design in, 5-9 to 10
collapse of current gain in, 5-14 to 16
compared to field-effect transistors, for RF/microwave applications, 8-21 to 22
cross-section of, schematic, 5-7
electric field profile inside base-collector junction
of, 5-12 to 13
emitter size effect in, 5-8
field reversal in, 5-12
gain collapse in, 5-14 to 16
graded, 5-4
high frequency, 5-16 to 20
base crowding in, 5-19 to 20
current gain in, 5-16 to 17
emitter crowding in, 5-19 to 20
fabrication process flow for, 5-22 to 24
oscillation frequencies in, 5-18 to 19

Kirk effects in, 5-11 to 14
mask layout for, 5-20 to 21
material systems of, 5-5 to 6
multi-finger, 5-15
nonlinear analytical modeling of, 17-4 to 17
npn, 5-3 to 4
parameters of, at room temperature, 5-5
passivated and unpassivated, 5-7 to 8
self-heating in, 5-11
SiGe, 5-10
space-charge recombination current in, 5-10 to 11
wide bandgap, 9-7
High electron mobility transistors (HEMTs), 8-1 to 2
AlGaAs/GaAs, 8-11 to 12
AlGaAs/GaAs interface in, 8-2 to 3
AlGaAs/InGaAs/GaAs pseudomorphic, 8-13 to 18,
see also GaAs pHEMTs
AlGaAs/InGaAs pseudomorphic, 8-12
AlGaN/GaN, 9-6 to 7
AlInAs/GaInAs/InP, 8-12, see also InP pHEMTs
compression reduction at high current levels in, 85 to 6
current-voltage models for, 8-4 to 6
fabrication variations and layouts for, 10-9 to 11
linear charge control model of, 8-2 to 3
in low noise amplifiers, and digital applications, 823 to 24
material property summaries for three main systems of, 8-12 to 13
material requirements for, 8-12
material systems for, 8-11 to 12
in microwave power amplifiers, 8-22 to 23
modulation efficiency of, 8-3 to 4, 8-5 to 6
planar doped, threshold voltage of, 8-9
small signal equivalent circuit model of, 8-6 to 8
soft pinch-off modeling for, 8-5 to 6
ultra-high-speed, scaling issues, 8-8
delay time analysis, 8-8 to 9
horizontal scaling, 8-10 to 11
vertical scaling, 8-9 to 10
Hybrid microwave technology, 10-3 to 4
Hydraulic diameter, 14-14 to15

I
Idler frequency, 2-9
Idlers, 1-1
Image rejection filter, described, 10-17
Imitance, defined, 3-10
Impact ionization, 5-14
IMPATT diodes, 3-3 to 4, 3-7 to 10, 9-7
RF power-frequency performance of, 3-10
S-type, current-voltage characteristics of, 3-9
structure, doping profile and internal electric field
of, 3-8
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terminal voltage, avalanche current and induced
current of, 3-9
Impedance (Z), defined, 10-17
Impedance matching, described, 10-17 to 18
InP (indium phosphide)
electron velocity in, as function of electric field,
11-6
frequency range for, 11-2
in high electron mobility transistors, see InP
pHEMTs
material properties of, 11-8 to 9
for microwave and RF applications, 11-13
InP pHEMTs, 8-18 to 19
compared to GaAs pHEMTs
noise figure and gain as function of frequency,
8-19 to 25, 8-24
output power density as function of frequency,
8-23
composite channel in, 8-20 to 21
Gummel-Poon modeling of, 17-12 to 15
low noise, 8-19
millimeter wave, 8-19 to 20
power performance summaries of, 8-21
Insulated gate field-effect transistor, 6-5
Insulator, defined, 10-18
Integrated circuit design, RF, 4-1 to 2
Integrated radio frequency transceiver design, 6-10
Interface under tension, 13-5
Intermodulation distortion, 17-17
Intrinsic region, 5-8

J
Johnson noise, 4-10
Junction field-effect transistors (JFETs), wideband,
9-7

K
Kirk effects, in heterojunction bipolar transistors, 511 to 14
Ku-band, defined, 10-18

L
L-band, defined, 10-18
Loss, see Attenuation
Lossless nonlinear reactances, 1-1 to 2
Low noise amplifier (LNA)
described, 10-18
HEMT technology for, 8-23 to 24
Low voltage/low power microwave devices, 15-10
circuit design for, 15-7 to 8
development of, 15-1 to 2

market drivers for, 15-2 to 3
minimum useful operating voltage for, 15-9 to 10
radio and system architecture in, 15-8 to 9
semiconductor materials and technology for, 15-3
to 4
technology of, 15-4 to 7

M
Manley-Rowe formulas, 1-1 to 2
Mask/mask set, described, 10-18
Materials testing, 13-6 to 8
Mean free path, 5-14
Mean time to/before failure, 8-15, 13-2
Mechanical design, 13-3 to 5
Mesa structures, 4-20
MESFETs, see Metal semiconductor field-effect transistors (MESFETs)
Metal-insulator-metal (MIM) capacitor, described,
10-18
Metal oxide semiconductor field-effect transistors
(MOSFETs), 6-1 to 2
bulk of, 6-3
CMOS technology in radio frequency, 6-1 to 2, 610 to 20, 6-27 to 29
design of, for radio frequency operation, 6-24
impedance matching, 6-24 to 25
matching for noise, 6-25 to 26
drain induced barrier lowering in, 6-8
drain of, 6-3
extrinsic capacitances of, 6-11
gate materials in, 6-5
gate of, 6-3
gate-to-source voltage of, 6-4
high frequency
channel charging resistance in, 6-16
distributed gate resistance in, 6-15 to 16
extrinsic capacitances of, 6-11 to 12
extrinsic gate-bulk capacitances of, 6-14
extrinsic junction capacitances of, 6-13
extrinsic source-drain capacitances of, 6-13
gate overlap capacitances of, 6-12
intrinsic capacitances of, 6-14 to 15
maximum available power gain in,
6-18 to 19
modeling of, 6-10
operation of, 6-10 to 11
small signal, 6-16 to 17
small signal Y parameters in, 6-17 to 18
unity current gain frequency in, 6-18 to 19
unity power gain frequency in, 6-20
wiring capacitances of, 6-15
hot carriers in, 6-8
intrinsic and extrinsic capacitance boundary in,
6-10 to 11

I-5
large signal, current-voltage characteristics, 6-5 to
6
layout for, 6-26 to 27
fingered, 6-27
substrate connections in, 6-27
n-type, 6-3 to 6-5
n-type and p-type, 6-4 to 5
noise in, 6-20
1/f (pink), 6-22 to 23
drain channel, 6-22
extrinsic, 6-23 to 24
gate resistance, 6-20 to 21
induced gate, 6-22
thermal channel, 6-21 to 22
noise modeling of, 6-20
operating regions of, 6-6 to 7
parasitic capacitances of, 6-11
saturation operating region of, 6-7
short channel effects in, 6-7 to 8
small signal, 6-9
source of, 6-3
structure and operation of, 6-2 to 6-5
subthreshold operating region of, 6-6
terminals and active regions of, 6-4
triode operating region of, 6-6 to 7
velocity saturation effect in, 6-8
Metal oxide semiconductor heterojunction field
effect transistors (MOS-HFETs), wideband,
9-7
Metal semiconductor field-effect transistors (MESFETs), 7-1
applications of, 7-19 to 20
cross-section of, 10-7
electron temperatures in, 7-15
equivalent circuit, 7-15
fabrication of, 7-8 to 11
GaAs, 7-1, 10-7 to 8
applications of, 7-19 to 20
aspect view of, 10-8
fabrication technology for, 7-8 to 9
in microwave applications, 10-8 to 9
GaN, 7-11
gate charge modeling for, as function of local and
remote voltages, 17-8 to 9
heterodimensional (2D), 7-16 to 19
material used in fabrication of, 7-2 to 3
properties of, 7-3 to 5
model(s) of, 7-11 to 12
Curtice, 7-13
gate leakage, 7-14 to 15
intrinsic capacitance, 7-14
Meyer, 7-13 to 14
Raytheon, 7-12
reverse gate saturation current, 7-15 to 16
Sakurai-Newton, 7-12 to 13

nonlinear analytical modeling for, 7-4 to 17
normally-off (enhancement mode), 7-2 to 3
normally-on (depletion mode), 7-2 to 3
offset gate structure for power devices in, 7-9 to 10
operating principles of, 7-2 to 3
recessed gate structure in, 7-9
Schottky barrier contacts in, 7-5 to 8
SiC, 7-1, 7-10 to 11, 9-3 to 4
SiGe, 7-1 to 2
structure of
for gate series resistance reduction, 7-10
schematic, 7-2
Metals, 12-1
chemical properties of, 12-5
conductivity of, 12-1 to 2
heat conduction of, 12-3 to 4
resistance of, 12-1 to 2
resistivity of, 12-1 to 2
skin depth of, 12-2 to 3
temperature expansion of, 12-4
weight of, 12-5
Microstrip, described, 10-18
Microwave, defined, 10-18
Microwave frequency bands, and military and commercial applications, 8-24
Microwave power amplifiers, HEMT technology for,
8-22 to 23
MIM capacitor (metal-insulator-metal capacitor),
described, 10-18
Mixer, described, 10-18
Modeling, electrical and electromagnetic,
13-5 to 6
Modulation doped field-effect transistors (MODFETs), 8-1 to 2
Modulation doping, 8-1
Monolithic microwave integrated circuits (MMICs),
7-4, 7-8, 10-1 to 2
advantages of, 10-3 to 4
air bridge spiral inductors in, 10-13
capacitors in, 10-11 to 12
described, 10-18 to 19
disadvantages of, 10-4
GaAs
compared to Si VLSI integrated circuits,
10-4 to 5
history of, 10-2 to 3
material properties of, 11-5 to 6
hybrid microwave technology vs, 10-3 to 4
inductors in, 10-12 to 13, 10-14
InP based, 11-9
processing and mask sets for, 10-14, 10-15
resistors in, 10-11
silicon vs gallium arsenide, 10-6 to 7
values for lumped elements of, 10-13 to 14
yield, and cost of, 10-5 to 6
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MOSFETs, see Metal oxide semiconductor field-effect
transistors (MOSFETs)

N
N-type semiconductors, 6-3
Noise, defined, 10-19
Noise figure, described, 10-19
Nonlinear transistor modeling, 17-1
application specific models in, 17-6 to 7
circuit simulation, 17-7
equivalent circuit models in, 17-4 to 6
foundry models and statistics in, 17-17
future, 17-17 to 18
gate charge models in, as function of local and
remote voltages, 17-8 to 9
Gummel-Poon model in, 17-12 to 15
improved, for circuit simulation, 17-7
measurement based, 17-2 to 3
for MESFETs, pHEMTs and HBTs, 17-4 to 17
neural network, 17-4
parameter extraction in, 17-15 to 16
physical parameter, 17-3
RF LDMOS, 17-15
SPICE models in, 17-6 to 7
temperature effect and self-heating models in, 1710 to 12
trap effect models in, 17-9 to 10
two-dimensional, 17-2
vector analysis in, 17-16
verification of, 17-17
Nusselt number, 14-9 to 10

O
Ohmic barrier contacts, metallization systems for,
11-14
One-port network, 3-3 to 4
defined, 3-10
Oxide trench isolated double-poly process, 4-19

P
P-type semiconductors, 6-3
P1dB (1 dB compression power), described, 10-19
Package, described, 10-19
Package design, RF and microwave, 13-1 to 2, 13-8
to 9
computer integrated manufacturing in, 13-8
design verification in, 13-6 to 8
electrical and electromagnetic modeling in, 13-5
to 6
materials testing in, 13-6 to 8
mechanical design in, 13-3 to 5
reliability testing in, 13-6 to 8

thermal management in, 13-2 to 3
Parametric amplifiers, 1-9
Phase change materials, 14-17
Power amplifiers, 14-1 to 2
for wireless phones, choice of technology, 8-22
Prandtl number, 14-9 to 10
Pseudomorphic materials systems, 11-7 to 8, see also
GaAs pHEMTs; InP pHEMTs
Pumping, 1-3 to 5

R
Radio wave frequency bands, and military and commercial applications, 8-24
Rapid prototyping system, 13-7 to 8
Rayleigh number, 14-10
Reflection coefficient (G), defined, 10-19
Relaxed lithography, 4-20
Reliability testing, 13-6 to 8
Resistance, of metals, 12-1 to 2
Resistivity, of metals, 12-1 to 2
Reynolds number, 14-10
RF (radio frequency), described, 10-19
RF integrated circuit design, 4-1 to 2
RF power transistors
fabrication of, 9-12 to 14
figures of merit for, 9-2 to 3
Schottky junctions in performance of, 9-10
semiconductor material properties required in, 97 to 8
critical/breakdown field, 9-8
electrical contacts, 9-10
electron/hole mobilities, 9-9
saturated electron velocity, 9-9
substrate conductivity, 9-9 to 10
thermal conductivity, 9-8
wide bandgap, 9-8 to 9
wide bandgap data for, current, 9-10 to 12
wide bandgap materials in, 9-1 to 2, 9-3
AlGaN/GaN HEMTs, 9-6 to 7
SiC MESFETs, 9-3 to 4
SiC SITs, 9-4 to 6
RF yield, 10-5

S
Schottky barrier contacts, metallization systems for,
11-14
Schottky barrier junctions, in MESFETs, 7-5 to 8
3D-2D, 7-16 to 18
built-in voltage, 7-6
diode equation, 7-6
electron affinity, 7-5
energy barrier between semiconductor and metal,
7-5 to 6

I-7
field emission, 7-8
saturation current density, 7-6 to 7
vacuum level, 7-5
work functions, metal and semiconductor, 7-5 to 6
Schottky diode frequency multipliers, 2-1 to 2
characteristics of, 2-2 to 3
Self bias, described, 10-19
Semiconductor(s)
bulk, 11-1
defined, 10-19
defined, general, 11-1
etching processes for, 11-13 to 14
materials properties required in, 11-12 to 13, see
also Semiconductor material(s)
metallization systems for Ohmic and Schottky barrier contacts of, 11-14
Semiconductor material(s)
bandgap comparison of, conventional and wide,
11-11
bandgap energy of, as function of temperature, 114, 11-5
electron transport characteristics of, 11-1, 11-4 to
5, 11-6
frequency range for, 11-2
gallium arsenide as, 11-2 to 7, see also GaAs (gallium arsenide)
gallium nitride as, 11-10 to12
in III-V heterostructures, 11-7 to 8, 15-4
indium phosphide as, 11-8 to 9
for low voltage/low power microwave devices, 153 to 4
properties of, 3-1 to 3
in RF and microwave applications, 11-1 to 2,
11-12 to 13
in RF power transistors, 9-7 to 10
silicon as, 11-2
silicon carbide as, 11-9 to 10, see also SiC (silicon
carbide)
thermal conductivity of, 11-6 to 7
Si (silicon)
crystalline structure of, 11-3
electron velocity in, as function of electric field,
11-6
energy bandgap of, as function of temperature, 114, 11-5
frequency range for, 11-2
material properties of, 7-5, 9-7, 11-2
for microwave and RF applications, 11-13
thermal conductivity of, as function of temperature, 11-7
Si/SiO2/Si varactor, 1-12
Si (silicon) wafers, type identification of, 11-3
4H-SiC, material properties of, 9-7
SiC (silicon carbide)
fabricating wide bandgap devices with, 9-13

frequency range for, 11-2
material properties of, 7-5, 11-9 to 10
for microwave and RF applications, 11-13
as wide bandgap material, 9-1 to 2
SiC MESFETs, 9-3 to 4
power density of, 9-11 to 12
Single-transistor configurations, 4-13
Skin depth, of metals, 12-2 to 3
Smith chart, described, 10-19
SPICE modeling, 17-4, 17-6 to 7
Spiral inductor, described, 10-19 to 20
Static induction transistors (SITs), SiC, 9-4 to 6
power density of, 9-11 to 12
Sub-µm lithography, 4-19

T
Technology computer aided design (TCAD), 16-9 to
10
applications of, 16-2 to3, 16-5 to 7
capabilities of software for, 16-2 to3
commercial, 16-2
process and device simulators in, 16-1 to2
purpose of, 16-1
simulated experiments using, 16-3
calibrating, 16-4 to 5
limitations of, 16-4
protocols for, 16-8 to 9
Thermal conductivity, of metals, 12-3 to 4
Thermal control, in RF and microwave devices, 141 to 2, see also Thermal modeling
Thermal density, 13-3
Thermal-electrical feedback coefficient, 5-14
Thermal expansion, of metals, 12-4
Thermal modeling, 13-2 to 3, 14-1 to 2, 14-4
convective heat transfer, 14-9 to 15
composite equations, 14-12 to 13
dimensionless parameters, 14-9 to 10
heat transfer coefficient, 14-9
natural convection, 14-10 to 14
optimum spacing, 14-13 to14
environmental heat transfer in, 14-19
flow resistance in, 14-17 to 18
forced convection, 14-14 to15
interface/contact resistance, 14-6 to 8
one-dimensional conduction, 14-4 to 5
with internal heat generation, 14-5 to 6
phase change heat transfer in, 14-15 to 17
boiling, 14-15 to 16
condensation, 14-16 to 17
phase change materials in, 14-17
radiative heat transfer in, 14-18
spreading resistance, 14-6
transient heating or cooling, 14-8 to 9
Thermal packaging options, 14-3 to 4
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Thermal resistance networks
chip module, 14-20 to26
multichip module, 14-26
in radar system applications, 14-27
Thermionic emission model, 7-6 to 7
Third order intercept (TOI) point, defined, 10-20
III-V heterostructures, semiconductor materials in,
11-7 to 8, 15-4
Transconductance, 4-2
Transferred electron devices, 3-5 to 6
Transferred electron effect, 3-7
Transistor model, 17-1
Transit time microwave devices, 3-1 to 10
Translinear circuits, 4-16, 4-17
Translinear principle, 4-16
Tunnel diode, 3-3 to 5
Two-terminal active microwave devices, 3-3 to 4
Two-terminal device, defined, 3-10
Two-terminal diodes, 3-1
Two-transitor configurations, 4-14 to 15

Velocity overshoot, 5-17
Vertical channels, and natural convection, 14-10 to
11
Via holes, described, 10-20
Voltage controlled oscillator (VCO), 1-9 to10
described, 10-20
Voltage standing wave ratio (VSWR), defined, 10-20
Voltage tuning, 1-9 to10

W

Up-down follower configuration, 4-15

Weight, of metals, 12-5
Wide bandgap materials
applications development using, 9-1 to 2, 9-14
device fabrication challenges, 9-12 to 14
other devices using, 9-7
RF power transistors using, 9-2 to 7
Wide bandgap microwave transistor data, current, 910 to 11
high frequency performance, 9-11
power density, 9-11 to 12
total power, 9-12
Wireless phones, power amplifiers for, 8-22
Wurtzite structure, of GaN, 11-11 to 12

V

Y

Varactor, 1-1
hyperabrupt, 2-8 to 10
uniformly doped abrupt junction, 2-8
Varactor applications, 1-5 to10
Varactor devices, 1-10 to 13
Varactor model, 1-2 to 3

Yield, defined, 10-20

U

Z
Zincblende crystalline structure, 11-2, 11-4

